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Mutual Coupling Compensation in Transmitting Arrays of Thin Wire
Antennas

Sana Khan, Hassan Sajjad, Mehmet K. Ozdemir, and Ercument Arvas

Department of Electrical and Electronics Engineering
Istanbul Medipol University, Kavacik, Beykoz 34810, Turkey
skhan@st.medipol.edu.tr

Abstract — This paper presents a numerical technique for
the compensation of mutual coupling in transmitting
arrays of thin wire antennas. The Method of Moments is
used to compute the scattering parameters of the array.
Using these parameters and the original excitations, a
set of new excitation values are computed. The new
excitation values compensate the effect of the mutual
coupling. Computed results are given for linear, circular,
and 3-Dimensional arrays. Uniform and binomial
excitations are studied. Results obtained are compared
with other available data and very good agreement is
observed.

Index Terms — 3-Dimensional arrays, circular arrays,
dipole antenna arrays, linear arrays, Method of Moments,
mutual coupling compensation, planar arrays, transmitting
arrays.

I. INTRODUCTION

In a simplistic array design approach the classical
pattern multiplication method is used. In this method
the radiation pattern of an array of identical antenna
elements is the product of an element pattern and an array
factor. The element pattern is the pattern of an isolated
element with its center at the origin. This element is
assumed to be excited by a unit voltage. The array factor
is a sum of fields from isotropic point sources located
at the center of each array element and is found from
the elements excitation (amplitude and phase) and their
locations [1]. Therefore, in the classical array theory, it
is assumed that all the elements of the array have equal
radiation pattern, in other words, the coupling between
individual elements is ignored. For a practical array, this
is not true since mutual coupling causes each element
to see a different environment and consequently has a
different radiation pattern from its neighboring elements.

Mutual coupling between the antenna elements in an
antenna array is a classical problem, which is responsible
for the degradation of array performance [2-4]. The
purpose of this work is to include the effect of mutual
coupling and still produce the same pattern as the array
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factor method.
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Fig. 1. (a) Circular array of four thin wire antennas with
length A/2. (b) Top view of the system.

However, this requires replacing the original
excitations of the array with a new set of excitations.
These new excitation values can be found if the
scattering matrix of the array is measured or computed.

Here, the Method of Moments [5] is used to
compute the scattering parameters of the array. For
example, consider the circular array of four thin
halfwave dipoles as shown in Fig. 1 (a). The radius of
the circle is A/4 and the radii of the dipoles are A/200.
Assume that the antennas are excited with the same
magnitude and with phase progression of 30°. We call
these excitations as the original excitations. The resulting
pattern computed using these original excitations and
classical array theory is shown in Fig. 2. We will call this
result as the desired pattern. It is incorrect because the
mutual coupling effects are not included in the classical
approach. When mutual coupling effects are included,
the pattern shown in Fig. 3 is obtained. We call this
pattern the practical pattern and it is quite different than
the desired pattern given in Fig. 2.

Using the method described in Section Il, a set of
new excitations for the array is computed. The true
practical pattern of the array computed using these new
excitations and by including mutual coupling effects is
shown in Fig. 4. It is quite similar to the desired pattern

1054-4887 © ACES
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of Fig. 2. In the next section, we will summarize a
numerical method for computing the new excitations.

50 0°

-165° | 1509 165°

Fig. 2. The desired pattern (theoretical pattern using
array factor) of circular array of four halfwave dipole
antennas excited with uniform phase progression.

45° 0° 450

-165° | 1500 165°

Fig. 3. The practical pattern of circular array of four
halfwave dipole antennas excited with uniform phase
progression.

Several techniques to reduce mutual coupling and
improve the isolation between antennas have been
investigated [6-11]. Some of these include decoupling
networks (DN) which use lumped elements and hybrid
couplers to reduce mutual coupling. Another common
technique uses the defected ground plane structure
(DGS) in which the ground plane is modified by
introducing slits of different shapes.

Inductance and capacitance are introduced using
electromagnetic band gap (EBG) structures to create
forbidden band of frequencies which helps in isolation
of the antennas. Metamaterials are also used due to
existence of band gaps in their frequency responses.
Neutralization lines are also used to feed reverse current
to lessen the amount of coupled current. All the techniques
mentioned above increase complexity of the network
in one way or another. Physical modification of the
structure is required, e.g., introduction of lumped

ACES JOURNAL, Vol. 33, No. 11, November 2018

elements, parasitic elements, and sometimes special
materials may be required to reduce the mutual coupling.

= - -~ Theoretical Pattem |

: ----- Practical Pattern !

1~ = - Compensated Pattern,

-165° | 1590 165°

Fig. 4. Theoretical pattern obtained using the classical
pattern multiplication method and the original sources
(solid), the true practical pattern obtained using the
original sources (dashed-dotted), and the compensated
pattern obtained using the compensated voltages
(dashed).

This paper uses a non-invasive method in which
the physical structure or design of the antenna is not
changed. Only the excitation voltages of the antennas are
changed and these new excitation voltages which are
called compensated voltages produce a radiation pattern
which is similar to the pattern obtained from pattern
multiplication method with the original voltages. The
pattern multiplication method uses the original excitations
and assumes no mutual coupling between the elements.
The resulting theoretical desired pattern is usually much
different than the actual practical pattern as shown in the
above example. On the other hand, the new pattern,
obtained by using the compensated voltages and by
assuming the existence of the mutual coupling does
agree with the theoretical desired pattern. Only thin wire
dipole antennas of lengths less than or equal to A/2 are
considered. Such antennas are usually called as single
mode antennas. The individual elements in the array
may or may not be identical in dimensions (length,
wire radius). A number of similar methods have been
suggested for the compensation of mutual coupling [12—
14]. This paper is an extension of the work published
in [15]. Here, in addition to simple linear arrays we
consider circular and 3-Dimensional arrays. We also
consider linear arrays with non-uniform excitations.

I1. COMPUTATION OF COMPENSATED
VOLTAGES
Consider a transmitting array of N identical elements.
Each element is assumed to be driven by a voltage source,
Vg, for k=1,2,...,N. All sources are assumed to have an



identical internal impedance of Z,. When mutual coupling

is ignored, the input impedance, Zi,, of all antennas are the

same. Then, the current entering the k™ element is simply,

V,

Ik = ZOfIZ{in. (1)

The pattern of the k™ element is basically fixed by this I.

The array multiplication method assumes this pattern for
the k™ element. This is the ideal desired pattern.

In a practical array, because of the existence of

mutual coupling, the actual input impedance of the k™

element, Z; , is not anymore equal to Zi,. Hence, the

actual current entering the k™ element is now given by,
V,
I'y S )

- ZO+Z,’€in
Since this current is different than Iy, the pattern of this
antenna will be different. However, if instead of Vg we
use a new voltage,

. Vg (ZotZi, )

Vg = Zo+Zin ®)
then, the current entering the k™ element will be equal to
Ixand hence the pattern of the k™ element will be the same
as the desired pattern. It is not easy to measure Z
directly. However, the scattering matrix of the array can
be computed or measured easily. As shown in Appendix,
the new compensated voltages can be obtained in terms
of the original voltages and the S-matrix as follows,

V] = =22 (U - S} [V;]. 4)

Zo+Zin
Where U represents an N x N unit matrix, S isthe N x N
matrix of the scattering parameters of the array, [V]
and are [V;] column vectors showing the original and
compensated voltages, respectively.

In this work the scattering matrix of the array is
computed using the Method of Moments. The feeds
are modeled by magnetic frill currents. The unknown
currents are approximated by piece-wise sinusoidal
functions and Galerkin’s method is used for matching
[16]. Using the moment matrix and its inverse, one can
compute the open circuit parameter matrix, short circuit
parameter matrix and hence the scattering parameter
matrix of the array. The details are available in [17-19].

I1l. NUMERICAL RESULTS

Results are given for three different arrays: (i)
Circular array of four wire antennas, (ii) Linear array
of five wire antennas, and (iii) 3-Dimensional array of
seven wire antennas. For each case three different
patterns are computed. The theoretical pattern is
computed using pattern multiplication method which
uses the original voltages and assumes no mutual
coupling. The practical pattern is computed using the
original voltages but including the effect of mutual
coupling. Finally, the compensated pattern is computed
using the newly computed voltages and assuming the
presence of mutual coupling. Note that all patterns
computed in this work are normalized. The results are

KHAN, SAJJAD, OZDEMIR, ARVAS: MUTUAL COUPLING COMPENSATION IN TRANSMITTING ARRAYS

verified using COMSOL Multiphysics® [20].

A. Circular array of four antennas
In this section, four halfwave dipole antennas have
been arranged in a circular array of radius a = A/4. The
elements are identical with radius 2/200. The number of
expansion functions used for all the MoM simulations
are 63 per antenna. In order to find the array factor for
the circular array of four dipole antennas, the antennas
are replaced by four isotropic sources at their centers, as
shown in Fig. 1 (b). The radiation pattern of such an array
can be found easily using pattern multiplication method.
The element pattern of a halfwave dipole antenna in the
H-plane is a unit circle. Since the total pattern is the
product of the element pattern and array factor, then the
total pattern, in this case, is equal to the array factor. The
array factor is given by,
AF = Z?’.:l Vnejﬁ(xnsin9cos<p+ynsin95in(p), (5)

where £ is the wave number and V, is the complex input
voltage at n® antenna.

A.1. Uniform excitation of circular array

In the first case we excite the array uniformly with
V =1V. The compensated voltages were computed to be
equal to V' =1.75245° for each antenna element.
Figure 5 shows, the three computed patterns in the H-
plane. At first sight, it might be surprising to see that the
theoretical and the practical patterns are identical, as if
there was no mutual coupling between the elements. Of
course there is mutual coupling as indicated by the
compensated voltage being different than the original
one, however, due to the symmetry of the structure and
uniform excitations the effect of mutual coupling is
automatically compensated. This can be seen by
examining the current distributions on the antennas as
shown in Fig. 6. Note that although the magnitude of the
currents is different, their distribution and hence their
radiation patterns are identical.

e Theoretical Pattern
° Practical Pattern
« Compensated Pattern

-165%, 1g0%165°

Fig. 5. Radiation pattern (H-plane) for four element
circular array of halfwave dipole antennas with uniform
excitation.
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.
o

Theoretical Currents
Practical Currents B
~"~ Com Currents

Current [mA]

o kN ®w & 0 o N ® ©
e e B e e

I I I
0 50 100 150 200 250
No. of Expansion Functions

Fig. 6. Current distribution for uniformly excited four
halfwave dipole antennas arranged in a circular array.

A.2. Non-uniform excitation

In this case the elements (P1, P2, P3, and Pa) in Fig.
1 (b) are assumed to be excited with voltages V1=120°,
V,=1,30°, V3=1£60°, and V4 =16290°, respectively.
The computed compensated voltage values are V] =
3.06478°,V, = 2.29482°,V; = 1.322£134% and V, =
0.292 — 92°. The three computed patterns are shown
in Fig. 4. The current distribution on the antennas are
shown in Fig. 7. It can be seen that the currents are not
symmetric which explains the significant difference in
the patterns of Fig. 4. Figure 8 compares our computed
practical patterns with those of COMSOL and excellent
agreement is observed. Figure 9 compares three patterns
computed by (i) using (5), (ii) using MoM with
compensated voltages, and (iii) using COMSOL with
compensated voltages.

0 Theoretical Currents
"""" Practical Currents
I Currents

Current [mA]

No. of Expansion Functions

Fig. 7. Current distribution of circular array of four
halfwave dipole antennas with a progressive phase
excitation.

IV. LINEAR ARRAY OF FIVE
ANTENNAS

Here we consider a linear array of five identical
halfwave dipoles as shown in Fig. 10 with inter-element
spacing of 0.14. A binomial excitation of the linear array
with V1=0.252180°, V2=1290°,V3=1.520°, V,=12
90, and Vs = 0.252180° was used. Figure 11 compares
the theoretical and the practical patterns for this array.

ACES JOURNAL, Vol. 33, No. 11, November 2018

165° | 18900 165°

Fig. 8. Comparison of practical pattern for circular array
in H-plane.

|= =Array Factor|
|===-MATLAB |
|= =COMSOL

Fig. 9. Comparison of compensated pattern for four
element circular array of halfwave dipole antennas (H-
plane).

N
S A N—

Lo

Fig. 10. Linear array of five halfwave dipole antennas
uniformly spaced with a separation of 0.1.

It is seen that because of mutual coupling the
practical pattern is much different than theoretical pattern
although both methods use the same original excitations.
The computed compensated voltage values are V| =
2.05484°, V, = 2.472£126°, V; =3.86£135°, V, =
2.472£126°, and V¢ = 2.05484°. Figure 12 compares
the compensated pattern, computed using these new
voltage values, with the theoretical pattern computed
using array factor method with original voltages. It
is observed that the use of the new voltages has



compensated the effect of mutual coupling to a
considerable extent.

Fig. 11. Comparison of theoretical pattern and practical
pattern for the five element linear dipole array using
binomial excitation (H-plane).

_____ Theoretical Pattern |

----- Compensated Pattern§

Fig. 12. Comparison of theoretical

array (Fig. 10) using binomial excitation (H-plane).

V. COMPENSATION OF 3-DIMENSIONAL
ARRAYS

In this section, a 3-Dimensional array is studied. As
shown in Fig. 13 (a), seven dipoles are arranged in two
circles.

Four dipoles are placed along a circle in the lower
ring and three dipoles in the upper circular ring which is
displaced along z-axis. The dipoles are identical, having
length L=M2 and radius a=A/200. The centers of the
dipoles in the lower ring are at z=0 plane whereas the
centers of the upper dipoles are at z=\/4 plane. When the
elements of the array shown in Fig. 13 (b) are excited by
V1=120°V,=0.52180° V3=1.520° V4=0.752180°,
Vs = 120° Ve = 0.52£0° and V7 = 0.7520° then the
computed compensated voltages are given by V] =

pattern and
compensated pattern for the five element linear dipole

KHAN, SAJJAD, OZDEMIR, ARVAS: MUTUAL COUPLING COMPENSATION IN TRANSMITTING ARRAYS

49489.6°, V, =582 —94° V; = 6.34£87.8°, V) =
5.122 — 130°,V = 3.7482.5°,V{ = 4.5642 — 128.6°,
and V; =2.482100.4°. The patterns in the three
principle planes can be seen in Figs. 14, 15, and 16. It
is seen that the newly computed voltages compensate
the effect of mutual coupling to a large extent.

(@) (b)

Fig. 13. (a) Three-dimensional dipole array with seven
elements. Four dipoles are placed along a circle of radius
0.5\ and three dipoles along a radius of 0.4\ which are
moved in the z-direction by A/4. (b) Top view of the
system.

Fig. 15. YZ-plane pattern for 3-dimensional array.
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I- - ~Theoretical Pattern |
I=emem Practical Pattern }

1= - -=Compensated Pattern!

Fig. 16. XZ-plane pattern for 3-dimensional array.

VI. CONCLUSION

In this work the effect of mutual coupling in
transmitting arrays of thin wire antennas has been
effectively compensated. This is established without
changing the antenna structure but only modifying the
excitation voltages. These modified excitation voltages
were computed using the scattering matrix of the array
which was computed using a simple moment method
technique. Three different arrays and different methods
of excitations were considered. In some cases, the effect
of mutual coupling was drastic compared to others. The
effect of mutual coupling was successfully reduced in
all cases. The patterns computed were verified with
COMSOL. The limitation of this method is that it only
applies to transmitting arrays. The extension of this
simple method to receiving antenna array is not straight
forward. In the transmitting case the excited ports are
actual physical ports, whereas in the receiving case the
excitation source is far away shown by the (N+1)"" port
which brings some complications. We are in the process
of developing a simple method for the receiving antenna
array.
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A. APPENDIX
Using transmission line theory, we know that the
current entering the k™ antenna can be expressed as,

. (A1)

where V,fis the forward (incident) voltage entering the k™"
antenna of the N-port network defined by,
v = ek (A2)

2
and V;; is the reflected voltage from the k™ antenna It can

be written as,

ACES JOURNAL, Vol. 33, No. 11, November 2018

Vi =SVl + SV + - Sy,
= (SkVg1 + SiaVgz + - SinVgn) /2.
Where, Sjj is the element of the scattering matrix for the
system. Substituting the values of (2) and (3) in (1) we
get,
L =W =V)/Z,

(A3)

- (ZQZO) = (1/Zo){S1aV1" + S12V5" . SinVi )
(ZZ ) { Sll 512V,2 SlNV’N}l (A 4)
2 (2120){ 52 = S21Vg1 = S2aVga - SanVgn},  (A5)
IN = —(220) {Vg’N - Svag]_ - SNZVQZ "'SNNVgN}' (AG)

The above equations can be written in matrix form

L [Véll S Sz Sin [Vél]
L _ ilVéz |_L S21 S San |Vg’2 |
: ; A | B
Sn1 Snz Snn lVg'NJ
or in short hand notation as,
[ = 5 (U = S)I1. (A7)

Here, [I] is the Nx1 column vector of the desired input
currents. U is NxN unit matrix and [V] is the Nx1
column vector of the desired compensated source voltages
feeding the antennas. Then, the desired compensated
source voltages (in the presence of mutual coupling) are
given by,

[V,1 = (2Zo){(U - Sy1], (A8)
or

- Vg 1

Zo+Z1

"o - Vg2
V1= 2Z){U - 5371 zogTzz :
o
LZo+Z N
Where, Z;, is the input impedance of the i" element.
When the elements are identical (A.8) reduces to (4).
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Abstract — In this paper, the series-fed dipole array is
proposed and studied for near-field radio frequency
identification (RFID) applications. The dipole array is
composed of several dipoles with a series feed line.
Closed form expressions for current distribution and
near-field distribution are presented in this paper. To
verify the feasibility of this kind of antenna as a reader
antenna in near-field ultra-high frequency (UHF) RFID,
a prototype that contains three dipoles is designed,
fabricated and tested. The theoretic analysis, simulations
and experiments agree well and it is shown that the
series-fed dipole array is capable of generating strong
magnetic field over a rectangular area, which is very
useful in near-field UHF RFID applications.

Index Terms — Near-field, radio frequency identification,
series-fed.

I. INTRODUCTION

Near-field ultra-high frequency (UHF) radio
frequency identification (RFID) has become more and
more popular for identification and tracking in item
level. One of the most common used techniques in near-
field UHF RFID is inductive coupling technique for its
capability of operating in close proximity to metals and
liquids [1, 2].

In general, tags employed in near-field UHF RFID
consist of an IC and a loop antenna. To identify such a
tag, the magnetic field component that normal to the loop
antenna surface should be strong enough [1]. Besides, in
some scenarios such as supermarket or library, the goods
or books with RFID tags may be distributed at any area
of the shelf; hence, the reader antenna is expected to

Submitted On: April 25, 2017
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generate a uniform and strong magnetic field over the
large rectangular area of the shelf to ensure that every tag
can be identified.

There are several strategies to achieve such kind of
magnetic field distribution [3-13]. One method is based
on zero-phase-shifted (ZPS) line, which is also called
segmented line when first proposed in [3]. In this
method, capacitors, either lumped [3] or distributed [4,
5], are added to the wire loop to compensate the current
phase shift, hence transforming the electrically large
antenna to an electrically small antenna and finally
enhancing the magnetic field within the antenna area.
However, if the antenna is requested to cover a larger
area, the design of this kind of antenna will be
complicated [6, 7].

Strong H, region

7% -§ii =
@ —

Fig. 1. Schematic of ODCs: (a) perspective view and (b)
side view.

Another method is based on the concept of oppositely
directed currents (ODCs) [8] shown in Fig. 1, to generate
strong magnetic field (referred as strong H; region here
in after) in the area between the two closely spaced
currents. To cover a bigger area, a folded dipole antenna
is proposed in [9] based on the concept of ODCs, where
a 44-long loop antenna is folded every half wave length

1054-4887 © ACES
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to form two “arms” to construct the ODCs. Thanks to its
periodic property, this antenna can be extended along the
length direction [10, 11] to cover an even longer area.

As can be seen, loop antennas are studied in most
of the published literatures for generating strong and
uniform magnetic field over a larger area. Less research
is reported on the dipole antenna for near-field UHF
RFID applications. Inspired by the work of [9], the
series-fed dipole array is proposed in this paper, which is
composed of several dipoles and a feed line. The dipoles
are used to form more than one pair of ODCs, so as to
produce strong magnetic field over a larger area for near-
field UHF RFID applications. Closed form expressions
for the current distributions on the dipoles and near-field
magnetic field distributions are presented in this paper.
To verify the feasibility of this kind of antenna as a
reader antenna in near-field UHF RFID, a prototype that
contains three dipoles with series feed line is designed,
fabricated and tested. The performance of the prototype
is tested by a commercial RFID reader with 30dBm
output power and several impinj J41 near-field tags. The
prototype occupies an area of 229mm x 126mm, while
the measured 100% tag detecting area is bigger than
300mm x 144mm when the observing height is 10mm.
The simulations and experiments agree well and it is
shown that the series-fed dipole is capable of generating
strong magnetic field over a rectangular area, which is
very useful in near-field UHF RFID applications.

Il. THEORETIC ANALYSIS

Assuming the series-fed dipole array is composed of
N dipoles connected in series by a feed line, as shown in
Fig. 2. All the N dipoles are made of metal line with
radius a, while the lengths I (i= 1 to N) of the dipoles and
the distances between the adjacent dipoles d; (i= 1 to
N-1) are different and should be optimized. The
characteristic admittance of the feed line is denoted as Yo
with the propagation constant f=2mn/4q, Where Aqis the
guided wave length of the feed line.

dipole 1 dipole 2 dipole 3

dipole N

|
1

Yo Bo Yo By

Port

4 d, ‘;a
Fig. 2. Configuration of series-fed dipole array.

Before the analysis of this series-fed dipole array,
the corresponding equivalent circuit model should be
established and shown in Fig. 3, in particular: element
circuit model (Fig. 3 (a)) for the N dipoles, feed line
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circuit model (Fig. 3 (b)), and total equivalent circuit
model (Fig. 3 (¢)). The analysis of this series-fed dipole
will include the currents distribution on the N dipoles and
the field distribution of H, over the antenna area. One
should note that the currents on adjacent dipoles should
be in opposite direction (or in 180 degree phase
difference) in order to form the ODCs. The analysis
method is similar to that of log-periodic dipole antenna
in[12].

I J [
:\ le U l2 U s D Loy U ,'i
B ) ) 1 i &
v,- TN V- °
(a

&

)

Fig. 3. Equivalent circuit of the series-fed dipole array:
(a) element circuit, (b) feed line circuit, and (c) complete
circuit.

A. Currents distribution calculation

Considering the element circuit in Fig. 3 (a), the N
driving currents of the N dipoles can be represented by
[le] with the response voltages [V]. Let [Y¢] be the
admittance matrix of the element circuit, then,

[Ie]:[Ye][V]:[Ze]l[V]' (1)

The matrix [Z,] in the above equation is composed
of the self- and mutual-impedance of the dipole antenna
array, which can be roughly calculated by the formulas
in [13, 14] using the induced EMF Method. The formulas
are not given here for clarity.

As for the feed line circuit in Fig. 3 (b), similarly,
the N driving currents of the N driving ports are
represented by [1¢]. Since the two circuits (Figs. 3 (a) and
(b)) share the same driving ports, the response voltages
of the feed line circuit are the same with those of the
element circuit, i.e.,, [V]. Let [Ys] be the admittance
matrix of the feed line circuit, we have,

(1 =Y Jv] @
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- ivgeot(Aydy)  ivgese(pyd 0 0
cot(2.d
oncsc(ﬁodl) —jY0 Lcot((/;:)dljj oncsc(ﬁOdz) 0
[Yf } = cot(8.d : 3)
0 jvocsc( By 2) -i¥, Lct((;ojg))] 0
] 0 0 0 _jYOCOt(ﬁOdN—l)_

Table 1: Calculated current phase and magnitude of driving currents of the three dipoles

L= /1y | Ll3- L1y L& |I2| II3]
di=d,=0.4 4 142.7 261.7 0.76 0.21 0.18
di=d>2=0.5 44 166.9 166.9 0.34 0.33 0.34
di1=d2=0.6 Aq 94.3 205.9 0.92 0.35 0.07

* Jg is assumed to be equal to 4 in the calculation, but actually smaller than A due to the existence of substrates

From the transmission line theory and with the
parameters of the feed line (Yo, o and di (i = 1 to N-
1)),the matrix [Yi] can be expressed as equation (3), By
connecting the two circuits in Figs. 3 (a) and (b), the
input currents at the driving ports shown in Fig. 3 (c) can
be obtained by,

[ ]=[]+ 0 )= ]+ Y JIv]: )

[L]=[t 0 - o™ ©)
For simplicity, the input current is set equal to 1A.
Substituting equation (1) into equation (4), we have:

[a]=([v.J+[Y: DIZ]0] ©
[1n]=([l+[Y, I ])0): (7

where [U] is the unit matrix.
From equation (7), the current distribution [/.] on
the series-fed N dipoles can then be calculated by:

[L]=[TT 1] @®)

[T]=(U]+[Y ][z] ©

As an example, a three-element series-fed dipole
array is analyzed. According to the standard UHF RFID
in China, 0.92 GHz is selected as the operating frequency,
and the lengths of the dipoles are a little shorter than half
wavelength (e.g., 0.464 in this paper) to make the dipole
resonant. As to the feed line, typical parameters are used:
Yo=1/200 S, fo = 22/4, = 19.3 rad/m (A, is assumed to
be equal to 4).

Using equations (1) — (8), the driving currents of the
individual dipole with different d; (the distance between
two adjacent dipoles) are calculated and listed in Table 1.
As can be seen, when di = d» = 0.54g, the magnitude of

Where

That is,

With

driving currents on the three dipoles are almost the same,
and the phase difference of the currents on adjacent
dipoles (| £ - Zhjand | £1z - Z1)) are both equal to
166.9°, near to 180°. As a result, two pairs of ODCs can be
formed by the adjacent two dipoles. On the other hand,
when d| = d, = 0.4, and d| = d> = 0.6 4, the current phase
difference between the adjacent dipoles do not satisfy the
constraints of ODCs, and the current magnitude on the
dipole 1 is much bigger than those on other two dipoles.
Hence, the distances between two adjacent dipoles are
chosen as di =d>=0.54,.

B. The magnetic field distribution

Once the driving current of each dipole is obtained,
the near-field H; of the array can be roughly calculated
by the following equations,

H, (x, y,z):ZHzi(x, y,z). (10)

Where )

e*iju _;’_e’ijZi

Lig (Y = Yoi

HZi(X’y’Z)z_iﬁTj) —Zcos(ﬁje“"‘“ - @
' 2
And

= (Y = Yol)* + (2= 20)°), (12)
R, :\/(x—x0i+li/2)2+ri2, (13)
Ry = (X=X =} 12)° +17). (14)

where k = w+/ue. The location of field point is denoted
as (x, y, z), while the location at the center of each dipole
is represented by (Xoi, Yoi, Zoi) (i=11t0 N). lig (i=1to N)
is the driving point currents, which can be obtained by
equation (8). Here, in this paper, the dipole is assumed
very thin and the current distribution along the center-
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fed dipole has sinusoidal form [14].

The |H,| distribution of the three-element series-fed
dipole array at different height is then calculated using
equation (9) - (10), and the results are plotted in Fig. 4.
The three dipoles are all placed on xoy plane, and the
center point coordinates of the three dipoles are,
respectively, (0 mm, 0 mm, 0 mm), (0 mm, 163 mm, 0
mm) and (0 mm, 326 mm, 0 mm).

As can be seen from the Fig. 4, H; is strong in the
area between adjacent dipoles and weak right above the
dipoles, just the same as that of the ODCs. When the
observing height is 10mm, the |H,| is relatively strong
within the antenna area (0 mm <y < 326 mm) while
declines very quickly outside this antenna area. When
the observing height h increases, the fluctuation of H,
becomes small and the average |H;| will decrease. In the
region right above the three dipoles, the |H,| is very small
because the magnetic field is in horizontal direction.
Such a “weak H; regions” can be compensated by the
same technique in [11].

——h=10mm - - -h=50mm

= =h=30mm —--h=70mm

H,(dBA/m)

y(mm)

Fig. 4. Calculated |H,| distribution of the three-element
series-fed dipole array f = 0.92 GHz.

I11. REALIZATION AND EXPERIMENTS

To verify the performance of the proposed series-
fed dipole array, a prototype antenna is design and
fabricated. As shown in Fig. 5, the prototype antenna
consists of three identical dipoles fed in series by a
coplanar stripline (CPS). The antenna is printed on a FR-
4 board of 4.4 in dielectric constant and 1.6 mm in
thickness. To better match the antenna impedance at the
feeding port to 50 Q, a lumped capacitor is added to the
antenna port and taken as 5 pF. Because the prototype
antenna is fabricated using standard PCB process, the
dimensions of the prototype will be adjusted according
to the initial values in section Il. Final dimensions of the
antenna are: L = 300 mm, W = 144 mm, t = 1.6 mm,
Lg=126 mm,d =110 mm, wi; =3 mm, and w; = 2 mm.
The current distribution of the antenna at the operating
frequency f = 0.92 GHz is obtained by HFSS [15] and
shown in Fig. 6. As can be seen, the surface currents Iy
and |, are opposite in direction, and the same for I, and
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I3. This indicates that two pairs of ODCs are formed over
the three dipoles.

Figure 7 gives the simulated |H,| distribution along
y-axis of the antenna at observing height of 10mm,
30mm, 50mm and 70mm, respectively. One can see that
the simulated magnetic field distribution is similar to that
in Fig 4. The “weak H, regions” occur right above the
three dipoles. When the observing height increases (h=
30 mm), the |H,| in these three regions decreases quickly
and may be smaller than -20dBA/m, the threshold
value of |H,| to identify the tags [8, 13]. Compensation
techniques will be employed in the future work to
increase the |H,| above the three dipoles.

Port | ¢
. 7

i
o
=

Fig. 5. Geometry of the prototype antenna that contains
three elements: (a) top view, and (b) side view.

suf (ATM)

B fa000 1) | |
gese ¥ 1 ; 2 3

~1.960' e - s i ’
0434 ..zf*.«
0.009 ’

. —0,002[

Fig. 6. Simulated current distribution of the prototype
antenna.

H,| (dBA/m)

200 -100 0 100 200
distance along y axis (mm)

Fig. 7. Simulated |H,| distribution of the prototype
antenna with different observing height (h) at the
operating frequency f = 0.92 GHz.



The measured reflection coefficient of the proposed
array is given in Fig. 8, together with the simulated
results for comparison. One can see that the measured
and simulated reflection coefficient agrees well besides
a little frequency shift that is caused by the machining
accuracy and test environment. As shown in Fig. 8, the
measured bandwidth of the array is 0.045 GHz (0.9 GHz
—0.945 GHz) at |S11| < -10dB, which can fully satisfy the
UHF RFID standard in China.

[S11] (dB)

measured results
- - - simulated results

0.85 0.90 0.95 1.00
frequency (GHz)

Fig. 8. Simulated and measured [S11| of the prototype
antenna.

near fi

Im J41

Fig. 9. Experiment setup.

To be used in a real RFID system, the reading
performance of the prototype is evaluated using a
commercial RFID reader (Marktrace RFID UHF Four
Channel Fixed Reader MR6100) and near-field tags
(impinj J41). As shown in Fig. 9, the array is connected
to the reader by a coaxial-cable, the output power of the
reader is set as 30dBm. The tags are placed parallel to
the FR-4 board. Figure 10 (a) shows the simulated |H,|
distribution at different observing height, where the area
of |H;| >-20 dBA/m is the interrogation area in this paper.
The measured interrogation area of the proposed array at
different observing height is given in Fig. 10 (b) for
comparison. As can be seen, all of the tags are read
successfully when the observing height is 10mm with

WANG, SHEN, HUANG, ZHU, TANG: SERIES-FED DIPOLE ARRAY FOR NEAR-FIELD RFID APPLICATION

an interrogation area of 300mm x 144mm. When the
observing height increases, not all of the tags can be
detected and the “weak H; regions” of |H;| < -20dBA/m
will appear. One can see that the “weak H; regions” in
simulated results agree well with those measured results
(dark blocks). In the bandwidth of 0.9 GHz to 0.945
GHz, the reading performance of the proposed array is
examined and the array works well.

W
B

4

Port

!

mreadable area
mnon-readable area

H,| (dBA/m)

|

-5 -10-15-20-25-30 -35-40

a b

Fig. 10. Simulated |H,| distribution and measured reading
area of the prototype antenna at different observing
height: (a) simulated |H,| distribution, and (b) measured
reading area of the proposed array.

1V. CONCLUSION

In this paper, the series-fed dipole array is proposed
and studied for near-field UHF RFID application.
The method of calculating the current distribution and
the near-field distribution of the series-fed array is
presented. A prototype that contains three dipoles is
designed, fabricated and measured. The simulations and
experiments agree well and it is proved that the series-
fed dipole is capable of generating a strong magnetic
over a rectangular area, which is very useful in near-field
UHF RFID applications.
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Abstract — The design of a compact two-element
antenna array with highly isolated ports is presented in
this paper. The high port isolation is achieved by
inserting a decoupling network between the ports of the
antenna elements. The decoupling network is designed
based on the method of eigen-mode analysis and is
realized by the simple microstrip lines. The systematic
design procedure of the decoupling network is
presented. The achieved microstrip decoupling network
is simple and easy to fabricate. The measured results
show that the isolation between the antenna ports has
been increased by more than 13 dB for a two-element
monopole array with the element spacing of 0.1A.

Index Terms — Compact array, decoupling network,
eigen-mode analysis, microstrip line.

I. INTRODUCTION

The multiple-input  multiple-output  (MIMO)
technology, which is considered as one of the key
technologies of the next generation communication
system, has been proven to be effective in improving
the channel capacity and throughput. The study of
MIMO antenna arrays has received tremendous
attention from the researchers all over the world. When
multiple antennas are implemented in a platform with
limited size, the array has to be kept compact. However,
the small separation between the array elements in
MIMO systems causes strong mutual coupling effect,
which results in severe degradation of the radiation
performance [1] and diminishes the benefits of a
multiple antenna system [2].

The problem of mutual coupling has attracted a lot
of research interest and many contributions have been
made to remove or reduce the mutual coupling effect
in recent years [3-6]. Electromagnetic band-gap (EBG)
structures and defected ground structures (DGS), both
with the bandstop features, were proposed to suppress
the mutual coupling [7-10]. However, the EBG
technology requires enough periodic unit structures to
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be placed between the antenna elements, which may
occupy much space and is not suitable for the arrays
with closely spaced elements. While for the defected
patterns etched on the ground plane, it may lead to
strong backward radiation [11]. Another promising
technique using the neutralization lines (NL) was
reported to reduce the mutual coupling between two
antennas [12, 13]. Although the NLs are simple and
require little space, they are usually designed intuitively
and must be redesigned for different antennas.

Design of a decoupling network (DN) connecting
to the antenna array is another effective and systematic
method to increase the isolation between the antenna
ports. Decoupling networks have been achieved by
connecting the simple reactive elements or a section of
transmission line between the input ports and antenna
ports, but with the constraint that the mutual impedances
of the array must be made to be reactive [14, 15]. After
that, various DNs composed of the lumped elements
[16-18] were proposed to obtain high port isolation
without the abovementioned constraint. However, there
is a practical problem with those DNs that there may
be no such commercial lumped components with the
theoretically calculated values when realizing the
networks.

In this paper, a decoupling network using only the
microstrip lines for a compact two-element array is
proposed. In Section I, the design theory of the
decoupling network is explained. In Section Ill, the
design example of a two-element monopole array is
presented with the discussion of the simulated and
measured results. Finally, Section IV concludes the

paper.

I1. DESIGN THEORY OF THE DN
The configuration structure of the proposed
microstrip decoupling network for a two-element
antenna array is shown in Fig. 1. A section of
microstrip transmission line with the characteristic
impedances of Z; and the electrical length of 6; is
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connected in serial to each port of the array. Another
section of microstrip line with the characteristic
impedances of Z, and the electrical length of 6 is
connected in parallel between the two ports. With the
addition of the three sections of microstrip lines, the
two-element array can be decoupled. The values of the
parameters Zi, Z, 61 and 6. can be calculated by the
method of eigen-mode analysis [15].

1 2
Y Y
[J—2z.0—]

e ]

Fig. 1. Configuration structure of the decoupling network
for a two-element antenna array.

The impedance matrix Z2 of an antenna array with

two identical elements is given by:
z¢ :{Z{} 21:2} . 1)

ZlZ le

The eigenvalues of the impedance matrix are given
by z,=z3+z and Z,=2z5-Z}, while the
corresponding orthogonal eigenvectors are e, =[1, 1]’
and e, =[1,-1]", respectively. According to the theory

of eigen mode, the equivalent circuits of the DN can be
analyzed as in Fig. 2.

Zy, 0 Zy, 0

1 0 1
2, ﬁ ‘—! ﬁzb
75, 0512 = =
» Zina Z5, 6212 Ziny

(@) (b)

Fig. 2. Equivalent circuits of the DN for different
modes: (a) odd mode; (b) even mode.

The input admittances of each mode are given by:
- (Z,+ jZ_a tan4,) L tan(d, / 2) ’ @)
Z,(Z,+ jZ tand)) Z,
_ (Z+jZ,tang) . 1 3)
"™ Z,(Z,+jZ,tan0) " Z,tan(6,/2)
Then, the real and imaginary parts of (2) and (3) are as
follows, respectively:
(Z,-X,tan6)ZR, +R, tan6,(Z,X, +Z; tan 4,

Gina = 2 2 ! (4)
(ZR,) +(Z,X, + 2l tang,)
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_ZR:tan6, —(Z,- X, tan6,)(Z,X, + 2/ tan6)) . tan (6, / 2)

i )
" (ZR,) +(z,X, +Z2tang,)’ z,
:(ZU—thané’l)ZoRb+Rbtan@l(ZOXb+Z§ tan 6, (©)
" (Z,R,) +(2oX, + 22 tan6))’ '
_Zleztanel—(Zl—thanﬁl)(zlxb+than01)_ 1
" (ZR,) +(2,X, +27tan6,)’ Z,tan(6,12)
()

The array can be decoupled when the modal
impedances/admittances are equal. Set
Yina :Yinb ’ (8)
and evaluate the real and imaginary parts, respectively,
which results in two equations with four variables, that
is:

fl = Gina _Ginb =0, (9)
f2 = Bina - Binb =0. (10)

If the characteristic impedances Z; and Z, are
chosen, the functions are a group of binary nonlinear
equations which can be solved by the ‘gamultiob;j’
function in MATLAB. Then, the values of the electrical
lengths 61 and 6, can be obtained. Finally, the
decoupled ports can be matched by using the
conventional L-section impedance matching networks
with the system impedance of Zo =50 Q.

Theoretically speaking, the proposed decoupling
procedure can be extended to the antenna arrays with
more than two antenna elements. The above procedure
can be used to decouple two different eigen modes at
each time. Then, repeat the same procedure until all the
modes are decoupled. However, if the number of array
elements is large, then the resulted decoupling network
will be complicated, which makes it difficult to be
implemented. Therefore, the proposed decoupling
network is typically applied to the arrays with four or
less elements.

I1l. DESIGN EXAMPLE AND RESULTS

The monopole antenna is used as the array
elements due to its simplicity. The DN for the two-
element monopole antenna array operating at 2.4 GHz
is designed to verify the proposed method.

A. Two-element monopole antenna array

As shown in Fig. 3, the length of the array element
is h = 30.5 mm and the element spacing is d = 12 mm,
which is about 0.14. It is noted that the proposed DN is
applicable to the antenna arrays with different element
separations. The monopole elements are mounted on a
FR4 substrate, which has a thickness of t = 1.6 mm and
the dielectric constant of 4.4. The top surface of the
FR4 substrate is copper, which acts as the ground plane
of the monopole array. The size of the substrate is W x
L =70 mm x 70 mm. The monopole elements are fed
by microstrip lines with a length of 1 = 36.5 mm and a



width of w = 3 mm. To keep the constancy and avoid
the spurious radiation, both the microstrip feed lines
and the subsequently designed DN are printed on the
lower surface of the substrate.

Fig. 3. The geometry of two-element monopole antenna
array: (a) side view; (b) bottom view.

The designed monopole array was simulated in
HFSS and Fig. 4 shows the simulated S-parameters. It
can be seen that the Si» is as high as -8 dB at 2.4 GHz.
The strong mutual coupling makes the antenna array
unmatched, where the Sy; is only -7 dB at the operating
frequency. Therefore, a decoupling network is required
to reduce the mutual coupling between the array
elements.

0 T T T
—~ 5 -\_/
i)
Z posp
é /’“ - S~ .
g -10- e g
o o
5 .
a e —— Antenna array S |
Y -- - Antennaarray S, |
-+~ Antenna array S,
————— Antenna array S,,
-20 T T T
2.0 2.2 24 2.6 2.8
Frequency (GHz)

Fig. 4. The simulated S-parameters of the two-element
monopole array.

B. Design of the decoupling network

The impedance parameters of the antenna array at
the operating frequency can be obtained directly from
HFSS or from the transformation of the S matrix of the
array. The conventional 50 Q microstrip line is used for
all the microstrip sections of the design. The values
of the electrical lengths 6, and 6, of the decoupling
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network are calculated by adopting a simple genetic
algorithm, i.e., gamultiobj, in MATLAB. The L-section
impedance matching networks are then designed to
match the decoupled ports, with 83 being the electrical
length of the series branch and 4 being that of the open
stub.

The designed microstrip decoupling and matching
network is then connected to the two-element monopole
array and simulated in HFSS. After a fine tuning, the
obtained values of the parameters are shown in Table 1.
Figure 5 shows the simulated results of the S-parameters
of the array with the decoupling and matching network.
It is obvious that both of the Si; and Si» have been
reduced to around -30 dB at the operating frequency of
2.4 GHz. The isolation between the antenna ports has
been significantly improved by about 20 dB.

Table 1: Values of the design parameters of the
microstrip decoupling and matching network

Parameter Value
6h 133.3°
0> 148.6°
05 63.2°
04 72.7°

o

z

g

<5}

1S

E .

a‘f’ -301 i, ——Simulated S, 1

o« b --- Simulated S,
-40 -+ -Simulated S, +

-+- - Simulated S,,
-50 T T T
2.0 2.2 2.4 2.6 2.8

Frequency (GHz)

Fig. 5. The simulated S-parameter of the array with the
decoupling and matching network.

The prototype of the designed monopole array
with microstrip decoupling and matching network was
fabricated, as shown in Fig. 6. It was measured by using
a Keysight E5063A Vector Network Analyzer and the
achieved results are plotted in Fig. 7. From the figure,
it can be seen that the S, is -21 dB and the Sy1 is around
-20 dB at the center frequency, which validates the
effectiveness of the decoupling method. Good agreement
between the simulated and measured results was
obtained.
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(b)

Fig. 6. The fabricated monopole array with the
decoupling and matching network: (a) top view; (b)
bottom view.
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Fig. 7. The measured S-parameter of the array with the
decoupling and matching network.

The normalized radiation patterns of both the
original and decoupled arrays at the operating frequency
of 2.4 GHz are illustrated in Fig. 8, respectively. With
both of the elements excited, the radiation patterns
remain consistent in a certain level.

1V. CONCLUSION

The systematic design procedure of the decoupling
network for a two-element antenna array has been
presented. The DN contains only simple microstrip
lines and is easy to implement. By adopting the method
of eigen-mode analysis, the design parameters of the
network can be obtained. The measured results of the
design example show that the port isolation of a two-
element monopole array has been enhanced by more
than 13 dB, which illustrates the effectiveness of the
proposed decoupling network.
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Fig. 8. The radiation patterns of antenna arrays at
operating frequency of 2.4 GHz: (a) original array; (b)
decoupled array.
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Abstract— Based on the principle of the complementary
antenna, a kind of dual-polarized antenna element is
studied, which combines the metal ring and rectangular
microstrip patch. The antenna separates the rectangular
microstrip patch and the metal ring on a vertical space,
and the metal ring is equivalent to a current radiation
source. The rectangular microstrip patch is equivalent to
a magnetic flux radiation source, which respectively
radiates and receives two orthogonal polarized
electromagnetic wave components to achieve dual
polarization. A metal reflector ground is introduced to
realize the uni-direction radiation pattern, and the front-
to-back ratio of the pattern has been improved. The
simulation results show that the isolation between two
polarization ports is 22dB within the frequency range
of 4.94GHz~5.06GHz. The measured results of the
fabricated antenna indicate that the Voltage Standing
Wave Ratio (VSWR), port isolation degree and the cross
polarization level can satisfy technical requirements.
And design effectiveness of the dual-polarized antenna
in this paper was proved. The dual-polarized antenna
studied in this paper has been suitable for some
application fields such as phased array radar and the
research results lay the technical foundation for the
practical engineering application.

Index Terms — Cross polarization level, dipole, dual-
polarized antenna, microstrip patch antenna, radiation
pattern.

I. INTRODUCTION

Phased array antenna which compares with
mechanical scanning, phased array antenna, as one of the
types of electro-scanning antennas, have advantages in
beam scanning without inertia, fast beam scheduling
and multi-beam capability [1]. The indexes of antenna
element directly affect the overall performance of phased
array antenna. Therefore, the design and study on phased
array antenna element to be applied in engineering
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application is very meaningful.

Polarization is an inherently important information
for radio waves. The wireless electronics with the ability
to sense the polarization of electromagnetic waves have
better performance than conventional single-polarization
electronic devices. The polarization information has
gained widespread attention in the field of radar.
Dual-polarized antenna can transmit or receive two
orthogonally polarized electromagnetic waves, it can be
used to get amplitude and phase or other information
from the scattered wave of target. Dual-polarized
antennas are the key components of phased arrays and
MIMO arrays, the design and implementation of dual-
polarized antennas have become a hot research area
in the field of antenna technology [2-3]. The research
on dual-polarization antenna mainly focuses on the
radiation principle, realization plan and feasibility of
dual-polarization antenna [4-7]. From the radiation
mechanism point of view, the dual-polarized antenna is
composed of orthogonal current source and magnetic
current source, the two polarized ports respectively radiate
or receive the corresponding polarized electromagnetic
wave. From the structure point of view, the dual-
polarized antenna mainly includes the dual-polarized
dipole antenna, the dual-polarized log-periodic antenna,
the dual-polarized microstrip patch antenna, the dual-
polarized aperture antenna and the dual-polarized vivaldi
antenna, etc. For example, Qun and his team studied
a dual-polarized antenna based on printed dipole and
circular microstrip patch structure, the antenna was
designed by a combination of a current source and
a magnetic current source to explore its engineering
realization technology and its radiation performance [8].
A dual-band dual-polarized log-periodic dipole array for
multiple-input-multiple-output WLAN applications is
proposed in [9]. The antenna has 12 antennas element:
six for horizontal polarization and six for vertical
polarization. The proposed array is manufactured and
exhibits the characteristics of high isolation, good

1054-4887 © ACES
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front-to-back ratio. A Ku-band dual-linear polarized
broadband aperture-coupled antenna is presented based
on substrate integrated waveguide technology in [10].
Experimental results indicated that the isolation is more
than 40dB, the bandwidth obtains 21% of return loss less
than -20dB. A cross-placed Vivaldi antenna is designed
in [11], the working frequency of this antenna is
0.7GHz~7.3GHz when the return loss is less than -10dB.

In  engineering applications,  dual-polarized
microstrip patch antenna is one of the most widely used
dual-polarized antenna types [12-13]. The radiation of
the microstrip patch antenna can be regarded as the
radiation of the gap around the patch. According to the
equivalent principle of the electromagnetic field, the
radiation of the slot can be understood as the radiation
of the magnetic current source. The dual-polarized
microstrip patch antenna adopts printed circuit technology
processing with the advantages of low profile, small size,
light weight and low cost. Besides, the feed method of
dual-polarized microstrip antenna is flexible and easy to
be achieve microstrip side-fed, microstrip corner-fed and
electromagnetic coupling feed [14-15]. However, the
working bandwidth of the microstrip antenna is narrow,
the polarization port isolation of the dual-polarized
antenna and the cross-polarization level of the radiation
field are higher. Although the improvement measures
can be used to extend the impedance bandwidth of the
microstrip antenna and improve the antenna pole, but
the structure of the dual-polarized antenna is also
complicated and the difficulty of engineering is increased.
Printed dipole is a common form of microwave radiators,
it can achieve a larger impedance bandwidth. The shape
of the metal conductor vibrator can be rectangular,
circular, oval, butterfly or many other shapes. The
printed dipole antenna is realized by loading the dipole
structure on dielectric substrate, its feeding methods
include coaxial line, coplanar waveguide (CPW), etc. It
is designed to be flexible and can even achieve ultra-
wideband (UWB) performance [16-19]. Dual-polarized
dipole antenna is composed of two orthogonally placed
dipoles, equivalent to two orthogonal current source,
this antenna has been widely used in base stations,
communications and other fields. A Ku-band dual
polarization microstrip array antenna is presented in
[20]. The microstrip patch antenna as the array element
radiates orthogonally excited by approximate and slot
coupling, respectively. The design by simulation indicates
that the antenna has a good performance of low cross
polarization level within large frequency bandwidth. A
compact ultra-wideband diversity monopole antenna
with tilted inverted tree branches is proposed in [21].
From the discussion above, the microstrip antenna can
be seen as the radiation of the orthogonal magnetic
current source, dual-polarized printed dipole antenna can
be seen as the radiation of the orthogonal current source.
According to the principle of duality, their radiation field
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structure in space is also dual. As space angle changes,
the orthogonal polarization characteristics of the two
types of dual-polarized antennas will change greatly, and
the technical implementation is relatively mature.

Most dual-polarized antennas are achieved by
orthogonal feeding of a single type of antenna, but the
freedom of design is low and the isolation is hardly
to improve. Therefore, we designed a dual-polarized
antenna structure based on metal ring and rectangular
patch from the engineering requirements. The antenna
separately places the rectangular patch and the metal ring
in the vertical space and respectively radiates or receives
two orthogonally polarized electromagnetic wave
components to realize a dual-polarized working mode;
Due to the laminated structure, the feeding of the two
polarized ports is introduced from the bottom of the
antenna element without affecting each other. This
structure improves the isolation of the polarization ports
of the antenna and is more suitable for the installation
of phased array antennas. The rectangular chip can be
equivalent to the radiation of the current source, while
the metal ring can be equivalent to the radiation of the
magnetic source. Therefore, the radiation principle of the
dual-polarized antenna proposed in this paper is based on
the radiation of the orthogonal electromagnetic source,
which is different from the traditional dual-polarized
antenna in principle and has strong innovation.

I1. ANTENNA DESIGN

According to the principle of the metal circular
antenna, the metal ring can be equivalent to two half-
wave dipole, while the microstrip rectangular patch
antenna is equivalent to two half-wave slot antennas with
equal amplitude and phase. The half-wavelength slot
antenna and the half-wave dipole are complementary
antennas to each other, which satisfies the duality
principle. So the two complementary antennas have the
same radiation pattern in the ideal case. Therefore, based
on the complementary principle of the half-wave dipole
and the half-wavelength slot antenna, the dual-polarzied
antenna is proposed in this paper and shown in Fig. 1.
The metal ring in the upper layer and the microstrip
rectangular patch in the lower layer form a basic
structure of antenna. The two ports of antenna are fed
directly by the coaxial, so that it will facilitate the feed
when the array composed. As for the antenna simulation,
we use the finite difference method based on three-
dimensional electromagnetic simulation software CST
for rigorous numerical calculations to get the best results.
The dual-polarized antenna designed is a combination
of two types of antennas, so how to reduce the mutual
coupling between them during the design process is
a design difficulty. First, we need to determine the
structure of the antenna and feeding method, then
consider the influence of the size of the substrate and the
dielectric constant, the size of the rectangular patch and
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the radius of the metal ring, etc. finally get the dual
polarized antenna.

dilectric substrate — rectangular patch

metal ring

(b) Side view
Fig. 1. Schematic view of antenna.

Choosing wavelength ring to be the metal ring. At
first, we use a copper wire with a diameter of 0.4mm
as the material of the metal ring, and then according to
the principle of the wavelength ring, the radius of the ring
can be approximated by the formula r=A1/27 at the
center frequency of 5GHz and finely adjusted considering
the influence between the antennas.

The length of rectangular patch (a) can be

approximated by the formula:
1

_ €< g+1\ 72
a= Zf( 2 ) ’ 1)
c
a= m — 2Al1, (2)
= (£e+0.3)(a/h+0.264)
AL=0. 412h(£e+0.258)(a/h+0.8)' ©)

At modeling, the size of the antenna can be
calculated by the formula, but the calculated sizes are
theoretical value. In fact, those calculated antenna sizes
need be optimized by the simulation software.

In this paper we use the commonly FR4 dielectric
substrate with &,=4.3. In order to reduce the workload

of the rectangular patch in the simulation, we set the height
and width of the dielectric substrate is 35mmx35mm.
When the rectangular patch is fed by the coaxial, the
antenna’s input impedance consists of two parts, the
impedance Zr is caused by the main transmission mode
in the antenna, and the probe impedance X, is caused by
higher order mode, so the input impedance of the antenna
Zin=ZR+jXL.
By adjusting the distance ¢ from the feeding point to
the center, the square patch can achieve 502 matching to
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reduce the return loss of the port. The changing curve of
return loss of rectangular patch port with feed distance ¢
is shown in Fig. 2. It can be clearly seen from the figure
that the return loss of the rectangular patch port is the
smallest when the feeding point is 3mm away from the
center of the patch, and the best resonance effect is
obtained. However, the matching effect of the distance
too close or too far are not very good.

S11[dB]|

—_—c=2mm| ]
e=3Imm
- C':4I'I'lm |

=50
4.5

5 5.5
Frequency|GHz]

Fig. 2. The change curve of return loss of rectangular
patch port with feed position.

The rectangular microstrip patch has resonant
characteristics, which can be used as an antenna, but its
working frequency band is only about 1%. The main
methods to increase the microstrip antenna working
frequency band include: (1) Increase the thickness of
the dielectric substrate h, which is equivalent to increase
the width of the radiation slot or reduce characteristic
impedance of the microstrip structure, so that the input
impedance of the antenna decreases with the frequency
changes. But the effect of this method is limited, which
is not conducive to the miniaturization of the microstrip
antenna, and the requirements of increasing the thickness
and decreasing the height are conflicting. This problem
can be solved by using substrate with higher relative
permittivity, but it will also increase the loss of the
antenna. (2) By changing the form of radiation patch, for
example, increasing the number of radiation patches and
adopting special patches such as E-type, they can be
respectively resonated at different frequencies, so that
the total working frequency band can be widened.

Without changing the antenna feeding method and
the overall structure, the bandwidth of the rectangular
microstrip patch antenna is increased by adding slot
below the dielectric substrate. The slot structure can
make the antenna have close but different resonant
frequencies, so the impedance bandwidth is widened.
The change curve of S11 with the slot width is shown in
Fig. 3.

The bandwidth of rectangular patch has increased
nearly double by using slot structure, and the rectangular
patch antenna can get the optimal resonance effect by
adjust the slot width h2.
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——h2=0.8mm

h2=1.2mm
====h2=1.6mm

5
Frequéncy|[GHz]

5.5

Fig. 3. The change curve of return loss of rectangular
patch with the slot width.

The rectangular patch and the metal ring composed

Figure 5 shows the far-field radiation pattern of the
two ports of the dual-polarized antenna at the center
frequency of 5GHz. As can be seen from the figure, the
radiation pattern of the rectangular patch is very regular,
and the maximum gain of the radiation far-field is 7.17dB.

The 3dB beam width of the ¢ =0 plane is 83.7°. The

3dB beam width of the ¢ =90" plane is 82.2°. The
maximum gain of the metal ring part is 7.31 dB in the
radiation far-field. The 3dB beam width of the ¢ =0°

plane is 56.5°, and the 3dB beam width of the ¢ =90°

plane is 80.2°. The gain of the two polarized antennas is
relatively close, but the difference of the beam width is
large. This is because there is a certain difference in
the binary half-wave oscillator spacing between that

the dual-Polarized antenna. When the antenna is working,
there are some coupling effect between the rectangular
patch and the metal ring. Those coupling effect can cause
S-parameters worsen, and radiation 3dB beam width
narrowing.

11. SIMULATION AND ANALYSIS

In this paper, the full wave electromagnetic
simulation software is used to optimize the performance
and structure of the antenna. A set of parameters were
obtained to meet the design requirements: a=17.8mm,
b=35mm, ¢=3mm, R=11.5mm, h=1.5mm, h1=6.7mm,
h2=1.2mm. The simulated curves of S-parameters are
obtained by using CST. Figure 4 shows that port 1 is
rectangular patch port and port 2 is metal ring port. When
the return loss of the dual-polarized antenna is less than
-10dB, the working frequency band of the metal ring port
is 4.87GHz~5.11GHz and the working frequency band
of the rectangular patch port is 4.94GHz~5.06GHz. The
overall bandwidth of the antenna is 4.94GHz~5.06GHz.
The isolation between ports is less than -22dB within the
bandwid.

equivalent by the rectangular patch and metal ring.
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Fig. 4. S-parameter curve of dual-polarized antenna based

on metal ring and rectangular patch.

Fig. 5. Radiation pattern of dual-polarized antenna at a
frequency of 5GHz: (a) rectangular microstrip patch, and
(b) metal ring.

The cross polarization level of the antenna is also
a very important performance parameter for dual-
polarized antennas. The general communication system
requires that the absolute value of the cross polarization
level should be greater than 15dB. It can be seen from
Fig. 6 that the cross polarization level of the two ports is
less than -15dB at the main radiation direction.
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Fig. 6. Simulation results of cross polarization level of
dual-polarized antenna.

IV. MEASUREMENT RESULTS

According to the design of the antenna structure and
size, the dual-polarized antenna based on metal ring and
microstrip patch is processed, assembled and tested.

Figure 7 shows the physical photos after antenna
processing. We use the second substrate with little
influence on antenna. Therefore, the second layer substrate
has little effect on the processed antenna performance.

Fig. 7. Prototype of the dual-polarized antenna based on
metal ring and microstrip patch.

The measured and simulated results are depicted in
Fig. 8. In Fig. 8 (a), at the center frequency of 5GHz, the
measured and simulated S11 are less than -15dB. Figure
8 (a) also shows that the measured resonance frequency
is less than the simulated resonance frequency. In Fig.
8 (b), at the center frequency of 5GHz, the measured and
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simulated S22 are less than -13dB. Figure 8 (b) also
shows that the measured resonance frequency is greater
than the simulated resonance frequency. From the above
comparison, we can see that the measured S-Parameters
of the two polarized ports are slightly larger than the
simulation results. In Fig. 8 (c), at the center frequency
of 5GHz, the measured and simulated S21 are less than
-20dB. Figure 8 (b) also shows that the measured result
is less than the simulated result. According to the
analysis, the difference between the measured results and
the simulation results is mainly caused by the machining
accuracy and assembly error.
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Fig. 8. The circuit characteristics of the machined dual-
polarized antenna.

In the microwave darkroom, the radiation pattern
of the dual-polarized antenna based on metal ring and
microstrip patch is measured. Figure 9 and Fig. 10 show
the measured and simulated results of the polarized port



1 (rectangular patch port) and the polarized port 2 (metal
ring port) at the center frequency of 5GHz respectively.
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Fig. 9. The measured pattern of rectangular patch port at
5GHz.
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Fig. 10. The measured pattern of metal ring port at
5GHz.
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It can be seen from Fig. 10 that the measured main
polarization cure is similar to the simulated results, but
the measured cross polarization curve and the simulated
cross polarization curve are not slightly similar.

Table 1: Measured 3dB beam width and simulated 3dB
beam width at co polarization

Simulation | Measurement

E-plane Main 83.1° 82°

Portl Cro_ss 66° 44°
H-plane Main 82.3° 82°

Cross 72.1° 72°

E-plane Main 56.4° 55°

Port?2 Cro_ss 83.9° 82°
H-plane Main 68.8° 68°

Cross 132.2° 17°

Table 1 shows that the measured main polarization
beam width is similar to the simulated polarization beam
width.

The measured results of the antenna indicate that the
two polarization ports of the dual-polarized antenna have
wide beam performance and a wide polarization pattern,
which is suitable for practical applications. At the same
time, the design of the dual-polarized antenna based
on electromagnetic radiation source is correct. The
measured result is slightly different to the simulation
result, which is caused by the antenna machining and
testing error.

V. CONCLUSION

As an important part of dual-polarized phased array
radar, the technical indicators of dual-polarized antenna
element directly influences the performance of the whole
system. Based on the principle of complementary
antenna radiation, this paper presents a dual-polarized
antenna design based on a combination of a current
source and a magnetic current source, which provides a
new technical approach for the design of a dual-
polarized antenna. According to the equivalent principle
of the electromagnetic field, the metal ring and the
rectangular microstrip patch are respectively equivalent
to the current radiation source and the magnetic current
radiation source. Both polarized ports of the antenna are
introduced from the bottom of the antenna structure,
which is suitable for phased array antenna elements. The
electromagnetic simulation and optimization design of
the dual-polarized antenna are carried out by using the
full wave electromagnetic simulation software. In the
bandwidth of 4.94GHz~5.06GHz range, the technical
indicators such as port isolation degree, cross polarization
level and beam width of the antenna can meet the
requirements of general dual-polarized antenna, especially
the dual-polarized antenna which has a wide directional
pattern. That is to say, the two polarization channels
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have good orthogonality over a wide range of spatial
angles and can be used in phased array radar and
communications systems. Through the processing and
testing of the designed dual-polarized antenna, the
measured results verify the effectiveness of the scheme.
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Abstract — A type of reconfigurable array consisting of
metal rods was designed for directional electromagnetic
(EM) wave propagation at microwave frequency. By
adding or removing a part of metal rods, the designed
array can be reconfigured between a hexagonal-lattice
array and a rectangular-lattice array. As a result, the
directional radiation pattern can be changed. In this study,
the method of designing metal photonic crystals array is
proposed. Dispersion curves of Energy band theory of
photonic crystals were computed and integrated with the
theory of finite thickness periodic arrays. Measurement
results are well consistent with the simulation results,
suggesting that the antenna as a radiation source located
in the center of the hexagonal-lattice array could reach
good directionality at the designed frequency. When the
array is transformed into the rectangular-lattice array by
adding or removing a part of metal rods, the directional
radiation pattern can be changed +30 degrees at the same
frequency.

Index Terms — Antennas, directional EM propagation,
metal photonic crystals, reconfigurable array.

I. INTRODUCTION

In recent years, the researches and applications of
photonic crystals in the microwave domains have become
increasingly extensive, e.g., electromagnetic band gap
(EBG) antenna [1], photonic crystal directional coupler
switch [2], EBG waveguide [3] and EBG filter [4].
With the continuous development of the communication
system, the research about the directional EM wave
propagation comes to have great significance and practical
application value. A periodic structure composed of
dielectric material rods with triangle lattices is designed
to improve the directivity of emitting devices at optical
frequency [5]. But the directivity only vary by rotating
the entire array. At microwave frequency, many photonic
crystals are made of metal materials. In accordance with
the Energy band theory, the dispersion curves of metal
photonic crystals also differ from those of dielectric
photonic crystals at optical frequency.
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In this study, the method of designing metal
photonic crystals array for directional EM propagation at
microwave frequency was proposed, which is different
from that of dielectric photonic crystals at optical
frequency. The rough operating frequency range could
be determined by the constant-frequency dispersion
curves of metal photonic crystals. Subsequently, the
optimal operating frequency could be found in the
frequency range after the array was simulated. A type of
reconfigurable metal array is designed for directional
EM wave propagation at microwave frequency, and the
directional radiation pattern can vary by changing the
structure of the array rather than rotating the entire array,
it is an innovative design. By adding or removing a part
of metal rods, the designed array can be reconfigured
between the hexagonal-lattice array and the rectangular-
lattice array, so that the directional radiation pattern can
be changed. In accordance with the Bloch Theorem and
Energy band theory of photonic crystals, the constant-
frequency dispersion curves of photonic crystals with
rectangular lattices were analyzed, and Computer
Simulation Technology (CST) were employed for
modeling and simulations. Based on the simulation
results, actual metal arrays were constructed for
measurement validation. The measurement results were
compared with the simulation results, and the analysis
had a high degree of anastomosis. The antenna as a
radiation source located in the center of the hexagonal-
lattice array could reach the good directionality at 3.1GHz.
The array could be transformed into a rectangular-lattice
array by adding or removing a part of metal rods, so
that the directional radiation pattern could vary by +30
degrees at the same frequency.

I1. DESIGN PRINCIPLE
A rectangular coordinate system (O,X,Y,Z) is used
in this paper ,the unit vectors of the axes are ex, ey,
and e;. Harmonic fields are expressed using a time
dependence in exp(—iwt), with @ = 2zc/A = cko, C being
the speed of light in vacuum, A the wavelength and ko the
wavenumber in vacuum. Two-dimensional photonic

1054-4887 © ACES
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crystals are made with lossless materials (dielectric or
perfectly conducting (PEC)) and invariant by translation
along the z-axis.

From the Bloch theorem, in the infinite periodic
structure, there are two invariant and independent
translation vectors d =dex and A=Axex—Ayey. We denote
the related components of the total field with U(x, y). The
Bloch theorem shows that each component Uy(r) of an
electromagnetic wave propagating in the crystal can be
expressed as:

Uk(r) = exp(ik-r)V(r). 1)
k is the Bloch wave vector and V(r) is a periodic
function:

V(r+pd+gA) =V(r), for all integers p and g. 2)
For these Bloch modes, any pd+gA produces only a
phase shift:

Uk(r+pd-+gA)=exp(ik-(pd+gA))U(r). (©)

The Bloch wave vector k is real in the usual sense
of the Bloch theorem, because actual bounded solutions
are considered. In all this paper, we keep this usual
definition.

Now we consider a finite thickness crystal with a
stake of Ny grids (Ny=3), as shown in Fig. 1.

Fig. 1. Photonic crystals with finite thickness (Ny=3).

We suppose that the structure is infinite along the X
direction, and it is illuminated by a plane wave:
Uin(X, y) = exp(iax—iBy). (4)
The total field Ua (x, y) is a pseudo-periodic function of
x with a pseudo-periodic coefficient a:
Uu(x+d,y) = exp(iad)Ud(X, ¥). ()
Then, the relationship between the Bloch wave
vector propagating in the infinite photonic crystal and the
pseudo-periodic coefficient o can be found. The equations
(3) and (5) can match together when:
kx=a.. (6)
In order to consider the second translation vector
A, we relate A to a translation operator T which can
transform any function f as flow:
TH(X, y)=f(x+Axy—Ay). (7
The model in Fig. 2 is a layer of the photonic crystal
array. The T operator can be represented by a T matrix.
We consider an eigenvectors of the T-matrix, with the
eigenvalues p:
TU=pU,. (8)
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Fig. 2. Asingle layer extracted from the photonic crystal.

When | i | = 1, then:

Un(x+Axy—Ay) = exp(iarg(p))Uu(x, y). 9)

From equations (3) and (9):

ky = (keAx-arg(u)) / Ay. (10)
When |p| #1, the restriction to the region (—Ay <y < 0) of
U, associated with the eigenvector cannot be a Bloch
solution with real vector k.

Equations (6) and (10) indicate the relationship
between the finite photonic crystal and the Bloch
solution of the infinite structure. For a given value of a,
there are two different possibilities for the spectrum of
the transfer matrix T. The detailed explanation is given
in the references [6].

In any case, the field in the finite structure can never
be reduced to a combination of Bloch waves with real
Bloch wave vector of the infinite structure. However, for
predicting and understanding the complex properties of
photonic crystals, the analysis of dispersion diagrams are
of great value. Methods based on this assumption may
give accurate results in certain cases, but their results
should be carefully examined by strict methods [7], [8].

Now, we consider the finite thickness crystal. We
assume that this crystal is illuminated by an arbitrary
incident electromagnetic field, and the associated field
components can be written as a Fourier integral:

U(x,y) = [U(a, y)exp(iax)da. (11)
The integration interval [—o0,+00] could be split into
subintervals [(n+3)2%.(n-3)2]. Then, the expression
could be changed into:
U(xy) =] Ud(x,y)da.
where the integrand:

Ua(x,y)=SU (a+m2di, y)exp(i(a+m2di)x), (13)

(12)

is a pseudo-periodic function of x with pseudo-periodicity
coefficient a. Consequently, we can simplify the study
of the general field u(x, y) to the study of its pseudo-
periodic components Uq(X, y). (For all values of a in the
first Brillouin zone [—#/d, n/d] of the x-periodic problem)

This means that the radiation field propagating in
any homogeneous medium outside the crystal can be
written as the sum of the plane waves, and the plane
wave with significant amplitude should correspond to
the smaller value of ¢, a E[-amax, amax]. Then, according
to equation (6), the allowed Bloch mode of the photonic
crystal should be located in the region kx &€ [-amax, 0tmax]-
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If this medium is vacuum, the dispersion curve is a circle
defined by k«* + ky* - ko*, the value of amax is determined
by the angle range in the Y direction. Our purpose is to
design an array so that the source of radiation can radiate
energy in a certain direction. According to the previous
principle, we want to design a metal photonic crystal and
make a curve of constant-frequency dispersion diagram
of the Bloch modes is located in a small region in Fig. 3.
Then, the operating frequency of this photonic crystal
array could be found, it is the frequency corresponding
to the constant-frequency curve.
ky g Allowed propagation

directions outside the crystal

Dispersion curve of
the vacuum

~Omax Cpax kx

Fig. 3. The Bloch modes which can be propagated in the
finite thickness photonic crystal.

I11. ANALYSIS OF DISPERSION CURVES
Since experimental tests can be conveniently
performed in our laboratory at 3.1GHz, we designed an
appropriate structure of the array so that its working
frequency is 3.1GHz. As shown in Fig. 4, it is a two-
dimensional metal photonic crystal array with rectangular
periodic lattices in the XOY plane. Our purpose was to
embed a radiation source inside the array and to enforce
the radiated field inside a small angular range centered
around the normal, and the red point in the center of the
array is the radiation source. The length of metal rods
along the z-axis direction is infinite. The lattice constants
were dy= 20+/3 mm, dy =20 mm, r = 0.75 mm. The model
was built in the electromagnetic field simulation software
CST. In the modeling process, the materials of all metal
rods were PEC. The Eigenmode Solver was applied
for the unit lattice simulation, and Frequency Domain
Solver was employed for the entire array simulation.

« oy .

Radiation source

Fig. 4. Two-dimensional metal photonic crystal array
with infinite periodic rectangular lattices
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As shown in Fig. 5, the model in the left picture
represents the rectangular lattice unit and Boundary
condition setting in CST. The black area in the right
picture (kx € [0, 7/dy], ky € [0, z/d,]) is a quarter of the
First Brillouin Zone of the metal photonic crystal. Using
the Eigenmode Solver of CST, the rectangular lattice
unit could be simulated, and the Bloch mode
corresponding to each point in the region could be
calculated (100 points were calculated here). After the
data was imported into MATLAB, the three-dimensional
dispersion diagram of the array could be generated.
Figure 6 gives the 3D dispersion diagram of a Bloch
mode of the metal photonic crystal, the horizontal plane
gives the Bloch wave vector k, and the vertical axis gives
the frequency f.

~ periodic ky
dx periodic
re S 7 4 / / kx
Y o dy
(J—» X N
‘/Z N electric

Fig. 5. The rectangular lattice unit and the First Brillouin
Zone of the infinite metal photonic crystal.

Fig. 6. 3D dispersion diagram of metal photonic crystal.

As shown in Fig. 7, the constant-frequency
dispersion curves of the metal photonic crystal with
rectangular lattices could help to determine the
frequency of directional EM wave propagation. Three
constant-frequency dispersion curves are presented in
Fig. 7, which are all contour lines of the 3D dispersion
diagram in Fig. 6. Only three representative curves were
listed. The high frequency constant-frequency curves
were not given in Fig. 7, because kx of them were not in
a small region.
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Fig. 7. The constant-frequency dispersion curves.

When the frequency was closer to the cut-off
frequency fo of this Bloch mode, the constant-frequency
dispersion curves would become smaller, and they
would be located in a small region of kx € [—omax, otmax].
This suggests that a finite thickness photonic crystal
array with such lattice constants could propagate waves
directionally in a small frequency band with fo as the
center frequency. A detailed explanation was given
in the reference [5]. We only simply identified an
approximate frequency range capable of making the
source radiate energy in a certain direction since the field
in the finite structure could never be reduced to a
combination of Bloch waves with real Bloch wave vector
of the infinite structure. To determine the optimal
operating frequency, the entire array must be simulated
by CST.

IV. SIMULATION MODELS AND RESULTS

In accordance with the previous analysis, the metal
photonic crystal array with such lattice constants could
make waves propagate directionally in the direction
along the short side of the array, and the optimal
operating frequency was in the approximate frequency
range identified from the constant-frequency dispersion
curves. In our previous studies, we explored the impacts
of the change of the number of metal rods and frequency
on directionality [9]. Based on the previous work, in
this study, we directly selected an appropriate number of
metal rods and designed a lattice reconfigurable array,
which could not only make the source radiate energy in
a certain direction but also change the direction of the
beam by changing the structure of the array.

As shown in Fig. 8, two same metal finite thickness
rectangular-lattice arrays in the XOY plane are composed
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of 8x6 metal rods, with their horizontal axes intersecting
at 60 degrees. The lattice constants were the same as
those of the metal photonic crystals in Fig. 1. The length
of metal rods in the Z direction was much larger than the
radius, which could be approximated as infinite long
metal rods. In accordance with the previous analysis,
both of the two arrays could make waves propagate
directionally in the direction along the short side of each
array at a certain frequency as shown in Fig. 9, and the
directional patterns of the top array and bottom array
were symmetrical about the Y direction. Figure 12 gives
the directional patterns of the top array in Fig. 8, at the
frequencies of 2.9GHz, 3.1GHz and 3.2GHz, respectively.
Here we gave the small frequency range (2.9-3.2GHz)
based on the previous analysis of the constant-frequency
curves, and in this frequency range we could find a
frequency point allowing the new array with lattice
reconstruction could make EM waves propagate
directionally in the Y direction. Subsequently, the
frequency was found as 3.1GHz.

.\.\\.\. o 20\/Emm
N * TR .\\
) /. i -‘\-. -/20mm
0.75mm . . S
: 60°]:><

Fig. 8. Two finite thickness rectangular-lattice arrays
crossed together at 60 degrees.

As shown in Fig. 10, the array in the red border
consists of those two arrays in Fig. 8 crossed together
with the angle of 60 degrees, and the crossed part forms
a structure with hexagonal lattices. The cross array
enabled EM waves from the radiation source to be
propagated directionally in the Y direction. We only
selected the array in the red box since the metal rods
outside the red border would radiate energy in other
directions and cause the appearance of excess sidelobes
and affect the directionality.
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Fig. 9. The electric field distribution of the rectangular-
lattice array at 3.1GHz.
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Fig. 10. The crossed part forms a finite thickness array
with hexagonal lattices.

The models were simulated with the electromagnetic
field simulation software CST. As shown in Fig. 11,
the crossed array with hexagonal lattices can make
the waves propagate directionally in the Y direction at
3.1GHz. The new crossed array with hexagonal lattices
could propagate EM waves directionally in the Y
direction since the two rectangular-lattice arrays were
superimposed to form the new array with hexagonal
lattices, their Bloch wave vectors are also superimposed
on each other, and the X-direction components cancel
each other.

It is noteworthy that the crossed array was not only
composed of hexagonal lattices but of some defective
ones. Yet by analyzing constant-frequency dispersion
curves, it could be determined that a finite thickness
metal array consisting of hexagonal lattices entirely
could be designed for directional EM wave propagation
at a different frequency by analyzing its constant-
frequency dispersion curves. The hexagonal-lattice array
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could be transformed into either of the two rectangular-
lattice arrays in Fig. 8 by adding or removing a part of
metal rods, and Fig. 12 presents the directional patterns
of the top array with rectangular lattices in Fig. 8,
the direction of its main lobe was 30 degrees off the
Y direction. Directional patterns of the top array and
bottom array were symmetrical about the Y direction.
Now we could determine that both the rectangular-lattice
array and the hexagonal-lattice array could make EM
waves propagate directionally at 3.1GHz, the directional
radiation pattern could vary by £30 degrees through the
mutual transformation between the two kinds of array.
Arrays of lattice structures which could be transformed
were called reconfigurable array.

180

3.1 GHz

Fig. 11. Directional pattern of the hexagonal-lattice array.
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Fig. 12. Directional patterns of the top array in Fig. 8.



V. MEASUREMENT RESULTS

Based on the previous simulation models, actual
arrays composed of copper rods were constructed for
measurement validation at 3.1GHz. Different structures
can also be designed to make it operate at the required
frequency by the method in this paper. Considering the
conditions of our laboratory, this frequency band is
selected for experimental testing. Figure 13 shows the
photographs of the hexagonal-lattice array and the
rectangular-lattice array. Foam plates with a dielectric
constant close to the air dielectric constant were used to
fix copper rods. Copper foils were affixed on the upper
surface of the top foam board and the lower surface
of the bottom foam board to form the perfect electric
conductor (PEC) surface. In accordance with the
principle of Mirror Image, the length of copper rods in
the Z direction could be approximately equal to infinite
length.

Fig. 13. Actual reconfigurable hexagonal-lattice array
and rectangular-lattice array.

As shown in Fig. 14, a rectangular waveguide
antenna (WR-284, 2.60-3.95GHz) is employed to receive
the radiation power of the monopole antenna in the
center of the array. The rectangular waveguide antenna
is placed in the far-field area, and the distance between
the rectangular waveguide antenna and the array is nearly
2m. Figure 15 shows the picture of the experimental
measurement environment. A monopole antenna served
as radiation source, inserted from the top of the array into
the center of the array and fixed. When measuring, the
rectangular waveguide antenna was fixed, and the center
point of the array was fixed as the center of a circle. The
measured array was rotated 10 degrees each time, and a
total of 36 experimental data would be recorded after a
lap. The measurement results were compared with the
simulation results after normalization at 3.1GHz.

As shown in Fig. 16 and Fig. 17, the black dots were
experimental data. The red curves were fitting curves of
experimental data generated by the software ORIGIN.
The blue dotted lines were simulation results. It could be
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seen that both of the two arrays could give the monopole
antenna good directionality, and the differences between
the gains in the two vertical directions of each array
could reach more than 10 dB. The fitting curves are well
consistent with the simulation curves, except that there
were small sidelobes in the direction perpendicular to the
main radiation direction of each array.

Fig. 15. Experimental measurement environment.

The experimental results suggest that the sidelobes
of the rectangular-lattice array was smaller than those
of the hexagonal-lattice array. This was because they
have different lattice structures. Moreover, there were
some defect lattices of hexagonal-lattice array, while
the rectangular-lattice array completely consisted of
rectangular lattices. Accordingly, the inhibitory effect of

the former on sidelobes was weaker than that of the latter.

Small variations of the sidelobes were allowed to achieve
the reconfigurable properties of the array. Sidelobes
could be reduced by increasing the number of metal rods
of the arrays, specific methods were described in our
previous paper [9]. In general, not only the two types of
arrays could be employed for directional EM wave
propagation at 3.1GHz, but also the directional radiation
pattern could be changed through the mutual
transformation between the two structures.
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Fig. 16. The comparison of measurement results and
simulation results of hexagonal-lattice array at 3.1GHz.
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Fig. 17. The comparison of measurement results and
simulation results of rectangular-lattice array at 3.1GHz.

V1. CONCLUSION
In this study, a type of reconfigurable array
consisting of metal rods was designed for directional
EM propagation at microwave frequency. The method of
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designing the metal array was proposed. Measurement
results are well consistent with the simulation results,
which shows that the antenna as a radiation source
located in the center of the hexagonal-lattice array can
get good directionality at the designed frequency.
Meanwhile, the array can be reconfigured into a
rectangular-lattice array by adding or removing a part
of metal rods. And the directional radiation direction
can vary by £30 degrees at the same frequency. Different
structures could also be designed to make it operate at
required frequencies by the method in this paper.
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Abstract — Electromagnetic waves emanating from the
transmitter can reach to the receiver by reflection, direct
or diffraction mechanism. In urban areas, dominant
mechanism is diffraction. Thanks to using of high
frequency, the obstructions can be modeled as a knife-
edge. Coverage prediction is vital to install reliable and
high-quality communication systems. In this study, a
triple diffraction coefficient is derived for Uniform
Theory of Diffraction (UTD) model and used for coverage
problem. Coverage problems could be solved by the
developed program in MATLAB computationally.
Simulation results obtained in developed program are
compared with FEKO electromagnetic wave propagation
simulation software.

Index Terms — Coverage mapping, diffraction
coefficient, FEKO, radio wave propagation, ray-tracing.

I. INTRODUCTION

Predicting the electric field strength and extracting
the coverage maps are very important in order to install
more efficient and reliable digital communication system
in urban or rural areas including multiple obstructions.
Ray-tracing based electromagnetic wave propagation
models are introduced to predict the field strength
accurately at the receiving point [1-9] and to extract the
coverage map [10].

Geometrical optic (GO) model had used for some
physical events like reflection and refraction before
Geometrical theory of diffraction was introduced [11].
Geometrical optic model fails to calculate the electric
field behind an obstruction. Keller introduced
Geometrical theory of diffraction (GTD) model in 1962
[12]. The GTD model is an extension to the GO model
with including diffracted wave terms [13]. If a source,
diffraction and observation points are close to the same
line, the GTD model is not succeeded in calculating the
field strength accurately [14,15]. In order to remove
the discontinuity problem of GTD model in the vicinity
of the shadow, another high frequency asymptotic
technique, called Uniform theory of diffraction (UTD)
model, introduced [1].

In the rest of paper, firstly UTD model is explained
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briefly for single, double and triple diffraction,
respectively. Then simulation results for the scenario
including single, double and triple obstructions are given
and compared with FEKO. FEKO, developed by Altair,
is a comprehensive computational electromagnetics
code used widely in the telecommunications, space and
defense industries [16].

I1. UTD MODEL
Buildings, hills, trees and cars etc. are obstructions
and can cause reflection, refraction and/or diffraction.
Due to ultra-high frequency (UHF), these obstructions
are modeled as a knife edge or wedge. Electric field can
be calculated behind an obstruction [14] by:

E = [E;D]A(s)e ks, )
where E; is incident electric field, A(s) represents
spreading factor, D stands for amplitude diffraction
coefficient, k and s refers to wave number and travelling
distance, respectively. The simplest case in outdoor or
indoor propagation in the real environment is single
diffraction case. The diffraction coefficient for single
obstruction case is given by:

e—J% F(Li23) | @)
2V2mk,[cos(a123)/2
where, F is transition function given in [17], k is the
wave number, L is distance parameter and a is diffraction
angle as shown in Fig. 1. The spreading factor for a
single diffraction case is given by:

D=

S1

s2(s1+s2) l ©)

where, s; and s; are distance before and after diffraction
point as illustrated in Fig. 1.

A(s) =

123

./\.

S S2

Fig. 1. Single diffraction case.
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The diffraction coefficient for double obstruction
case is given by:

.TT
e 2 F(L123)F(L1234)

b = 8mk+/cos(a123)/2,/cos(a1234)/2 ' “)
where, F is the transition function, k is the wave number,
L,,5 and Ly,3, are the distance parameters and a;,5 and
Q4,34 are the diffraction angles as shown in Fig. 2. The
spreading factor for double diffraction case is given by:

— S1
AA(s) = \’5253(51+52+S3) , ®)

where, s; is the distance between the transmitter and first
obstruction, s; is the distance between obstructions, and
s3 is the distance between second obstruction and the
receiver as depicted in Fig. 2.

123

1234

%

Sl SZ Sg

Fig. 2. Double diffraction case.

The diffraction coefficient for triple obstruction case
is given by:
3T
_ €% F(L123)F(L1234)F (L12345)
bbb = 23(V2mk)3\[cos(@123)/2/c05(@1234)/2y/c05 (@12345)/2 ’ (6)
where, F is the transition function, k is the wave number,
Li23, L1234 @nd Lq,345 are the distance parameters and
Qq23, A1234, Aq2345 are the diffraction angles as shown
in Fig. 3. The spreading factor for triple diffraction case
is given by:

= [— St
AAA(s) = m "

where, s; is the distance between the transmitter and the
first obstruction, s; is the distance between first and
second obstructions, sz is the distance between the
second and third obstructions, and s; is the distance
between the third obstruction and the receiver as
demonstrated in Fig. 3.

123

(12345

Fig. 3. Triple diffraction case.

1. SIMULATION RESULTS
UTD model can be used in coverage prediction
before base station installation. Optimization of base
station location is so important to increase the QoS. For
a test case following scenario is considered. Operation

TABAKCIOGLU: COVERAGE PREDICTION FOR TRIPLE DIFFRACTION SCENARIOS

frequency is 900 MHz. The distance between the antennas
is 35 m. At 10, 20 and 30 m from the origin there are
3 knife-edge type obstructions. The transmitter is 5 m
away from the origin and has an altitude of 6 m. The
receiver height changes between 0 and 30 m. In the
developed program, firstly all the data is entered and then
ray paths are determined as follow.

e 1-4-5: In that case there is only single
diffraction (the ray emanates from the
transmitter, diffracts from the third obstruction
and reaches to receiver).

e 1-2-4-5: In that case there is double diffraction
(the ray emanates from the transmitter, diffracts
from the first and then the third obstruction and
reaches to receiver).

e 1-2-3-4-5: In that case there is triple diffraction
(the ray emanates from the transmitter, diffracts
from the first, then the second and then the
third obstruction and reaches to receiver).

There will be 4 different cases for simulations. In the

first case there is only single knife edge, whose height is
10 m, and 15 m away from the receiver in the scenario
as mentioned previously. As both direct and reflected
waves are considered, coverage map of single diffraction
is depicted in Fig. 4.
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Fig. 4. Single diffraction (direct and reflected waves).

As can be seen in Fig. 4, there are two regions,
which are lit and dark regions, separated with shadow
boundary line in the coverage map of the single
diffraction case. Due to not considering diffraction, there
is no twilight region. Path loss decreases to -166.25 dB
on the receiver side. If only diffraction phenomena is
considered coverage map is demonstrated in Fig. 5.
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Fig. 5. Single diffraction (diffracted waves).
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As can be seen in Fig. 5, there is diffracted wave
behind the obstruction. The diffracted field effect is at
the utmost along the shadow boundary line. Diffracted
field contribution is at most -50 dB and decreases to
-250 dB as far away from the shadow boundary line. In
order to approve the results, the same scenario is run with
FEKO software and obtained results are given in Fig. 6.

Fig. 6. Single diffraction (diffracted waves, FEKO).

As can be seen in Fig. 6, FEKO software gives
almost the same diffraction pattern with developed
program. Full coverage map for single obstruction case
is obtained by using direct, reflected and diffracted
waves as it is shown in Fig. 7.
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Fig. 7. Single diffraction (full coverage).

As it is shown in Fig. 7, there is a shadow line and
diffracted field below and above this line. Also it is seen,
there is a deep shadow region just behind the obstruction
and diffracted field reduces to -271.03 dB in this region.
Moreover, there is an interference pattern due to phase
difference of direct, reflected and diffracted fields.
Comparison  results  with software are
demonstrated in in Fig. 8.

FEKO

-

Fig. 8. Single diffraction (full coverage, FEKO).
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As can be seen in Fig.8, FEKO software gives
approximately the same diffraction and reflection pattern
with developed program.

In the second case, an extra knife-edge, whose
height is 6 m, is appeared at a distance of 25 m from the
transmitter in the scenario. Both direct and reflected
waves are considered, and coverage map is depicted in
Fig. 9.

Wave P

ion (Direct:
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20 = o &
3 H
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£15 50.96 -
5 :
o
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T10 =
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-137.42
) -166.25
0 5 10 15 20 25 30 35 40

Distance (m)

Fig. 9. Double diffraction (direct and reflected waves).

As can be seen in Fig. 9, there is a shadow region
below the shadow boundary line of the first obstruction.
There is no electromagnetic wave behind the first
obstruction thanks to that geometrical optic model
cannot explain the diffraction phenomena. Due to that
there is no contribution of diffracted field from the first
and second obstruction; coverage prediction is the same
with first case as it is shown in Fig. 4. As only diffracted
waves are considered, the coverage map is plotted in Fig.
10.

Wave Propagation (Diffracted)

Heigth (m)
Path Loss Value (dB)

L

5 10 15 20 25 30 35 40
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Fig. 10. Double diffraction (diffracted waves).

As can be seen in Fig. 10, unlike to geometrical
optic model there is diffracted wave behind the
obstructions. Also, the diffracted field effect is maxima
(-50 dB) in vicinity of the shadow boundary lines of
obstruction. Owing to double diffraction, electric field
strength reduced -300 dB in deep shadow region behind
the second obstruction. In order to validate the results of
UTD model, the same scenario has been run with FEKO
software and images of result is given in Fig. 11.

As can be seen in Fig. 11, FEKO software gives
approximately the same electromagnetic field pattern
and shadow boundary lines with developed program.
Besides, electric field strength is reduced with far away



from the transmitting antenna. Moreover, after two
diffraction electric field strength decrease radically. Full
coverage map for double obstruction case is got by using
direct, reflected and diffracted waves as it is indicated in
Fig. 12.

21279 8

-258.98

-305.17

20 25 30 35
Distance (m)

Fig. 12. Double diffraction (full coverage).

As it is indicated in Fig. 12, there are diffracted
waves below and above the shadow boundary lines of
first and second obstruction. Also it is seen, there is a
shadow (-166 dB) and deep shadow (-305 dB) region just
behind the first and second obstruction, respectively.
Moreover, a diffraction and interference pattern has been
composed by diffracted, reflected and direct fields due to
phase difference of fields. In order to confirm the results
of UTD model for double diffraction case, FEKO
software has been run for the same scenario and images
of the results are given in Fig. 13.

As can be seen in Fig. 13, FEKO software gives
almost the same interference pattern with developed
program.

Fig. 13. Double diffraction (full coverage, FEKO).
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In the third case, an extra knife-edge, whose height
is 10 m, is appeared at a distance of 5 m from the
transmitter in the second scenario. Both direct and
reflected waves are considered, and coverage map is
demonstrated in Fig. 14.
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] 5 10 15 20 25 30 35 40
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Fig. 14. Triple diffraction (direct and reflected waves).

As it is demonstrated in Fig. 14, there is a shadow
region below the shadow boundary line of the first
obstruction. There is no electromagnetic field behind the
first obstruction owing to that there is no diffracted field
in geometrical optic model.

As only diffracted waves are considered, the
coverage map is plotted in Fig. 15.
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Fig. 15. Triple diffraction (diffracted waves).

As can be seen in Fig. 15, in contrast to geometrical
optic model there is diffracted wave behind the
obstructions. Also, the diffracted field effect is maxima
(-50 dB) in the case of plane angle diffraction. Owing to
triple diffraction, electric field strength reduced -350 dB
in deep shadow region behind the third obstruction. In
order to attest the results of UTD model, the same
scenario has been run with FEKO software and plot of
result is given in Fig. 16.

Fig. 16. Triple diffraction (diffracted waves, FEKO).
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As can be seen in Fig. 16, FEKO software gives
well-nigh the same diffraction pattern with developed
program. Full coverage map is obtained by using direct,
reflected and diffracted waves as it is indicated in Fig.
17.

Wave Pr ion (Direct+F Diffracted)

Heigth (m)
- n N
8 &
L & °
a2 N
2 8
3
ss Value (dB)

2
o
°
&
Lo

£

-250.10 §
‘ -304.25
- -358.40

15 20 25 30 35 40
Distance (m)

Fig. 17. Triple diffraction (full coverage).

As it is indicated in Fig. 17, there are diffracted
waves below and above the shadow boundary lines of
first, second and third obstruction. Also it is seen, there
is a shadow (-87 dB), deep shadow (-195 dB) and the
deepest shadow (-358 dB) region just behind the first,
second and third obstruction, respectively. Moreover, an
interference pattern has been generated by phase
difference of diffracted, reflected and direct fields. In
order to validate the results of UTD model for triple
diffraction case, FEKO software has been run for the
same scenario and images of the results are given in Fig.
18.

Fig. 18. Triple diffraction (full coverage, FEKO).

As can be seen in Fig. 18, FEKO software gives
approximately the same diffraction and reflection and
interference pattern with developed program.

1V. CONCLUSIONS

In real environment, there is almost no free space
LOS and/or single diffraction in broadcasting systems.
Geometrical optic model fails to calculate the field
strength behind an obstruction because of diffraction.
UTD model can be used in calculation of field strength
and coverage prediction in multiple diffraction scenario
including buildings, trees, hills, cars etc. In order to
verify the results of developed program, detailed
comparison results with FEKO software are represented.
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Coverage prediction should be made before base station
installation in order to make more reliable broadcasting
systems.
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Abstract — This paper presents a design methodology for
a concentric ring reflectarray using angular periodic
structures. This paper also examines the coaxial wedge
unit cell using the waveguide simulator method and
contrasts it to the coaxial unit ring approach. The coaxial
wedge unit cell approach is seen to offer a more efficient
and more extendable means of simulation than the
coaxial unit ring approach.

Index Terms — Coaxial waveguide, frequency selective
surface, periodic structures, reflectarray, waveguide,
waveguide simulator method.

L. INTRODUCTION

The reflectarray, an antenna concept that combines
design and analysis techniques from reflector antennas,
periodic microwave structures and antenna array theory,
has been around since at least the 1960s [1]. Early
research was focused on waveguide elements. Planar
elements such as spirals, discs, and patches were
explored in the 1970s [2-4]. The first reflectarray patent
was filed in the 1980s [5]. This early research was
mainly conducted by private companies and the U.S. Air
Force for military applications.

In the 1990s microstrip reflectarray design
concentrated on analyzing the phase behavior as a
function of patch size through full wave analysis [6-9].
Essential reflectarray capacities were also investigated
including: beamsteering [10], multiple polarizations
[11], bandwidth improvement [12], and dual-frequency
band operation [13]. Recent advancements have been
focused on improving upon these capabilities and
enhancing performance metrics.

The reflectarray is a flat surface supporting many
elements (usually microstrip patches) that are not
connected with power division lines. This antenna has
the benefit of being high gain and high efficiency like
the reflector antenna or antenna array, while being flat
(unlike the reflector) and not having an expensive, high-
loss beamformer (unlike the antenna array). Additionally,
low-loss phase shifters can be incorporated to add an
electronic beam steering capability (like the antenna
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array) [14-15]. The reflectarray can also be used as a
subreflector, instead of a solid subreflector [16].

The reflectarray will usually have non-uniformly
sized elements to produce a non-constant reflected
phase. At a basic level, the design must provide a phase
shift at each element such that the phase delay at that
element will produce a uniform reflected phase after path
length delay effects are taken into account. A plot of the
phase delay or phase shift for a normal angle of incidence
will show a series of peaks and nulls around the center
of the reflectarray.

One way to produce the phase delay that is needed
is to alter the element size as a function of distance from
the center of the array. To design a reflectarray of this
type, full wave simulations of many element sizes are
conducted and then the resulting resonant frequencies
are mapped into a “backwards-S” phase reflection curve.
This curve is used to fit the required phase delay for the
reflectarray. A detailed design overview is presented in
the literature [17-18].

Initial work on simulating periodic structures began
in the 1960s using the waveguide simulator (WGS)
method [19]. This method relied on exciting a radiating
element in a waveguide. Because of the surrounding
perfect electric conductor (PEC) walls, a method of
images environment is formed which extends the
element into an infinite array.

The WGS method can be applied to any arbitrary
shaped waveguide. In the following, the well-known
cylindrical waveguide is used [20-21]. The waveguide
simulator method was not applied to simulating
structures of this sort until recently [22-24].

It is important to point out that advances have come
for planar periodic structure simulation using Floquet
conditions to account for the linear phase shifting
along the elements in an infinite environment [25]. This
approach is a staple of modern array simulations, but
assumes a linear phase shifting of the frequency. Due
to this fact, for curved or cylindrical designs where the
phase shifting is not linear, the Floquet condition cannot
be used and other methods must be explored.

Another design consideration is the reflectarray
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feed. Feed design uses efficiency plots and the chosen
focal-to-diameter (F/D) ratio of the array. A detailed
design overview can be found from classical reflector
antenna theory [26-27].

Once the phase behavior of the reflectarray element
is determined and the feed designed, the far field
characteristics of the antenna can be approximated using
array theory. An array geometry of particular interest is
the concentric ring array geometry as it has circular
periodicity. This array has the drawback of relatively
high sidelobes in the uniform case; therefore an amplitude
taper or some optimization procedure must be employed.
Reference [28] presents techniques to mitigate the
sidelobes by as much as 10dB. An actual design would
need to employ these techniques as the uniform case
would violate FCC 25.209 regulations for Ku-band.

Other approaches and applications to this problem
have been considered. A locally planar unit cell analysis
can be conducted to get the reflectance and transmittance
parameters and then these can be placed on the surface
of a reflector for a diffraction analysis [29]. The square
geometry of a patch can be warped into a quasi-
trapezoidal shape and analyzed [30-31]. Planar results
can be simulated for a rectangular patch and then
rotated tangentially around a curved surface using the
characteristic basis method and spectral rotation
approach [32-33].

II. MODEL SETUP

A. Design geometry

In this work, the WGS method is used with Ansys
HFSS to analyze angular planar periodic unit cells. A
resonant frequency of 6.15GHz (C-Band Uplink) is
chosen for this application. In satellite communications,
C-Band typically uses circular polarization. Furthermore,
C-Band involves a lower frequency than Ka or Ku-Bands
and therefore imposes an easier simulation. A copper
clad dielectric substrate of Rogers RO3003 with a
standard thickness of 1.52mm is used as the medium of
design.

The same geometry is used for both the unit ring and
the unit cell, with the unit cell stacking rotationally about
the center of the coax to form the unit ring. As an
example, the angular width of the unit cell is set to 36°
in order to make a full 360° unit ring with ten unit cells.
The angular width of the patch is set to 24°. The inner
and outer spacing above and below the patch is set
to 5.9mm. The total length of the design is 0.43
wavelengths. The geometries of the unit cell and unit
ring can be seen in Fig. 1.

The geometry is configured with a PEC back plate
and is topped with a vacuum layer with a height of
2 wavelengths. The top of the vacuum is set to be a
modally driven port, making this design a one-port
device. It can be found analytically or via HFSS that the

ROPER, PETERSON: CIRCULAR CONCENTRIC-RING REFLECTARRAY DESIGN

coaxial unit ring has 9 propagating modes and the unit
cell has 1. To determine the number of propagating
modes in HFSS the user must set the maximum number
of allowable modes, run a few passes of the adaptive
mesh, and then inspect the propagation constants
(gamma) to see which modes have positive real (lambda)
and imaginary (epsilon) values.

Fig. 1. (Left) Coaxial unit ring; (Right) coaxial wedge
unit cell.

B. Boundary conditions

The boundary conditions for this design are depicted
in Fig. 2. For the coaxial unit ring, the inner and outer
coaxial walls are set to perfect magnetic conducting
(PMC) boundary conditions to produce angularly
polarized fields, as desired for this illustration. This type
of polarization approximates illumination by a circularly
polarized source. The boundaries can be also set to
perfect electric conducting (PEC) boundary conditions
to yield radially polarized fields (not depicted).

PMC

PMC

Fig. 2. (Left) Principal propagating mode on a coaxial
unit cell; (Right) principal propagating mode on a
coaxial wedge unit ring.

The coaxial unit cell (also depicted in Fig. 2) has the
PMC boundary condition as well on the radial walls.
Additionally, PEC boundary conditions are added to the
side walls as a primitive periodic boundary condition.
This can be thought about intuitively in two ways: 1) this
will create images on these side walls to artificially
extend the cell; 2) having the PEC on both side walls will
make the fields want to jump from one to the other,
creating the same fields in the cell as can be seen in the
unit ring.
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C. Meshing convergence

The coaxial wedge unit cell has only one
propagating mode, and thus the mesh convergence
optimization scheme is simple. This simulation is run as
a modal solution of a one port cavity in the HFSS
software, so the mesh refinement process is based on a
single S-Parameter value S11 (magnitude and phase).
For accuracy, the mesh is considered to have converged
when there is a maximum change of no greater than
0.001 for the magnitude and 1 degree for the phase of
S11. Additionally, a minimum number of 8 passes is
required to ensure an adequate initial mesh is generated
and that the convergence doesn’t preemptively exit.

For the coaxial unit ring, the convergence criteria
must be a function of all of the diagonal entries of the
S-Parameter matrix, i.e., the S11 values for all 9
propagating modes of the coaxial cavity. For the
principal TEM mode, which is the mode that will be
looked at for the reflected phase delay, the same
convergence limit is set: a maximum change of no
greater than 0.001 for the magnitude and 1 degree for
the phase. For the other 8 modes the criteria require
a maximum change of no greater than 0.01 for the
magnitude and do not depend on phase.

For full convergence, 26 adaptive passes are needed
for the coaxial unit ring, but in order to reduce simulation
time, a maximum cut-off of 24 passes was used. This
corresponds to a delta phase convergence of 1.28° instead
of the desired 1°. Table #1 compares the performance of
the unit cell and unit ring approaches. The unit ring
results could be improved by allowing the adaptive
process to go to 26 passes to match the unit cell criteria.

D. The PEC control case

An additional model must be created that is identical
to those previously discussed, but with the radiating
element replaced with a PEC block. In this way, a
perfectly linear reflected phase shift can be obtained to
compare to the reflected phase shift of the radiating
element. The total reflected phase plot — which can be
thought of as a “backwards S” curve (see Fig. 3) — can
be found from subtracting the reflected phase of the PEC
control case from the reflected phase of the radiating
element.

II1. SIMULATION RESULTS

Table 1 summarizes the findings and Fig. 3 presents
the reflected phase plot produced by the two approaches.
As might be expected, the unit cell is a much more
computationally efficient way of calculating the reflected
phase of the radiating patch. One important observation
to note is that as the ring number increases the b/a ratio
(where a is the inner and b is the outer radius of the
coaxial unit cell) approaches unity, the physical area of
the ring increases, and the number of propagating modes
will approach infinity. Thus, another important quality
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of the unit cell model is that it will involve the same
number of propagating modes as its location changes and
the design is much easier to simulate for large radial
locations.

Table 1: Mesh information for the coaxial wedge unit
cell and the coaxial unit ring approach (2" ring)

Mesh Statistics | Coaxial Wedge | Coaxial Unit
Unit Cell Ring
Total mesh size 67,091 427,054
Simulation time 20 min 36 hours
Number of 19 24
adaptive passes
Number of modes 1 9
Operational freq.
band (GHz) {+90°} 5.870-6.309 5.862-6.299
Resonant phase
frequency (GHz) 6.114 6.106
Bandwidth 7.15% 7.15%
Phase difference at o
6.11 GHz 4.45
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Fig. 3. Reflected phase curve for the two methods.

IV. REFLECTARRAY APPLICATION

As an example, consider a reflectarray for satellite
communications in the commercial Ka-Band for an uplink
frequency of 29 to 30 GHz and circular polarization. This
antenna will be considered as a very small aperture
terminal (VSAT) as it will have a total size of ~40cm.
For this example, we design a reflectarray with a
concentric ring topology. The design uses 47 rings, a
spacing of 0.43 wavelengths between the rings, and 5a
elements per ring where « is the integer ring index. The
radius of the reflectarray is 20 wavelengths, for a total of
5,640 elements. The geometry of the reflectarray is shown
in Fig. 4. This design has the minimum beamwidth
required to meet the FCC 25.209 envelope, with a



ROPER, PETERSON: CIRCULAR CONCENTRIC-RING REFLECTARRAY DESIGN 1226

gain of 42dB at 29.5GHz. A design with the unit cell
parameters is presented in Table #2.

length is defined as the radial length of the PEC patch
within the unit cell. For frequency 29.5 GHz, and the set
of resonant phase curves in Fig. 6, another backwards-S
type curve can be produced for use as a design equation,

Fig. 4. Reflectarray geometry.

Table 2: Design table for the Ka-band unit cell

Design Table Value
Ka-Band Unit cell
Design frequency 29.5GHz
Substrate material Roger RO3003
Substrate thickness 1.52mm
Radial (mner_ and outer) 265um
spacing
Angular spacing o n0o0
(cell, patch) (36°, 287)
Convergence criteria (0.001, 2.5%), 18 Passes
(mag, phase)
Resonant phase
frequency (GHz) 29.54GHz
Bandwidth 1.42%

As discussed in the introduction, the phase shift y;
at an element must ensure that the phase delay at that
element will produce a uniform reflected phase after path
length delay effects are taken into account. This is
equivalent to the constraint [36]:

kKo(R; — 7+ o) — ¢ = 21N, )
where Kk is the propagation constant, N is an integer, R;
is the distance to a patch, ¥, is the unit vector of the
reflected ray, and t; represents the geometry of the array.
A visual representation — from the geometry of this
example — is depicted in Fig. 5.

In order to produce the phase shift required at an
element by Fig. 5, the resonant phase as a function of
patch size is needed. Notice that when the patch length
is grown or shrunk, the resonant frequency will grow or
shrink based on the trend depicted in Fig. 6, where patch

as depicted in Fig. 7.
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Fig. 5. Required element phase delay to produce a
collimated beam using Equation #1.
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Fig. 6. Individual reflected phase plots for varying length
elements.

After the resonant phase characteristics are
determined and applied to the phase shift plot to produce
a uniform reflected phase, the feed must be designed.
The feed can be designed using simple reflector
equations to find the optimal quality factor, where the
optimal Q-factor is the maximum of the total aperture
efficiency curve when combining spillover and
illumination efficiencies. For this example, the F/D ratio
was fixed at 1. The 3dB Beamwidth of the feed can be
found using the following equations:

6, =tan™! (;) - u = cos(6,), 2

2F/D

Nspillover = 1- u2(q+1), (3)
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4(q+1)(1-u?)?

Nimination = Pspittover tan (62" 4)
Neotal = 775pillover”illmninal:ionx (5)
Amax = max(ntotal)l (6)
log(X:
= BW,45(Feed) = 2 cos™! (exp {;‘lgﬁD @)

with BW;gp(Feed) ~ 30° (for==1),  (8)

These equations produce the plots in Fig. 8, and the
optimal Q-factor can be found as the maximum of the
total aperture efficiency curve.

Patch Length Effect On Resonance (29.5GHz)
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Fig. 7. Resonant phase plot for 12.4GHz versus element
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Fig. 8. Reflectarray efficiency plot.

Now that both the array and the feed are designed,
the far-field pattern can be found using array theory with
the feed and element patterns being applied as amplitude
tapers (shown in Fig. 9). Assuming all elements are
designed such that the phase delay requirement is met,
the far-field plot will be that given in Fig. 10. The initial
antenna pattern in Fig. 10 has a few sidelobes close
to the main beam that violate regulatory requirements,
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but these can be mitigated using array optimization as
described in [28].

Taper Plot
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Fig. 9. Amplitude taper plot.
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Fig. 10. Far-field pattern of the reflectarray antenna.

V. CONCLUSION

A method of designing a concentric ring reflectarray
is presented. EM field simulation is used to determine
the phase profiles of the unit cell. It is found that the
coaxial wedge unit cell gives nearly identical results,
in terms of bandwidth and resonant frequency of the
reflected phase curve, compared to the coaxial unit
ring. The coaxial wedge unit cell requires an order of
magnitude smaller simulation time. A preliminary
concentric-ring reflectarray design is presented.
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APPENDIX I. ANALYTICAL MODE
PREDICTION
Cylindrical waveguide geometries have a wave
function (the solution to the Helmholtz equation) of the
form:

Y = Bn(kpp)h(nd))eijkzz: (9)

where Bn(kpp)~]n(kpp), Nn(kpp), Hr(ll)(kpp), Hr(lz)
(kpp) and h(nd)~ sin(nd) , cos(nd) , et"®.

ACES JOURNAL, Vol. 33, No. 11, November 2018

A. Coaxial waveguide modes
The modes are commonly known for the coaxial
waveguide and were derived in the 1940s.

Fig. 11. Cross section of the coaxial waveguide (Left)
and coaxial wedge waveguide (Right).

For the coaxial waveguide depicted in Fig. 11, by
setting the electric field to zero at p = a and b, the
propagation constant can be derived from the roots k,, of
the equation:

Yy (ka)], (kb) — Jn(ka)Y, (kb) =0, (10)
forn =0,1,2, ...
Similarly, for TE modes:
Y',(ka)]’, (kb) — ', (ka)Y',(kb) =0,  (11)

forn=0,1,2, ...

The coaxial wedge waveguide is similar to the
coaxial waveguide, but there are additional boundary
conditions on the angular PEC walls. These require the
electric field at @ = 0 and o to vanish. From these
boundary conditions, the propagation constants can be
derived from the roots k,, of the equation:

Yn(ka)]y (kb) — Ju(ka)Y, (kb) =0, (12)
forn = :)—: wherek =1,2,3 ...
Similarly, for TE modes:
Y'n(ka))' (kb) —J' (ka)Y'y(kb) =0,  (13)

forn = i—n wherek = 0,1,2,3 ...

Since n is larger in the coaxial wedge waveguide than in
the coaxial waveguide, the coaxial wedge waveguide
will have fewer modes depending on the value of ¢,. We
see this in practice — as in Table 1. Additional details on
cylindrical wave functions can be found in [33].
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Abstract — In this paper, a single-layer reflectarray design
is presented for X-band applications. The reflectarray
comprises of pie-shaped reflective elements. The unit
element has compact dimensions of 0.28, % 0.284,. The
major segment angle of pie-shaped element controls the
reflection phase range and offers a total of 650° phase
variation. A reflectarray prototype comprising 23 x 23
elements is realized to demonstrate the necessary reflection
characteristics. Different parameters are analyzed for
performance evaluation of the reflectarray. The proposed
reflectarray offers measured gain of 24 dBi with 1-dB
and 3-dB gain bandwidth of 18% and 28% respectively.
Moreover, side-lobe-levels and cross-polarizations are
less than 22 dB and 35 dB respectively.

Index Terms — Radiation patterns, reflectarray antenna
(RA), reflection magnitude, reflection phase range.

I. INTRODUCTION

Among various modules of high-speed transceivers,
the RF front-end has gained considerable attention over
the last two decades. High gain antennas, being the
crucial part of front-end, play an important role in long
distance communication and other applications like
remote sensing. Conventionally, parabolic reflectors
and phased-arrays are used for high gain applications.
Parabolic reflectors are difficult to realize owing to their
curved geometry and phase arrays on the other hand have
complicated and lossy feed networks. The phased-arrays
and parabolic reflectors can be effectively substituted by
reflectarrays. The reflectarrays offer certain advantages
over parabolic reflectors as well as phase arrays by
combining the features of these two high gain antenna
classes. Reflectarrays are low cost, light weight and easy
to fabricate and deploy. Reflectarrays have multiple

Submitted On: January 12, 2017
Accepted On: October 19, 2018

reflective elements printed on a substrate, backed by a
ground plane and illuminated by a feed horn antenna.
The operating principle of reflectarray is illustrated
in Fig. 1. Overall, one of the common limitations of
reflectarrays is their narrow operating bandwidth.
However, their bandwidth can be improved by employing
elements with a broad linear phase range [1 - 3].

Recently, different techniques are proposed to
control the reflection phase of reflectarrays. These
techniques include but are not limited to variation in
geometrical parameters, variable size patches, identical
elements with different rotation angles etc. In [4], a
modified cross loop reflectarray is presented. A wide
phase range of 550° is achieved by varying the length of
cross shape. A fractal reflectarray of first and second
order with phase range of 354° is presented in [5]. A
slotted hollow ring with stacked ground plane is
presented recently where the desired gain is achieved by
rotating the slotted ring [6]. In [7], a square shaped
reflectarray attached with lattice stubs is reported. The
stub length is optimized to achieve a broad phase
variation of 600°. Parallel dipoles based reflectarray for
high gain and broad phase range of 413° is presented in
[8]. A single layer qausi-spiral reflectarray with small
dispersion in transmission modes is presented in [9]. It is
envisioned that the phase range can be further enhanced
to improve the design bandwidth with simple geometry
and single layer realization as compared to the existing
literature.

In this article a single layer pie-shaped reflectarray
for X-band applications is proposed. The reflectarray is
designed and optimized using a commercially available
3D full-wave electromagnetic solver based on Finite
Element Method (FEM) algorithm (Ansys HFSS). The
outline of the paper is as follows: unit element design is

1054-4887 © ACES
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presented in Section Il. The reflectarray configuration
and measurement setup is elaborated in Section III.
Finally, Section IV concludes the paper.

Feed Horn

() O

Reflected
wave

Unit Cell

v

Dielectric Substrate
Ground Plane

Fig. 1. Reflectarray operational principle.

I1. UNIT ELEMENT DESIGN AND
ANALYSIS

Unit element is designed and optimized for X-band
applications with centre frequency of 10 GHz. The
reflectarray unit element geometry is shown in Fig. 2.
The design has compact dimensions of 0.28 A, % 0.28 Ao,
where 1, is free space wavelength at 10 GHz. The
reflectarray is designed on FR-4 substrate with dielectric
constant of 4.4 and a loss tangent of 0.02. The top-layer
comprises of pie-shaped unit element and the ground
plane is placed on the flip side of substrate. The unit
element optimized parameters for 10 GHz are shown in
Table 1.

/
7]
= Jv

4

Unit cell Ground

&

\4
i

—

(b) Side view

(c) 3D view

Fig. 2. Reflectarray unit element configuration.
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)
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Fabricated
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Fig. 3. Unit element measurement through waveguide
simulator method.

Table 1 : Unit cell optimized parameters at 10 GHz
Parameter Dy Dx R G T
Value (mm) 85 | 85 4 1025 16

A. Unit cell performance parameters

The parametric analysis for simulated reflection
magnitude against frequency is shown in Fig. 4. The
reflection curve moves towards lower frequencies when
the major segment angle of pie-shaped element, ¢y, is
increased and vice versa. Moreover, reflectarray unit cell
prototype for 10 GHz frequency is fabricated, as shown
in Fig. 3 and reflection magnitude is measured through
waveguide simulator method.

0.0 - —~

w0
D 1400 §
Nl (@]
9 -0.5 \8/
E 200 &
%-1 0 178
S o
k5 S
815 0 3
2 2

2.0 : : 29200
8 9 10 11 12

Frequency (GHz)
Fig. 4. Reflection magnitude at different segment angles.

The phase range is examined over different
parameters, i.e., oblique incident angles in transmission
modes and different frequencies. The phase range at 9,
10 and 11 GHz is shown in Fig. 5. By varying the major
segment angle, ¢, from 0° to 350°, the design achieves
a phase range of 650°. The simulated phase range for TE
and TM modes at different oblique incident angles is
shown in Figs. 6 (a) and 6 (b). A stable phase response
with little shift is obtained at 30° and 45° oblique incident



angles, which is within acceptable limits [10].
Conventionally, the value of real part of impedance
should be higher to avoid losses in the reflectarray. The
real and imaginary parts of impedance are shown in Fig.
7. The real part of impedance (resistance) is more than
2000 Q at 10 GHz frequency [11].

150
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© -150-
=] —u— 9 GHz
€ 300] —— 10 GHz
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j: —A—11 GHz o ¥
a -4501
0 100 200 300

#s (Degrees)

Fig. 5. Reflection phase range at 9, 10 and 11 GHz.
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Fig. 6. Performance parameters effect on phase range.
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Fig. 7. Input impedance at 10 GHz.

I1l. REFLECTARRAY REALIZATION AND
MEASUREMENT SETUP

A 23x23 element reflectarray is designed on FR-4
substrate. The reflectarray panel has dimensions of 6.5/,
% 6.5, Where A, is the free space wavelength at 10 GHz.
The array elements are equally spaced with inter-element
spacing of 0.284,. The spacing between elements is
commonly kept less than 0.54,, to reduce the presence of
grating lobes [1]. Generally, in array configuration, a
minor change in the size of unit element produces a large
phase shift in the reflected wave. The required phase
distribution on each element in reflectarray is attained by
using Equation 1:

dr = K,(d; — (xicos¢, + y;sing,) X sin6,). (1)
The parameters used in array Equation (1) are
elaborated in [1, 12]. The phase distribution plot is used
to calculate the opening angle of each array element. The
phase distribution on center-fed pie-shaped reflectarray
is depicted in Fig. 8 (a). A stronger phase shift is
observed at the center than at the corners/sides. The ratio
of focal length to diameter of reflectarray is defined as
F/D ratio. The fabricated pie-shaped reflectarray has
an F/D ratio of 1. Reflectarrays have electrically large
aperture size and require high computational resources
and time. Therefore, a hybrid Finite Element Boundary
Integral (FEBI) algorithm is used for reflectarray system
simulations. This algorithm combines the Finite Element
Method (FEM) with Integral Equation (IE) method [12].
This method efficiently handles the complex and
electrically large sized structures. The reflectarray far-
field radiation characteristics are obtained by using hybrid
FEBI method. Full reflectarray simulations with feed
horn and 23x23 reflectarray elements were performed on
a ten-core HP 2840 workstation with workable memory
of 64 GB. The CPU took about 23 hours to fully simulate
the reflectarray. The reflectarray antenna FEBI system
model as shown in Fig. 8 (b) is used to obtain far field
characteristics.
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(a) Phase distribution on 23%23 element reflectarray
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(b) Reflectarray system modeling with FEBI algorithm

Fig. 8. Reflectarray system model along with phase
distribution.

The fabricated reflectarray antenna and the
measurement setup is shown in Fig. 9. The fabricated
23 x 23 elements reflectarray on FR-4 laminate is placed
inside a wooden stand and illuminated by an X-band
WR-90 feed horn antenna. The feed horn is placed 194
mm away from the center of array panel. The reflectarray
antenna measurements are carried out in an anechoic
chamber.

The simulated and measured E and H-plane radiation
patterns at 10 GHz are shown in Fig. 10. The side-lobe-
levels and cross polarizations are less than 22 dB and
35 dB for the reflectarray. The gain against frequency is
shown in Fig. 11. A gain of 24 dBi with aperture
efficiency of 48% is achieved at 10 GHz. Moreover,
1-dB and 3-dB gain bandwidths are 18% and 28%
respectively. The proposed reflectarray comparison with
previously reported reflectarrays is listed in Table 2.

ACES JOURNAL, Vol. 33, No. 11, November 2018

(a) Fabricated 23 x 23 element reflectarray

(b) Reflectarray under testing

Fig. 9. Fabricated reflectarray and measurement setup.

Table 2: Comparison with previously reported
reflectarrays

References | This Work | [15] | [14] | [13] | [12]
Middle

frequency 10 125 10 |135]| 10
(GHz)

Gain (dBi) 24 26.6(26.1| 25 | 245
Aperture

efficiency 48 52.5|40.3| 39 |495
(%)
1-dB

bandwidth 18 81| 18 | 20 | 125
(%)
3-dB

bandwidth 28 198|130 | — | 34
(%)

Side-lobe-levels
(dB) -22 — | -16 | -25 | -35
X-pol (dB) -35 -21 | -23 | -30 | -40
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V1. CONCLUSION

Pie-shaped reflectarray for X-band is presented in
this paper. Reflectarray prototype of size 6.5, % 6.54, is
fabricated with an F/D ratio of 1. The reflectarray
performance is analyzed in terms of reflection magnitude,
phase range, TE and TM modes. The reflectarray has a
measured gain of 24 dBi at 10 GHz frequency. The
simulated results are in good agreement with the
measured results. The results strongly suggest that the
reflectarray is a suitable candidate for high gain X-band

applications.
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Abstract — In this paper, the effects of radio frequency
electromagnetic fields produced by base stations on a
human head are investigated with the aid of a
multiphysics model at multiple frequencies using a
single simulation. This multiphysics model is based on
integrating the Debye model of human head dispersive
tissues parameters into the finite-difference time-domain
method by using the auxiliary differential equation
approach and then calculating the specific absorption
rate and temperature rise distributions in the head with
the use of bioheat equation. The effects of frequency and
incident angle of radio frequency electromagnetic fields
on the specific absorption rate and temperature rise
distributions in the head are analyzed.

Index Terms — Biologic effects of electromagnetic
radiation, dispersive head, FDTD method, multiphysics
model, specific absorption rate, temperature rise.

I. INTRODUCTION

In recent years, the number of the base stations
mounted on towers and rooftops has increased with the
use of mobile phones. As a consequence, it is important
to consider the possible harmful effects on human tissues
due to radio frequency (RF) electromagnetic fields by
the base station antennas. The maximum permissible
exposure limits from the base station antenna are
determined for occupational and general public
exposures. For the occupational exposure, RF worker
needs to work very close to the base station antennas,
whereas, for the public exposure, people received RF
fields stay far away from the base station antennas.
Many international protection organizations [1-3] have
presented safety standards for limiting RF exposure.
These standards have basic restriction and reference
levels for occupational and public exposures which are
dependent on the frequency ranges.

The thermal effect of the RF electromagnetic fields
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on a human head has been studied due to far-field [4-8]
and near-field exposures [8-12] from different types
of the antennas using the traditional finite-difference
time-domain (FDTD) method. Additionally, several
researchers have investigated the thermal effect on a
human eye, one of the most sensitive organs in the
human head for the RF field exposure, due to far-field
exposure [13-16] and near-field exposure [16-18]. In the
previous works [4-18], temperature rise and specific
absorption rate (SAR) distributions in the human head or
eye were calculated at only one frequency of interest in
a single simulation because of frequency dependent of
the electromagnetic properties of the biological tissues.
Therefore, these distributions cannot be calculated for
multiple frequencies of interest in a single simulation.
A multiphysics model based on the FDTD method
proposed in [19] allows to calculate these distributions
at multiple frequencies in the human head due to a
wideband antenna using a single FDTD simulation.

During the last few years, a fifth generation (5G)
mobile communication has gained enormous popularity
and extensive research interest. Its possible effects on a
human head are not studied significantly. In this paper,
the interaction between a human head and the RF
electromagnetic fields due to the 5G base stations for the
occupational and public exposures are investigated using
the multiphysics model. Thus, SAR and temperature
rise distributions in the head are obtained at possible
operating frequencies of the 5G base stations using a
single simulation. In this investigation, the frequency
ranges of the RF electromagnetic fields radiated by the
5G base stations are 3.4-3.8 GHz and 4.4-4.9 GHz.

In the multiphysics model, the Debye model is
integrated into the FDTD method using the auxiliary
differential equation (ADE) as presented in [20], then the
SAR and temperature rise with the use of Pennes bioheat
equation [21] are calculated. In the Debye model, the
three-term Debye coefficients (the relative permittivity
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of medium at infinite frequencies, the static relative
permittivity, and the relaxation time) calculated and
tabulated in [22] are used as the dispersive EM properties
of the human head tissues for a wide range of frequencies
(500 MHz to 20 GHz).

In this paper, a realistic head model [23] under
RF electromagnetic fields exposure due to the 5G
base stations is analyzed to prove the validity of the
multiphysics model. The SAR and temperature rise
distributions in the head at multiple frequencies 3.4, 3.8,
4.4, and 4.9 GHz are calculated using the multiphysics
model in a single simulation as well as using the
traditional FDTD method in multiple simulations. The
effect of incident angle of the RF fields on the SAR
and temperature rise distributions in the head is also
investigated.

Il. MULTIPHYSICS MODEL

A. Human head model with dispersive tissues

A three dimensional realistic head model generated
in [23] is used in this work. The head model used here
consists of eight tissues (skin, muscle, bone, blood,
fat, lens, and white and grey matter) and 172(width)x
208(depth)x240(height) cubic cells. In order to ensure
the numerical stability in the FDTD method, the cell size
should be less than A,,;,/10, where A, is the wavelength
of the highest frequency in the head model. Therefore,
the head model is divided into 0.9 mm cells in all
directions to satisfy this criterion.

The complex relative permittivity (& (w)) for the

three-term Debye coefficients is defined [22] as:
3

« Ag,

& (w=¢, +k2=1:1+ oz, . 1)
where Agy = &, — €0, £ IS the relative permittivity at
infinite frequencies, &, and 7, are the static relative
permittivity and the relaxation time constant of kth term,
respectively. They were obtained using a numerical
technique developed in [22] for the frequency range 500
MHz to 20 GHz.

B. FDTD method and incident plane wave

The RF electromagnetic fields radiated by the 5G
base stations are considered as far-field sources generated
somewhere outside of the FDTD problem domain. The
FDTD problem domain involved the head model is
illuminated by the incident plane wave produced from
these sources. The power density of the incident plane
wave are set to 50 W/m? and 10 W/m? which are
maximum permissible exposure limits for occupational
and public exposures [1-2], respectively. The incident
plane wave is a Gaussian waveform containing each
frequency of interest. The total-field/scattered-field
formulation [20] used here generates the incident plane
wave in the FDTD problem domain. The convolution
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perfect matching layer (CPML) [20] as an absorbing
boundary is applied at the borders to truncate the FDTD
problem domain.

C. SAR calculation
The RF energy absorbed per unit mass of biological
tissue is defined as SAR. The spatial peak SAR value
over any 1g tissue (SARy) for the occupational and
public exposures cannot be exceeded 8 and 1.6 W/kg
[1], respectively. After EM simulation is done and the
steady-state fields are achieved using the discrete Fourier
transform (DFT), the magnitudes of the averaged E field
components are used for the calculation of the steady-
state SAR distribution at each frequency of interest. The
SAR is defined at a given location as:
SAR(, j,k):%(\g(i, J K +[E, . 5.0 +E,G, j,k)\z)’
)

where o(i, j, k) and p(i, j, k) are the electric conductivity
and mass density [kg/m?®] of the tissue at a given location,
respectively. In equation (2), an averaging of E fields in
all directions is performed to obtain the corresponding
values at the exact location of interest. For calculating
the peak SARy, in the head, the IEEE standard C95.3-
2002 is considered [24]. These SARyy values are
considered as RF heat source in the temperature rise
calculation.

D. Temperature rise calculation

After the SAR,q distribution in the head is calculated
and recorded, the temperature analysis with the use of
bioheat equation [21] is performed in two steps. In the
first step, the steady-state temperature distribution in the
head is calculated by solving the bioheat equation with
no RF heat source (SAR14=0). In the second step, the
final temperature distribution is calculated by substituting
the SARyy distribution into the bioheat equation. The
difference between the final and steady-state temperature
distribution provides the temperature rise distribution in
the head.

The bioheat equation is given by:

p-C-%:K-V2T+p-SAR1g—B-(T—Tb), €)

where T is the temperature of the tissue at time t, p is the
mass density of the tissue [kg/m?], C is the heat capacity
of the tissue [J/(kg-°C)], K is the thermal conductivity
of the tissue [J/(m-°C)], B is the blood perfusion rate
[W/(m3°C)], and T, is the blood temperature. The
convective boundary condition [9] for the bioheat
equation in (3) applied to the external and internal
surface of the human head is expressed as:

ot
K~%:—h~(T—Tai,), (4)

where T,;, is the air temperature, n is the unit normal



vector to the skin surface or internal cavity, and h is the
convection heat transfer coefficient [W/(m?-°C)]. The
finite difference approximation of the bioheat equation
in (3) and the convective boundary condition in (4) is
given in [19]. The mass density and thermal parameters
of the head tissues are given in [19]. The convection heat
transfer coefficients (h) is set to 10.5 between the skin
surface and external air and 50 between the internal
cavity surface and internal air [5]. The air temperature
(T,ir) and initial head temperature (T,) were set to 20
and 37 °C, respectively. In order to ensure the numerical
stability, the temperature time-step (At) must satisfy the
following criterion [9]:

" 12K + Bd?

IHl. NUMERICAL RESULTS

In the first part of this section, the maximum SAR;q
and temperature rise in the head are calculated at 1.5
GHz using the multiphysics model and traditional FDTD
method. The obtained results are compared with the
results obtained in [5-6] in order to prove the validity
of the multiphysics model. In the second part of this
section, the effects of frequency and incident angle of the
RF fields on the SAR and temperature rise distributions
in the head are investigated using the multiphysics
model. Finally, in the last part of this section, the
performance of the multiphysics model is presented. The
computer being used in this paper has Intel® Core™
i7-4790 CPU and 16 GB DDR RAM. The program is
written and compiled in 64-bit MATLAB version
8.2.0.701 (R2013b). The total number of cells used in the
simulations is 14,007,552.

A. Comparison of results obtained using the
multiphysics model and traditional FDTD method

In order to confirm the validity of the multiphysics
model, the maximum temperature rise and SAR4 values
in the head calculated at 1.5 GHz using the multiphysics
model are compared with those obtained using the
traditional FDTD method and those reported in [5-6] for
the occupational and public exposures. In this simulation,
the human head with a cell size of 2 mm is illuminated
by a 6 polarized plane wave with the incident angles of
0"°=90° and ¢""°=90° (from the front to rear of the head).
The comparison in Table 1 shows that the results
obtained using the multiphysics model agree very well
with the results obtained using the traditional FDTD
method. It is also realized that the maximum SARyg
value in the head is reasonably in good agreement
whereas the maximum temperature rise in the head is
slightly different with those reported in [5-6]. The reason
for the difference in the compared results is due to the
use of different head model.
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Table 1: Comparison of maximum SAR14 and maximum
temperature rise in the head at 1.5 GHz

Exposure Type Methods Max. SAR1, (W/kg) |Max. Temp. Rise (°C)
Occupation RF Multi_physics model 5.55 0.49
Exposure Traditional _FDTD 5.55 0.49
Reported in [5] 5.62 0.35
. Multiphysics model 1.11 0.09
'E‘i?)ggﬁg Traditional FDTD 1l 0.09
Reported in [6] 1.12 0.069

I?,{ k
k ‘ N 45° \
=g O 450 O
/ /
q D
(@ (b) (©)

Fig. 1. (a) Front, (b) front-right, and (c) front-above.

B. Effect of frequencies and incident angles on the
SAR and temperature rise distributions in the head

The temperature rise and SAR1q distributions in the
head due to the occupational RF field exposure are
calculated using the multiphysics model at 5G frequencies
below 6 GHz (3.4, 3.8, 4.4, and 4.9 GHz) in a single
simulation. In order to excite the human head, a 6
polarized plane wave is considered with three different
incident angles: first is called front incident with the
angles of 6"™=90° and ¢""=90°, second is called front-
right incident with the angles of #°=90° and ¢"°=45°,
and third is called front-above incident with the angles
of 9"°=135° and ¢"°=90°, as shown in Fig. 1.

For the front incident, the SAR:y and resulting
temperature rise distributions in the x-y cross section of
the head model at the listed frequencies are shown in
Fig. 2. For the front-right and front-above incidence, the
SARy and resulting temperature rise distributions in
the x-y cross section of the head model at the listed
frequencies are shown in Figs. 3-4, respectively. It can
be realized from the figures that SARyq distributions are
correlated well with the temperature rise in the head. It
can be seen from Fig. 3 that the SAR4 and temperature
rise values in the right eye are higher than those in the
left eye because the nose prevents the RF fields from
penetrating in the left eye. The electric conductivities of
the tissues become larger as the frequency is increased,
then the magnitude of EM waves in the head decreases
exponentially. Therefore, the SARiy and resulting
temperature rise values in the head decrease at higher
frequencies.

The maximum SAR;q4 value and temperature rise in
the head at the listed frequencies are shown in Table 2
for front, front-right, and front-above incidence. It is
realized that the maximum values of the SAR and
temperature rise obtained from the front-above incident
are smaller than those obtained from other two incidence.
The maximum temperature rise and SARyq in the head
are less than 1 °C and 8 W/kg for the occupational
exposure, respectively.
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SAR;, (W/kg)

SARy, (W/kg)

SAR1g (W/kg) Temp. Rise (°C)

0

Fig. 2. SARyq and temperature rise distributions due to
front incident at: (a) 3.4, (b) 3.8, (c) 4.4, and (d) 4.9 GHz.

The maximum temperature variation in the head at
3.4 GHz as a function of time is shown in Fig. 5 for the
front, front-right, and front-above incidence. It can be
seen from Fig. 5 that the temperature increases rapidly
over the first 6 minutes, then temperature increase slows
down, and the maximum (steady-state) temperature is
reached after 30 minutes of exposure. The temperature
rise due to the RF electromagnetic fields exposure is not
significantly much to change the EM and thermal
properties of the tissues.

Table 2: Maximum SARy4 and temperature rise at listed
frequencies for three different incidence

0.67

0.67

0.67

0.67

Freq. Max. SAR1g (W/kg) Max. Temperature Rise (°C)

(GHz) | Front | Front-right | Front-above | Front | Front-right | Front-above
34 | 552 5.14 2.98 0.67 0.62 0.37
3.8 | 4.01 3.66 2.99 0.56 0.45 0.31
44 | 333 4.08 3.16 0.45 0.49 0.31
49 | 3.24 3.65 2.82 0.44 0.43 0.31
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Fig. 3. SARyy and temperature rise distributions due to
front-right incident at: (a) 3.4, (b) 3.8, (c) 4.4, and (d)
4.9 GHz.

C. Performance of multiphysics model

The SAR1q and temperature rise values at the listed
frequencies obtained using the multiphysics model in a
single simulation are found to be exactly the same as
those obtained using the traditional FDTD method using
multiple simulations. The complexity of the traditional
FDTD method [20] is less than that of the multiphysics
model. However, the traditional FDTD method provides
solutions at a single frequency in a single simulation
because of frequency dependent of the biological tissues,
whereas the multiphysics model can provide solutions at
multiple frequencies using a single simulation. To show
the performance of the multiphysics model, the relative
percentage time saving between the multiphysics model
and the traditional FDTD method is shown in Fig. 6
when the number of frequencies of interest is increased.



The relative percentage of CPU time saving between the
multiphysics model and the traditional FDTD method is
defined as:

tsa\,ing _ [tFDTD _tmultiphysics ]xlOO% ' (6)
tFDTD

where tmurtiphysics and troo are the computation time of
multiphysics model and the traditional FDTD method,
respectively. It is realized that the multiphysics model is
more efficient than the traditional FDTD method while
obtaining solutions at more than one frequency. The
solutions at frequencies above 20 GHz can be obtained
using the multiphysics model once the three-term Debye
coefficients of the tissues are determined using a
numerical technique similar to that developed in [22].

3.16 0.37
SARyg (W/kg) 0 Temp. Rise (°C) o
3.16 0.37
. O
SARg (W/kg) 0 Temp. Rise (°C) 0
3.16 0.37
SAR1g (W/kg) Io Temp. Rise (°C) 1)
3.16 0.37
SAR1g (W/kg) 0 Temp. Rise (°C) 0

Fig. 4. SARyq and temperature rise distributions due to
front-above incident at: (a) 3.4, (b) 3.8, (c) 4.4, and (d)
4.9 GHz.
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Fig. 5. Maximum temperature rise in the head at 3.4 GHz
for front, front-right, and front-above incidence.
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Fig. 6. Relative percentage of CPU time saving.

V. CONCLUSION

The interaction between a dispersive human head
and RF electromagnetic fields radiated by 5G base
station is investigated using the multiphysics model at
multiple frequencies in a single simulation. The SAR1q
and resulting temperature rise distributions in the head
are calculated at 5G frequencies (3.4, 3.9, 4.4, and 4.9
GHz) in a single simulation with the use of multiphysics
model. Numerical results show that the SARiy and
temperature rise distributions in the human head are
dependent on the frequency and incident angle of the RF
fields. It is also realized that the maximum SARy and
temperature rise values occur in the eyes of the head. The
multiphysics model provides remarkable saving in the
computation time when the analysis is performed at more
than one frequency.
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Abstract — Resonant frequency drift of electro-magnetic
acoustic transducers (EMATS) is a common phenomenon
in high temperature, resulting in a low conversion
efficiency. In this work, for tracking the resonant
frequency of EMATs automatically, a novel adaptive
radial basis function neural network (RBFNN) with
guaranteed transient is proposed. First, the configuration
and dynamic behavior of EMATs are introduced at
room temperature. Then, the initial system under the
constraint of transient performance index is converted
into a new unconstrained equivalent system by the
error conversion mechanism. Furthermore, the adaptive
tracking control for the resonant frequency is analyzed
in detail. Finally, the validity and effectiveness of the
proposed novel method are verified by numerical
simulations.

Index Terms — Adaptive neural network, EMATS,
RBFNN, resonant frequency, transient performance.

I. INTRODUCTION

At present, the nondestructive evaluation (NDE)
methods are mainly electromagnetic acoustic transducers
(EMATs) and eddy current (EC) testing in high
temperature [1-4]. However, the EC testing method is
only suitable for the detection of the surface or near-
surface of metallic materials. Due to the non-contact
and couple-free features, EMATs are used widely in
industry, biomedical science and other high temperature
environment, such as the solidified shell and absorber
tubes of solar power [5-6]. At room temperature, the
influence of temperature on the resonant frequency of
EMATSs is small enough to be ignored. However, the
conversion efficiency will be effected under high
temperature, while leading to the resonant frequency
drift. For instance, the surface temperature of solidified
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shell directly radiates to EMATS, causing the temperature
of EMATSs to rise sharply. In addition, the vibration of the
solidified shell contributes to the variation of lift-off
distance. These factors have a great influence on the
electric parameters of EMATs, such as inductance,
capacitance, and resistance [7].

Therefore, under high temperature, the resonance
frequency will drift, which makes the EMAT matched in
the initial state mismatches again. Furthermore, this will
cause the power loss and seriously fever of EMATS, thus
greatly decrease the conversion efficiency and damage
the drive circuit. Hence, it is better to drive EMATSs at
its resonant frequency under high temperature as the
maximum power conversion is achieved at this point. It
is urgent to find a method to realize non-error tracking
resonant frequency.

To date, various tracking methods have been
proposed to track the working frequency around the
resonant frequency, such as phase-locked automatic
tracking methods, audio tracking methods, and electric
tracking methods. Qu et al. proposed a strategy combining
the orthogonal correlation method and PID control
algorithm, which realizes the frequency tracking and
vibration stabilization of transducers [8-9]. Tang et al.
adopt a frequency automatic tracking scheme, which
combines with the current method and phase method to
achieve the resonance frequency control [10]. Zhang et
al. used a binary search algorithm to track the resonance
frequency in the specified search range and fuzzy logic
method was combined to improve the tracking algorithm
performance [11]. However, the studies on resonance
frequency tracking mainly focus on the piezoelectric
ultrasonic transducer. For EMATS, there is almost no
literature with respect to the resonance frequency tracking
used in high temperature environment.

In this paper, the aim is to present a novel adaptive

1054-4887 © ACES



neural network (NN) method, which can automatically
track the resonance frequency and maintain the stability
of EMATS. Firstly, the dynamic impedance characteristic
of EMATS is analyzed, and the impedance matching is
deduced at the room temperature. Then, an adaptive NN
control scheme is presented. To improve the accuracy
and performance of the tracking algorithm, an improved
method combined with transformation mechanism of
transient performance index is proposed to track the
resonance frequency of EMATS system in a varying
temperature. Finally, numerical simulations verify that
the improved scheme can perfectly track the resonance
frequency while achieving a perfect transient performance
of EMAT systems.

II. DYNAMIC BEHAVIOR OF EMATSs

Figure 1 () illustrates the configuration of an EMAT,
which composes of a spiral coil, a cylindrical magnet
placed vertically and a metallic specimen. To obtain a
higher energy efficiency, the EMAT generally driven by
an external high-frequency excitation power.

Pulse generator

(@) (b)

Fig. 1. (2) The configuration and (b) equivalent circuit of
an EMAT.

An EMAT system at frequencies near resonance can
be modeled as a simple equivalent circuit, as showed in
Fig. 1 (b), which consists of a coil circuit and a driving
circuit of the pulse generator. The coil equivalent circuit
is a parallel RLC (Resistor-Capacity-Inductor) resonant
circuit that includes three components, i.e., the equivalent
resistance R,, equivalent distributed capacitance C,
and equivalent inductance L, . The driving equivalent
circuit consists of the internal resistance of signal source
R, andcapacitance C, of the signal source port. Since
the connection wire of the coil and signal source is short,
thus the capacitance value is small and neglected in this
work. Based on the equivalent circuit of EMATS, the
admittance can be written as:

%4—(&)(: +2(0—L12]J y (l)
R +(oky) R +(oky)
where @ is the angular frequency. G and B denote the

conductance and susceptance, respectively, which can be
calculated as:

Y=G+Bj=
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G= @
R +(wly)
BZQ)C1+20)—L12. (3)
RI+(oLy)

Based on Egs. (2) and (3), the following equation
can be obtained:

o (3] o

The admittance locus of EMATSs can be described
as a circle, whose center isin (1/2R, @C,) and radius

is 1/2R,, as shown in Fig. 2. f_ is the frequency

corresponding to the maximum admittance or minimum
impedance. f, is the parallel resonance frequency

corresponding to the maximum conductance, which can
be calculated as:

(oL o

YN o
Inaddition, f, and f, arealsoimportant marked
frequency, which are the resonance frequency of the
whole system, with zero phase. When f , f , f are
equal to each other, the best resonance performance can
be obtained. In this work, f_ is defined as the tracking
target because the impedance phase is easily measured

relatively in the operation process of EMATS.

Susceptance

Fig. 2. The admittance locus diagram of EMATSs.

To obtain the maximum energy and minimum
impedance phase, the impedance matching of coil circuit
is required. Hao et al. [4] proposed that the method of
coil impedance matching is to parallel a proper capacitor
on both ends of the coil. For a better effect, the circuit is
matched by series capacitance and shunt inductance in
this work. The total impedance after electrical matching
can be expressed as:

Y, =G, +B]j

:%J{(WCM : J+2w—L12]i,(6)
R +(aly) ols ) R +(aly)

where C_ is the sum of the matching capacitance and
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C,,and Ly isthe matching inductance.
The conductance G, and susceptance B, are:

s = % )
R +(aLy)

1 ol
B, =(«C,_ - . 8
S ( m C()LS)+R12+(0)L1)2 ( )

Based on Egs. (7) and (8), when
wC, — L o, )
ol

we get,

2 2
[Gs—ij +(B,)’ =[ij . (10)
2R, 2R,

Near the resonance frequency, the transducer
admittance locus after impedance matching is a circle
with the center of (1/2R;, 0) and radius of 1/2R,.
Thus, the admittance circle is symmetrical about the
conductance-axis, indicating that the f,, f and f
are equal to each other, respectively. At that moment, the
best resonant characteristics can be achieved. When the
initial frequency f, is given, the relationship between the
matching inductance and capacitance is:

Cm :% .
4ty L,
Therefore, the desired results can be achieved if
and L, are selected appropriately.

(11)

o
III. ADAPTIVE TRACKING CONTROL
Intuitively, the adaptive controller can adapt to
the dynamic characteristics of the control object and
disturbance by changing its parameters automatically.
More importantly, this control method is suitable for
the unknown or time-varying parameters, do not need
to know the mathematical model of controlled object.
In many schemes, the system is usually assumed to be
affine, i.e., the system is linear with respect to the control
input [12-13]. However, most of the actual systems, such
as the chemical reaction [14], aircraft systems [15] and
EMATs system to study in this work, are non-affine,
which has no affine appearances of control input.
Therefore, designing an adaptive tracking method for
EMATSs is a meaningful and challenging problem.

A. Mathematical model of EMATS
Based on Eqgs. (7) and (8), the impedance phase 6
can be evolved by:

0=tan™* [—5]
GS

:tan‘ll(l_l_cml_SR1 _LlLs)w—Cm 1@’ +i . (12)
LR R Lo
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Defining,
0="f(oL,C,R)=F(»T,h), (13)
where o, L, C, R are the angular frequency, equivalent
inductance, equivalent distributed capacitance and
equivalent resistance, respectively. Differentiating Eq.
(13) with respect to time, we get:
6=F 5 Fy Fy
ow  OT oh
The control input @ that we design is produced by
a low pass filter driven by the input v [16], it can be
expressed by:

(14)

@=—-an+V, (15)
where a<R" isadesign parameter. By substituting Eq.
(15) to (14), we get:

:—F(—am+v)+ﬁ'l;+ih
T oh
oOF  _OF  oF. oF.

=—vVv-a—wn+—T+—nh
ow ow or oh

:g(a))V+H (a),T,h),

oF
9(03):%

(16)

oF

where , H(a),T,h):—a—m+ﬁT+
ow or

Z—';H. In Section 1V.B, the sign of g(w) is proved to

be greater than 0. While H(@,T,h) is an unknown
function.

B. Adaptive tracking control

Radial basis function neural network (RBFNN) can
approximate any nonlinear functions and deal with the
regularity of systems, which has a good generalization
ability and learning convergence rate. It has three layers,
that is, the input, hidden and output layers. The hidden
layer is for nonlinear transformation between the input
and output. The input are mapped to the hidden layer,
then the hidden layer nodes are linearly summed to get
the output.

Based on the universal approximation property of
RBFNN [17], the unknown function H (&, T,h) canbe
approximated as:

H(Z)=W'@(Z)+n(2), 17
where W is an unknown and constant weight vector of
the output layer, &(Z) is the so-called radial basis
function in hidden layer nodes, Z:[a),T,h]T is the
input vector of RBFNN, 7(Z) is the corresponding
reconstruction error.

In terms of above analysis, the EMAT system can be
abstracted as a second order nonlinear system, whose
mathematical model can be expressed by:

o=—-am+V
{é:g(w)v+H (z)
where the input @ of the initial system and v are

(18)



considered as the state and input of the new system
respectively. Noted that this is an augmented system.
Therefore, the main goal is to stabilize the new system
and maintain zero impedance phase. Thence, the
implementable controller is proposed as:

v=-KO-W'@(Z). (19)
The update law of W is determined as:
W =-o\W 0]+ 0,02(Z), (20)

where K>0, g, >0, o, >0 are free design parameters.
W is the estimation of W™ and W'@(Z)=H(Z)
is the estimation of H(Z) . The estimation error is
definedas W =W —W . Controller parameters are set as

0.25

(nF)

0.246

[¢]

0.242

1000

500 500
Tty 0 0 n 4 0

(@) (b)
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a=1 K=3550, g, =2, 0, =10.

Based on the analysis Lyapunov theory, W and
@ are both uniformly ultimately bounded (UUB) [22].
Since W =W -W and W is bounded, so that W is
UUB. In addition, in accordance with that &(Z) of
RBFNN is bounded and Eq. (19), v is proved UUB.
Furthermore, the input @ of the initial system is
considered to be a stable linear time-invariant system
driven by v. Since v is bounded, we can conclude that
the control signal @ is bounded based on the BIBO
(Bounded-Input Bounded-Output) property of linear
time invariant systems. Thus, all states of the EMAT
system have been proved to be bounded.

Fig. 3. (a) Capacitance, (b) inductance, and (c) resistance varying with temperature and lift-off distance.

C. Improved adaptive tracking control
The stability of systems is usually considered in
the design of adaptive controllers, rarely involving the
transient performance. However, many systems need
to preset the transient performance index to ensure the
effectiveness of systems [17]. For EMAT systems, if
the impedance phase is too large, the system output
will be small, resulting in inefficient generation and
transmission of ultrasonic waves. The low energy
conversion efficiency seriously affects the accuracy and
efficiency of NDE. Therefore, we propose an improved
method considering the transient performance index,
which transforms the constrained transient performance
index into a non-constrained error function. Furthermore,
the error satisfies the preset transient performance index
by proving the boundedness of the conversion error [18].
The impedance phase @ is limited within two
curves to ensure it is not too large [16]:
—ap(t) < 6(t) < ap(t),t >0, (22)
where a,a>0 are the pre-set range. p(t) is a
performance function, which is smooth and belongs
to {p(t):R+ —{0}}. p(0)=p,, p(0)=p, . Based on
the demands of different systems on the transient
performance, different p(t) is chosen to meet the
requirement of rising time and error convergence rate.
a,a are assigned different values to meet the vibration
error and overshoot. Then, the initial system under the

constraint of transient performance index is converted
into a new unconstraint one by the error transformation.

We define:

e(t) = p(t)S(g) , (22)
where S(-) is a strictly increasing smooth function, ¢
is the transform error, which can be written as:

~(0] _
e=8" ﬁ =1In w ] (23)
p) 2 |aa-a(flp)
Differentiating Eq. (23) with respect to time we get:
£=rf+mé, (24)
st 1 a a

where r= == —+—= , and

o(01p) 2\ ab+aap aap-ab

me_L ap ap
2 aep+aap®  aap’-aep )
Substituting Egs. (13) and (16) into Eq. (24):
E=rgv+rH+mF. (25)
Let,
J(Z)=rH +mF . (26)
Thence, the mathematical model of EMAT systems
after error transformation is expressed as:
W =-an+V
{é =rgv+J(Z)’
where Zz[a),T,h]T eR® is the observable state. r is
a design parameter. Since the unknown nonlinear part

(27)
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of systems can be estimated by RBFNN, the unknown
function J(Z) can be written as:
3(2)=P'2(2)+u(2), (28)
where P is an unknown and constant weight vector,
@(Z) is the radial basis function of hidden layer
nodes, «(Z) is the estimation error. The control
input of the transformed system can be expressed as:

1 .
=—=|ke+P'@(2)]|. 29
v r[ e+P'2(2)] (29)

The update law is expressed as:
P =—1,Ple|+7,62(Z), (30)

where k>0,7, >0,7, >0 are free design parameters,
P isthe estimation of P™ and P'®(z)=J(Z) is
the estimation of J(Z). Then, the estimation error of
P is defined as P=P—P. The controller parameters
are set as 7, =2, 7, =100, p(0)=1.01, p(c0)=0.01.
All states of the transformed system are also proved to
be bounded by the same method as Section 111.B.

IV. SIMULATION ANALYSIS
A. Contributionsof Tandhto L,, C, and R,

Itis well known that L, C, and R, are changing
along with temperature (T ) and lift-off distance (h),
and the variation law is shown in Fig. 3, in which T
ranges from 0 to 1000°C, and h from 0 to 0.01m.

As can be seen from Fig. 3, L, C, and R,
increase nonlinearly with T increases. For instance, as T
varies from 25 to 500°C, corresponding to R, changing
from 21.04 to 35.72 Q, as shown in Fig. 3 (c). C, and
R, decrease as h increases, while L increases sharply
with the increase of h. In addition, the variation law is
similar to the exponential law. Hao etc. has given a
clear physical explanation about the variation of electric
parameters with h [4]. When h between the coil and
specimen increases gradually, the skin and adjacent
effect become weaker, leading to the more uniform
current density distribution in coils and the larger
conductor area flowing through the same current.
Therefore, the variation of T and h has significant
influence on internal electric parameters, such as L,
C, and R,, which leads to the resonance frequency
shift of EMATS.

B. Analysis the sign of g(w)

To calculate the matching capacitance C_ and
inductance L, of an EMAT, the equivalent capacitance
C,, resistance R, , and inductance L, are measured,
which are 0.2424nF, 21.04Q2 and 28.39mH. Then, L
and C_ aretakenas81.3mH and 2.5561nF by Eq. (12),
respectively. Based on Eq. (12), when the equivalent
impedance phase @ of EMATS is zero, we can obtain:

CoLLw' +(C,LR - -LL )&’ ~R? =0. (31)
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The discriminate A of Eq. (31) should be greater
than or equal to zero, which means:

A=(C, LR L -LL,) +4C,LLR? >0. (32)

Based on Eq. (32), the resonance angular frequency
o, and anti-resonant angular frequency , can be

calculated as:
o = ’&—\/f—‘lﬂ
' 26

33)
0, :,/—“*’27;‘4” , (34)

where &=(Li+LL C,LR’), n=C,LLR’, 7=

(C,.LR? - -LL), §=C,LL;.Thus, o, and o,
can be calculated. Figure 4 describes the function F
varying with @ , which indicates that F is an increasing
function with the increase of @ nearthe @, . Thence,
we can obtain that g(w)>0. This inference is critical
to the controller design. Without loss of generality, for
ZeR®, we suppose g,<g<g,, Where g,,g, are
unsure normal number.

15
1}

05}

Function F

6 6.05 6.1 6.15
Frequency (rad/s) x10%

Fig.4. Function F varying with angular frequency.

C. Simulation results

To verify the feasibility of the proposed adaptive
NN controller, simulations are carried out for tracking
the resonant frequency of EMATs. The basis function
applies Gaussian function:

where b and c(:,i) are the width and center of &,
respectively.

Figures 5 (a) and (b) illustrate the impedance phase
6 and control input v using the adaptive NN method,
respectively, which demonstrates their boundedness. The
initial state values are (0)=436Krad/s,h(0)=5mm.
As can be seen from Fig. 5 (a), & is stable in [-5°, 5°].
The tracking trajectory using the adaptive NN control
algorithm is shown in Fig. 6 (a), which shows a fairly
good tracking performance. Solid and dashed lines
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JIA, OUYANG, ZHANG, ZHANG: A NOVEL ADAPTIVE TRACKING ALGORITHM

denote the inherent resonance frequency f, and working
frequency f, respectively. In addition, @ ends up in
an emergency collection along with the varying of
temperature T and lift-off distance h. However, the
system has a larger overshoot and steady-state error of
0, leading to a more severe oscillation and unfavorable
tracking effect of resonant frequency for the EMATS
system.

f (degree)
n n

Frequency (Hz)
(=2}

5 10 15 20
Time (s)

(@)

25 30

Control input »

5 10 15 20 25 30
Time (s)

(b)

Fig. 5. (a) The impedance phase, and (b) control input
using the adaptive NN method.

Figure 6 (b) shows the tracking trajectory using the
improved adaptive NN control algorithm, in which the
range of frequency is from 45 to 75 KHz. It indicates that
the working frequency f can track the inherent resonance
frequency f, better than using the adaptive NN control
algorithm. In addition, the conversion error is very small
and stable in [-0.04, 0.01], as shown in Fig. 7 (a). The
variation of @ is shown in Fig. 7 (b), where the solid
and dotted lines denote @ and pre-set boundaries
(& =20, =—20) of +20p(t). It indicates that & is
completely within pre-set boundaries and the overshoot
isin[-20.2, 20.2]. Noted that & has a same initial value
as Fig. 5 (a), which is due to the same initial conditions
and parameters. In addition, @ is in [-10°, 10°] after
5 seconds and eventually stable in [-0.2°, 0.2°].
Furthermore, the convergence rate of ¢ is greater than
p(t) . Thence, if the design parameters, such as a,«,
p(t) and I, are properly configured, the overshoot,
conversion error and convergence rate of EMAT systems
can be well controlled by the improved adaptive NN
controller.

Thence, it can be seen from Figs. 6 (a) and (b)
that the improved adaptive NN algorithm considering
transient performance index has a better tracking effect,
even when their intrinsic behaviors change due to the
varying temperature.

Frequency (Hz)
[+

Time (s)
(@)
%10° i

~

o

S

15 20 25 30
Time (s)

(b)

Fig. 6. The result of frequency tracking by: (a) the
adaptive NN method, and (b) the improved adaptive NN
method.

o
o b
o

0.02
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Time (s)

(@)

- T T
—_—t— — = 20p(t) — — ——20p(t)

f (degree)

5 10 15 20 25 30
Time (s)

(b)

Fig. 7. (a) The conversion error, and (b) the impedance
phase using the improved adaptive NN method.

V. CONCLUSION

This paper presents a novel adaptive NN scheme of
the resonance frequency tracking for EMATSs under high
temperature. Based on the equivalent circuit of EMATS
near its resonance frequency, the impedance phase @ is
calculated after impedance matching. The relationship
among L,, C, and R, with T and h are analyzed,
indicating that L, increases with T and h, while C,, R,
increases with T and decreases with h. To compensate
the resonant frequency drift and low conversion
efficiency caused by T, the adaptive NN control strategy
is adopted to track the resonant frequency automatically.
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In addition, an improved scheme considering with
transient performance is proposed to ensure the tracking
accuracy and efficiency, which shows that @ is stable
in [-0.2°, 0.2°], the convergence rate of & is greater
than p(t) and the range of conversion error is within
[-0.04, 0.01]. The simulation results demonstrate that the
proposed novel adaptive NN scheme is feasible and
efficient.
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Abstract — Time reversal (TR) is an applicable technique
for target detecting and has gained extensive attention
due to its self-adaptive focusing ability. However, the
imaging performance of the traditional time reversal
mirror (TRM) deteriorates in multiple targets cases.
A TR imaging approach for multiple targets detection
is proposed in this paper. Different from the direct
retransmission of the TR signals, the time domain
gating is applied to the targets responses to divide
them into different groups, and the optimal time frame
corresponding to each target which will be utilized in the
subsequent step is calculated. After the retransmission
of the gated TR signals, the essential zero setting step
and the summation step are conducted to construct the
imaging function. Numerical simulations are carried out
for three multi-targets cases using the finite-different
time-domain (FDTD) method. The imaging results are
compared with the traditional TRM method and indicate
the effectiveness and the superiority of the proposed
approach.

Index Terms — Multi-targets detecting, optimal time
frame, time domain gating, time reversal.

I. INTRODUCTION

Time reversal (TR) technique was first proposed in
acoustics [1] and then introduced to electromagnetics
[2]. It exploits the invariance of the wave equation in
lossless and time-invariant media, and involves physical
or synthetic retransmission of signals received by a TR
array (TRA) in a time reversed fashion. Time reversal
has found applications in various disciplinary fields such
as microwave imaging [3,4], wireless communication
[5,6] and nondestructive testing [7,8], etc.

Time reversal mirror (TRM) s the direct
implementation of time reversal and performs as an
effective technique for the detection and localization
of targets. Traditional TRM method contains two main
steps. In the first step, the probing signal is emitted from
the transmitter and the signals scattered from the targets
are recorded by the TRA. In the second step, the recorded
signals are time reversed and retransmitted by the
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corresponding receiver in TRA. Then the back-propagated
signals will focus around the target positions, and the
total field values in the imaging domain at the focusing
instant are used for imaging the targets. Although the
traditional TRM is easy to accomplish, its performance
deteriorates in multiple targets cases. Specifically, images
of targets especially the further and weaker ones may be
disturbed or swamped by the nearer and stronger ones,
and false results will be obtained if the targets are located
closely to each other. The iterative TRM method [9]
conducts the signal reception, reversal and retransmission
iteratively and achieves focusing on the strongest target,
but it is still unable to detect the weaker targets. The TR
imaging method proposed in [10] uses the grouping
technique that divides the TRA into different sub-TRAs
and discriminates multiple targets by enhancing the
synchronism at target positions. However, the signals
need to be retransmitted many times as the number of
sub-TRAs should be large enough to ensure the coherence
at target positions and the incoherence at non-target
positions, which makes it time-consuming to some degree.

The imaging techniques based on the TR operator
(TRO) have raised concern in recent years. They include
the decomposition of the TR operator (DORT) and the
TR multiple signal classification (TR-MUSIC). Selective
imaging for different targets can be achieved by the
DORT [11,12], and simultaneous multi-targets imaging
can be achieved by the TR-MUSIC [13,14]. For the
acquisition of the TRO, both the two methods require a
large number of measurements to construct the multistatic
data matrix (MDM). Specifically, each transceiver
transmits signal to the detecting region in sequence, and
the scattered signals are recorded by all transceivers
after each transmission, causing heavy computation and
making it time-consuming for data collection. In addition,
the number of targets should not exceed the number of
transceivers, limiting the practical applications of these
methods.

In this paper, a new TR imaging scheme based on
the TRM is proposed for multiple targets detection. First,
the signals scattered from the targets are recorded by
TRA, and the time domain gating technique is applied at

1054-4887 © ACES
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each receiver to divide the signals into different groups
corresponding to different targets. The time domain
gating is able to eliminate unwanted responses from
other targets by using a gating filter, and it is also
effective for noise reduction [15]. After that the target
initial reflection method (TIRM) [16] is used to obtain
the focusing instant for each target. Next, the gated
signals are time reversed and retransmitted in sequence
and the field values in the imaging domain at each time
frame are recorded correspondingly. Then, the zero
setting is conducted and the recorded field values are
added up to construct the imaging function. The images
of different targets can be obtained by selecting different
time frames, and simultaneous multi-targets imaging
can be achieved by applying the normalization and
summation steps. Numerical simulations are carried out
for three multi-targets cases and the results are compared
with the traditional TRM method. It turned out that the
proposed approach is simple for implementation and it is
able to detect multiple targets synchronously with only
one transmitter. It overcomes the near-far problem and
the focusing false in multi-targets cases, and also, is
more efficient than the TRO based methods.

II. TR IMAGING SCHEME
A. TRM method
Let us consider the 2-D scene with a TRA consisting
of N antennas. A probing pulse x(t) is emitted from the
transmitter located at r, and the signals scattered from
the point-like targets are recorded by TRA. The target
with the scattering potential p, is located at r, and the
nth antenna is located at r, . The incident signal at the
target position r, in the frequency domain is given by:
Xip (@) =G(r, 1., 0) X (@) , 1)
where X(w) is the Fourier transform of x(t) , and
G(r,.r,, @) is the Green’s function from the transmitter
location r, to the target position r, which represents the

“propagator”. For notational simplicity the scalar field
and Green’s function are considered in the theoretical
analysis. Extension to the vector case is straightforward
in principle but complicated for expression in general
form.
The received signal at the nth receiver can be
represented as:
X, (r,, @) =G(r,, 1, @)G(r,, 1, @) X (@) ;. (2)
If we take the complex conjugate of X, (r,,®) which is
equivalent to the time reversal in the time domain and
then back-propagate it from the nth antenna, we can

obtain the total signal at the observation point r in the
imaging domain:

X (f,0) =Y G L)X (f0), @)

ACES JOURNAL, Vol. 33, No. 11, November 2018

where “*” denotes the complex conjugate.
Substituting (2) into (3) yields:

Xrp (1, @) = ZG(rn,r ®)G (.. 1, @)

G (r.1,, @)X (@) p;.
According to the spatial reciprocity principle, we
have:

(4)

G(r,.r, @)=G(r,.r, ®), ©)
and when the observation point r happens to be the
target positon r,, (4) can be rewritten as:

XTR( a)) ZG(S‘ n’w)G (s’ n’ )

G'(r,r,0)X (w)p,.
The corresponding time domain representation of
(6) can be described as:

mmn——ﬁzeuwmm<ywm
G (.1, @)X (@)p,Je"do

-ZG(S,rn,t)@)G(S, 1)

®G(r,, 1, —t) ®@x(-t) oy,
where “®?” denotes the time domain convolution.
Here G(r,,r,,t) ®G(r,,r,,—t) represents a matched

filter which achieves the maximum output at t=0.
The signals back-propagated from N antennas will
synchronously achieve their maximum values at the
target position r, at the same instant which is called the
optimal time frame. As a result, the field value at the
target position is much larger than that of non-target
locations thus the target image can be acquired at the
optimal time frame by scanning the field value for each
point in the imaging domain.

(6)

()

st ﬂ'

B. Partition of echo signals

According to the analysis above, the target can be
detected precisely by the traditional TRM method when
there is only one target. If the target positon changes, the
optimal time frame changes as well due to the space-time
matching property of TR. Now we assume that there are
two point-like targets located at r, and r, respectively.
The signals recorded by TRA are the sum of the signals
scattered from the two targets and contain the spatial
information of both them. If the signals are time reversed
and back-propagated directly, the signal components
corresponding to the first target will achieve their
maximum values synchronously at r, at an instant t,
and the signal components corresponding to the second
one will achieve their maximum values synchronously at
r, at t,, generally t, #t, . The intensity of the total field

focusing at the first target is also different from that of
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the second one.

As a result, if we choose one of the two instants as
the optimal time frame, we can only obtain the image of
one target which may be disturbed and swamped by the
field focusing somewhere else in the imaging domain
especially when this target is the weaker or the further
one. The deterioration increases as the number of targets
grows. To solve this problem, we introduce a new TR
imaging scheme, the core idea of which is the partition
of the responses from different targets. For this purpose,
we apply the time domain gating method that selects a
region of interest in the time domain and eliminates
unwanted responses by adopting the window function.

It is assumed that there are K point-like targets and
the multi-path reflections are negligibly small, thus the
signal received by each antenna is comprised of K
responses. As is shown in Fig. 1, if the propagation delay
of the signal from the kth targetis t, , by using a window

function from t, —7z to t +7 we canextract the response
at t_ as well as the target located between c(t, —7)/2
and c(t, +7)/2. The principle of choosing the window

function is appropriately eliminating unwanted responses
without damaging the mainlobe of the desired response.
Besides, the use of time domain gating also shows
effectiveness in noise suppression.

c(t,+7)/2
e(t, —71)/2

s ’
\{/ Target 1 ..’./.’. s Target K

TRA

Fig. 1. lllustration of the time domain gating technique.

C. Multiple targets imaging

By applying the time domain gating to all the N
received signals, the responses from the K targets are
divided into K groups which can be expressed as

Y =[ynYz2rn Ykl (8)
where Y, =[5, (t),5,(),..5 O , k=12..,K is
the kth target responses recorded by N receivers, and
“T ” denotes the transposition. s, ,(t) with n=1,2,...,N

is the 1xM signal sequence where M is the number of the
sampling points in the time domain.

Next, the TIRM algorithm is used to calculate the
optimal time frame for each target. The algorithm
requires only a few signal parameters and prevails over
the traditional methods such as the maximum E-field
method and the entropy-based methods. According to

the derivation in [16], the optimal time frame is given by:

. t +t
t" = maxtime —— 5 d. 9
where maxtime is the total duration of the signal
propagation, t, is the instant when the initial reflection
from the target arrives at the transmitter antenna, and t,

is the instant when the probing signal reaches its peak
value after being excited.
We assume that the transmitter antenna is the njth

element in the TRA, the instant corresponding to the

maximum value of the kth target response received by

the transmitter antenna is £, and the pulse width of the

probing signal is t,. Therefore (9) can be modified as:
1 —t, +t,

o = maxtime—kT . (10)

After the calculation of all the K optimal time frames,
the K groups of signals y,,Y,,....y, are time reversed

and retransmitted into the imaging domain in sequence.
Thus the field value at each point in the imaging domain
is given by:

u,(r,t) = ism (r,t)

Now we introduce the essential step: at the optimal
time frame we set the elements of u, (r,t) corresponding

to all the other targets to zero. This step is described as:

u (rt™),.,=0 k'=12..,K. (12)
The zero setting ensures that when the TR signals
achieve the maximum value at t* the image of the kth

target will not be disturbed or swamped by other targets,
and it is applicable for both strong and weak targets.
Then all the modified u, (r,t) are added up to construct

the imaging function:
K
u(r.t)=> u,(rt).
k=1

Imaging for the kth target can be realized by
selecting t =t and simultaneous multi-targets imaging
is given by:

k=12..K. (11

(13)

€U, E™)
) ZU(rk, opt) ! (14)

where 1, is the kth target position and U (r,,t™) is

the maximum value of the field intensity recorded in
the imaging domain at the focusing instant. The
normalization process makes the signals synchronically
achieve the value of 1 at each target position. Based on
the proposed scheme, the image of each target can be
acquired without interference and the images of K targets
show equal visibility.

The block diagram of the proposed TR imaging
approach is depicted in Fig. 2.
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#N Receiver _€ho Timed.omain Sk TR; . /
gating Reemission

Fig. 2. Block diagram of the proposed approach.

I11. SIMULATIONS AND RESULTS

A. Simulation setup

For solving the electromagnetic scattering problem
and collecting the waveform data, the TMz polarized 2-
D finite-different time-domain (FDTD) method is used
in thiswork. FDTD is a numerical technique that is based
on the finite difference approximation of the differential
Maxwell’s equations [17]. It discretizes the time and
space variables in the computational domain by using the
Yee cells, and it makes the electric (magnetic) field at
each grid point only dependent on the magnetic (electric)
field at the adjacent grid point as well as the corresponding
component at the last time step. Given the initial value,
the future values of the electric and magnetic fields are
updated from the previous values at each grid point, thus
the spatial distribution of the electromagnetic field can
be acquired. The FDTD method calculates the field
propagation in the time domain directly and is able to
model different objects of study in different coordinates
with low computational costs. Therefore, it is appropriate
for the numerical solution of forward propagation of the
probing signal/target response and back-propagation of
the TR signals.

Figure 3 illustrates the setup of the numerical
simulation. The imaging domain contains 200x200 FDTD
grids and the grid size is setas Ax=Ay=1cm. The time

step is At=16.7 ps and the maximum iteration time is

maxtime =1000At . The perfectly matched layers (PML)
are applied as the absorbing boundaries to truncate the
computational domain and avoid wave reflections on the
boundary. Point-like scatterers with radius r =3 cm are
located in the detecting region which is considered as the
homogeneous medium (free space) in the experiment.
The conductivity and the relative permittivity of the

scatterers are o =0.1S/m and ¢, =30 respectively. It

is worth mentioning that in the case of dispersive or lossy
medium such as detecting tumor in the breast tissue or
sensing target through the brick wall, dispersion or
attenuation of the fields caused by the background
medium should be taken into account. Also, the
corresponding FDTD iterative formulas should be
modified depending on the specific case in the modeling,
which is out of the scope of this paper. The TRA
composed of 10 antennas is equally spaced and located
parallel to the Y axis. The interval between adjacent
antennas is half of the wave length corresponding to the
center frequency of the probing signal. The sinusoidal
modulated Gaussian pulse with the center frequency
being 2 GHz and the bandwidth being 4 GHz is
transmitted by the 5th antenna of the TRA, and the
corresponding waveform and frequency spectrum are
shown in Fig. 4. The signals scattered from the targets
are recorded by the TRA and the Gaussian white noise
with the signal-to-noise ratio (SNR) being 25 dB is
added to the received signal.

2.0
[ ]
15 o= Targets
= |} e
E |§ rﬁ
(%} £y
'ﬁ 1.0 g )
> X
X
05t TRA
0
0 05 1.0 1.5 2.0

X axis (m)

Fig. 3. Setup of the numerical simulation.
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Fig. 4. Probing signal: (a) time domain waveform and (b)
frequency spectrum.

B. Simulation results

Three different multi-targets cases are studied to
evaluate the performance of the proposed imaging
approach. The numerical results obtained by the proposed
method and the traditional TRM method are both
provided for comparisons. The TRA is marked with “x”
and the actual targets locations are marked with “o” in
the resulted images.

In the first case, imaging for two targets located
at (0.6 m, 0.8 m) and (1.4 m, 0.8 m) respectively is
investigated. After the reception and storage of the echo
data, the time domain gating is applied to all the raw
signals. The Hanning window is selected as the window
function for the numerical experiment. The kth time-

window for the kth target response is given by:

27 (t 6k))) ’ (15)
W
where o, is the time shift and W is the window width.
As is analyzed in the second section of the paper, the
time shift value is set equal to the propagation delay
of the kth target response. The window width is chosen
depending on the specific circumstance, and it is set as

W =100At for the numerical experiment.

The raw signal received by the 1st antenna and
two corresponding window functions used for target
response extraction are shown in Fig. 5. The amplitude
values of the actual echo signals are far less than 1, thus
the amplitude normalization is applied to the signal to
make it visually comparable with the window functions.

Figure 6 shows the imaging results for the targets
based on the traditional TRM method. It can be seen that
the image of the first target (the nearer one) is accurately
obtained while the image of the second target (the further
one) is not as bright as the first one, and some interferences
can be observed in the image domain. The reason is that
the echo from the further target arrives at the TRA later,
thus it is emitted from the TRA earlier after being time
reversed. When it achieves the maximum value at the
further target position, the TR signal for the nearer target

f, (t) =0.5(1—cos(

: MICROWAVE IMAGING BASED ON TIME REVERSAL MIRROR

is to be emitted or just emitted from the TRA. So if the
snapshot is taken at the optimal time frame for the further
target, strong fields will appear around the TRA and
cause inevitable interferences.

1

__05f i 1
2 i
= i A
S ol WWW”W"MW
<
Raw signal
5011 TR T s 1st time-window
2nd time-window

0 5 10 15
Time (ns)

Fig. 5. Raw signal received by the 1st antenna and
window functions.

Figure 7 shows the imaging results given by the
proposed approach. It can be observed that both of the
targets are imaged accurately and clearly without any
interference. Besides, the two targets can be imaged
synchronously with the same brightness by the
normalization process described in (14), as shown in
Fig. 7 (c).
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Fig. 6. Imaging results for the targets located at: (a)
(0.6 m, 0.8 m) and (b) (1.4 m, 0.8 m) by the traditional
TRM method.
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Fig. 7. Imaging results for the targets located at: (a)
(0.6 m, 0.8 m), (b) (1.4 m, 0.8 m, and (c) multiple targets
by the proposed TR method.

Figure 8 and Fig. 9 show the imaging results for two
targets located at (0.6 m, 0.8 m) and (0.75 m, 0.9 m)
given by the two methods respectively, representing the
case where the targets are located closely to each other.
On the one hand, from Fig. 8 (a) we can see that the
nearer target is imaged precisely but a darker “ghost
image” appears around the further target. It is because
that when the back-propagated signals focus at the nearer
target, the focusing fields at the further one just diverged.
Similarly in Fig. 8 (b), the fields are about to reach the
maximum values at the nearer target at the optimal time
frame corresponding to the further one, causing a “ghost

ACES JOURNAL, Vol. 33, No. 11, November 2018

image” which is even brighter than the image of the
further target. Therefore the traditional TRM method
fails to detect the further target in this case.

On the other hand, it is shown in Figs. 9 (a), (b) and
(c) that the two closely located targets can be both
detected successfully and no “ghost image” appears,
indicating the effectiveness of the proposed method for
the closely-located-targets-case.
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Fig. 8. Imaging results for the targets located at: (a)
(0.6 m, 0.8 m) and (b) (0.75 m, 0.9 m) by the traditional
TRM method.

In the third case we investigate the detection of three
targets located at (0.6 m, 0.8 m), (0.75 m, 0.8 m) and
(1.5m, 1.42 m) respectively. Figure 10 depicts the imaging
results given by the traditional TRM method. It is
observed that only the first target (the nearest one) can
be detected (still with interference). The actual locations
of the other two targets can be hardly identified from the
resulted images.

On the contrary, successful imaging for all the three
targets are achieved based on the proposed method, as
shown in Figs. 11 (a), (b), (c) and (d). The results indicate
that the proposed TR imaging approach is also applicable
for the case where there are more than two targets.

The corresponding optimal time frames obtained by
the TIRM algorithm for all the three cases are shown in
Table 1.
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Fig. 9. Imaging results for the targets located at: (a)

(0.6 m, 0.8 m), (b) (0.75 m, 0.9 m), and (c) multiple targets
by the proposed TR method.
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Fig. 10. Imaging results for the targets located at: (a)
(0.6 m, 0.8 m), (b) (0.75 m, 0.8 m), and (c) (1.5 m, 1.42 m)
by the traditional TRM method.
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Fig. 11. Imaging results for the targets located at: (a)
(0.6 m, 0.8 m), (b) (0.75 m, 0.9 m), (c) (1.5 m, 1.42 m),
and (d) multiple targets by the proposed TR method.

Table 1: Optimal time frames obtained by the TIRM
algorithm

ACES JOURNAL, Vol. 33, No. 11, November 2018

Furthermore, it turned out that the proposed scheme is
efficient and simple for implementation as it requires
only one transmitter and single measurement by the
antenna array.

ACKNOWLEDGMENT
This work was supported by the National Natural
Science Foundation of China under Grant 61271331 and
Grant 61571229.

REFERENCES

[1] M. Fink, D. Cassereau, A. Derode, et al., “Time-
reversed acoustics,” Reports on progress in Physics,
vol. 63, no. 12, pp. 1933-1995, 2000.

[2] G. Lerosey, J. De Rosny, A. Tourin, et al., “Time
reversal of electromagnetic waves,” Physical review
letters, vol. 92, no. 19, pp. 193904, 2004.

[3] P. Kosmas and C. M. Rappaport, “Time reversal
with the FDTD method for microwave breast
cancer detection,” IEEE Trans. Microw. Theory
Tech., vol. 53, no. 7, pp. 2317-2323, 2005.

[4] S. Sadeghi and R. Faraji-Dana, “A Practical UWB
Microwave Imaging System Using Time-Domain
DORT for Tumor Detection,” Applied Computa-
tional Electromagnetics Society Journal, vol. 31,
no. 6, pp. 692-699, 2016.

[5] R.C. Qiu, C. Zhou, N. Guo, et al., “Time reversal
with MISO for ultrawideband communications:
Experimental results,” IEEE Antennas and Wireless
Propagation Letters, vol. 5, no. 1, pp. 269-273,
2006.

Case Optimal Time Frame/ At
Target 1 Target 2 Target 3
1 855 698 /
2 855 833 /
3 856 825 670

1V. CONCLUSION

A new TR imaging scheme for multiple targets
detection is proposed in this paper. Direct retransmission
of the TR signals causes inevitable interferences which
are adverse to the identification for the actual targets. To
achieve better imaging performance the time domain
gating is utilized for the partition of the echo signals.
Once the optimal time frame for each target is obtained,
all groups of the target responses are time reversed and
retransmitted from the TRA. Then the zero setting
process is applied to the recorded fields, and imaging for
individual target as well as simultaneous multi-targets
imaging are carried out based on the new imaging
function. Numerical simulation results for three multi-
targets cases indicate that satisfactory imaging for the
targets can be achieved by the proposed approach which
prevails over the traditional TRM method in solving the
near-far problem and suppressing the interference fields.

(6]

[7]

(8]

[9]

[10]

[11]

H. T. Nguyen, I. Z. Kovcs and P. C. F. Eggers, “A
time reversal transmission approach for multiuser
UWB communications,” IEEE Trans. Antennas
Propag., vol. 54, no. 11, pp. 3216-3224, 2006.

T. Leutenegger and J. Dual, “Non-destructive
testing of tubes using a time reverse numerical
simulation (TRNS) method,” Ultrasonics, vol. 41,
no. 10, pp. 811-822, 2004.

C. Fan, M. Pan, F. Luo, et al., “Multi-frequency
time-reversal-based imaging for ultrasonic non-
destructive evaluation using full matrix capture,”
IEEE Trans. Ultrason., Ferroelectr., Freg. Control,
vol. 61, no. 12, pp. 2067-2074, 2014.

X. Zhu, Z. Zhao, W. Yang, et al., “Iterative time-
reversal mirror method for imaging the buried
object beneath rough ground surface,” Progress In
Electromagnetics Research, vol. 117, pp. 19-33,
2011.

Y. Li and M. Xia, “Time Reversal Imaging Based
on Synchronism,” IEEE Antennas and Wireless
Propagation Letters, vol. 16, pp. 2058-2061, 2017.
M. E. Yavuz and F. L. Teixeira, “Full time-domain
DORT for ultrawideband electromagnetic fields in
dispersive, random inhomogeneous media,” IEEE
Trans. Antennas Propag., vol. 54, no. 8, pp. 2305-



MU, SONG: MICROWAVE IMAGING BASED ON TIME REVERSAL MIRROR

[12]

[13]

[14]

[15]

[16]

[17]

2315, 2006.

T. Zhang, P. C. Chaumet, A. Sentenac, et al.,
“Improving three-dimensional target reconstruct-
tion in the multiple scattering regime using the
decomposition of the time-reversal operator,”
Journal of Applied Physics, vol. 120, no. 24, pp.
243101, 2016.

E. A. Marengo and F. K. Gruber, “Subspace-based
localization and inverse scattering of multiply
scattering point targets,” EURASIP Journal on
Advances in Signal Processing, vol. 2007, no. 1,
pp. 017342, 2006.

R. Solimene and A. Dell'Aversano, “Some remarks
on time-reversal MUSIC for two-dimensional thin
PEC scatterers,” IEEE Geoscience and Remote
Sensing Letters, vol. 11, no. 6, pp. 1163-1167,
2014,

H. Choi, Y. Ogawa, T. Nishimura, et al., “Iterative
angle-and-time-domain gating technique for time-
reversal MUSIC imaging,” Signal processing, vol.
111, pp. 39-49, 2015.

A. B. Gorji and B. Zakeri, “Time-reversal through-
wall microwave imaging in rich scattering environ-
ment based on target initial reflection method,”
Applied Computational Electromagnetics Society
Journal, vol. 30, no. 6, pp. 626-637, 2015.

K. Yee, “Numerical solution of initial boundary
value problems involving Maxwell’s equations in
isotropic media,” IEEE Trans. Antennas Propag.,
vol. 14, pp. 302-307, 1966.

Tong Mu received the B.Eng.
degree in Electronic Information
Engineering from the Nanjing Univ-
ersity of Science and Technology,
Nanjing, China, in 2014, where he is
currently pursuing the Ph.D. degree
in Information and Communication
Engineering. His current research
interests include microwave imaging and radar signal
processing.

Yaoliang Song received the B.Eng.,
the M.Eng. and the D.Eng. degrees
in Electrical Engineering from the
Nanjing University of Science and
Technology, Nanjing, China, in
1983, 1986 and 2000 respectively.
He has been a Researcher Fellow
at the Department of Engineering
Science at the University of Oxford from Sept. 2004
to Sept. 2005. At present, he is a Professor at Nanjing
University of Science and Technology. His major
research interests include UWB communications, UWB
radar imaging and advanced signal processing.

1258



1259

ACES JOURNAL, Vol. 33, No. 11, November 2018

Optimal Design of Microwave Devices by Fitness-estimation-based Particle
Swarm Optimization Algorithm

Xiao-hong Fan, Yu-bo Tian, and Yi Zhao

School of Electronics and Information
Jiangsu University of Science and Technology, Zhenjiang 212003, Jiangsu, P. R. China
18362895409@163.com, tianyubo@just.edu.cn, 422554361@qg.com

Abstract — As important parts of modern communication
systems, microwave devices play a decisive role in
communication quality. When optimizing the complex
microwave devices, the global optimization algorithm
is generally used exploiting full-wave electromagnetic
simulation software. The full-wave electromagnetic
simulation software evaluates the performance of the
microwave device. Based on this evaluation result, the
global optimization algorithm is used to design the
microwave device. This ordinary method can achieve
high accuracy, but the main disadvantage is time-
consuming. It takes a long time and sometimes takes
days or even weeks. In order to improve the efficiency
of the optimization of microwave devices, this research
presents a method called fitness-estimation-based particle
swarm optimization (fePSQO). According to the explicit
evolution formula of particle swarm optimization (PSO),
the particles fitness predictive model is constructed.
From the third generation, the fitness value is estimated
by the predictive model, so as to replace the time-
consuming full-wave electromagnetic simulation when
optimizing complex microwave devices. Thereby it can
greatly reduce the evaluation time of the fitness, shorten
the entire optimization process, and improve the design
efficiency. This method is validated by optimizing Yagi
microstrip antenna (MSA) and hairpin SIR band-pass
filter. The results show that the efficiency can be
increased by about 90% with the assurance of design
accuracy, so the purpose of rapid optimization has been
achieved.

Index Terms — Antenna, filter, particle swarm
optimization.
I. INTRODUCTION
With the rapid development of modern

communication systems, microwave devices, as an
important part of communication systems, play an
important role in civil and military communications.
Therefore, the demand for various microwave devices
with complex structures is also growing. In order to meet
the needs of development of microwave devices, it is an
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important research area to improve the performance
of microwave devices through optimization. When
optimizing complex microwave devices, global
optimization algorithms are used exploiting full-wave
electromagnetic simulation software [1]. The commonly
used global optimization algorithms include genetic
algorithm (GA) [2], particle swarm optimization (PSO)
[3], etc. The commonly used full-wave electromagnetic
simulation softwares include High Frequency Structure
Simulator (HFSS), IE3D, Computer Simulation
Technology (CST), etc. In this process, full-wave
electromagnetic simulation software evaluates the
performance of microwave devices. The evaluation
result is as fitness of global optimization algorithm to
design microwave devices. Although this method can
achieve high precision, it is very time-consuming. It may
take days or even weeks to design a microwave device
that meets the design specifications, and it has high
requirements for the computer performance. Therefore,
it has some limitations when designing complex
microwave devices. Under this research background,
how to reduce the computing time to design microwave
devices has become a hot topic.

In order to solve this problem, machine learning
methods have been applied in designing and optimizing
microwave devices. Through constructing surrogate
models and reducing the evaluation number of full-wave
electromagnetic simulation, the methods can decrease
the optimizing time. Currently, the most common and
popular methods are artificial neural network (ANN),
support vector machine (SVM) and Gaussian process
(GP), etc. Zhang described the design process of radio
frequency and microwave devices from theory to
practice using ANN in [4]. In [5], ANN was proposed to
predict the resonant frequency of a single-feed corner-
sliced circularly polarized microstrip antenna (MSA). In
[6], the authors used the particle behavior parallelization
of PSO to accelerate ANN training, and modeled the
resonant frequency of rectangular MSA under compute
unified device architecture (CUDA). Yi et al. in [7]
proposed a knowledge-based neural network (KBNN)
based on Advanced Design System (ADS) and applied

1054-4887 © ACES



FAN, TIAN, ZHAO: OPTIMAL DESIGN OF MICROWAVE DEVICES

it to design filters. Angiulli proposed SVM-based
microwave device modeling in [8]. Al Sharkawy et al. in
[9] proposed a new CAD system for the detection of
breast cancer in mammograms. The discrete wavelet
transform (DWT), the contourlet transform, and the
principal component analysis (PCA) were all used
for feature extraction; while the SVM was used for
classification. Sun et al. in [10] proposed a SVM
combined with a hybrid kernel function (HKF) for
accurately modeling the resonant frequencies of the
compact microstrip antenna (MSA). Kayabasi in [11]
presented a SVM based analysis and synthesis models
for the equilateral triangular ring microstrip antennas
(ETRMAS) that operated at ultrahigh band applications.
Villier modeled ultra-wideband and dual-frequency
coplanar waveguides fed slot antennas using GP [12-13].
Chen et al. in [14] proposed a KBNN based on GP and
applied it to design microstrip antenna. In general, the
construction of these prediction models consists of two
parts, sampling and modeling. These prediction models
usually don’t have a direct formula, so it is not built by
looking for model parameters. Instead, it approximates
the function by learning a large number of samples. The
correctness of the model has a great relationship with
the sample selection. As the dimension increases, the
difficulty of constructing a prediction model also
increases. ANN training requires a large number of
samples and the model structure is not easy to be
determined, and it usually suffers problems of over-
fitting or under-fitting. For SVM and GP, it is difficult
to find a suitable kernel function and optimal hyper
parameters.

The fitness inheritance method is another approach
to predict the fitness, that is, the fitness of the children
inherits that of the parents in a certain way. In [15],
Smith proposed that in the evolutionary process of GA,
inherited fitness could be used instead of the true fitness.
The fitness of some individuals in the population was
directly assigned to the average value of their parents’
fitness, reducing the actual evaluation of the number of
evaluations. Salami and Hendtlass [16] proposed a fast
evolutionary algorithm. The fitness of the offspring was
directly assigned by the weighted average of the fitness
of the parent. Sun [17] proposed a fitness inheritance and
estimation technique to reduce the number of fitness
evaluations by using different linear combinations of
historical location fitness and directly assigning recent
historical location fitness. Xiao [18] proposed a novel
fitness estimation based particle swarm optimization
algorithm with an adaptive penalty function approach
(FEPSO-AP) to handle the problem of expensive
computational cost of truss analysis. Cui [19] proposed a
fast PSO algorithm based on the change of particle
velocity and position. Only when the confidence of the
particle fitness was lower than a certain threshold, the
true fitness was needed to calculate. Different from the

sample prediction model, the inheritance prediction
model does not need a large number of sample selection,
it can save a large number of sample acquisition time.
Simultaneously, it can avoid the prediction model error
caused by the improper sampling.

As we all know, PSO is a typical swarm intelligence
optimization algorithm that is simulated bird swarm
in search of food processes, which was proposed by
Kennedy, a social psychologist, and Eberhart, an electrical
engineer [1, 20-21]. The theory is that collaboration
among the particles generates group intelligence to guide
search. PSO considers each individual as a particle
without weight and volume in space and flies at a certain
speed in the search space with reference to the flight
experience of the group and the flight experience of the
particle itself. As an effective parallel search method, the
algorithm preserves the global search strategy based on
population, and does not need to rely on the feature
information of the problem itself. It adopts a simple
velocity-shift evolution model to avoid complicated
genetic operations. PSO has the advantages of simple
operation, fewer parameters to be adjusted and faster
convergence, which are quite effective for the
optimization of nonlinear problems, combinatorial
problems and hybrid nonlinear problems [22]. PSO
algorithm has many successful applications in designing
microwave devices, such as filters [23-25] and antennas
[26-27]. The evolutionary process of PSO is an iterative
optimization process. As the number of iterations
increases, individuals in the population gradually
converge to the optimal solution of the problem. If the
individual fitness prediction model can be constructed
according to the characteristics of the algorithm, not only
the time consumption of sampling can be avoided, but
also the optimization ability of the algorithm can be kept
while greatly reducing the calculation times of the real
fitness. Therefore, based on the PSO evolutionary
formula, this paper constructs a PSO algorithm with
predictive mechanism to design complex microwave
devices with high efficiency.

The specific content of this paper is structured
as follows. Section Il presents a brief introduction of
the standard PSO and theory of the proposed fitness-
estimation-based PSO (fePSQ). In Section I11, the method
is introduced in the optimization of microstrip Yagi
MSA. In Section 1V, the method is introduced in the
optimization of hairpin-type SIR band-pass filter. Finally,
summarizes are provided in section V.

Il. THE FePSO ALGORITHM

A. Standard PSO algorithm

In PSO, the state vector of each particle usually
contains the position and velocity. At the beginning of the
search, the state of particles is given randomly within the
search range. During the search there are two important
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pieces of information that be retained, one is the best
location named pbest for each particle, the other is the best
location named gbest for the entire population. The best
location is measured by fitness function. Each particle is
driven toward its best location and the optimal location of
the population. There are fewer parameters to be adjusted,
but these parameters directly affect the performance and
convergence. One of the parameters is the inertia weight
factor @ . A large » can jump out of the local optimum,
which is in favor of looking for the global optimum.
A small o is beneficial to the local optimization and
accelerates the convergence of the algorithm.

The PSO can be described in mathematical language.
Assuming that the particles search space is n-dimension,

and the entire particle swarm X =(X,X,,---, m) contains
The

,Xi'n)T . At this time, the particle velocity

m particles. location of the particle i is

Xi _(XII’XIZ’ ’

is v, —(vll,v, 2V, )T and the best individual particle

is p, :(pi,ll Pigs pi,n)T. When particles find the best

individual locations and the global best location, we can
use equation (1) and (2) to update their velocity and
positions:

Vig™? = vy +crand ()( pbest/y —x,) 1)
X)

k k+1
= Xi(,d) + Vi(,d+ ) P 2

+c,rand ()(gbests) —
Xi(’lszrl)

where C, and C, are accelerating constants; rand() is

used to generate a random number between (0,1); Vi(y? and
Xi(,? are the velocity and positions of the dth dimension of
particle i in the £ iteration; pbeSti(";) is the best individual

position of a particle and gbestf? is the best position of
the global particles.

B. The description of the proposed fePSO algorithm

For particle 7 in the population, the standard PSO
velocity update formula (1) is substituted into the position
update formula (2), we have:

X&) _

(k) (k)
|d %—tUVId

+c,rand ()(pbest(y — x',) . (3)
+c,rand ()(gbesty) — x{
From (2), we know that:
K k-1 K
Xi(,d) = Xi(,d '+ Vi(,d) . “)
Thus,
k k k-
Vi(,d) = Xi(,d) - Xi(,d Y. ®)
Substituting (5) into (3), after rearrangement, it
becomes:
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X =1+ - rand ) - crand 0)x5

—ox{™ +c,rand () pbestt) )
+c,rand ()gbesty)
From (6), we know that the (k+1)-th generation

(k+1)

position X;, of particle i can be obtained by linear

(k) (k=1)

combination of X , x%™ , pbest!y and gbesty .

Thus, the (k+1)-th generation fitness f (xi(f;*l) ) of particle

i can be obtained by these four locations fitness linearly
weighted, where weight coefficients can be determined by

the distances from the (k+1)-th generation position X(k“)

x )

of particle i to X , x{{™ . pbesty and gbesty .

Suppose d®, d*™, df” and d, respectively, denote
the distances from the (k+1)-th generation position Xi%“)
of particle i to X, x\™ , pbests) and gbesty . The
(k+1)-th generation fitness f ( xi(";”)) of particle i can be

calculated as f0110w5'

f (X(k+1) ) _

f(x (k)) (k — f( (k 1))

1 , (D)

d(k) f (pbesty)

1
= d(gk) f (gbesty)
where

1 1 1 1 ®)
o= W + W + ?pk) + ng) .

Obviously, if the fitness of the particle i in (k-1)-th
generation and k-th generation are known, the fitness in
(k+1)-th generation can be predicted by the formula (7).
Like the standard PSO, the best position of population in
this method is also selected from the best position of all
individuals.

It must be mentioned that in formula (7) distances

k k-1, (k) (k) . .
d®, d*?, d’,and d{’ have an very important impact
on the fitness value f ()(i(,l;+1) ) . If one of them is too small,

its reciprocal will be very large, and it will be the main part
of the fitness value. Moreover, if one of them is zero, the
expression (7) has no meaning. So, we have to avoid this
happened. Usually, we should give a certain threshold.
If the distance is less than the threshold, the algorithm
will be terminated. Of course, as we all know as the
Xiu:;l)

PSO algorithm evolutes, the will approaches the

gbest . In this situation, the termination is normal.

Otherwise, the termination is abnormal, which we should
avoid it. In this paper, the threshold is 0.0001.
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C. Proposed PSO algorithm

The flowchart of the fePSO algorithm is shown in
Fig. 1, and the main steps of the proposed algorithm for
optimizing complex microwave devices are as follows.

(1) Modeling the microwave device in HFSS;

(2) PSO initialization, including population size,
inertia weight, cognitive coefficient and social coefficient,
number of iterations;

(3) For the first two generations of the population,
calculate particles fitness using the model in HFSS,

A 4
Particles initialization

A 4
Calculate the true fitness
.| by HFSS and update the
individuals and global
optimality

\
Update particles
velocity and

NO position

Iteration Number>2?

Fig. 1. Flowchart of the proposed fePSO algorithm.

I11. OPTIMAL DESIGN OF YAGI MSA
BASED ON THE PROPOSED fePSO
ALGORITHM

Yagi-Uda antenna was developed by two Japanese
scholars Shintaro Uda and Hidetsugu Yagi in 1920, and
it is called "Yagi Antenna" for short [28]. Yagi antenna
is composed of a feeder oscillator and several passive
parasitic oscillator side by side, and it is a commonly
used for radar, television and meter, decimeter band end-
fire antenna in communication. In 1989, Huang designed
a Yagi MSA for mobile satellite equipment [29]. Yagi
MSA has get high attention due to its small size,
light weight, compact structure, easy processing and
integration features. In 1998, Qian proposed a Yagi MSA
with broadband characteristics [30]. The broadband
impedance matching was performed on the antenna
through microstrip line to a broadband balun structure
with coplanar strip line [31], and it used a truncated floor

which is the true fitness, and update particles velocity
and positions according to formula (1) and (2);

(4) According to the previous two generations
particles position and fitness, we can calculate the next
generation particle fitness using formula (7), which is the
estimated fitness, and then update the particles position
using formula (6);

(5) Return to step (4) until the number of iterations
is reached, then the algorithm stops.

No | Update particles
velocity and
position

Stopping criteria?

Fitness estimate and
update individuals and
global optimality

A

acting as a reflector. As a result, it gained 17% relative
bandwidth and 6.5 dB gain. The Yagi MSA is widely
used in tunnels, narrow mines due to its high gain and
wide beam width. In this section, we will optimize a Yagi
MSA by the proposed fePSO algorithm.

The structure of the Yagi MSA is shown in Fig. 2
(a) and its HFSS model is shown in Fig. 2 (b). The
antenna uses a tapered microstrip balun for feeding, and
uses a tapered structure to connect the microstrip line and
the excitation array. There is a reflection array, an
excitation array and a lead array on the substrate. The
parameters related to the performance of the antenna
include the length of the reflection element W, the
diameter of the cylinder d, the length of the excitation
element d; and the width Wy, the length and width of the
lead element d; and W,, the distance between the
excitation element and the reflection element g;, the
distance between the excitation element and the lead
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element g, the distance between the lead elements gs,
the width of the feed microstrip line S; and the width of
the ground plane Si. The dielectric board material is FR4,
which length is L, width is W, thickness is h, the relative
dielectric constant ¢, = 4.4 and dielectric loss tangent

tans = 0.02.

The design specifications of the antenna is that the
center frequency is 2.45GHz covering 2.4 ~ 2.483GHz
WiFi frequency band. Totally, there are 12 variables
except the dielectric board. We select 4 variables to
optimize, and the other fixed sizes are shown in Table 1.
The optimized size parameters are v=[d: g1 g2 gs], where
the range of each parameter is d=[40, 45], g:=[15, 20],
92=[8, 14], g2 = gs.

Table 1: Fixed parameters of the Yagi MSA

Names Value (mm)
W 60
d 2
Wi 4.96
dl 37
w2 3.7
S2 1.5
h 0.8
L 120
L
dj = 0.5dr

(b) Model of the Yagi MSA in HFSS

Fig. 2. The Yagi MSA.
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Select 24 groups v =[d: g1 g g3] as the initial
population using orthogonal design method, which
means the number of particles is 24. The maximum
number of iterations is 500. For the first two generations
of the population, calculate reflection coefficient Sy; in
HFSS, which is the true fitness, and update particles
velocity and positions according to equation (1) and (2),
where cj=c,=2, @ =1. According to the previous two
generations particles position and fitness, we can
calculate the next generation particle fitness using
equation (7) and update the particles position using
equation (6). When the number of iterations is reached,
we may save the optimal size combination. Then, we
model the Yagi MSA with the optimal sizes into HFSS to
calculate exact solution for comparison.

In this example, the fitness function of the fePSO is
given by:

- ©

According to the proposed fePSO algorithm and
equation (9), we get the optimal result, which is v =
[41.6252 18.3370 12.1976 12.1976].

After optimization, the accuracy of the model is
evaluated using the average absolute error (ABE).
Assume Y ., is calculated by equation (7), and its

Fit = max | Sti@2aschz

precision value computed by HFSS is y,. We select T

data points for each group of data, so the ABE is given
by:

ABE:.[.ETZ|ypred,i_yi|. (10)
=)

Table 2: ABE of different test samples

Test Sample Number ABE

1 0.2013
2 0.2955
3 0.1981
4 0.2480
5 0.3314

In order to demonstrate the accuracy of formula (7),
in this example, we select five sets of sizes randomly in
the 3™ generation as test samples for comparison with
computing results by HFSS, and the results are in Table
2. There are 41 points selected for the Sy, that is, T =41
in (10), then the ABE is calculated. It can be seen from
Table 2 that the ABE of the five test samples are around
0.2. Also, according to (10), we compute the ABE of the
optimized result, which is 0.2610. Therefore, we can
conclude that the results given by the fePSO algorithm
are very close to the accuracy values in HFSS, which
means the method is effective.
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S11/dB
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——— fePSO
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(a) S11 of the optimized Yagi MSA
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(b) Pattern of the optimized Yagi MSA

Fig. 3. Optimal results of the Yagi MSA.

The performance of the optimized Yagi MSA is
given in Fig. 3. From Fig. 3 (a) we know that the resonant
frequency is 2.45GHz, the attenuation is -27dB, and
covers the WiFi frequency band from 2.4 to 2.483GHz
with -10dB. Figure 3 (b) shows the radiation pattern.
It can be seen that the maximum gain of the optimized
Yagi MSA can reach 20dB at 2.45 GHz, which meets the
requirements. Therefore, the fePSO algorithm can be
used to optimize the Yagi MSA, and the performance is
excellent.

When optimizing the Yagi MSA by using standard
PSO exploiting HFSS, it takes about 150s for a particle,
therefore 24 particles need around 1800000s after 500
iterations. When optimizing the Yagi MSA by GP,
establishing a precise GP model needs at least 28 sets of
data after many trials. Only calculating HFSS to acquire
28 sets of data requires 4004s. But before modeling, it
needs tedious manual extraction and arrangement of the
data. When establishing a precise ANN model for the
Yagi MSA, it requires more than 28 sets of data, the total
time will be more time-consuming than optimization by
GP model. Moreover, the training time either GP or ANN
is necessary. However, it only needs 7210s using the

proposed fePSO algorithm after 500 iterations. Therefore,
the optimization of the Yagi MSA using the fePSO
algorithm can greatly shorten the optimization time.

IV. OPTIMAL DESIGN OF SIR
MICROSTRIP BANDPASS FILTER BASED
ON THE PROPOSED fePSO ALAGORITHM

In microwave communications, microstrip bandpass
filter directly affects the performance of the system.
There are many kinds of microwave bandpass filters,
such as capacitive gap coupling transmission line
bandpass filters, comb bandpass filters, interdigital
filters and half-wavelength resonators parallel coupled
bandpass filters. Straddy Impedance Resonator (SIR)
parallel coupled bandpass filter is a unique parallel
coupled bandpass filter. It was first proposed by Mitsuo
Makimoto and Sadahiko Yamashita in 1980 [32], which
is an essential components between the low-noise final
amplifier and Mixer. Compared with the traditional
microstrip filters, the hairpin SIR microstrip bandpass
filter has the advantages of small size, easy integration
and low cost. By controlling the coupling and non-
coupling segments, the position of the parasitic passband
can be controlled. The problem of harmonic suppression
is solved, so it has been widely used in the L-band and
S-band.

The structure of the L-band hairpin SIR microstrip
band-pass filter is shown in Fig. 4 (a), and the HFSS
model is shown in Fig. 4 (b). The parameters for a single
resonator are as follows: I; and I¢ are the length of the
different microstrip lines; w; and w; are the width of the
different microstrip lines; I, is the width of a single
resonator unit and I-1, is the spacing of adjacent resonator
units; The thickness of dielectric substrate is h and the
relative dielectric constant &, = 9.5.

The design specifications of the SIR microstrip
bandpass filter are that the center frequency is 1.2GHz,
-3dB bandwidth is greater or equal to 50MHz, S,, <-40

dB in 1.05GHz and 1.35GHz. In this example, two
sizes are selected for optimization. The optimized size
parameter is v=[w I1] , where the range of each parameter
iswt=[0.5, 0.9], 1:=[6.5, 8.5]. Other dimensions are fixed,
as shown in Table 3.

Select 24 groups v = [w; /1] as the initial population
using orthogonal design, in which the number of

particles is 24. The maximum number of iterations is 500.

For the first two generations of the population, calculate
transmission coefficient S;; in HFSS, which is the true
fitness, and update particles velocity and positions
according to equation (1) and (2), where ¢;=c,=2, w =1.
According to the previous two generations particles
position and fitness, we can calculate the next generation
particle fitness using equation (7) and update the
particles position using equation (6). When the number
of iterations is reached, we get the optimal size

1264



1265

combination. After that, the SIR microstrip band-pass
filter with the optimized parameters is modeled in HFSS
to calculate its exact solution for comparison.

In this example, the fitness function of the fePSO for
the filter is given by:

Fit = (821@1.1856Hz < 3) & &(821@1.2356Hz < 3) (11)

& &(321@1.OSGHZ > 40) & &(521@1.356Hz > 40)

According to the proposed fePSO algorithm and
equation (11), we get the optimal result, which is v =
[0.8074 8.3717].

I,
§
th wt |
wt !
Ic

wWcC

() SIR microstrip band-pass filter structure

(b) SIR microstrip band-pass filter model in HFSS
Fig. 4. The SIR microstrip bandpass filter.

Table 3: Fixed parameters of the SIR microstrip bandpass

filter
Names Value (mm)
we 2.76
Ic 7.25
L 52
1 7
h 0.254

In order to demonstrate the accuracy of formula (7),
in this example, we select five sets of sizes randomly in
the 3™ generation as test samples for comparison with
computing results by HFSS, and the result is in Table 4.
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There are 61 points selected for the S, thatis, T=61 in
(10), then the ABE is calculated. It can be seen from
Table 4 that the ABE of the five test samples are around
0.5. Also, according to (10), we compute the ABE of the
optimized result, which is 0.6792. Therefore, we can
conclude that the results given by the fePSO algorithm
are very close to the accuracy values in HFSS, which
means the method is effective.

Table 4: ABE of different test samples

Test Sample Number ABE

1 0.4792
2 0.5602
3 0.4125
4 0.7939
5 0.4489

From the optimized result in Fig. 5 we can see that
the SIR microstrip bandpass filter center frequency is
1.2GHz and the 3dB cutoff bandwidth reached 50MHz.
At 1.05 GHz and 1.35 GHz, the decay have reached
40dB. It can meet the design requirements.

When optimizing a SIR microstrip bandpass filter
by using standard PSO exploiting HFSS, it takes about
40s for a particle in HFSS and 24 particles need around
480000s after 500 iterations. When optimizing design
the SIR microstrip band-pass filter by GP, we find it
needs at least 10 sets of data after many trials for
establishing a precise GP model. Only calculating HFSS
to acquire 10 sets of data requires 400s. Also, we need
some time to train the GP. When establishing a precise
ANN model of the SIR microstrip band-pass filter, it
requires more than 10 sets of data, the total time will be
more time-consuming than optimization by GP model.
However, it only needs 1930s using the proposed fePSO
algorithm after 500 iterations. The optimization of the
SIR microstrip bandpass filter using the fePSO algorithm
can greatly increase the optimization design efficiency.

— — —-fePSO
HFSS

0.9 1 11 1.2 1.3 1.4 1.5
fIGHz

Fig. 5. S1 of the optimized SIR bandpass filter.
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V. CONCLUSION

When optimizing complex microwave devices, it
takes a lot of time to use global optimization algorithms
exploiting full-wave electromagnetic simulation software.
The most commonly used fitness prediction methods
such as neural networks, support vector machines and
Gaussian processes require sample acquisition and
training. And the choice of sample affects the correctness
of the constructed model. The fitness estimation method
proposed in this paper is derived from the explicit
evolutionary formula of particle swarm optimization,
that is, the fitness of the offspring is obtained through the
weighted average of the fitness of the parents. Therefore,
only the first and the second generation true fitness are
needed. The third generation fitness can be obtained by
weighting the position and fitness of the first and the
second generation particles, and the fourth generation
fitness can be obtained by weighting the position and
fitness value of the second and the third generation
particle, and so on. When optimizing the microwave
devices, only the first two generations of particles need
to be solved in the full wave electromagnetic simulation
software, and then the prediction formula is used in
the subsequent iterative optimization, which can greatly
improve the optimization efficiency. In this paper, the
Yagi microstrip antenna and hairpin SIR bandpass filter
are optimized respectively. From the results, it can be
seen that this method can achieve good optimization
design in a short time, so this method provide theoretical
guidance for the optimal design of complex microwave
devices.
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Abstract — In this paper, a new small UWB antenna for
different UWB industrial applications is presented. The
proposed prototype comprises of a simple structure with
a modified triangular patch and a sawtooth ground plane.
The electrical size of the proposed antenna is 0.15Ax
0.13A%x0.014A, at lower end frequency. The patch and
ground plane is optimized and analyzed. The antenna
shows 116% of VSWR<2 impedance bandwidth from
2.8 to 10.5 GHz with a peak gain of 5.6 dBi and 75%
of the average radiation efficiency. The proposed
design established a nearly omnidirectional radiation
characteristic over the operating frequency band. The
proposed antenna was successfully simulated, prototyped,
and measured. The uniqueness of the proposed antenna
is the miniaturization of the antenna for the UWB
frequency band, which can be applied for different
portable and convenient UWB applications.

Index Terms — Antenna, partial ground plane, UWB,
wideband, wireless communication.

I. INTRODUCTION

The demand for a high-performance antenna with
wider bandwidth is increasing exponentially due to the
rapid growth of the global wireless communication
industry. UWB has become a promising technology and
area of interest in different industrial applications like
short-range communication, ranging and localization,
tracking, and data relay satellite (TDRSS), removable
media in computers, etc. This is due to some of its
striking features like high data rate, small spectral power
density, high precision, low cost, robust to multi-path
fading, very low interference etc. The Federal
Communications Commission (FCC) has assigned 7.5
GHz spectrum from 3.1 to 10.6 GHz for UWB radio
applications since February 2002 [1]. Typically, UWB
antennas should be electronically small and inexpensive
while maintaining desirable wideband performance
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for different industrial applications. UWB has wide
applications in short range and high-speed wireless
systems, such as ground penetrating radars, medical an
imaging system, high data rate wireless local area
networks (WLAN), communication systems for military
and short pulse radars for automotive even or robotics
[2-5]. Thus, one of the main challenges of designing
UWB antennas is to get higher bandwidth, efficiency,
and low profile within allocated smaller dimensions.

UWB antenna characteristics can improve by
changing the shape of the radiating patch. The patch
may be rectangular, circular, heart-shaped, elliptical, etc.
The antenna performance also can be improved by
manipulating the ground structure [6-12]. In the work of
Gokmen et al. [13], a compact size UWB antenna with
heart shape using triangular patches with dimensions of
25x26x0.5 mm?3, operating from 4 GHz to 19.1 GHz, is
proposed. Liu and Yang [14] presented a hook-shaped
UWRB antenna operating from 3 GHz to 10.7 GHz with
dimensions of 10x10x1.6 mm?. In the work of Ojaroudi
et al. [15], UWB monopole antenna for 3.12 to 11.2 GHz
bandwidth with an inverted T-shaped notch in the ground
plane is presented with a compact size of 12x18 mm?.
A Tapered-shaped slot antenna [16] with an area of
22x24 mm? is presented with operational frequencies
from 3 GHz to 11.2 GHz. In another study [17], the
antenna is designed with a heart-shaped patch and a
defected ground plane. This antenna is proposed and
optimized for ultra-wideband applications. To increase
the impedance bandwidth and reduce the reflection
coefficient, three semi-circular slots were proposed in
the ground plane. T. Yang and X. J. Tian [18], proposed
a heart-shaped monopole patch and a couple of
rectangular ground plane on the same side of a substrate.
A standard impedance bandwidth is achieved from 2.1 to
11.5 GHz. Some designs are presented in literature, some
of them are large in size, and some of them obtain law
gain or low radiation efficiency.

1054-4887 © ACES
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In this work, a new and ultra-small (13x16mm?)
UWB antenna with enhanced impedance bandwidth
is presented. The main objective of the work is to
reduce the dimensions of the antenna and increase the
bandwidth to make it applicable for portable and
convenient UWB applications. This antenna consists of
a sawtooth orientation ground plane on the back side of
the substrate with a rectangular shape and a patch with
the modified triangular shape. The inner parts of the
patch are partially etched away to increase the bandwidth
especially for covering the lower end of the UWB
frequency spectrum. By using the triangular patch and
defected ground plane, wide input impedance matching
is achieved over the entire 2.9 to 10.5 GHz band with
relatively stable omnidirectional radiation patterns.
Simulated results of different frequencies for VSWR,
gain, efficiency, radiation pattern, Surface Current
distribution are presented along with the measured
results. The simulation is performed by Computer
Simulation Technology (CST) Microwave studio.

I1. ANTENNA DESIGN

The geometric layout of the proposed UWB
antenna is depicted in Fig. 1. The dimension of the
antenna is 13x16 mm? of 1.6 mm thickness. Substrate
Flame Retardant (FR4) is used with a dielectric constant
of 4.3 and loss tangent is 0.025. FR4 is commonly used
in the industry because of its low cost and convenient to
make from one-layer to multi-layer PCBs. The proposed
antenna is composed of a partial radiating patch on
one side and ground plane on the opposite side of the
substrate. The orientation of the ground plane and shape
of the patch has a strong effect on the impedance
matching. Therefore, by properly selecting ground
orientation and patch shape, good impedance bandwidth
and radiation characteristics are achieved. A triangular
shape patch is developed on the front side of the antenna.
In the middle of the patch, a triangular pattern is etched
away. This is mainly done for covering larger bandwidth
especially to cover lower frequencies. A microstrip feed
line of 1 mm width and 5 mm long is printed on top of
the substrate. The gap from patch to end of the substrate
in left and the right side is not same. It is much larger on
the left side (G) than the right side (g), as shown in Fig.
1. The ground plane of the antenna is a rectangular shape.
The height of the ground plane is 4 mm and width is
the same as antenna width. The ground consists of a
sawtooth configuration on the upper side by etching a
number of triangles from a partial rectangular ground
plane to improve the performance at higher frequencies.
Without this irregularity, discontinuities appear in the
operational bandwidth shown in Fig. 3. The proposed
prototype use microstrip feed using 50  SMA connectors
located at the edge of the lower part of the antenna. At
this point, the electromagnetic energy, which is in the
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form of voltage and current waves, is split into two parts.
One flows along the strip line while the other continues
through the edge that acts as an open transmission
line. The overall size of the antenna is WxL mm? and
the ground plane has an area of WxLy mm?. In Table
1 details of the optimized design, parameter are
summarized.

Fig. 1. The geometric layout of the proposed antenna (all
dimensions are in mm).

Table 1: Optimized dimension of antenna prototype

Para. |Value | Para. |Value | Para. |Value
(mm) (mm) (mm)
W 13 L 16 Lg 4
Wi 1 a 11 b 2
W, 3.1 G 15 g 0.5
c 9.43 d 6.25 e 6.26

The uniqueness of the proposed antenna is its size.
The comparison of the proposed antenna with a few
recently proposed antennas [6-10] is presented in Table
2. The size of the antenna is significantly reduced in the
proposed design.

Table 2: Comparisons of the proposed antenna with
existing antenna dimension

Existing Antenna Size Decreases
Work Configuration (Proposed/
Literature)
[6] Sharma and Fractal elliptical 97%
Shrivastava
[7] Shaalan and Hexagonal 76%
Ramadan monopole
[8] Yang etal. | CPW-fed planar 69%
[9] Liu et al. Circular-ring 71%
[13] Isik and _Heart shape 68%
Topaloglu triangular patch




I11. PARAMETRIC STUDY
For investigating the effect of different parameters
on antenna performance, some crucial antenna parameters
were studied. At a time, a single parameter is changed
while others remained unchanged. All the parameters
were studied using a CST microwave studio.

A. Effect of ground and patch structure

In order to optimize the patch and ground plane, the
proposed design was compared to five other structures
as shown in Fig. 2. Their comparative antenna
performance in terms of reflection co-efficient Si; are
shown in Fig. 3. It is evident that the proposed antenna
layout achieves much better performance than the other
configurations. When full substrate used as a ground, as
shown in Fig. 2 (c), no reasonable operating frequency
was found. When half of the substrate was used as a
ground, as illustrated in Fig. 2 (a), the almost same result
was recorded. In other cases, like without the middle
triangle, without sawtooth orientation of the ground and
without both, there has some band under -10dB but not
contiguous. Some parts go higher than -10 dB, hence
they do not cover the entire UWB bandwidth. Same
parametric study for gain is depicted in Fig. 4. For the
gain, it is seen that the proposed layout achieves better
gain than other configurations.

MAHMUD, ALAM, SAMSUZZAMAN, ULLAH, ISLAM: AN IRREGULAR GROUND ORIENTED MINIATURIZED ANTENNA

(€) ()

Fig. 2. Different geometric layout: (a) with half ground
plane, (b) proposed, (c) full ground, (d) without middle
triangle, (e) without saw-tooth ground orientation, and
(f) without both saw-tooth ground orientation and middle
triangle.
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Fig. 3. Simulated reflection coefficient (S11) for a
different structure of ground plane and patch.
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Fig. 4. A simulated gain for a different structure of
ground plane and patch.

1270



1271

B. Effect of substrate material

A good selection of substrate will yield superior
performance of the antenna. The effect of substrate
materials on impedance matching for different dielectric
substrates are presented in Fig. 5. The analysis would
help to investigate the effects of the different substrate
materials on impedance bandwidth. The chosen substrate
materials are FR4 (e = 4.3, tand = 0.025), Rogers RT
5870 (er=2.33, tand = 0.012), Rogers RT 6010 (&= 10.2,
tand = 0.0023) and Glass-PTFE (&= 2.33, tand = 0.0009).
It can be clearly observed from the figure that proposed
FR4 composite substrate offers wider bandwidth and
lower reflection coefficient for the proposed prototype.
Due to good electrical performance, very nice dimensional
stability and ideal dielectric constant, FR4 composite
materials offer better performance compared to some
common substrate materials.

—— (lass

“y5| --+--Proposed
----=---- Rogers RT5870
-~ Rogers RT6010

2 4Frequenc@(GHz) 8 10

Fig. 5. Simulated reflection coefficient (S11) for different
substrate materials

IV. RESULTS AND DISCUSSION

The photograph of the antenna prototyped for
experimental verification is shown in Fig. 6. For
measurement, the Agilent E8362C vector network
analyzer (VNA) shown in Fig. 6 (b) and Satimo near
field anechoic chamber (UKM StarLab) shown in Fig.
8 (b) is used. The simulated and experimental Voltage
Standing Wave Ratio (VSWR) against the frequency
of the proposed antenna are illustrated in Fig. 7. The
measured bandwidth for VSWR < 2 ranges from 2.8
GHz to 10.5 GHz and in the simulation from 2.9 GHz
to 10.5 GHz. In both cases, it exhibits wideband
performance. The measured and simulated results show
a good agreement. The minor discrepancies between
simulated and measured results can be attributed to
imperfect fabrication and the coaxial cable used during
measurement. The cable is not considered in the
simulation. The size of the proposed antenna is smallest
among recently published antenna but it achieves a wide
bandwidth. The proposed antenna cover the UWB band
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(3.1-10.6). A smart average gain of 4.2 dBi presented in
Fig. 8. The peak gain is 5.6 dBi at 8.6 GHz. In Fig. 9, the
simulated and measured radiation efficiencies of the
proposed antenna are presented. The maximum radiation
efficiency is achieved at 8.2 GHz of 89% and an average
of 75% over the bandwidth. At lower frequency, the
efficiency is lower than the average. It is so due to the
copper losses of the proposed structure at starting. After
a certain level, the losses are minimized and higher order
current mode is excited than the efficiency is increased.
It also may cause due to the dielectric losses.

(b)

Fig. 6. Photographs of the fabricated antenna: (a) top
layer, (b) bottom layer, and (c) VNA measurement setup.
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Fig. 7. Simulated and measured VSWR of the proposed  Fig. 9. Simulated and measured efficiency of the proposed
antenna. antenna.
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Measured and simulated radiation pattern, including
the cross-polarization and co-polarization of the fabricated
antenna for two resonant frequencies 3.25 GHz and
7.8 GHz in both xz-plane(p=0) and yz-plane(p=90), are
shown in Fig. 10. It is seen that, over the desired
bandwidth, the proposed antenna exhibits stable radiation
pattern characteristics. At lower frequency (3.25 GHz)
the radiation pattern is omnidirectional in xz-plane. The

2 —— SIMULATION value of co-polarization is significantly higher than
——— MEASURED cross-polarization. With the increase of frequency to 7.8

GHz, the cross-polarization increases slightly. At higher

'42 10 frequency in the Fig. 10 (b) in both xz and yz plane

4 F reque%cy(GH%) multiple nulls are observed in the radiation pattern as the

(a) surface currents are not distributed evenly. This indicates
that the radiating element is excited with higher order
modes, which typically results in more directional
radiation patterns.

xz-plane yz-plane
0

(b)

Fig. 8. (a) Simulated and measured gain of the proposed 7m0 T G R oo e
antenna, and (b) Satimo measurement setup.
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Fig. 10. Measured radiation pattern at different
frequencies: (a) 3.25 GHz and (b) 7.8 GHz.

The surface current distribution of proposed defected
ground plane antenna is shown in Fig. 11 at 3.2 and 7.8
GHz. The main current conducting area is on the patch
and around the middle triangle. The sawtooth on the
ground plane change the current path and creates higher
order current modes. For this change of ground plane,
a remarkable change in the antenna characteristics is
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found.
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4

12.5
8.31
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Fig. 11. Current distribution of proposed antenna: (a) 3.2
GHz and (b) 7.8 GHz.

The proposed antenna and the existing antennas
(literature review) were studied to ensure an impartial
comparison in Table 3, where all reference antennas cover
ultra-wideband spectrum. The performances parameters,
such as size, applications, less than -10-dB bandwidth,
dielectric constant, gain and fractional bandwidth are
presented. The proposed antenna is the smallest among
all the antenna studied with fair bandwidth and gain.
Therefore, the proposed prototype can offer good
compact characteristics for different UWB applications.

Table 3: Bandwidth, dielectric constant, fractional bandwidth and gain comparison

Reference Application Size (mm?) BW (GHz) or VSWR<2dB € FBW (%) Gain
[13] UuwB 25%26 4-19.1 3.5 100% 3dBi
[14] UuwB 80x40 3-10.7 44 112% 4.5 dBi
[15] UuwB 12x18 3.12-12.73 44 120% | --------
[16] UuwB 22x24 3-11.2 4.6 115.5% 4 dBi
[17] UwB 48x40 2.7-26 4.08 162% <4 dBi
[18] UWB & RFID 30x35 2.1-115 44 110% <6dBi

Proposed UwB 13x16 2.8-10.5 4.3 116% >4.5dBi




V. CONCLUSION

A sawtooth partial ground oriented antenna with an
extremely small size of 13x16 mm? monopole antenna is
proposed for UWB applications. The simulated and
measured results comply with the UWB requirements,
which is VSWR<2 impedance bandwidth of 116% with
stable omnidirectional radiation pattern and 75% of
average radiation efficiency over the operating bandwidth.
The proposed design is compact in size and can be
integrated into limited space around microwave circuitry
with low manufacturing cost. The experimental results
show that the proposed antenna could be a suitable
candidate for industrial UWB Applications.
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Abstract — This paper deals with design, simulation and
experimental analysis of a compact, Coplanar Waveguide
(CPW) fed T-shaped reconfigurable antenna with
frequency diversity. The antenna mainly comprises of
four strips placed in T-shape fed by coplanar waveguide
feed which operates at 5.8GHz. The reconfigurability in
frequency is achieved by connecting four strips through
three switches in main antenna structure by the use of
Positive-Intrinsic-Negative (PIN) diodes. By operating
the switches in a controlled manner, the antenna is able
to operate at seven frequencies namely 5.82GHz,
5.46GHz, 5.26GHz, 5.15GHz, 4.69GHz, 3.93GHz, and
3.21GHz which are suitable for Wi-Fi, WiMAX, WLAN,
other C-band, and S-band applications. The antenna
aperture area is 35mm x 30mm and it is designed on a
FR4 epoxy substrate whose dielectric constant &=4.3,
thickness h=0.8mm. A parametric study has been carried
to analyze the characteristics of the proposed antenna.
The measured results are in good agreement with
simulation results and show that the antenna exhibits
good radiation behavior in the specified application bands.

Index Terms — Antenna gain, CPW feed, frequency
diversity, PIN diodes, radiation pattern, reconfigurable
antennas.

I. INTRODUCTION

A frequency reconfigurable antenna comprises of
elements of the antenna which can be reconfigured to a
different physical structure that in turn alters frequency
properties of the antenna while maintaining constant
radiation behavior. Nevertheless, reconfiguration of
one parameter of the antenna affects the rest of the
parameters. For example, altering frequency response
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may affect radiation pattern and vice versa. This inter
dependency is one of the main challenges in the area of
reconfigurable antennas. This type of reconfiguration
includes switching or shifting a resonant frequency,
matched impedance bandwidth, or providing multiband
and/or stop band characteristics. The most common
method of obtaining frequency reconfigurability is by
implementing conductor modification reconfiguration
mechanism to the microstrip antennas in order to change
the effective electrical length which in turn results in
change of operating frequency. The operating frequency
of the antenna is mainly determined by the antenna’s
electrical length.

The advantage of the frequency reconfigurable
antennas is that by reusing the total antenna volume
to function in different operational modes, the size of
the antenna can be reduced. The fundamental operating
frequency of the antenna depends on its electrical length
which can be altered through electronic, mechanical or
optical switching. However, electronic tuning is most
widely used because of its efficiency and reliability in
allocation of bandwidth dynamically. This is achieved
by employing switching components such as Positive-
Intrinsic-Negative (PIN) diodes, Field Effect Transistors
(FETs), Radio Frequency Micro-Electro-Mechanical
Systems (RF MEMS) and optical switches. All types of
switches have their own advantages and disadvantages
and can be used according to the application suitability.
For example, in the applications where low power
consumption, high linearity and high isolation are
needed RF MEMS switches are used [1]. Recently,
Wu et al. [2] used reed switch other than the above
mentioned switches for the reconfigurable antenna
application to eliminate the use of bias and control lines

1054-4887 © ACES
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near the radiating patch area thus avoiding its impact
on antenna radiation performance. So far frequency
reconfigurable antennas that alter the physical structure
of the antenna through electrical means have been
discussed widely. A larger frequency shifts whether used
for switched or continuous frequency bands can also
be obtained by mechanical means [3]. Reconfigurable
antennas that use RF switches like PIN diodes have been
extensively researched in the past wherein a folded
slot antenna employing two switches operating at two
frequencies is proposed in [4], three PIN diodes on a
meandered tuning stub which is placed on a half circular
patch operating in four modes is presented in [5]. In [6]
a multiband antenna with wide band characteristics by
employing two switches on feed network of dual patch
C-slot patch elements is discussed, a T-shaped switchable
slot antenna employing five PIN diodes on ground plane
operating at nine different frequencies is proposed in [7].
A CPW fed slot antenna with four PIN diodes is reported
in [8]. A MEMS based optimized E shaped patch antenna
for cognitive radio is presented in [9]. Also, latest
researches [10-12] use different forms of reconfiguration
mechanisms. A few antennas based on frequency,
polarization and semi compound reconfigurability using
PIN diodes with four operating modes are reported in
[13-15].

This research proposes a novel and compact T-
shaped antenna with frequency reconfigurable capability
integrating with three switches functioning in eight
different operating bands. The designed antenna finds
few applications in wireless communications such as
Wi-Fi, WIMAX, and WLAN. The prototype of the
antenna is fabricated and tested. The principal aim of
designing this frequency reconfigurable antenna is to
achieve a wide-bandwidth with a compact size antenna
while maintaining the integrity of the radiation pattern
when the antenna reconfigures among eight different
bands unlike aforementioned reconfigurable antennas
with complex structure, use of large number of switches,
large dimensions, low impedance bandwidth, feed
radiation and low efficiency due to microstrip mechanism.
The antenna is carefully designed to meet specific
applications in all most all the operating modes. To get
enhanced operating bandwidth, the coplanar waveguide
(CPW) feeding technique is employed in this study and
the experimental results are compared with simulated
ones. The structural design aspects are discussed in
Section Il. The effect of few geometrical parameters on
the performance of the antenna is reported in Section I11.
The simulated and experimental results are presented
in Section IV and Section V. Finally, conclusion is
presented in the last section.

I1. ANTENNA DESIGN AND
OPTIMISATION
The structural configuration of the proposed

ACES JOURNAL, Vol. 33, No. 11, November 2018

frequency reconfigurable slot antenna is shown in Fig. 1.
The antenna is designed on a single layer of FR4 (Flame
Retardant epoxy substrate) substrate whose dielectric
constant & = 4.4, loss tangent tan 6 = 0.027 and thickness
h = 0.8mm with single Coplanar feed. The antenna
dimensions are 35 mm x 30 mm. It is longitudinally
symmetrical and consists of four unfolded strips creating
three slots separated by a distance of 0.5mm attached
to CPW feed line. These three slot gaps are connected
through three switches Si, S, and S; to allow current
flow through the metal strips. The optimized antenna
parameters after several simulation runs are: L=35mm,
W=30mm, the length of one arm of CPW ground
L1=15.3mm, and width W1=5mm, the width of the feed
line L,=3.6mm, W,=3.5mm, the length of the radiating
strip Ls=8mm, and width Ws=1mm, W,=0.5mm. The
spacing between the ground and feed line, g=0.4mm.

X
W Sz ¢ En
S1 Wy
W;
W,
“t

Fig. 1. Geometrical design of the proposed T shaped slot
antenna with frequency diversity.

The conductor modification frequency
reconfiguration mechanism is obtained by changing the
electrical length of the slot and hence its resonant modes
by implementing the switching technique using PIN
diodes, operated in their ON/OFF condition. Several
switches can be employed in the gaps between the strips
for generating many resonant mode excitations. We use
only three RF switches for the basic proof of concept.
The operating conditions of switches are realized by
forward (ON state) and reverse (OFF state) biasing of
PIN diodes. When the diode is forward biased, the switch
acts as short circuit with low impedance allowing current
to flow through the switch. This increases the effective
electrical length. When it is reverse biased (OFF state),
the switch acts as open circuit, exhibiting high
impedance and hence there is no connection between the
slots. The PIN diodes are realized as short copper paths
in the simulation. The ON state of the switch is realized
by a small metallic patch of dimensions 0.1mm x 0.5mm
and absence of the patch is considered as OFF. In order
to obtain frequency reconfiguration, the three diodes are



switched ON and OFF in eight (2" where n=3 is the
number of switches) different configurations as shown in

Table 1.

Table 1: Eight cases of switch configurations

Case Switch 1 Switch 2 Switch 3
1 OFF OFF OFF

2 OFF OFF ON

3 OFF ON OFF

4 OFF ON ON

5 ON OFF OFF

6 ON OFF ON

7 ON ON OFF

8 ON ON ON

In order to check the changes in the frequency shift
or bandwidth, sensitivity studies for each parameter
have been carried out. The parameters that show the
considerable effect are slot length L3, slot width W3 and
height of the slots above the center strip, i.e., W-.

Figure 2 shows the S-parameter curves depicting the
variations observed in reflection coefficient (Si1 in dB)
based on variation in the parameter Ls for all the eight
cases keeping W3 (=1.0mm) and W, (=3.5mm) as
constant. As the length is increased from 5.0mm to
10.0mm, it is observed that the operating frequency
decreases, the bandwidth increases and the gain of the
antenna decreases. This is due to the decrease in the
frequency with increase in electrical length switching
from Case 1 to Case 8. A better characteristic for S1; and
the bandwidth is obtained when (Ls) is 8.0mm with other
parameters fixed, i.e., W3 = 1.0mm and W, = 3.5mm.

By keeping the slot length and height fixed and by
varying the slot width W3, different Si1 curves are
observed for all the eight cases. As the slot width is
increased from 0.3mm to 1.5mm, the resonant frequency
is decreasing while increasing the bandwidth. The value
W;=1.0mm is found to be the best compromised value
for optimized return loss, bandwidth, gain and application
frequency among all the cases.

Also, the height at which the patch is positioned
above the ground plane is also varied to achieve the best
performance of the antenna. The variations to the height
are made from 0.5mm to 3.5mm while keeping Lz (=8mm)
and W3 (=1.0mm) fixed. A better characteristic for Sy
and the bandwidth is obtained when (W>) is 3.5mm.
Moreover with this value of W», in most of the cases, the
operating frequency falls in the appropriate application
band.

1. SIMULATION RESULTS
A commercially available Method of Moments

CHILUKURI, DAHAL, LOKAM, CHEN: A CPW FED T-SHAPED FREQUENCY RECONFIGURABLE ANTENNA

(MoM) based CAD tool-IE3D, has been used to analyse
the performance of the proposed antenna configurations.
It uses adaptive symmetric matrix solver for solving
Maxwell’s boundary equations. The meshing frequency
for the solution setup is chosen to be 5.8GHz with
20 number of cells/wavelength. The meshing alignment
parameters such as maximum layer distance, regular size
and refined size of the cell and refined ratio are set to be
0.0005mm, 2.05357, 0.410713 and 0.2 respectively to
obtain more accurate results. The design of the antenna
has been simulated with the proper geometrical
parameters as shown in Fig. 1 for required numerical
analysis.

The simulated S-parameter curves (Si1 in dB) versus
frequency of the proposed reconfigurable antenna in its
eight operating modes are shown in Fig. 3. When any
two of the switches are made ON, the antenna has single
operating band and has low return loss which is
desirable. In Case 4, when switches S, and Sz are made
ON, the antenna operates at 5.34GHz. The electrical
length of the T-shaped patch at this frequency with two
strips connected via two switches is about one half of the

wavelength (= 0.494) where 4, =% and eq =

&1 — 2.7 and the current flowing in the top two strips

is due to the mutual coupling between the first strip and
the remaining three strips. In Case 6, when S; and Sz are
made ON, it operates at 4.6GHz with electrical length
nearly equal to half wavelength (= 0.54Xg) whereas in
Case 7, when S; and S, are made ON, the antenna
resonates at 4.0GHz with electrical length is = 0.53)q .
It is observed that, when any single switch is made ON,
the antenna resonates at two frequencies and exhibits
dual band characteristics except in Case 2, switch Ss is
made ON where the antenna operates at single frequency
5.75GHz. In this case, second resonant frequency is not
suitable mode of operation because of high return loss,
high cross polarization and low gain obtained. In Case 3,
when only S; is made ON, the antenna resonates at two
frequencies namely 5.6GHz and 9.2GHz. The electrical
length at 5.6GHz with current flowing in second and
third strip is = 0.46)4 and at 9.2GHz with current
flowing in all three strips is =0.55 Aq. Likewise, in Case
5, when switch S; is ON, it operates at two different
frequencies namely 4.85GHz and 8.3GHz. It is also
observed that the -10dB impedance bandwidth obtained
at the first resonant frequency when a single switch is
made ON is low compared with the bandwidth obtained
when two switches were made ON. Lastly, when all
switches are made OFF, the antenna operates at 5.85GHz
with electrical length equal to quarter wavelength (=
0.261g) and when all switches are made ON, it resonates
at 3GHz with an electrical length of 0.55 A4
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Fig. 2. Simulated Si1 of proposed reconfigurable antenna for varying slot lengths (Ls) operating
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The operating frequency of the antenna when
switched from Case 1 to Case 8 decreases as the
electrical length of the antenna from Case 1 to Case 8 is
increased.
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Fig. 3. Simulated reflection coefficients (Si1) of proposed
reconfigurable antenna.

1V. ANTENNA PROTOTYPE AND
EXPERIMENTAL RESULTS

In order to validate the simulated results, the
proposed reconfigurable antenna was tested with the
optimized geometrical parameters Ls=8.0mm, W3=1.0mm
and W»=3.5mm. It is fabricated on a FR4 substrate with
dielectric constant 4.4 and thickness 0.8mm. In this
design, the PIN diode selected is a MADP-008120-
12790T from M/A-COM Technology Inc. In ON state it
has a very low forward resistance Rs = 2.5Q and in OFF
state it has total capacitance of Cy = 0.15pF and Ls =
0.7nH. Figure 4 shows the DC bias network (on the
reverse side of the antenna board) for the practical PIN
diodes that are incorporated on the patch. It is biased
with forward voltage Vr =0.73 V.

Two DC blocking capacitors (C1, Cz), (Cs, C4), (Cs,
Cs) for each diode with 64pF are used to prevent the
DC signal but allow RF current to pass through. The
inductors Ly, Ly, Ls, L4, Ls and Le with 56nH are used as
RF chokes to provide low impedance for DC signal and
high impedance for RF signals. The resistors R1, Rz, Rs,
R4, Rs and R are used to control the biasing current to
the PIN diodes. The fabricated prototype of the antenna
used for the measurement is shown in Fig. 5. An Agilent
E8363C PNA Series Microwave Network Analyzer that
operates in the frequency range 10 MHz to 40 GHz was
used to measure all the return loss parameters.

The measured and simulated return loss graphs are
depicted in Figs. 6 (a)-(h) for Case 1 to Case 8. The
practical antenna results are in good match with the
simulated ones. A very wide bandwidth of around 30%-
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40% is achieved in all the useful applications and in other
cases it is around 50%.

Fig. 4. DC bias network for the PIN diodes.

Fig. 5.

Prototype of
reconfigurable antenna.

the fabricated T-shaped

Figure 7 depicts the measured 2D gain radiation
patterns in dBi. The figure shows E-total field of the
proposed antenna in eight different operating modes in
the elevation (Es) and azimuth (E) planes with ¢=0°and
0=0° referring co-polarization and ¢$=90° and 6=90°
referring cross-polarization. In all the operating modes,
the antenna maintains almost similar and stable (Figure
of '8') radiation pattern which satisfies the frequency
reconfigurability condition where only frequency has
to be changed, not patterns and polarization. It is also
observed from the figure that the cross-polarization
response is very much below the co-polarization response.
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Fig. 6. Simulated and measured reflection coefficients (S11) of proposed reconfigurable antenna operating in: (a) Case
1, (b) Case 2, (c) Case 3, (d) Case 4, (e) Case 5, (f) Case 6, (g) Case 7, and (h) Case 8.
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Fig. 7. Measured gain patterns of proposed reconfigurable antenna operating at: (a) 5.78GHz (Case 1), (b) 5.82GHz
(Case 2), (c) 5.42GHz (Case 3), (d) 5.24GHz (Case 4), (e) 5.15GHz (Case 5), (f) 4.72GHz (Case 6), (g) 3.95GHz

(Case 7), and (h) 3.09GHz (Case 8).
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Table 2: Characteristics of reconfigurable antenna in eight operating modes

ACES JOURNAL, Vol. 33, No. 11, November 2018

Antenna Mode 1 Mode 2 Mode 3 | Mode 4 Mode 5 Mode 6 Mode 7 | Mode 8
Parameters
gr%erjé'nncg 5.82 5.75 5.61 5.34 4.85 4.61 4.0 3.07
(GI—?Z) y (5.82) | (5.82) (5.46) (5.26) | (5.15) | (4.69) (3.93) | (3.21)
Return Loss 27.8 32.83 32.86 275 29.0 46.1 28.7 18.63
(dB) (30.2) (36.4) (31.9) (34.9) (46.1) (37.9) (42.1) (41.9)
Measured
Operating 5.2-6.7 4.9-6.7 4.8-6.6 4.4-6.2 4.0-6.3 3.6-5.9 3.2-5.7 2.9-4.6
band (GHz)
Bandwidth 30.24 31.13 32.97 35.58 40.21 46.63 51.5 44.63
(%) (25.61) (36.4) (31.9) (33.8) (43.69) (51.39) (64.12) (53.89)
Gain (dBi) 3.22 3.12 3.15 3.44 35 3.25 3.35 3.82
(3.0) (2.9) (3.0) (3.0) (2.4) (2.6) (3.0) (2.9)
VSWR 1.08 1.04 1.04 1.08 1.07 1.009 1.07 1.26
Wi-Fi WIiMAX
Application Wireless LAN (IEEE C-Band S-band (IEEE
802.11) 802.16)
*The values in the braces indicates measured results.
Table 3: Comparison of frequency reconfigurable antennas in literature
Reference No. of Dimensions Modes Operating Bandwidth
Antenna Switches Frequency (GHz) (%)
Proposed Antenna 3 0.6761, x 0.581, x 0.01552, 3.21t05.82 25 to 64
[6] 2 0.772y X 0.581, X 0.01551, 2 5.25,5.78 15.5,13.9
[7] 3 0.73%, X 0.732%, X 0.023%, 4 2.5,29,35,44 %4’79'8’ 16,
335
[8] 2 1.1672, x 1.1672, x 0.0372, 3 | (5.55,5.65) and 5-7 (wideband)
[9] 5 0.21324 X 0.33714 X 0.0342, 9 1.98 to 3.59 46t07.7
[13] 0.774, X — % 0.0182, 1.51,3.27, 3.55 6.0

The average difference between the co-pol and x-
pol levels in the main plane (Elevation, x-y plane)
direction for most of the frequencies is higher than co-
pol and x-pol levels in the Azimuth plane (x-z and y-z
plane) direction because of the symmetric shaped strips
as the main patch and ground plane that mainly excited
all the eight frequencies. In Azimuth plane, a high degree
of x-pol is observed for most of the resonant frequencies
because of the coupling influences between the T-shaped
strips. This is due to the dual mode excitation caused mainly
by the nearby four coupled strips which then affected the
x-pol levels of these operating frequencies in this plane.

The measured gain of the antenna operating in eight
different modes is shown in Fig. 8. The maximum gain
of the antenna in all the operating modes is around 3dBi.
The detailed simulated and measured values of return
loss, bandwidth and other antenna parameters are given

in Table 2.

Table 3 compares the results of proposed antenna
with conventional frequency reconfigurable antennas in
the available literature. It is apparent that the proposed
antenna is able to generate all possible modes with the
use of limited number of switches when compared to
others. The presented antenna provides wider -10dB
return loss bandwidth (%) than the existing ones. Also,
the total volume occupied by the proposed antenna is less
compared to the antennas in the literature. Even though
the reconfigurable antenna in [9] occupies less volume
and can generate more number of operating modes than
the proposed antenna, it has more number of switching
elements and less bandwidth when compared to the
nominated antenna. The presented antenna provides
almost double the -10dB return loss bandwidth when
compared to [8].
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Fig. 8. Measured gain of proposed reconfigurable antenna.

V. CONCLUSION

A frequency reconfigurable slot antenna is designed
and evaluated in this paper that operates in eight different
operating bands. The coplanar waveguide feeding
technique is used to attain wide bandwidths up to 65%.
The measured results of the fabricated antenna prototype
are found in good agreement with simulated ones with
acceptable small deviations which are due to inaccuracies
in fabrication process, SMA connector solder losses
which causes impedance mismatch at the CPW feed
and some imperfections in the dielectric material. The
fabricated antenna has found applications in wireless
communications such as Wi-Fi, WiMAX and WLAN.
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Abstract — Electromagnetic resonances in a shielding
enclosure with apertures could result in significant
degradation of its shielding performance. In this paper,
an analytical method is proposed to predict the
resonances of a shielding enclosure with aperture arrays
illuminated by a plane wave. Firstly, an obliquely
incident and arbitrarily polarized plane wave is
decomposed into several normally incident plane waves
each polarized in the axis direction. Then, the transmitted
fields through each aperture are equivalent to fields
radiated by a magnetic current located at the center of the
corresponding aperture. Finally, the resonant modes and
resonant frequencies of the enclosure are determined
according to the direction of the magnetic current and the
properties of the radiated fields. This method is verified
by comparing its results with the results of full-wave
simulations. Compared with numerical methods, the
method is easier to implement and more efficient in
predicting resonances.

Index Terms — Aperture array, electromagnetic shielding,
resonances, shielding enclosure.

I. INTRODUCTION

Resonances play an important role in some devices
such as microwave resonators and resonant circuits
while producing an adverse effect in others. For example,
electromagnetic resonances occur in enclosures of
electronic equipment, which pronouncedly enhance the
amplitude of electromagnetic fields and deteriorate the
shielding performance of these enclosures. The shielding
performance of an enclosure is quantified by its shielding
effectiveness (SE), defined as the ratio of the field
strength at observation points in the presence and
absence of the enclosure. It is known that an enclosure
may have negative SE at resonant frequencies, which
means that the presence of the enclosure increases the
field strength. Electromagnetic resonances in shielding
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enclosures thus draw great attention from researcher. Up
to present, numerous methods have been reported in
predicting SE and resonances of shielding enclosures,
including both analytical formulations and numerical
methods.

The majority of analytical formulations are based on
the equivalent circuit method proposed by Robinson, et
al. [1]. In this method, the aperture is represented as a
length of shorted coplanar strip transmission line, and
the enclosure is modeled as a length of rectangular
waveguide shorted at the end. It is expected to be valid
beyond the resonant frequency of the next higher order
mode of the enclosure [2]. Some attempts strived to
extend the original method to handle arbitrary plane
wave [3], to account for the thickness [4], and to deal
with multiple apertures [5]. Unfortunately, all these
methods fail to predict the entire resonances excited in
the concerned higher frequency band. Moreover,
numerical methods such as the finite-difference time-
domain (FDTD) method [6], the transmission-line
modeling (TLM) method [7], the finite element method
(FEM) method [8, 9], and the method of moments
(MoM) [10] can accurately capture the higher order
modes propagation effect and deal with arbitrarily
complex geometry. However, numerical methods are
computationally expensive for this multi-scale
configuration.

There are other works reveal the relationship
between the resonances of the cavity-slot coupled system
and incident plane waves [11-13]. In Ref. [11], the
coupling of an incident plane wave through a slot into a
lossy rectangular cavity was analyzed by using a
generalized network formulation. It was found that, apart
from the cavity’s natural resonances, two types of cavity-
slot coupling resonances may occur. In Ref. [12], explicit
formulas for the conditions of cavity-slot resonances
were derived based on the duality between a slot and a
strip. The formulas are simple to use and do not involve

1054-4887 © ACES
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the numerical evaluation of derivatives and integrals.
In Ref. [13], analytic approximation of the complex
resonances of a slot-fed rectangular cavity was derived
using just one aperture expansion function. However,
most of these efforts were put on one slot case and
mainly on the cavity-slot coupling resonances. It has
been found that the coupling resonances would not be
excited when the diameter of the aperture is very small
compared with wavelength [11].

It is known that the electromagnetic fields in a
rectangular cavity can be regarded as the superposition
of its transverse electric (TE) and transverse magnetic
(TM) resonant modes. However, for a rectangular
enclosure with aperture arrays excited by an external
plane wave, not all the possible resonant modes in the
concerned frequency band will be actually excited. So
the relationship between the properties of the plane wave
and the subsistent resonant modes is important for
predicting the resonances in the concerned frequency
band. This paper investigates the resonant condition of a
shielding enclosure with aperture arrays and provides
designers of shielding enclosures with a method to
predict resonant frequencies and resonant modes.

I1. THE PROBLEM DESCRIPTION

A. Shielding geometry and excitation

As shown in Fig. 1, a shielding enclosure mimics a
computer box. The interior dimensions of the enclosure
are a x b x d mm (360 x 300 x 120 mm) in X, y, and z
directions. The thickness of the enclosure walls is 1.5
mm. The material of the enclosure is aluminum. Two
aperture arrays, with aperture radius of 6 mm, center-to-
center spacing of 20 mm, and total number of apertures
21 and 27, are residing on the front y-z wall and the side
x-z wall. A plane wave acting as an excitation source is
obliquely incident with propagation vector g, incident

angles ¢ and 6, and polarization angle ¢ to the #-axis, as

shown in Fig. 2. The monitor point of the electric
SE is located at the center of the enclosure (-180mm,
150mm, 60mm). The studied frequency band is 0-2GHz.

Fig. 1. Geometry of a rectangular enclosure with aperture
arrays on multiple walls.
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Fig. 2. The coordinate system and the incident plane
wave.

As shown in Fig. 2, the propagation vector and the
electric field can be decomposed into three components
in the rectangular coordinate system as:

B =-p,[xcosgsinO+ysingsing +zcosd], (1)
E= E0[§<(c03¢c050005(p—sin @sin )
+§/(sin¢cos€cos<o+cos¢sin¢) 2

+ 2(—sin 6cosp)],
where g, and E, are magnitudes of the electric field

and the propagation vector, X, 37 z are unit vectors in

the direction of each coordinate axis. Then, the oblique
incident and arbitrarily polarized plane wave can be
decomposed into several normally incident plane waves.

B. Resonant frequency analysis

It is well known that the resonant frequency of each
resonant mode in a rectangular cavity of size a x b x d
can be expressed as:

_C [y, 0z
fmnp-zﬂ\/(a>+<b)+(d>, ©)

where ¢ :1/1/,%50 is the speed of light in free space,
&, and g, are the permittivity and permeability in free

space, m, n and p are mode indexes in X, y, and z
directions. A resonant frequency usually corresponds to
a unique resonant mode of electromagnetic fields in
the cavity. Theoretically, the number of modes in a
rectangular cavity is a function of the frequency. The
number of modes has a smoothed approximation as [14]:

3
N, (F) = 8rabdf 1

f
3 (a+b+d)c+2. (4)
Equation (4) shows that the number of modes and the
mode density increase markedly as the frequency
increases.
For the shielding enclosure excited by an external
plane wave shown in Fig. 1, its shielding performance is,




to a large extent, determined by its resonant properties.
Therefore, it is necessary to analyze the resonant
properties of the enclosure under specified excitation.
For simplicity, we remove the aperture array residing
on the side x-z wall, and keep the aperture array residing
on the front y-z wall. The related parameters are set to
be ¢=0°, #=90°, and ¢ =90°, thus the plane wave
propagates in -x direction and has its electric field
polarized in y direction.

The Full-wave TLM numerical method in the time
domain can accurately deal with arbitrarily complex
geometry [15]. Therefore, the TLM method is adopted to
compute the electric SE of the enclosure in the following
examples. During the TLM simulation, we slowly
increase the mesh density until the results converge. The
material of the enclosure is assumed to be aluminum
with a conductivity of 3.54x107 S/m. Take this particular
configuration for example, hexahedron absorbing
boundary which has all its face 109 mm away from the
enclosure is adopted. The whole solution domain is
discretized into a Cartesian mesh of grid cells, and the
total number of grid cells is 6.34x10°8. The time step
is 7.51x101® s, and the total number of time step is
3.58x10°.

In Fig. 3, the actual resonant frequencies indicated
by the troughs of the electric SE curve are compared with
all the possible resonant frequencies. It can be observed
from Fig. 3 that only a few of the possible resonant
modes are really excited. Specifically, the resonant
frequencies for this configuration are 1317 MHz, 1501
MHz, 1600 MHz, 1653 MHz, 1767 MHz, and 1804
MHz. Therefore, this paper investigates the physical
mechanism of resonances in shielding enclosures and
proposes an effective method for resonance prediction.

90 [ | |— CST Simulation i |
80 ;|- - Possible Resonant Frequencies| : -
70} !
6o
50
a0
30|
20(
10[

Electric SE (dB)

050 075 100 125 150 175 2.00
Frequency (GHz)

Fig. 3. Electric SE of the enclosure; all possible
resonances are indicated with vertical dashed lines.
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I11. RESONANCE PREDICTION
It is known that the electromagnetic wave
transmitted through a small aperture into an enclosure is
equivalent to the wave radiated by an infinitesimal
electric current and an infinitesimal magnetic current
without the aperture present [16],

J = jwz,a, NE,S(Xx—%,)5(y — ¥)5(z-2,), ()
M = —japor, H S (X = X)5(Y = ¥)6(2 - 7,), (6)
where «, and ¢, are electric and magnetic
polarizability of the aperture, E, and H, are the
undisturbed normal electric field and transverse magnetic

field at the position of the aperture, n is the unit vector
normal to the surface of the aperture, (x,, y,, z,) are the

coordinates of the aperture, and &(x), 5(y), 6(z) are
Dirac delta functions.

The enclosure in Fig. 1 is adopted here to derive the
radiated fields and predict the resonances. For simplicity,
the apertures residing on the side x-z wall are again
removed, the incident angles and polarization angle are
set to be ¢=0°, #=90°, and ¢ =90°. Since E, =0
for normal incident case, we need only consider the
fields produced by the magnetic current. The magnetic
field of the incident plane wave can be expressed as:

H =7 S0 it (7)

1o
where 7, = /x4, /&, is the intrinsic impedance of free
space, S is the phase constant. Equation (7) represents

a plane wave polarized in y direction and propagation in
-x direction. The enclosure with apertures closed will
approximately cause a total reflection of the incident
fields. Thus the total magnetic field outside the enclosure
with apertures closed can be expressed as

H= —Ei(ei'gx +e iy, )
o

Then, 21 equivalent magnetic currents each located
at the center of the corresponding aperture can be
introduced to replace the aperture array. The equivalent
magnetic current that represents the aperture located at
the center of the y-z wall is analyzed here in detail. The
magnetic current density of the equivalent magnetic
current is:

M — 2 Zja)ﬂOEOa

m 5(x)5(y—9)5(z—9). ©)
o 2 2

In this case, the presence of the conducting wall is
easily accounted for using image theory, which has the
effect of doubling the current strengths and removing the
wall. Thus the electric field radiated by the equivalent
magnetic current can be expressed as [17]

E=YA,E, (10)
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where n and p represent the mode indexes in y direction
and z direction, E_’; is the electric field component of

the (n, p) mode propagating in -x direction, A = denotes
the corresponding coefficient that can be expressed as

1 x
Ap = F J.v H,, - Mdv, (1)
n.p

where H} = denotes the magnetic field component of
the (n, p) mode propagating in x direction, F  is a
normalization constant proportional to the power flow of
the corresponding mode [17].

It can be seen from equation (11) that only the z
component of H = has a contribution to the coefficient

A, ,, which makes the analysis more straightforward.
The z component of H, ~ has a form of

nzy . prz

(H;,p), =Beos= = sin— e 1", (12)

where B is a constant. In order to ensure the coefficient
A, , of the (n, p) mode does not vanish wheny is set to

be 0.5b andzissettobe 0.5d inevaluation of equation
(11), n must be an even number and p must be an odd
number. When it comes to the multiple apertures case as
shown in Fig. 1, each aperture can be replaced by
corresponding equivalent magnetic current. All magnetic
currents point in the same direction, thus the conclusion
still holds. This is the physical mechanism that only a
few of the possible resonant modes are really excited.

1653 MHz 1804 MHz

dB

Fig. 4. The RMS magnitude of the magnetic field on the
plane z = 60 mm at 1653 MHz and 1804 MHz.

The resonant frequencies shown in Fig. 3 exactly
validate this conclusion. The resonant frequencies for
this configuration are 1317 MHz for TE,101, 1501 MHz

for TE,201, 1600 MHz for TM, 021, 1653 MHz for
TE,121, 1653 MHz for TM, 121, 1767 MHz for
TE, 301, 1804 MHz for TE, 221, and 1804 MHz for
TM, 221. The RMS magnitude of the magnetic field on
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the plane z = 60 mm in the entire computational domain
is shown in Fig. 4, where the horizontal direction and
vertical direction correspond to the y-axis direction and
x-axis direction in Figure 1. In Fig. 4, the magnetic field
distributions at 1653 MHz and 1804 MHz are shown out,
which intuitively indicate the mode indexes of these two
resonant modes.

IV. VERIFICATION FOR OTHER
CONFIGURATIONS

A. Normal incidence in -y direction

In this subsection, we remove the aperture array
residing on the front y-z wall, and keep the aperture array
residing on the side x-z wall. The related parameters are
set to be ¢ =90°, ¥=90°, and ¢ =0°, thus the plane
wave propagates in -y direction and has its electric field
polarized in -z direction. In this case, the electromagnetic
fields transmitted through apertures can be equivalent to
fields radiated by magnetic currents in -x direction. The
equivalent magnetic current that represents the aperture
located at the center of the x-z wall is analyzed here in
detail. The magnetic current density of the equivalent
magnetic current is

M = —iwé(x—%)é(y)ﬁ(z—%). (13)

0
It can be seen from equation (11) that only the x

component of H, ' has a contribution to the coefficient
A, .- The x component of H, = has a form of

mzx _ prz

(H),), =Csin——cos——e ", (14)
' a d

where C is a constant. In order to ensure the coefficient
A, , of the (m, p) mode does not vanish when x is set to

be 0.5a andzissettobe 0.5d inevaluation of equation
(11), m must be an odd number and p must be an even
number.

It can also be deduced that the resonant frequencies
are larger than 2GHz when p is greater than or equal to
2, so p must be equal to 0, thus m must be nonzero.
Consequently, the resonant modes must be TE  type

and n must be nonzero. The predicted resonant modes
and resonant frequencies are indicated in Table 1 as gray
cells. The simulated shielding effectiveness revealing
resonances shown in Fig. 5 again confirms the prediction.

Table 1: Resonant frequencies in MHz predicted by the
proposed method

m n 1 2 3
1 650 1083 1556
2 971 1301 1715
3 1345 1600 1951
4 1739 1942 2241
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Fig. 5. The resonant frequencies and corresponding

modes of the enclosure with aperture array residing on
the side x-z wall.

B. Aperture arrays residing on the multiple walls
In this subsection, the aperture arrays residing on the
front y-z wall and the side x-z wall are both kept. The

related parameters are set to be ¢=30°, 8 =90°, and

¢ =0°, thus the plane wave is obliquely incident and has

its electric field polarized in -z direction. In this case, the
plane wave can be decomposed into two plane waves,
one propagates in -x direction and another propagates in
-y direction, both have their electric field polarized in
-z direction.

For the plane wave propagating in -y direction, its
analysis is the same as that in subsection 4.1. Therefore,
m must be an odd number and p must be an even number.
For the plane wave propagating in -x direction, its
magnetic field is in -y direction, thus the electromagnetic
fields propagating through apertures can be equivalent to
fields radiated by magnetic currents in y direction. The
equivalent magnetic current that represents the aperture
located at the center of the y-z wall is analyzed here in
detail. The magnetic current density of the equivalent
magnetic current is:

M = ng(x)g(y_g)g(z_%)_ (15)

o
It can be seen from equation (11) that only the y

component of H_ = has a contribution to the coefficient
A, , . The y component of H, , hasa form of

(HY,), = Dsin%cos%e’jﬂx, (16)

where D is a constant. In order to ensure the coefficient
A, , of the (n, p) mode does not vanish wheny is set to

be 0.5b andzissettobe 0.5d inevaluation of equation
(11), n must be an odd number and p must be an even
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number.

In conclusion, for the original obliquely incident
plane wave, its mode indexes need to satisfy the
following conditions: m and n cannot be even numbers
at the same time, and p must be an even number. It can
also be deduced that the resonant frequencies are larger
than 2GHz when p is greater than or equal to 2, so p
must be equal to 0, thus m and n must be nonzero.
Consequently, the resonant modes must be TE, type or

TE, type. The predicted resonant modes and resonant

frequencies are indicated in Table 2 as gray cells. The
simulated shielding effectiveness revealing resonances
shown in Fig. 6 again confirms the prediction. It is worth
noting that the simulation takes several hours on a
desktop to predict the entire resonances.

Table 2: Resonant frequencies in MHz predicted by the
proposed method

n 1 2 3
1 650 1083 1556
2 971 1301 1715
3 1345 1600 1951
4 1739 1942 2241
80 T T T T T
70 TEx230 | ]
60

TEy120 TEy320

TEx210
TEx410

Electric SE (dB)
»
o

20 -_ 4
10 - TEx3304
s TEy330
0 TEx110 TEx130 7
10| TEy11o TExa1o TEY130 1
ol . . TEy3t0 .
0.50 0.75 1.00 1.25 1.50 1.75 2.00
Frequency (GHz)

Fig. 6. The resonant frequencies and corresponding
modes of the enclosure with aperture arrays residing on
the front y-z wall and the side x-z wall.

V. CONCLUSION

In view of the importance of resonance prediction in
evaluation of the shielding performance of a shielding
enclosure with apertures, an analytical method to
determine the resonant modes and resonant frequencies
is proposed based on the specified knowledge of the
excitation plane wave. This method outperforms the
existing methods in several ways. Firstly, once the
properties of the excitation plane wave are known, the
resonances of the shielding enclosure can be readily
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predicted through a simple theoretical derivation.
Moreover, this method can predict all the resonant
modes and resonant frequencies of shielding enclosures
under plane wave excitation without omission of some
potential resonances. Furthermore, compared with full-
wave methods, the method presented here is easier to
use. Although the studied frequency band is below 2GHz
in this paper, the method is applicable to higher
frequencies.
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Abstract — In recent years, the electromagnetic
scattering from the coated conductors has been paid
more and more attention by many scholars. The
parabolic equation (PE) method is firstly utilized to
analyze electrically large conductors coated with lossy
medium in this paper. The impedance boundary condition
is implemented to analyze the lossy medium and the
implicit finite difference method of Crank—Nicolson
scheme is implemented to solve the parabolic equation.
As a result, the computations can be taken in each two-
dimensional transverse plane. By this means, both the
CPU time and memory requirement are reduced greatly.
Numerical results are given to demonstrate the accuracy
and efficiency of the proposed method.

Index Terms — electromagnetic scattering, finite
difference scheme, impedance boundary condition,
parabolic equation method,

L. INTRODUCTION

The electromagnetic (EM) scattering analysis of the
conductor has become a research hot due to its wide
application in military area. There are a lot of rigorous
numerical methods to solve this problem, such as the
finite difference time domain (FDTD) [1-3], method of
moment (MoM) [4-6], time domain integral equation
(TDIE) method [7-8] and so on. In order to reduce the
computational requirement, many acceleration techniques
were implemented. Firstly, the fast Fourier transform (FFT)
has been used to obtain the scattering characteristics [9].
Then the adaptive cross approximate (ACA) algorithm
was proposed in [10] to accelerate the surface integral
equation-based MoM. Besides, some novel techniques
have been applied to reduce the computational
complexity, such as adaptive integral method (AIM)
[11], equivalent dipole moment (EDM) method [12], thin
dielectric sheet (TDS) approximation [13-14]. However,
for the rigorous numerical methods, solving electrically
large problems takes a great deal of computational

Submitted On: August 17, 2018
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resources. As a result, it is necessary to develop the
approximation methods to efficiently compute the EM
scattering properties of coated conductors.

Parabolic equation (PE) method bridges the rigorous
and high frequency methods. It can provide encouraging
accuracy along the paraxial direction with limited
computational resources. It should be noted that the
energy is supposed to propagate in a cone. The PE
method was firstly used to analyze the underwater
acoustics [15]. Then it was widely applied to calculate
the long-range propagation problems of radio wave [16-
18]. Many early works have been done by using the split-
step Fourier-based PE (SSPE) method. When compared
with other PE solvers, the computational efficiency of
SSPE is extremely high. However, for the complicated
targets, it is not flexible to model the boundary.
Therefore, the finite difference (FD) schemes are good
choices to deal with targets with complicated boundaries.
In recent years, the PE is also introduced to the EM
scattering from electrically large conducting targets [19—
25]. The Crank-Nicolson-based implicit FD method can
be used as an efficient solver for the PE. It should be
noted that the rectangular meshes with the mesh size of
1/10th of a wavelength are applied. Nevertheless, when
analyzing electrically large targets, there is a supersized
sparse matrix equation should be solved in each transverse
plane. In recent years, some novel FD schemes are
proposed to accelerate the calculation, such as alternating
direction implicit (ADI) [17, 22-23, 26], alternating
group explicit (AGE) [24, 27-28] schemes. In this way,
both the efficiency and the accuracy can be guaranteed.
However, there is no report of scattering characteristics
for coated targets by using the PE method.

In this paper, the impedance boundary condition is
integrated into parabolic equation to fast analyze the
electromagnetic scattering from coated conductors.
Firstly, the parabolic equation is constructed and the
waves in each transverse plane are absorbed with the help
of the perfect matching layer (PML). Then Leontovich

1054-4887 © ACES
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boundary condition is applied on the boundary of
perfectly electrical conductor (PEC). It can be found that
the error becomes larger with the thickness of the coating
material increasing. In other words, the proposed PE
method can be used to analyze thin medium-coated
conductors. By adopting the Crank-Nicolson scheme to
the paraxial direction, PE is implemented in a marching
manner. In addition, the bistatic RCS results can be
fully obtained by rolling the paraxial direction of PE.
Some complex structures, such as missile and plane, are
modeled to validate the proposed method.

II. THEORY
A. The standard PE method
Assume x axis as the paraxial direction of PE. Then
the standard PE in free space can be written as:
H 2 2
&S, @
ox 2k oy® oz
where u is the reduced scattered field and can be written
as:
U(X! Y, Z) = 67IWW(X7 Y, Z) ) (2)
where y represents the scattered field component.
The Crank-Nicolson scheme is introduced to
equation (1), and the discretized formula for (1) can be
obtained:

(iAx iIAX jmﬂ IAX a1 IAX i

—t— — U, ~
kAy2 kaz? P 2kAy2 P opaz? POt ,
iAX m+1 iAX m+1 m
— — _ =u
2kAy2 p+Lq 2kA22 p.g+1 p.q
©)

in which, Ax denotes the range step along the paraxial
direction, Ay,Az are the mesh sizes along the vy, z

directions, u”  is the reduced scattered fields for

p.q
(mAX, pAy, gAz) .

B. Leontovich impedance boundary condition (IBC)

The electromagnetic field components of u,,u,,u,

are coupled by adding the proper boundary conditions

on PEC surface. The Leontovich impedance boundary

condition is given in terms of surface impedance and can
be expressed in the following form

AxE(P) =2 [ Ax(ixH(P))], (4)

in which 11 is the unit normal vector on the surface of
the scattering target, Z is the impedance of the object at
point P and it is defined as:

Z=-iz, \/Z tan(Nkd) - ©)
gl’

where Z, denotes the wave impedance in free space, d

is the thickness of the coated medium, N =.ju.s, ,

4, . €, represent the permeability and permittivity of the

coated medium.
By eliminating the magnetic field, the equation (4)
can be rewritten as:

ﬁxE(P):ikZZ[ﬁ-(VxE(P))ﬁ—VxE(P):I-
0

The equation (4) can be expressed in terms of the
electric fields. Then the magnetic fields can be calculated
by taking advantage of the curl equation:
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where (E,,E},E}) is the incident plane wave.
At last, the discretized form can be obtained by
using the FD scheme, which can be derived as:

nxnz nxny m nxnz m any m
kay Tkaz ) P Tkay xea a2 tnean
2
nan, um _ nn, m nAn, + ny -1 um
ikAz *Pat k*Ay? ypiLa k’Ay®  ikAz zprLa
n.n n.n
; - 2 + )2( - 2 + 2
2k°Ay°  2k°Az m nn, n.-1} .
+ u - +—=*—|u
2 y.p.q 2 2 H Yy, p.g+1
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It can be seen from equation (3) that the computation

is taken one by one in each transverse plane. Moreover,

the inhomogeneous boundary conditions of equations
(10-12) are introduced on the surface of PEC.

III. NUMERICAL EXAMPLES
In this part, all the numerical results are tested
on the computer of Intel Xeon E7-4850 CPU with 8GB
RAM. The plane wave with the incident angle of
6., =90° ¢ =0 isused as the incidence source, and

the whole simulation system are working at 300 MHz. It
should be noted that the IBC-based combined field
integral equation (IBC-CFIE) is set to be the rigorous
solution for comparison.

At first, we consider a sphere with the radius of 51
and the relative permittivity of £ =3.84— j1.6. In this

numerical example, the mesh size is 0.05 m. Therefore,
the calculation is split into 200 transverse planes to the
paraxial direction. The full bistatic RCS result for the
horizontal plane pattern of the proposed method is given
and compared with that of Mie Series in Fig. 1. For the
proposed method, the full bistatic RCS result is achieved
by rotating the paraxial direction of PE. As shown in Fig.
1, it coincides well for these two methods.
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D
o

thickness is 0.05m and the permittivity of the coating
medium is 3— j. As shown in Fig. 3, the size of this PEC

missile model is given. The full bistatic RCS results of
both the IBC-CFIE and the proposed method are shown
and compared in Fig. 4. In this numerical example, there
are seven rotating PE runs are applied. More specifically,
the generalized minimal residual (GMRES) method is
used as the solver of IBC-CFIE and the convergence
precision is set to be 1e—3. Moreover, the computational
resources of these methods are also listed in Table 1. It
can be concluded that both the memory requirement
and the total CPU time of the proposed method can be
reduced greatly when compared with the IBC-CFIE.
Therefore, the proposed method can be used to fast
analyze the electromagnetic scattering from electrically
large coated targets with encouraging accuracy.

Mie Series

ol
o

- = = -Proposed Method

N
o

Bistatic RCS (dBsm,
w
o

N
o

=
o

0 30 60 90 120 150 180
Phi (°)

Fig. 1. Comparison of the RCS between the Mie Series
and the proposed method for a sphere of the horizontal

plane pattern. S

Secondly, the EM scattering from a coated cone is 2m

considered with the coating thickness of 0.1m and the
permittivity of 3.5- j1.5. Its radius and height are 1m

and 3m, respectively. The mesh size is set to be 0.05 m
and the calculation is split into 60 transverse planes to 6m
the paraxial direction. The bistatic RCS of both the PEC
and coated cones are compared in Fig. 2. It can be found
that the bistatic RCS is decreased greatly at some angles
for the coated cone when compared with the PEC cone
with no coating. Therefore, the proposed method can be om
used as an efficient tool to design RCS reduction.

~ o 7am ™
%0 h 8m >
40 — PEC
r=S ' - - - +Proposed Method Fig. 3. Geometry structure of a PEC missile model.
2 30
RS2
0 20
9 0 IBC-CFIE
é 10 - - - .Proposed Method
k] €
— 0 7]
@ 920t
-10 A
@
-20 £ 0t
©
0 30 60 90 120 150 180 k)
)
Phi (°)
-20
Fig. 2. Comparisons of the bistatic RCS between a 0 30 60 90 120 150 180
coated cone and a PEC cone. Phi (°)

Thirdly, the EM scattering from a PEC missile Fig. 4. Bistatic RCS of a coated missile model at the
coated with lossy medium is considered. Its coating  frequency of 300MHz.
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Table 1: Comparisons of memory requirement and CPU
time between the IBC-CFIE and the proposed method for
the coated PEC missile at the frequency of 300 MHz

Memory CPU Time
Method Requirement (MB) (s)
IBC-CFIE 904 5060
Proposed method 155 15

Finally, a coated PEC aircraft is modeled and its
maximum size along X, y, and z directions are 12m, 9m,
and 4.8m, respectively. Its coating thickness is 0.01m
and the permittivity of the coating medium is 1.5-j1.3.
Seven rotating PE runs are applied in this numerical
example. The bistatic RCS is given in Fig. 5 and the
computational resources of the coated PEC aircraft is
also shown in Table 2.

50

IBC-CFIE

40 £ - - - Proposed Method

30

20 |

10

Bistatic RCS (dBsm

-10
Phi (%)

Fig. 5. Bistatic RCS of a coated aircraft model at the
frequency of 300MHz.

Table 2: Comparisons of memory requirement and CPU
time between the IBC-CFIE and the proposed method for
the coated PEC aircraft at the frequency of 300 MHz

Memory CPU Time
Method Requirement (MB) (s)
IBC-CFIE 823 1814
Proposed method 183 16
IV. CONCLUSION

An efficient solver based on PE is proposed to
analyze the EM scattering from electrically large PEC
which is coated with thin lossy medium. The Crank-
Nicolson scheme is implemented for its accuracy and
unconditional stability. In this way, the computations are
taken plane by plane. More general boundary conditions
are applied to the scattering targets. The first numerical
example of a dielectric sphere is given to validate the

ACES JOURNAL, Vol. 33, No. 11, November 2018

accuracy of the proposed method. Furthermore, more
complicated structures, such as coated missile and plane,
are modeled to show the efficiency.
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Abstract — In this paper some suggested protection
methods is proposed to improve the shielding
effectiveness of computer enclosures. Slots and holes on
the computer enclosure are divided into five types, and
the coupled electromagnetic interference (EMI) into the
enclosure is computed using the finite-difference time-
domain (FDTD) method when each type slot exists.
From comparison of both time domain electric field
waveform and field distribution in the enclosure, vent
array, joint laps, CD-ROM and display are found to
be the main ways that the EMI penetrated into the
enclosure. To improve the protection of the enclosure,
waveguide window is used to replace vent array.
Additionally, rivet number is increased, depth of the joint
laps is increased and conductive gaskets are filled into
the joint laps. From numerical analyses, it can be
demonstrated that the suggested methods are efficient
to improve shielding effectiveness of the computer
enclosure. Some suggested methods are also proposed
for the CD-ROM and display protection.

Index Terms— Electromagnetic interference (EMI), finite-
difference time-domain (FDTD), shielding effectiveness
(SE).

I. INTRODUCTION

With the development of the electronic technology,
electronic equipment requires to work in a quiet
electromagnetic environment. Electromagnetic shielding
is frequently used to reduce electro-magnetic interference
(EMI) of electronic equipment [1-2]. Shielding computer
enclosure is an effective way to diminish the EMI [3-4].
However, in most applications, slots, holes, and even
a window aperture have to be created on the walls
of the computer enclosure for signal wiring, power
supply, display, etc. These slots, unfortunately, provide
electromagnetic energy coupling paths that allow outside

Submitted On: April 18, 2017
Accepted On: October 19, 2018

electromagnetic waves to propagate into the enclosure;
they thus degrade the shielding effectiveness (SE).
Therefore, it is necessary to analyze SE of the shielding
enclosures. EMI introduced into the enclosure by lines
are as serious as that by coupling, however, only the EMI
introduced by coupling are considered here.

The finite-difference time-domain (FDTD) method
[5-11], which provides a simple and efficient way of
solving Maxwell equations for a variety of problems,
has been widely applied in solving many types of
electromagnetic coupling problems. It is good at
predicting the SE of a particular enclosure for it
has numerous time-domain and frequency-domain
information.

To simulate the EMI coupled into the computer
enclosure, high power microwave (HPM) is used as the
source. Total-field/scattered-field (TF/SF) boundary [5]
is used to introduce the HPM. Convolution Perfectly
Matched Layer (CPML) [12-13] absorbing boundary,
which is good at solving late-time reflects, is used to
truncate the computational domain. Considering that
the EMI mainly penetrates into the enclosure through
apertures rather than that through the walls, the perfect
electric conducting plane is used to model the shield
enclosure.

To find the main ways that EMI coupled into
computer enclosure, the slots on computer enclosure are
divided into five types and the coupled EMI into the
enclosure is studied when each type slot exists. From
comparison of both the electric field waveform and the
field distribution in the enclosure, vent array, joint laps,
CD-ROM and display are found to be the main ways that
the EMI coupled into the computer enclosure.

To diminish coupled EMI into the enclosure,
light transmitting and electromagnetic wave shielding
composite materials can be used to produce the CD-
ROM shell and display screen [10-11]. Waveguide

1054-4887 © ACES
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window is used to take place of vent array. Additionally,
rivet number is increased, the depth of the joint lap is
increased and conductive gaskets are filled into the joint
laps. From numerical analyses, it can be seen that the
suggested programs are efficient to improve SE of the
computer enclosure. Only methods to reduce the coupled
EMI through vent array and joint laps are studied here.

Il. THE COMPUTATIOAL MODEL
To be simply, an industrial control computer
enclosure is involved here, as shown in Fig. 1, where
the slots on both front and back faces are also graphed.
The enclosure is made up of bonding the metal sticks
together, thus there are joint laps at the top of the four
side surfaces.

joint lap

O0000000000000000000
OOOOCOCOOOOOOOOnoooD. | ' F2y P corom Q&&

(000000d0cooodoCoooD: W
(00C0000000000000000 power switch
vent array
450 mm
(a) Front face

wuw ozt

joint lap

(1000odooondododoCoonooonaooonoo0o00coo0
vent array, &

o 0O |

UsB
0 retwork yca

power interface

450 mm

(b) Back face
Fig. 1. Various slots on computer enclosure.

HPM is used as the source here, whose waveform is
graphed in Fig. 2. Here it is set,

25%x10°  V/m f <10GHz
o {2.5><106/ fGHVIM f>106Hz
Itis set 50 ns<z<10 ps, t1=10 ns, and the repeat frequency
is 1 kHz. The peak power of the HPM is:
{100 GW f <10GHz
pk

. 2
10*/ f°GW f >10GHz @

The slots on the computer enclosure can be divided
into five types, that is CD-ROM and display, vent array
on the two faces, joint laps at the top of four enclosure
side surfaces, power line and signal interfaces
(containing slots for power line interface, USB, network,
and VGA), the power switch and indicator light.
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Fig. 2. Waveform of the HPM.

The SE used throughout the paper is given by:
Eshield
J , ©

where, E refers to the electric-field value when
computer enclosure is placed, whereas E™ refers to the
electric-field value at the same location in the absence of

the enclosure.

To evaluate the SE of the enclosure, all the three
directional electromagnetic fields at the center of the
enclosure is monitored first, and the waveform of the
largest field direction is graphed. Additionally, the peak
field value of the waveform is recorded and used to
derive the total electric field component:

E, (t) = 20log [\/E (O +E, (1)’ +E, (1)’ } dBV/m .(4)

To improve the protection of the enclosure, the
coupled EMI into the enclosure is simulated when only
one type of slot exists to find the main ways that the
interface coupled into the computer enclosure. Then
some suggested methods are proposed to limit the
coupled EMI, and numerical simulation is occupied to
verify the efficiency of these methods.

Cubic FDTD cells are used in this paper, and the
cell size is A=0.5 mm in three directions. To satisfy the
stability condition of the FDTD algorithm, the maximum
time step is chose to be At=A/2c, where c is the speed of
light in the free space. The computational domain is
truncated by 10-layers CPML absorbing boundary.

SE =-20 Iog[ |Einc

I11. ANALYSES OF THE COUPLING WAYS

To find the main ways that EMI coupled in, the
computational enclosure is illuminated by HPM when
only one type of slot exists. The coupled electric field
component into the enclosure in the three directions is
monitored respectively, and time-domain waveform of
the largest one is drew. Additionally, distribution of the
largest total electric field component is also graphed.
From analysis of the electric field component coupled
into the enclosure when the five types of slots exist



lonely, and the main way that EMI coupled into the
enclosure is identified.

A. Slots for CD-ROM and display

In this part the coupled EMI is studied when only
the CD-ROM and display slots exist. The CD-ROM
slot is 15 c¢cm in length and 4 cm in width, and the slot
dimension of the display is 17 cmx10 cm. The slot
dimension of the CD-ROM and display is larger than
the EMI wavelength, and these slots are modeled by
standard FDTD grids. Both the CD-ROM and display
slots are located on the front face of the enclosure. After
FDTD simulation, both the electromagnetic field and the
field distribution are monitored.

60+
60

40+ *

20 -30

-60:
45 50 55

0

z

E. (kV/m)

-204

40

-60 T T T T )

0 60 120 180 240 300
time (ns)

(a) Time-domain waveform

(b) Field distribution
Fig. 3. EMI coupled through CD-ROM and display.

The amplitude of the electric field component field
Ex is 25.5 kV/m, and field component amplitude is
13.2 kV/m for Ey and 51.4 kV/m for E; respectively. In
Fig. 3 (a) is graphed the waveform of the electric field
component E,, and the waveform at the right up corner
is the 10 ns waveform near the maximum amplitude.
It can be seen that the electric field coupled into the
enclosure is very large and decreased rapidly.

In Fig. 3 (b) is graphed the total electric field
distribution in the enclosure. It can be seen that the
electric field is larger than 61.2 dBV/m throughout the
enclosure, and even reaches 103 dBV/m at some places,
and the electric field is larger than 85 dBV/m at most
places in the enclosure. Thus, it can be concluded that
the enclosure can rarely shield HPM when CD-ROM and
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display exist on the enclosure.

B. Slots of vent array on the two faces

In this part the coupled EMI is studied when only
the slots for vent array on the two faces exist. The vent
array is composed of 4 lines of slots, and each line is
composed of 20 thin-slots. The size of each slot is the
same, with the dimension of 1.5 cm in height and 0.3 cm
in width. The distance between left thin-slot and the right
one is 0.3 cm, and the distance is 1.0 cm from the up thin-
slot line to the down one. The dimension of the vent array
is 12 cmx10 cm.

0 SIO léO 1éo 2;10 S(I)O
time (ns)
(a) Time-domain waveform

(b) Field distribution
Fig. 4. EMI coupled through vent array.

The dimension of the thin-slots of the vent array on
the back face is the same as those on the front face. The
vent array on the back face is in one line and consists of
40 thin-slots. The distance between the two thin-slots is
0.3 cm, and the dimension of the vent array is 24 cmx
1 cm. From FDTD simulation, both the time-domain
electric field component and the field distribution are
monitored, as graphed in Fig. 4.

The amplitude of the electric field component Ey is
1.3 kV/m, and field component amplitude is 2.2 kV/m
for Ey and 5.7 kV/m for E; respectively. In Fig. 4 (a) is
graphed the waveform of E,, and the waveform at the
right up corner is the 10 ns waveform near the maximum
amplitude. It can be seen that the electric field coupled
into the enclosure is also large. It can also be seen that
resonance occurs in the enclosure and the amplitude
decreases very slowly.
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In Fig. 4 (b) is graphed the total electric field
distribution in the enclosure, and it is clear that the four
lines of slots are conspicuous on the enclosure. It can
also be seen that a resonance occurs in the enclosure and
the coupled electric field is march lower compared with
that when the CD-ROM and display exist. The amplitude
of the electric field varies from 6.06 dBV/m to 81.2
dBV/m in the enclosure, and the amplitude is larger than
50 dBV/m at most areas. Thus, it can be concluded that
the SE of the enclosure is limited when vent arrays exist
on the two faces of the enclosure.

C. Slots of joint laps

In this part the coupled EMI is studied when only
the slots for joint laps exist. The joint lap is located on
the top of the enclosure, as shown in Fig. 5. The width
of the joint laps is 0.5 mm, and the depth is 1.0 cm. The
length of the joint laps is the same as the side perimeter
of the enclosure. The joint lap on each side is divided
into 3 parts by 2 rivets. After FDTD simulation, both the
electromagnetic field and the field distribution are
monitored, as graphed in Fig. 6.

\
0.5 mm—=} U

-]
0.5 mm

I75mm

0.5 mm

Fig. 5. The joint lap on the enclosure

T T T T )
0 60 120 180 240 300
time (ns)

(a) Time-domain waveform

(b) Field distribution

Fig. 6. EMI coupled through joint laps.
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The electric field component Eyx is very low and
even can be neglected, and the field component
amplitude is 0.56 kV/m for Ey and 1.3 kV/m for Ex
respectively. In Fig. 6 (a) is graphed the time-domain
waveform of the electric field component E,, and the
waveform at the right up corner is the 10 ns waveform
near the maximum amplitude. In Fig. 6 (b) is graphed the
total electric field distribution in the enclosure. It can be
seen that the amplitude of the electric field varies from
10.0 dBV/m to 71.9 dBV/m in the enclosure, and the
amplitude is about 50 dBV/m at most areas.

D. Slots of power line and signal interfaces

In this part the coupled EMI is studied when only
the slots for power Line and signal interfaces exist. The
signal interfaces is composed of universal serial bus
(USB), network and video graphics array (VGA). There
are two slots of USB, one slot of network and VGA, and
these slots are all located on the back face of the
enclosure. The width of the USB slot is 1.5 cm, and the
height is 0.6 cm. The network slot is 1.5 cm in width
and 1.0 cm in height. The dimension of the VGA slot is
2.5 cmx2.0 cm.

il \MP wrh\(\ﬁ“

“Jhi

U\‘Wm I

Ul

0 6l0 1é0 1£li0 24‘10 360
time (ns)
(a) Time-domain waveform

(b) Field distribution

Fig. 7. EMI coupled through slots of power line and
signal interfaces.

The amplitude of the electric field component Ey is
9.0 kV/m, and field component amplitude is 1.3 kV/m
for Ey and 5.5 kV/m for E; respectively. In Fig. 7 (a) is
graphed the time-domain waveform of the electric field
component Ey. It can be seen that the coupled electric



field component Ex is much larger than other slots;
resonance occurs in the enclosure and the amplitude
decreases very slowly.

In Fig. 7 (b) is graphed the total electric field
distribution in the enclosure. It can be seen that the
coupled electric field in the enclosure is more uniformly
distributed in the enclosure than other types of slots. The
amplitude of the electric field varies from 50.3 dBV/m
to 85.8 dBV/m in the enclosure, and the amplitude is
larger than 80 dBV/m at most areas.

E. Slots for power switch and indicator lamp

In this part the coupled EMI is studied when only
the slots for power switch and indicator lamp exist. The
slot of the power switch is a square one with the width
of 1 cm in each side. There are two indicators, one for
power and another for hard disk. The slots of the two
indicator lamp are all round holes, whose radius is 2 mm.
Both the power switch and the two indictor lamp are
located on the front face of the enclosure.

I
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(a) Time-domain waveform

(b) Field distribution

Fig. 8. EMI coupled through slots of power switch and
indicator lamp.

The coupled EMI is much lower than that when the
other types of slots exist. The amplitude of the electric
field component field Ex is 0.36 kV/m, and field
component amplitude is 0.13 kV/m for Ey and 0.33 kV/m
for E, respectively. In Fig. 8 (a) is graphed the waveform
of the electric field component E,, and it is clear that
resonance occurs. The total electric field distribution in
the enclosure is graphed in Fig. 8 (b), and the location of
the power switch is obvious. It can be seen from Fig. 8
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(b) that the amplitude of the electric field varies from
28.0 dBV/m to 74.6 dBV/m in the enclosure, and the
amplitude is larger than 60 dBV/m at most areas. It is
worthy of noting that the electric field near the slots is
much larger than the other areas, and the effect of this
type slots on the SE is limited.

From the coupled EMI analyses when only one type
slots exist above, some conclusions can be drawn:

(1) Joint laps, vent array, CD-ROM and the display

are the main way that the EMI coupled into the enclosure.

(2) Resonance occurs when the EMI coupled into
the enclosure, and the resonant frequency is not only
depending on the enclosure size but also the size of the
slots.

(3) The SE of the enclosure is limited when these
types of slots exist, and the coupled electric field can
even reach 103 dBV/m in the enclosure.

IV. PROTECTION METHODS

As demonstrated in the last part, vent array, joint
laps, CD-ROM and the display are the main ways
that EMI coupled into the enclosure. To diminish EMI
coupled into the enclosure, light transmitting and
electromagnetic wave shielding composite materials can
be used to produce the CD-ROM shell and display screen
[14-17]. Additionally, one can package CD-ROM into
a metal box, or external drives may be used. Thus
protection of CD-ROM and the display will not be
discussed here.

In this part, we mainly focus on the programs to
limit the EMI penetrated through vent array and joint
laps. To limit the coupled EMI through the vent array,
waveguide window is used to replace of the vent array.
To limit the EMI coupled through the joint lap, rivet
number is increased, the depth of the joint lap is
increased and conductive gaskets are filled into the joint
laps.

A. Protection of the vent array

Waveguide window, as graphed in Fig. 9, is an
efficient way of letting air travel through while stopping
electromagnetic wave propagating. The electromagnetic
wave will vanish significantly when the wave frequency
is lower than the stop frequency of the waveguide. To
reduce the EMI under the frequency 40 GHz, a waveguide
with sectional size 3 mmx3 mm and 15 mm in length is
tested. The sectional area of the waveguide is the same
as the area of the vent array on the two faces respectively.

Simulation is carried out again as the vent array is
replaced by the waveguide window, and both the electric
field waveform at the center and the field distribution in
the enclosure are monitored.

Amplitude of the electric field component Ex is
7.8 V/m, and field component amplitude is 9.1 VV/m for
Ey and 23.0 V/m for E, respectively. In Fig. 10 (a) is
graphed the waveform of the electric field component E;.

1304



1305

It is clear that the coupled EMI into the enclosure is
greatly reduced when the vent array are replaced by the
waveguide window.

The total electric field distribution in the enclosure
is graphed in Fig. 10 (b), and location of the waveguide
window is obvious. Compared with Fig. 4 (b), it is clear
that the coupled EMI is greatly reduced. The amplitude
of the electric field varies from 10.0 dBV/m to 66.3
dBV/m in the enclosure, and the amplitude is lower than
30 dBV/m at most areas. That means about a 20 dB
decrease of SE is achieved. Thus it can be concluded that
waveguide window is an efficient way to improve SE of
the enclosure.

Fig. 9. Rectangular waveguide.
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(a) Time-domain waveform

(b) Field distribution
Fig. 10. EMI coupled through waveguide window.

B. Protection of the joint laps

To protect the enclosure against EMI penetrated
through joint laps, three methods are suggested. Firstly,
the rivet number on one side of the enclosure is increased
from 2 to 6, and then further to 13, as shown in Fig. 11.
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Secondly, the depth of the joint laps is increased from 5
mm to 10 mm when the rivet number is 6. Thirdly,
conductive gaskets are filled into the joint laps, and the
width is reduced from 5 mm to 3 mm when the rivet
number is 6 and the lap depth is 10 mm, as shown in Fig.
11.

conductive gasket

rivet

Fig. 11. Protection of joint laps.

(@) 6 rivets

(b) 13 rivets

Fig. 12. Field distribution versus rivet number.

Firstly, the rivet number is increased from 2 to 6,
which means the joint laps on each side is divided into 7
short joint laps. The width and depth of the joint laps are
the same as that in the last part. It is worthy of noting that
the rivets are equidistantly located, and the total length
of the 7 short joint laps is the same as the long joint laps
of the last section. In Fig. 12 (a) is graphed the field
distribution in the enclosure when 6 rivet is used, and it
can be seen that there is a 5-10 dB SE improvement
compared with that in Fig. 6 (b). Additionally, the rivet
number is further increased to 13, and the field
distribution is presented in Fig. 12 (b). It is clear another
10 dB SE improvement is achieved when 13 rivets are
used.



Fig. 13. Field distribution as the joint lap enlarged.

Secondly, the joint laps depth d is increased from 5
mm to 10 mm when 6 rivets are used, and the joint lap
width is the same. The field distribution is presented in
Fig. 13, and it can be seen that SE of the enclosure is
improved 5-10 dB compared with that shown in Fig. 12

@).

Fig. 14. Field distribution when joint laps is filled by
conductive gaskets.

Thirdly, the joint laps are filled with conductive
gaskets. Here the joint lap width is supposed to be
reduced from 0.5 mm to 0.3 mm when conductive
gaskets are filled, and the depth is 10 mm while 6 rivets
are used. The field distribution is graphed in Fig. 14. It
is clear that SE is greatly improved, and the coupled
electric field is under 10 dBV/m at most areas except the
areas adjacent to the joint laps.

From the analyses above, it can be concluded that
increasing the rivet number, enlarging the joint laps
depth, and filling conductive gaskets are all efficient
ways to improve the SE of the enclosure.

V. CONCLUSIONS

In this paper, some suggested methods are studied
to improve SE of the computer enclosure. Firstly, the
slots on the enclosure are divided into five types and
the coupled EMI into the enclosure is simulated when
only one type slots exists. From comparison of both the
electric field waveform and the field distribution in the
enclosure, vent array, joint laps, CD-ROM and display
are found to be the main ways that EMI coupled into
the enclosure. Secondly, some suggested methods are

XIONG, YANG, CHEN, DUAN: PROTECTION OF THE COMPUTER ENCLOSURE

presented to reduce the coupled EMI. Waveguide
window can be used to replace of the vent array. To
reduce the coupled EMI through the joint laps, rivet
number and the depth of the joint laps can be increased,
and conductive gaskets can be filled into the joint laps.
From numerical analyses, it can be demonstrated that the
proposed methods are efficient ways to improve the SE
of the computer enclosure.
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Abstract — This paper intends to study the effect of
variations of aspect ratio (the ratio of outer radius to
inner radius of conductor) and frequency to the
normalized admittance (normalized conductance and
susceptance) of oil palm fruit with various moisture
content (MC) on performance of RG405/U semi-rigid
cable (open-ended coaxial line). Both finite difference
method (FDM) and quasi-static model (admittance
model) were used to compare response of normalised
conductance and susceptance due to 30%, 40%, 60%,
70% and 80% of moisture content that explain all
ripeness stage of oil palm fruit. Finite difference method
is used to simulate complex admittance due to different
MC in oil palm fruit in various ripeness. The FDM
results were then compared with the quasi-static model
through error analysis. The aspect ratio of 3.298 has
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smaller error of normalized conductance when frequency
range <3 GHz.

Index Terms — Conductance, finite difference method,
moisture content, normalized admittance, oil palm fruit,
open-ended coaxial sensor, susceptance.

I. INTRODUCTION

Mathematical and computational modelling have
been applied in electrical and electronic research since
long before to study and simulate phenomena at a wide
range of applications, from the basic circuit [1] to
materials [2]. Many publications about computational
electromagnetic modelling in various biological systems
were observed [3]. The computational electrical and
electromagnetic modelling are crucial in study on

1054-4887 © ACES
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heterogeneous model for biological matter due to its
complication. Experimental methods are time consuming
and incur high cost expenditure. Hence, computer
simulation methods play an essential role in understanding
electrical behavior in the biological system, including
agricultural products. Maxwell’s equations in differential
form are the basis in computational electromagnetic
modelling. Implementation of numerical modelling in

ACES JOURNAL, Vol. 33, No. 11, November 2018

agricultural issues is often to be conducted for engineering
solution. Vagenas and Marinos-Kouris [4] implemented
a finite element analysis on agricultural products to
analyze diffusion of moisture during the drying process,
e.g., Mung bean [5]. High voltage pulsed electric field
was simulated for food preservation technology using
the finite element method [6].
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permittivity of dielectric material in \
coaxial line, &1=2.05-j0.0005 Y\

&2 (complex \
sample) 7
I / |
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\
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~ 7/
So /7
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Fig. 1. An open-ended coaxial reflection sensor.

Many methods were proposed and developed to
measure the quality and quality-related characteristics.
They are primarily employ a non-invasive methods and
sensing system to determine the quality of agricultural
products. Electrical properties of agricultural products
become a significant concerns among the public.
Electrical properties are a mean for determining moisture,
the maturity of agro products, etc. [7]. In addition,
electrical property describes the feasibility of microwave
heating to a material subject to microwave irradiation. It
is crucial in the processing of food materials because
the optimum electrical parameters need to be applied.
The electrical study on a material could help to analyse
electrical behaviour of materials due to exposure of
electric field. The studies on electrical properties of
agricultural products have led to the development of
various electrical based instruments.

Oil palm industry is a primary economic activity
in Malaysia. Malaysia is the second largest producer
of palm oil in the world. In 2011, the palm oil sector
contributes USD 16.8 billion to Malaysia’s Gross
National Income. As a result, many efforts were done
to optimise harvest of oil palm fruit to achieve a high
income generation. Over the last decade, many studies
were conducted on oil palm fruit using electromagnetic
methods. MC in oil palm fruit were investigated using
low cost open-ended coaxial line [8-11]. This is due to
the inverse relationship between water and oil content in
oil palm fruit [12]. This relationship is used to study MC

in oil palm fruit to determine ripeness of fruit [13] for
maximum yield of palm oil. This work describes the
electromagnetic behavior in oil palm fruit. It is highly
important to simulate and model its behavior or response
numerically for instrument development.

Many studies were conducted using a numerical
method which; for example by using partial differential
equations in determining the specification, dimension
and requirements for optimum design of instrumentation
and sensing system in oil palm harvesting. You et al.
and Cheng et al. [14-16] implement numerical methods
(finite element method and finite difference method) and
quasi-static model on open-ended coaxial line to explore
the interaction of microwave with oil palm fruit. Results
that obtained can be used to determine the optimum
harvesting time. However, the references [14-16] only
studied a fixed aspect ratio, and meaningful comparison
is hardly carried out. It is the motivation of this study to
investigate an open ended coaxial line with different
aspect ratio. The electromagnetic response of fruit on the
coaxial line is crucial to analyse the performance of the
sensing system in moisture inspection. To the best of our
knowledge, there are no previous studies to model the
aspect ratio of an open ended coaxial for determination
of moisture in Tenera oil palm fruit. Currently, studies
only use the commercially available open ended coaxial
probe with fixed aspect ratio. Experimental work to study
the effects of various aspect ratios are not available, as
the design is limited to characteristic impedance at 50 Q,



75 Q and 93 Q. The optimization is hardly carried out for
determination of moisture in Tenera oil palm fruits. As a
result, quasi-static model was compared with FDM
method. Various aspect ratios have been studied to
investigate the response of result with moisture in fruit.
On the other hand, limited studies were conducted to
model and study the effect of aspect ratio of an open
ended coaxial for determination of moisture in Tenera oil
palm fruit. Limited model can be found for comparison.
Hence, comparison between FDM and AM helps to
verify reliability of FDM in designing an open-coaxial
sensor for optimised specification, since AM is well-
known and it has been used extensively in investigation
of open-ended coaxial probe. By investigating the
optimised aspect ratio and frequency range through
numerical study, an experimental work can be conducted
to verify the finding. Next, the streamlined design can be
implemented better in the oil palm industry.

An accurate and efficient method could facilitate the
design of sensing system in agricultural product. It saves
time and does not cause wastage of resources. As a
result, it is paramount importance to compare FDM and
AM on the effect of aspects ratios for the sake of
determination of suitable aspect ratio for potential sensor
development.

Il. MATERIALS AND METHOD
A. Normalized admittance (Y )

An open-ended coaxial probe with radius a and b
of inner and outer conductors, respectively is shown in
Fig. 1. Figure 2 shows open-ended coaxial line in typical
lumped-circuit model. However, the model varies
according to the specification of coaxial line and
frequency. G( &, ) represent conductance in circuit model

where g, is permittivity of sample, C; is the fringing
capacitance on the aperture of coaxial line, and C(&,5)
is the capacitance of the sample with &, . Both Cand G
are function of &;1. Cr, C(&,o) and G(&,, ) vary based

on the dimensions of the coaxial line, i.e., radius a and b
as well as permittivity of the dielectric filling the line. Co
in free space can be obtained as [17]:
Co=2.38a (b - a). (1)
The Crand Gg can be neglected at first approximation
[18]. Cs can be obtained numerically [19] or measured
merely both of capacitances [20]. On the other hand, it
can be also determined approximately through quasi-
static analysis [21-22]. The total capacitance, Cr (=By/w)
and radiation conductance, Go in the air can also be
defined in literature [23].
When the sensor is contacted with the sample,
the permittivity of the sample, &, changes the end

capacitance and it gives the input admittance, Yin as:
Yin=G + B, 2
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where G and B are the real and imaginary parts of Yi,
namely conductance and susceptance, respectively.

C =— C(e2) == G(e2) §

Fig. 2. Equivalent circuit for the open-ended coaxial
sensor.

Admittance, Yin is reciprocal of impedance, Zi
which can be determined through reciprocal of Zi,. In
fact, Yin is @ measure of ability of a material to permit
flow of electric current. On the other hand, G and B are
defined as reciprocal of resistance, R and reactance,
X, respectively. G (in Siemens) is ability to conduct
frequency-independent electric current in a specific
material. Meanwhile, B (in Siemens) is determined
through reciprocal of X. Likewise, B play a similar role
like G but it is subjected to frequency-dependent electric
current. R is opposition of frequency-independent current
due to chemical composition in a material.

In general, the input impedance can be expressed as:

Zin=R +jX. 3)
The input impedance model for lumped-circuit as shown
in Fig. 2 can be expressed as:

- o
jaCy + jaC(g;) +G(&,)

In this work, input admittance of open-ended

coaxial line, Yi» was studied due to the variation of MC

and aspect ratio of the coaxial line using FDM. Results

of FDM were compared with the admittance model for
verification.

Zin

B. FDM for admittance
i) Calculation of admittance

Heavy calculation of simultaneous equations in
the matrix is needed to implement FDM in admittance
calculation. In this work, an iterative method was used to
conduct calculation for electric potentials in scalar wave
equation at every node to form a matrix [15-16]. The
potential at a particular node is calculated based on
potential values at adjacent nodes using Equation (5):

+V +V

H
Vm,nzz m+1n *Vm-1n Vmn+1 Vmn-1) ©
where m and n are the row and column number,
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respectively. Perfect electric conductor (PEC) and Perfect
Matched Layer (PML) were used to define and restrict
computational regions, respectively. The reflection occurs
on the boundary between Polytetrafluoroethylene (PTFE)
in the coaxial line and the sample. The electric flux
density can be expressed in Equation (6) at the dielectric
boundary:

Din = Dan, (6)
where D1, and Dy, are the normal components of the
electric flux density in region PTFE in coaxial line
and the sample under test (oil palm fruit), respectively.
According to Gauss’ Law,

{D-dl={eE - dl =Qenc =0, ()
due to absence of free charge on the dielectric boundary.
E = —WW s substituted in Equation (6) to be Equation

(7):
0:§5VV~d|:{£(Z—\r/]-dl, (8)

where Z—V is the derivative of V normal to the contour .
n

Equation (7) on the boundary as shown in Fig. 1 can be
expressed as:

Vo=—a vie—22 vty ity
2(e,+&y) 2(e;+&y) 4 4
The potentials on boundary, Viing Were obtained
through Equation (8) using finite difference method.
The total potential, Varea, and the total charge, Qarea, ON
the aperture of the probe can be determined using
Equations (10) and Equation (11), respectively [24]:

b
Varea = Ia Vring dp , (10)
bar Vring
Qarea =€ I J. —— pdpdp , (11)
ao P

where p is the radius at aperture of the coaxial probe, and
¢ is the azimuthal angle on aperture. The normalized

and characteristic admittance are given in Equations (12)
and (13):

R (.5 (12)
Yo Yo
Yo =——2" (13)

where 1 is the free space of permeability, since PTFE
is a non-magnetic material.

ii) Truncation of infinite computation region

In FDM computation, the extent of the sample to be
simulated is only part of the actual sample because the
fringing field of the open-ended coaxial sensor could
only be reached around 2mm depths. The actual
dimension of the sample (oil palm fruit) is much greater
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than 1 cm. Therefore, the PML condition must be applied
to reduce the mesh size. A PML is an artificial absorbing
layer for a computational electromagnetic solution. It
commonly used to restrict computational regions in
numerical method to simulate problems with open
boundaries. For practical reasons, the infinite space is
usually truncated due to the limitation of computing
machine used. PML is helpful to avoid the undesired
reflection in computation [25]. Thus, the computation
solution is achievable. To produce a reflectionless
boundary, computation/truncated region (region 1/ region
2) interface for the normally impinging wave should
theoretically abide by:

r="1""_-y (14)
m+1m2

u(l+o/ jou
n= =

e(1+ 0/ jos)
It can be achieved by equating &; =&, and iy =y
where &, &5, 1y, Hp, Ki, ko, 71 and 77, are the
permittivity of region 1, permittivity of region 2,
permeability of region 1, permeability of region 2, wave
number of field at region 2, intrinsic impedance of media
inregion 1 and intrinsic impedance of media in region 2,

respectively. The voltage at truncated nodes, V2 was
solved using:

and

(15)

Vy =Vye Tex-omx (16)
where Vi is the voltage of the node at boundary of
computation region.

iii) Numerical modeling error

The modeling errors are due to several assumptions
made in arriving at the mathematical model. To simplify
the computation work, a nonlinear system may be
represented by a multiple linear PDE unit. For instance,
the truncation error and round-off error are common
numerical error.

The truncation error was advent due to the
elimination of terms in infinite series. High-order terms
in the Taylor series expansion were neglected in
derivation finite difference schemes and causes truncation
error. Finer meshes can reduce the truncation errors by
reducing the mesh size [26]. Besides, truncation errors
can be reduced using a large number of terms as well
in the series expansion of derivatives. In other words,
higher-order approximations should be implemented in
computation.

Round-off errors restrict precision when used for
computation. The size limitation of registers in the
arithmetic unit of the computer causes round-off errors.
Using double-precision arithmetic can help to minimise
round-off errors. If all operations implemented using
integer arithmetic, the round-off errors can be avoided.



C. AM (Quasi-static model)

The work by [27] described the homogeneous case,
in which an air-filled coaxial line is radiated into the free
space. At the same time, the aperture admittance has
been formulated as Equation (17):

s ko

"k In(b/a) -

© dé/ 2

[ =553 (ca)-Jo(<b)]
L2 K5 )2

where k; and kz are wave number at internal media and

external media, respectively. £ is a parametric equation

which was defined in [27].

The open-ended coaxial probe began to be applied
as a sensor in biological sensing during the early 1980s.
The literatures [28]-[31] formulated the electrical property
such as aperture admittance or impedance in capacitance
terms. The open-ended coaxial sensor can be implemented
up to 1 GHz using [31]:

¢ JeXaCo+Cr)+6(5 )™

Yo '
Since excitation of the coaxial probe is a TEM mode,
neither the electric field nor magnetic field oscillates
along the direction of propagation. Equation (17) express
dominate wave (TEM) at the coaxial aperture probe. In
other words, AM depict reflection occur at aperture of
the probe.

It was extended to oil palm fruit moisture sensing
recently [11]. The assumption which the sample under
test can be represented more accurate with the presence
of conductive element was made by Brady and Stuchly
[32-33]. The capacitance formulation became
inapplicable at higher operating frequency because the
actual theoretical value is not satisfied with capacitance
formulation at a higher frequency, especially for lossy
materials with one single value of capacitance, Cr [34].
Misra [22] simplified the model in approximated series
expansion. The aperture admittance which is presented
in rational function model as expressed in Equation (19)
was used to determine the complex permittivity of
materials, & .

(18)

4 8
> zloznp(\/Z)p(jwa)n
p:

n=1
4 8 .
1+ ¥ X Bng(Ver (jea)"
m=1q=0
where ap, and Sy, are the coefficients of the Equation

Y = , (19)

(19). These two coefficients are determined by the size
and the type of coaxial sensor. This model was developed
in the early 1990s [35-37].

The normalized admittance, Y has real and
imaginary parts, namely normalized conductance, G/Y
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and susceptance B/Yy , in which can be written as [38-
39]:
G B

Y :%4‘ J%, (20)
where
GO)_ e e 1
Yo In(% & 0 sing . (1)
[JO(kO\/Zbsin&)—Jo(kO\/Easine) deo
BO) __ e
Yo _7Z'|n(%)\/;
ZSi(k0 \/g(az +b% - 2ab cose))
(22
Iy —Si(Zko &ra sin(gn do

{2

where & is the dielectric constant of the material that
fills the coaxial line and &, is the dielectric constant in

the sample, ko is the free space propagation constant, Jo
is the zero-order Bessel function, and Si is the sine
integral. Equations (21) and (22) can be approximated by
the first terms of the Taylor series expansion [39].

I11. RESULTS AND DISCUSSION

From Fig. 3 to Fig. 7, it can be observed that the
theoretical normalized conductance and susceptance
varies with frequency, aspect ratio (b/a) and moisture
content (MC) in oil palm fruit. There are five MC values
reported in this section, namely 30%, 40%, 60%,
70% and 80% that depict all the ripeness stage of oil
palm fruit. 30% and 40% MC represent the minimum
amount of water content in oil palm fruit or maximum
accumulation of oil content (ripe stage). The 60% MC is
located in the transition region where the MC decreases
drastically. Meanwhile, 70% and 80% MC indicates the
maximum amount of MC in oil palm fruit or minimum
accumulation of oil content (immature stage). On the
other hand, the aspect ratio, b/a which were studied in
this work are 1.57, 2, 3.298, 4 and 5, respectively.

The normalized conductance, G/Y, increases with
frequency. This can be explained by the conductance,

G=2.C where < increases with frequency [15].
& &

Hence, G and G/Y, increases with frequency as shown in
Fig. 3 to Fig. 7. However, the G/Y, increases with MC as
well for all b/a. It is because dielectric constant and loss
factor of oil palm fruit increases with MC [15]. In all
aspect ratios, G/Yo at high MC is higher than low MC. It
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might be due to the increment of conductivity as MC
increase. The presence of high MC faciltate the activities
of ionic substance in fruit, e.g., fatty acids, since water is
good ionic solvent. The formation of ionic subtstance in
fruit due to water heighthened conductivity of fruit. On
the other hand, it can be observed that the discrepancy
of G/Yo between FDM and AM increase progressively
when frequency increases. It might be due to the
assumption made by AM where the sample has infinite
extent. This assumption is inapplicable in this work as
the coverage of electric field from the aperture of the
coaxial line is limited within 2 mm of thickness [40].
Nevertheless, PML was applied to define the extent of
coverage of field in fruit using FDM. Same percentage
of MC at infinite and finite extent exhibit different effect
to wave propagation. At high frequencies, the applied
field has poorer ability to penetrate into fruit. Moreover,
high frequencies of applied field in infinite extent of fruit
is invalid as the coverage of fringing field from the
coaxial line is merely 2 mm. It does not consistent with
assumption made by AM where the propagation medium
is considered infinite in size. However, FDM defined the
computed region within 2 mm thickness. The assumption
above of AM lead to inaccurate computation. It does not
confirm to the limitation of open-ended coaxial line.
Hence, it was believed that FDM is more paractical to be
used to simulate behaviour of electrical admittance.

It can be noticed that low b/a exhibit low level of
G/Y, for all level of MC. It can be deduced through
Equation (13). High b/a lead to low Yo and in turn, it
causes high G/Y,. It can be seen through variation of G/Yo
where the variation for b/a = 5 is the widest compared
with other lower b/a, i.e., 1.57, 2, 3.298 and 4. The aspect
ratio, b/a = 3.298 presents considerably smaller error
compared with b/a = 1.57, 2, and 4 when frequency <
3GHz. This aspect ratio indicates the smallest average
error, i.e. 0.03 Siemen. Commercial RG405/U coaxial
cable has b/a = 3.298. It indicates RG405/U coaxial
cable is appropriate for application in moisture sensing
for frequency < 3GHz [15-16]. For frequency > 3 GHz,
the smallest average error is shown by the smallest b/a
(=1.57) coaxial line, i.e., 0.30 Siemen. It suggests that
lower b/a lead to a better agreement between FDM and
AM in term of G/Y, for frequency > 3GHz. The average
error of low b/a for frequency range > 3GHz is
significantly lower than high b/a. It can be seen through
drastic increment of G/Y, from AM when b/a increases.
The increment of b/a also indicates that the capacitance
between the inner and outer conductor as well as fringing
capacitance decrease. Subsequently, it causes an
increment of G. AM does not take fringing effect into
account. As a result, AM is discrepant from FDM,
especially at high frequencies. In addition, increment of
b/a lead to the decrement of capacitive effect in coaxial
line. Subsequently, inductive effect becomes significant
in coaxial line. The inductive effect could charge the
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ionic substance inductively and cause the vigorous
activity of ionic substance in fruit. It enhances G due to
increment of conductivity. AM is more sensitive to b/a
than FDM. It might be due to the aforementioned
assumption. The assumption presumes homogeneous
structure of the infinite region in the sample. The
resistance of sample on the flow of electric current due
to the movement of ionic substance in fruit is degraded.
It could clarify that higher MC lead to a severe
discrepancy between AM and FDM.
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Fig. 3. The variation of G/Yy which b/a = 1.57 over
frequency using FDM and AM.

Likewise, the normalized susceptance, B/Yg increases
with frequency. The lumped-circuit in the coaxial sensor
is equivalent to a RLC circuit. Therefore, susceptance,
B vary with resistance, capacitance and inductance.
Generally, it can be seen that increment of frequency
causes capacitive reactance, X. decreases and hence
yield to the increment of B/Y,. However, B/Y, from AM
decreases when frequency > 7 GHz for b/a > 3.298.
When b/a > 3.298, the capacitance decline due to the
increment of distance between inner and outer conductor
of the coaxial line. The assumption of AM increases the
effect of G/Yo when b/a increases. When b/a > 3.298, it
turns coaxial line to be inductive. Hence, the increment
of frequency leads to decrement of B/Yo. The decrement
is even drastic when MC is high. This is due to the
presence of a substantial ionic substance which can
increase the conductivity of fruit. These ionic substances
act as charge carrier to conduct current between inner
and outer conductor. It was justified through higher b/a,
i.e., 4 and 5 (Fig. 11 and Fig. 12) where these b/a values
exhibit the greatest error range, especially b/a = 5 where
its error is up to 35 Siemens. Meanwhile, the errors of
B/Yo between FDM and AM that presented in Fig. 8 to
Fig. 12 increases with frequency. It is similar to G/Y,.
For b/a < 2 (Fig. 8 to Fig. 9), the error range that
presented is similar which is within 1.8 Siemens.
However, the error range that shown by b/a = 3.298
(Fig. 10) is less than 1 Siemen. FDM exhibit consistent



trendline as B/Y, of all MC increases. Specification of
finite computation region within 2 mm range sustain the
domination of capacitive effect in coaxial line. It might
be due to consistency between coverage of open-ended
coaxial line and the finite computation region in FDM.
Consideration of the fringing effect in FDM also play
a vital role. Also, the increment of MC results in the
increase of B/Y,. Substantial MC enhance the effect of
capacitive as MC has high dielectric constant. It is due to
the the high polar moment tht presented in water
molecule, H20.
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Fig. 4. The variation of G/Y, which b/a=2 over frequency
using FDM and AM.
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Fig. 5. The variation of G/Yo which b/a = 3.298 over
frequency using FDM and AM.

It can be noticed that B/Yo, of FDM has better
agreement with AM when frequency < 2 GHz. It can be
seen through the lowest error that presents between AM
and FDM as shown from Fig. 8 to Fig. 12. However,
the frequency that < 2 GHz is highly sensitive with the
presence of an ionic substance in fruit. It may lead to the
discrepancy between computation and real case because
the moisture is the paramount importance, instead of
presented ionic substance in fruit. lonic conductivity, o
has significant effect in 1 GHz, since dielectric properties
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in agriculture are primarily dependent on water activity
and ionic conductivity, o of fluids contained in their
cellular structure [41-42]. This implies that variation of
Y can be due to polar moment of water molecule and
ionic conductivity of fluids as well.
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Fig. 7. The variation of G/Yo which b/a = 5 over
frequency using FDM and AM.
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frequency using FDM and AM.
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Fig. 10. The variation of B/Yo which b/a = 3.298 over
frequency using FDM and AM.
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Fig. 11. The variation of B/Y, which b/a = 4 over
frequency using FDM and AM.
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Fig. 12. The variation of B/Yy, which b/a = 5 over
frequency using FDM and AM.

IV. CONCLUSIONS

In this work, the admittance was simulated using
FDM and AM on an aperture of open-ended coaxial line.
The comparison was conducted between FDM and AM.
It can be observed that finite difference method shows
better agreement with AM in term of G/Y,. G/Y,of FDM
and AM increases with frequency and MC for all b/a.
The error of G/Y between FDM and AM increase with
frequency. The assumed infinite computation region by
AM is the main cause to these error. Ratio b/a = 3.298
exhibit the least error of G/Yowhen frequency < 3GHz.
When b/a > 3.298, coaxial line turn to be inductive.
It becomes major reason to the increment of error.
Generally, B/Yq increases with frequency MC and b/a.
However, AM exhibit anomaly behavior where B/Yq
decreases when b/a > 3.298 due to the transition from
capacitive to inductive. Suffice to say, FDM and AM
have the best agreement in terms of G/Yy and B/Y, at
b/a = 3.298 when frequency < 2 GHz. It implies that
aspect ratio of b/a = 3.298 is suggested to be used for
study.
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Abstract — As one of the important components in the
rotating machinery, the condition of rolling element
bearing has a great impact on the system performance.
Therefore, the fault detection for the rolling element
bearing is important and many methods have been
proposed. Following our previous work on the outer
race defect diagnosis, in this paper, the active magnetic
bearing (AMB) is employed as an exciter to apply
electromagnetic force to detect the inner race defects.
The theoretical model of a nonlinear bearing-pedestal
system model with the inner race defect under the
electromagnetic force is developed and investigated.
The simulation and experimental results show that the
characteristic signal of inner race defect is amplified
under the electromagnetic force through the AMBs,
which is helpful for improving the diagnosis accuracy.

Index Terms — Active magnetic bearings, fault detection,
inner race, rolling element bearings.

I. INTRODUCTION

For the rotating machinery, the health condition
of rolling element bearing has a great impact on the
performances. Therefore, fault detection for the rolling
element bearing is very important and many methods
have been proposed, which can be classified as vibration
measurement, acoustic measurement, temperature
measurement and wear analysis [1]. Vibration
measurement has been the most widely used method in
the health monitoring application.

A lot of methods have been proposed to model the
vibration response of a bearing. McFadden and Smith
[2,3] proposed a theoretical defected rolling element
bearing model. Wang and Harrap [4] presented the
envelope autocorrelation analysis for diagnosing multiple
element defects of rolling element bearings. Tandon and
Choudhury [5] investigated the dynamic response of the
rings due to localized defects under axial load. Sunnersjo
[6] proposed a two degrees of freedom (DOF) bearing
dynamic model and applied Hertz contact theory to
calculate the deflection. Feng [7] developed a four DOF
bearing-pedestal model, which include two DOF pedestal
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model. Tadina [8] developed an improved bearing model
and investigated the vibrations of a rolling element
bearing during run-up.

AMBs are commonly used as bearings to support
rotor, but they also can be used for fault detection
as exciters [9]. Humphris [10] utilized AMBs as both
levitation and perturbation to monitor and diagnose the
shaft condition. Zhu et al. [11] modeled a crack rotor
levitated by AMBs and found that crack would have big
effects on the whole system. Mani et al. [12,14] and
Quinn et al. [13] applied excitation from the AMB to a
cracked rotor bearing system and used multiple scale
method to diagnose the rotor crack. Similarly, Sawicki
[15] applied harmonic balance method based on
sinusoidal excitation generated from AMBs for rotor
crack detection. Chasalevris [16] investigated the
response of a simple elastic rotor supported by two fluid-
film bearings, while one of the bearings was worn under
the AMB transient excitation.

Although AMBs have been used for the fault
detection, few studies are reported on rolling element
bearings. In our previous work [17], the AMB is employed
as an exciter to detect the outer race defects and we found
that the outer race fault signals amplified significantly
under AMBs force. Following our previous work on
the outer race defect, this paper investigates dynamic
response of inner race defect under electromagnetic
force excitation.

The remainder of the paper is organized as follows.
Section 2 describes the model of rolling element bearing
system with inner race defect under AMB force. The
simulation and experimental results are presented in
Section 3 and Section 4, respectively. Conclusions are
drawn in Section 5.

Il. ROLLING ELEMENT BEARING
MODELING

A. Contact force

Figure 1 shows the bearing schematic, where N is
number of rolling elements; d,, is the element diameter;
D is the pitch diameter; ry is the radial clearance; a

1054-4887 © ACES



is and the contact angle. The bearing is modeled with
two orthogonal DOF and the outer race is fixed in the
pedestal. The slippage of rolling elements, the mass
and the inertia of the rolling elements are ignored. The
displacement of the shaft can be divided into x and y
directions and the contact deformation for the ith rolling
element &; is given by:
S, =XC0sO, +ysing —r,. 1)
The angle of the rolling element 8; shown in Fig. 1
is given as:

ai=wct+%”(i—1), )
__afr 3
wC_(R+r)’ ©

where w; is the shaft speed; w, is the cage speed; r and
R in Fig. 1 are the inner and outer race radius.

by
V. ith element
: . 2m 7
\ wct
I B
X
Inner race
Cage
Outer race

Fig. 1. Schematic of a rolling element bearing.

According to the Hertz theory, the non-linear contact
force F is given by [1,18-19]:

F=K,so", 4)
where § is the contact deformation; K, is the nonlinear
contact stiffness depending on the bearing geometry and
the elasticity of material [18], for the rolling element
bearing considered in this paper, the computed value is
2.14 x 10° N/m*®; the exponent n = 1.5 is for ball
bearings. Due to the fact that compression Hertz forces
occurs only for positive values of §, therefore the y; is
employed to represents the contact state:

0 ifs <0

The contact force is the sum of each of the rolling
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elements and the total force along the x and y axes can
be obtained as:

N

Foc = ZVi Kyd;° cosé, ©)
i1
N

Foy = z% Kyd; °sing. )
i1

The damping of rolling element bearing can be
estimated using Kramer method [20] as:

¢, =(0.25-25)x10"K,, ®)

where K; is the linearized stiffness of the rolling element
bearing.

B. Inner race defect modeling

The inner race defect is modeled as a slight dent and
the geometrical interpretation of the faults is shown in
Fig. 2.

Fig. 2. Defect on inner race.

The length of the dent is [ and the following
relationship can be established from Fig. 2:

d=r—r2-(1/2), ©9)

p=2sin™(1/2r), (10)

where 7y, is the ball radius; ¢ is the central angle of the

inner defect; d is the max increment of the radial
clearance.

When the rolling element moves into the defected
area, the radial clearance will increase rapidly, which

causes a decline of the contact force and results vibration.

The varying clearance Ad caused by the defect is
modeled as a half sinusoidal wave [17]. The relation
between the varying clearance and angular position is
give as follows:

1320

mod((9i,2ﬂ)—(a)st—¢j
dsin| 7 , mod
Ad(6) = ®

[a)st —%, 27[) <mod(6,27) < mod (a)st +%,27z) (11)

0, otherwise
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The notation mod(6;,2m) in Eg. (11) denotes the
modulo operation. From Eq. (9), the Ad(6;) value range
is 0 to 3x10° mm considering [ as 0.2 mm.

Therefore, when the rolling element is not located in
the defected region, the actual radial clearance 7, is:

r=r,. (12)

When the rolling element is located in the defected

region, the actual radial clearance r; is:
r,=r,+Ad. (13)

Therefore, the contact forces can be calculated as

follows:

N

F = ZViKb(XCOSQ +ysing — ra)lls cos g, (14)
i1
N

Fby=z7iKb(XCOS‘9i+y5in<9i—ra)l'55in9i. (15)
il

B. Bearing-pedestal modeling

The model of Feng et al. [7] is adopted to study the
dynamics of rolling element bearings, which is shown in
Fig. 3. The model has four DOF, including two DOF of
inner race (xs, ys) and two DOF of pedestal (x,,, ).

Fig. 3. Four-DOF bearing-pedestal model.

Followed by the above analysis, the whole contact
forces of the model considering inner race and pedestal
can be calculated as follows:

N
Fbx=§7iKb[(Xs—Xp)0059i+ (16)
(Y- v,)sin6, - raTs cosé),

N
Fby=;7iKb[<Xs—Xp)C059i+ an

- 15 |
(Ys—y,)sing, - raJ sing),.
Considering the nonlinear contact force, the

equations of motion of bearing-pedestal system can be
written as follows:

m.X, +c.X, +F, = F, cosat+F,,, (18)
my, +c,y, + K, =F,sinat-mg+F,, (19)
m %, +C,%, +K X, —F, =0, (20)
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m,§, +¢,y, +K,y, —F, =-m.g, (21)
where m, is the mass of the shaft and the inner race; c,
is the bearing damping; m,, is the mass of the pedestal;
K, and c,, are the stiffness and damping of the pedestal.
Fyx and Fyy is the electromagnetic force applied to the
system in the x and y direction, respectively, which are
presented later. F, is the unbalance force.

C. AMB force modeling

Ignoring the hysteresis loss and eddy current effect,
the electromagnetic force provided by AMBs can be
calculated by [21]:

1
Fave = Zﬂong

where u, is the permeability in the vacuum; n, is the
number of coil windings; A is the area of the pole face; i
is the bias current value; s is the nominal air gap and 8
is the angle between forces and magnetic poles. Table 1
lists the AMB parameters. Figure 4 shows the schematic
of the AMB structure adopted in this paper, which the
bottom two poles are activated.

i2
A;—z cos f3, (22)

Table 1: AMB parameters
Air Gap (AMB clearance) s 0.28 mm
Polar face area A 2.0x10“m?
Windings of a coil na 240
Half angle between two poles S 22.5 degree

Fig. 4. The schematic of the AMB structure.

When the rolling element is located at the defected
region, the rotor and the pedestal will vibrate and the
nominal air gap s between the rotor and AMBs will
change simultaneously since the AMBs are fixed on
the stator together with the pedestal. Therefore, the
electromagnetic force of each AMB can be written as:

N2 Ai’ cos B (23)
Fur= - 20
4[s+(y5—yp)0032ﬂ+(xs—xp)smzﬂ
n’Ai’ cos
F,,= Hoy B (29

4[s+(yS ~Y,)c0s28+(X, X, )sin ZﬁT



Therefore, the total electromagnetic force along the
x and y directions is:

Fux =—(Fu:8in28—-F,,,sin2p),
Fuy =—(Fy.c0828+F,,,c0s2p).

(25)
(26)

IH1.SIMULATION RESULTS

A. Model parameters

The nonlinear differential Eq. (18-21) is evaluated
numerically using the fourth-order Runge-Kutta algorithm
and the transient response is obtained. The parameters
adopted in simulation are shown in Table 2.

Table 2: Model parameters
1. Parameters of 61901 Rolling Element Bearings

Outer race radius R 10.59 mm
Inner race radius r 7.41 mm
Number of ball N 10

Contact stiffness K, 2.14 x 10° N/m3/2
Ball diameter d,, 3.18 mm

Pitch diameter D 18 mm
Contact angle a 0’

Radial clearance r, 3 um

By 4.1

2. Other Inputs

Mass of shaft/inner race m 1.2 kg

Bearing contact damping c; 200N -s/m
Mass of pedestal m,, 2 kg

Pedestal stiffness K, 1.5 x 10’ N/m
Damping in pedestal c,, 3000 N -s/m
Bias current i 1A

The vertical acceleration responses for the pedestal
with an inner racer faulty bearing are calculated
respectively considering the electromagnetic force is
applied or not. The frequency spectrum of the vibration
signal is obtained using envelope method rather than
the Fast Fourier Transform Algorithm (FFT) directly
because in most cases, these defect frequencies cannot
be detected in the frequency spectrum of a raw vibration
signal due to the dominant high frequencies caused by
the resonant components.

B. Inner race defect under electromagnetic force
For a rolling element bearing, the inner race defect
frequency is given by [1]:

1
fopr = > f, (1+d—Dbcowj N, @7)
where f; is the shaft rotating speed in Hz.

The defect on the inner race will rotate along the
shaft haft rotating speed and will go through the loading
zone every cycle. Thus the peaks at BPFI (Ball Pass
Frequency Inner), the combination of the BPFI with inner
ring (shaft frequency) will be found in the frequency
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domain. Figures 5 (a) and (b) show the simulated vertical
pedestal acceleration in time domain due to inner race
defect with and without electromagnetic force. It is
clear that the vibration amplitudes aggravate obviously
under the electromagnetic force. The envelope spectrum
(Hilbert transform) for the time domain in Fig. 5 (c)
shows a frequency peak at 30 Hz, which is the rotating
frequency. The theoretical inner race defect frequency
BPFI calculated by Eq. (27) is 176.5 Hz which equals
to the simulation value, indicating the model is accurate.
It can be seen from the Fig. 5 (c) that for a small defect,
the amplitude of defect characteristic frequency BPFI
and the combination of the BPFI with inner ring
rotating frequency are small in the frequency spectrum.
However, there is clear increase for these peaks under
the electromagnetic force. This may be attributed to
the electromagnetic force property, which changes
periodically due to the periodically changing of the air
gap. In other words, when the rolling elements locate at
the defected area, the rotor will vibrate, causing a varying
air gap and leading to the same periodically varying
electromagnetic force. Because the electromagnetic
force varying frequency equals to the inner race defect
characteristic frequency fgpg, the fgprr Characteristic
signal will be amplified clearly.

= 10 & 10
- =AM
s oIS o
e
% .5 % .5
8 8
< .10 < .10
06 08 1 1.2 06 _ 0.8 1 1.2
@ Time [s] ®  fime ¢]
5 2 . ‘ . \ .
E 15 %0 1465 /765 1
% ! 30 130 | 30 1
205 \ T 1
< 0 A l ,L A on A
0 50 100 150 200 250 300
© Frequency [HZ]

—— without electromagnetic force
—— with electromagnetic force

Fig. 5. Simulated pedestal vertical vibration with bearing
inner race defect, [ = 0.2mm, at 1800 rpm (30 Hz): (a)
bearing without electromagnetic force, (b) bearing with
electromagnetic force, and (c) frequency spectrum of the
envelope between 0.6 and 1.2s.

IV. EXPERIMENTAL INVESTIGATION
The experimental test rig for this study is a rotor
AMB system designed and built as a research platform
at Nanjing University of Aeronautics and Astronautics,
as shown in Fig. 6. The rotor was supported by two radial
and two thrust AMBs. However, for this study, the
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system is rearranged that the rotor is supported by rolling
element bearings rather than AMBs and the AMBSs
are employed as the non-contact exciters to apply
online electromagnetic force during the operation. One
acceleration sensor is installed on the pedestal vertically
to record the acceleration vibration data.

Fig. 7. The damage process using electric discharge
machine.

Figure 7 shows inner race damage process using
electric discharge machine. The width of this damage is
around 0.2 mm.

The experiment is performed at 1800 rpm (30 Hz)
under radial AMB force with 1A bias current. Figure 8
shows the experimental results. Figures 8 (a) and 8 (b)
are the time domain acceleration signal with and without
AMBs, respectively. Corresponding envelope frequency
spectrum (Hilbert transform) comparisons for the faulty
inner race bearing are shown in Fig. 8 (c) and Fig.
8 (d). It can be seen that for an incipient defect, when
electromagnetic force is not applied, the vibration
amplitudes in the time domain, the peaks of fzpr; and
the combination of the BPFI with inner ring in frequency
spectrum are small. However, there is clear increase
in peaks at peaks of fgpr; and the combination of the
BPFI with inner ring under electromagnetic force. The
experimental peak frequency of fgpp; is177.7 Hz, which
almost coincides with the simulation results (176.5 Hz)
and the theoretical calculation from Eq. (27). Both
experimental and simulation results show an increase in
the acceleration response as a result of the defect in the
inner race.

V. CONCLUSION
The health condition of rolling element bearing has
a great impact on the rotating machinery performances.

ACES JOURNAL, Vol. 33, No. 11, November 2018

In this paper, the dynamics of an inner race fault rolling
element bearing with AMBs as force actuators is studied.
We investigate a nonlinear bearing pedestal model with
the inner race defect under the electromagnetic force and
obtain the numerical simulation results. The results show
that under the electromagnetic force generated from
AMBs, the peaks of fgpr and the combination of the
BPFI with inner ring in frequency spectrum for the inner
race are amplified clearly, which is helpful for improving
the diagnosis accuracy. In order to verify our theoretical
calculation, an experiment is performed, which validate
theoretical results.

Since the single defect model with AMBSs excitation
is validated, we think this model may also be available
for multiple defects. In the future, the multiple defects
condition and sensitivity of this method will be
investigated.
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Fig. 8. Experimental pedestal vertical vibration with
bearing inner race defect, [ = 0.2mm, at 1800 rpm
(30 Hz): (a) bearing without electromagnetic force, (b)
bearing with electromagnetic force, (c) the envelope
frequency spectrum for a, and (d) the envelope frequency
spectrum for b.
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Abstract — In response to the shortcomings of existing
devices, a novel electrodynamic suspension (EDS)
device—based on a semicircular track and cylindrical
permanent magnet (PM) Halbach array—is presented
in this paper. It enables a vehicle to statically levitate
above a semicircular track. In order to calculate the
electromagnetic force created by this novel device, we
first create a 2-D equivalent linear model of the
cylindrical PM Halbach array, build differential
equations (based on the linear model) for the magnetic
vector potentials, and produce the expression of the
electromagnetic force per unit length by solving the
equation system. Next, by integrating the electro-
magnetic force per unit length with the arc direction
of the inner semicircular track, the vertical electro-
magnetic force created by the novel device can be
determined. Analytic expression results, and those of a
finite element analysis (FEA) model built by Maxwell
are compared, and show the average relative error to be
3.02%. The novel device is rational, and the analytic
expression is accurate.

Index Terms — Analytical calculation, cylindrical PM
Halbach array, EDS, electromagnetic force, static
levitation.

I. INTRODUCTION

The translational motion of a PM above a
conductive plate simultaneously creates an electro-
dynamic levitation force. Because EDS systems are
simple, reliable, and stable, they have become a popular
research topic in the Maglev field. Magplane is the most
common example of this system [1,2]. At low speeds,
drag force dominates and results in a small levitation
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force insufficient for vehicle suspension [3-5]. In order
to overcome the deficiencies of existing devices, various
topologies—using coils or conductive plates—have been
proposed to minimize drag force and maximize levitation
force. Lawrence Livermore National Laboratory proposed
an Inductrack suspension system [6], in which a coil was
placed below a PM array. Kratz and Chen studied a null-
current EDS system [7,8] with a double PM Halbach
array and conductive plate. Musolino numerically studied
a null-flux system with PMs, a cylindrical conductive
sheet, and null-flux coil [9]. These topologies all share
the characteristic of reduced drag force, but the vehicle
cannot be suspended in stationary and low-speed states.
Bird studied an electrodynamic wheel [10,11] able to
suspended a vehicle at any speed state. However,
structural constraints of the PM wheel and track result in
a limited levitation force that is only applicable to small
devices. A novel electrodynamic suspension device is
proposed in this paper. The device, shown in Fig. 1, is
able to produce a large electromagnetic force at any
vehicle state. Meanwhile, calculating electromagnetic
force created by this device.

Numerical computation results are usually accurate
[12-14], but fail to reflect the inherent relationships
among different parameters. Alternatively, analytical
calculations herein consist of a 2-D and 3-D model, Chen
studied a null-flux topology using the 3-D model [15],
while Cho derived the 2-D force equations for a single
Halbach PM array moving above a conductive plate [4].
The advantage of the latter is also useful for 2-D
modeling because it enables the magnetic field and force
to be neatly formulated with respect to the conducting
boundary [16].

The objective of this paper is to analytically derive

1054-4887 © ACES
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the general 2-D force that can be immediately used to
compute the force due to eddy currents that is rotating
above a semicircular track.

I1. PROPOSED SYSTEM
The proposed configuration employs the same PM
arrangement on each of the two guide-ways, as shown in
Fig. 1. The 3-D and 2-D schematic of this cylindrical
EDS system are shown in Fig. 2 and Fig. 3.

Fig. 1. Configuration of the cylindrical EDS device. 1:
air spring, 2: chassis assembly, 3: PM Halbach rotor, 4:
rotating motor with double extensions, 5: fixed module
for motor, 6: propulsion magnets, 7: semicircular track,
8: LSM windings, 9: supporting block for location, and
10: limit baffle plate.

Fig. 3. 2-D schematic of the cylindrical EDS system.
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In a maglev frame, four cylindrical PM modules are
in pairs and symmetrically arranged in the track along
the left and right sides. On each side, two modules are
installed on the output shafts of the rotating motor with
double extensions. While the maglev vehicle operates in
the static state, the geometric center of the output shaft,
cylindrical PM module, and semicircular guide groove
are coincided in a side. The two rotating motors, which
are fixed on both sides of the suspension frame and rotate
in opposite directions at the same speed, drive the PM
Halbach rotors. Relative movement between the PM
rotors and the guide rail creates an eddy current in the
rail, thereby generating the electromagnetic force. The
resultant force is shown as only the vertical levitation
force when there is no lateral movement. Otherwise, it
includes the lateral guiding force.

IH1. EQUIVALENT MODEL

In Fig. 4, the unit arc length sheet, by means of
symbol As, obtains the electromagnetic force Fo of the
PM rotor. The x and y components of this force are the
guiding force Fyxo and levitation force Fyo, respectively.
By integrating the electromagnetic force, Fo, with the arc
direction of the semicircular track, the vertical levitation
force created by the cylindrical PM array can be
determined. Where Fq is the vertical electromagnetic
force in the equivalent linear model as shown in Fig. 5.
Without regard to lateral movement, the resultant force
Fw is zero as a consequence. We only discuss the
approximate analytical expression of the vertical
electromagnetic force in this paper.

Fig. 5. The 2-D equivalent model.



1IV. GOVERNING EQUATIONS
The 2-D equivalent linear model for the analytical
solution is shown in Fig. 6. The axial length of the
semicircular track is assumed to be sufficient, while the
track itself is assumed to have constant conductivity, be
nonmagnetic, and simply connected.

A. Conductive region, Qi
The surface density of an eddy current induced in a
conductive plate by a moving source can be expressed
as:
J=0cE, )
E=vxB, )
where J = surface density of the eddy current, o =
conductivity, E = electric field intensity, v = velocity
vector, and B = magnetic flux density. Additionally, it is
represented by the scalar equation:

J=-0VB;. 3)
/ y:O O yl ‘ +ool>
Qi X
47-00 QIII \y=-6

Fig. 6. Illustrating the conductive and nonconductive
regions and boundaries.

Based on Ampére’s circuital law and fundamental
equation,

VxH=J+(c+ jwe)E, 4)
B=VxA, ()
~Vo=E+ joA, (6)
B=uH, ()

where H = magnetic field strength, ® = source
frequency, ¢ = permittivity of the conductive plate,
A = magnetic vector potential, ¢ = electric potential,
and u, =permeability of the conductive plate. Substituting
(5), (6), and (7) into (4) and rearranging leads to:

2
VZA+K*A=—pd +V[V.A-'_<—¢], 8)
jo
and
k? =—jou(c + jos), €)
where k is a propagation function, using the Lorenz
gauge,

k2
V-A——=0" (10)
jo
The magnetic vector potential equation is:
VIA+K A=—pd (11)

and in the 2-D model—as the magnetic vector potential,
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A, only has a z component—is:

VA LKA =1, in Q- (12)

B. Nonconductive regions, Qi, Qi
Because J=0 in the nonconductive regions ; and
Qui, (11) simplifies to:

VA +k’A =0, in Q,
VAT KA =0, in Q-

(13)
(14)

C. Boundary conditions
The conducting boundary conditions for the
tangential field on the conductive plate surfaces are:
H —H"=0, aty=0, (15)
H!—H" =0, aty=-6. (16)
Based on the relationship between magnetic field
strength and magnetic vector potential,

H -1 17)
u oy
Using (17) in (15) and (16) may lead to:

LA O 5 atveo, (18)

Y ( ay) aty

and

LA A gy (19)

( ay) ,aty

The inner boundary conditions of the joint face on
the conductive plate surfaces are:
A=A aty=0, (20)
and
A=A aty=-5. (21)
Additionally, the outer non-conducting boundary
conditions are:

lim Al =0, (22)
y—>+0

and
lim A" =0. (23)
y—>—o

D. Source field

In the 2-D equivalent linear model, space magnetic
field due to a PM Halbach array can be expressed as
[17,18]:

BS = Boefp(nyrd)ej(prﬂ/Z), (24)
and
B; = Bye PV e, (25)
where
B,=[B, (1-e™)sin =]/ (). (26)
m 'm

and B; = magnetic flux density of the source field
x-component, B = magnetic flux density of the source
field y-component, B, = magnet remanence, m is the

1328


file:///C:/UsersAdministratorAppDataLocalYodaoDeskDictframe20141117132056javascript:void(0);

1329

number of magnets in one pole-pair,and p =z /z (where
7 = pole pitch).

V. GENERAL SOLUTION
Applying the separation of variables principal to
(11)-(13), the solution within each region is [8, 18]:

A =(Ce ™™ +Ce™)e™, (27)
A =[Ce™ +Ce™ +g(y)le™ (28)
Al = (Ce ™™ +C e )e™, (29)
where R = pz _kiz L By) = ,uOO'VBokeZP(y+d) .
2

C1-Cs are unknowns that must be determined by
means of boundary conditions (18)-(23). Therefore,
the reflected field due to the induced current in the
conducting plate may be expressed as:

g o A (30)
oy
and
11
Byr = —% . (31)
OX

When the translational motion of a PM is above the
conductive plate, the total field is:

B =B +B,, (32)
B, =B, +BJ, (33)
and the surface density of the eddy current is:

V1. FORCE EQUATIONS

A. Electromagnetic force of an equivalent linear
model

The vertical electromagnetic forces per unit width
and length evaluated along the top of the plate surface is:

S Re | 3,B;dy, (35)

2
where B’ is the complex conjugate of the magnetic field
X-component.

B. Electromagnetic force of a 2-D cylindrical model

In order to calculate the electromagnetic force of the
2-D cylindrical model, it did this integral by along the
arc direction in inboard semicircular track shown in Fig.
4. When As—0, ds = R-dg, where R = the inside radius
of the semicircular track. The levitation force of the
Halbach rotor can be expressed as:

7R . i .
F, =] Fysinods = FoRsin6do. )

1 7 0 o
:—EReIO [, 3.B:Rsin 6dydo

VI1l. MODEL VALIDATION
The 2-D equivalent linear modeling approach was

ACES JOURNAL, Vol. 33, No. 11, November 2018

validated by creating an equivalent radial electro-
magnetic force for a PM Halbach rotor using a finite
element analysis (FEA) model.

A ' B

Fig. 7. PM Halbach rotor magnetic field transient
simulation contour—plot at 360 rpm (shown in A) and
1620 rpm (shown in B).

T T T T H ! 1 A
20, —— FEA model 4
-------- Analytical model ]

10 Jofrmme N

T T T T T T T )
0 50 100 150 200 250
Time [ms]

—— FEA model
--------- Analytical model| |

Levitation force [kN] > Levitation force [kN]

0 50 100 150 200
Time [ms]

(wy)

Fig. 8. 2-D transient results for the four pole-pair
Halbach rotor at 360 rpm (shown in A) and 1620 rpm
(shown in B).

Figure 7 shows the Halbach rotor magnetic field
transient vector potential contour—plot at one timestep.
Figure 8 shows the levitation force for rotating speeds of
360 rpm and 1620 rpm. The simulation parameters are
shown in Table 1.

—_ 20 T T T T T T
= 4
= 16
g ]
£ 12 ]
T 1. e FEA model
-% 81 Analytical model| |
S 44 1
()] 1 i
- 0 T T T T T

0 600 1200 1800 2400 3000 3600

Rotating speed [rpm]

Fig. 9. The levitation force at different rotating speeds.



Figure 9 compares the analytic expression results
with those of the finite element method built by Maxwell
business software. They describe different rotational
speeds with the parameters shown in Table 1. Figure 10
shows that the average relative error is 3.02%.

0.251 : . . . .'
0.20-
0.151
0.10

Relative error [*100%]

1200 1800 2400 3000 3600
Rotating speed [rpm]

0 600

Fig. 10. Levitation force relative error as a function of
rotating speed.

Table 1: Simulation parameters

Description Value

Magnet | Number of pole-pairs, p 4
Remanence, B, 1.18T
Relative permeability, ur 1.067
Outer radius, r, 150 mm
Inner radius, ri 100 mm
The axial length of a 1000 mm
single magnet, |

Track Conductivity, o 3.8x107 S/m
Outer radius, rs 230 mm
Inner radius, r3 190 mm
The thickness of track, 0 40 mm
The length of a track, I 1000 mm

Air Gap | The vertical air gap 40 mm
between rotor and track, d

VIII. DISCUSSION

From Fig. 9, the levitation force increases gradually
and tends to saturation at 0-3600 rpm. Additionally, the
nonmagnetic metal track can be used as an anti-magnet
to concentrate magnetic field lines at higher rotor
rotation speeds, as shown in Fig. 7.

The vertical magnetic force enables the vehicle to
statically levitate above the semicircular track. Hence,
the levitation force is analyzed for the different vertical
air gap occurring at w = 720 rpm, 1620 rpm, and 3060
rpm. The vertical levitation stiffness was investigated in
the same run. The steady vertical motion was interrupted
every millimeter when the vertical air gap was between
20 and 50 millimeters. The result of such levitation force
is shown in Fig. 11. The slope of the points on the
levitation force curve gives the magnitude of the vertical
stiffness. We plot the obtained stiffness coefficient as a

ZHANG, ZHANG, CHEN, LIU: CALCULATING ELECTROMAGNETIC FORCE

function of the vertical air gap to show how the stiffness
increases rapidly as the gap is reduced, as shown in Fig.
12.

36 4+
30
241
18-
12-

6 T T T T T T T T T T T J T
20 25 30 35 40 45 50

Vertical air gap [mm]

Levitation force [kN]

Fig. 11. The electromagnetic force and vertical air gap,
when w =720 rpm, 1620 rpm, and 3060 rpm.

1.6 T ' T T T T T T T T

-
S
[

Stiffness [kKN/mm]
o
=]

o
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1 n

20 25 30 35 40 45 50
Vertical air gap [mm]

Fig. 12. Stiffness coefficient and vertical air gap when
w =720 rpm, 1620 rpm, and 3060 rpm.

Using the structure parameters shown in Table 1 of
the cylindrical PM electrodynamic suspension vehicle, a
single cylindrical PM module can create a levitation
force of 15000N at a rotating speed of 1620 rpm—
calculated by the analytic and FEA method.

However, there is some limitation in our model.
Unlike other electrodynamic systems that use the
conductor plate and Halbach PMs, in this model, the
magnetic field on the semicircular guide groove has a
periodicity change, thus causing periodic, small-range
fluctuations to the levitation force.

IX. CONCLUSION

A cylindrical PM EDS device that enables a vehicle
to statically levitate above a semicircular track has been
presented. A 2-D equivalent analytic calculation method
has been deduced through second order vector potential
and integral analysis. The method models the forces
created when a Halbach rotor is rotating and moving
above a semicircular, nonmagnetic metal guideway. The
analytic model was validated by the finite element
method.
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