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Dual-Band and Dual-Polarized Electrically Tunable Reconfigurable
Reflectarray Antenna

Shuncheng Tian, Haixia Liu”, and Long Li*™*

Key Laboratory of High Speed Circuit Design and EMC of Ministry of Education
School of Electronic Engineering,
Xidian University, Xi’an, 710071, China
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Abstract — In this paper, a dual-band and dual-polarized
electrically tunable reconfigurable reflectarray antenna
(RRA) is proposed, fabricated and measured for the
beam-scanning performance. The RRA element, a single
layer structure with two split-rings and a pair of varactor
diodes, can be electrically tuned to work at the two
orthogonal polarization modes of the incident electric
field at 4.2GHz and 6.5GHz, respectively. Besides, the
range of the phase compensation of the element is over
300° at the two polarization modes. Then, a RRA with
15%15 elements is designed, fabricated and measured to
prove the validity. The main beam direction can be
controlled by tuning these varactor diodes of the RRA
and the beam-scanning range is from -60° to 60°. The
experimental results and simulation results are in good
agreement to prove the correctness and feasibility of
the design of the novel dual-band and dual-polarized
electrically tunable RRA.

Index Terms — Beam-scanning, electrically tunable,
reconfigurable reflectarray antenna, varactor diodes.

I. INTRODUCTION

Microstrip reflectarray antennas, with the merits
of low profile, low cost, small volume, high gain and
accurate main beam direction, etc., are rapidly becoming
an attractive alternative in the modern radar and satellite
communication system. Some researchers alter the main
beam direction by changing the size of reflectarray
antenna unit, changing the length of phase delay line and
so on [1].

However, these methods have an obvious
shortcoming that it is not possible to achieve beam-
scanning adaptively in the actually needed direction [2].
Furthermore, the conventional microstrip reflectarray
antennas always only radiate in a fixed direction after
fabricated. In order to meet the increasing demand of
the antenna system, more reconfiguration properties are
obviously studied to reduce the amount of antennas and
improve the utilization ratio of antenna [3-4].

Submitted On: September 28, 2018
Accepted On: December 14, 2018

Besides, everyone knows, the base station antenna
has radiation blind area of the communication system.
One solution is to add antennas but the cost of the whole
system is greatly increasing. The RRA may be a better
choice to solve the signal coverage problem. However, it
is still a challenge to design a RRA with much wider
beam-scanning range and higher antenna efficiency
[5-6]. There has been a series of researches and
developments on the novel reconfigurable elements
and RRAs. Some researchers utilize the electronically
tunable materials, such as liquid crystal, graphene and
other new functional materials, to obtain the beam-
scanning characteristic.

Thus, it can be seen that the RRA has attracted more
considerable attentions [7]. The RRA, just by changing
the voltage of the external active devices, can achieve
adaptive, flexible beam-scanning and reconfiguration
properties [8-9]. Recently, the lumped switches are
widely used in most of the design of the RRA, especially
the PIN diode and the varactor diode because they are
simple and don’t need special process technology.
Hence, the multifunctional RRA has emerged as an
up-and-coming alternative in more areas in the future.
But most of these studies only concentrate on single
working frequency or single polarization mode [10-12].

In our work, a dual-band and dual-polarized
electrically tunable RRA is proposed to obtain continuous
controllable beam-scanning performance. The RRA
consists of 15x15 elements etched on the dielectric
substrate. Section Il briefly describes the working
principles of the reflectarray antenna. In Section 11, a
dual-band and dual-polarized RRA element is proposed
working at two orthogonal polarization modes of
the incident electric field at 4.2GHz and 6.5GHz,
respectively. Specifically, in Section 1V, a dual-band and
dual-polarized RRA is simulated, fabricated and tested.
The simulation results and measurement results are in
good agreement to verify the effectiveness of the design
of the novel RRA. Finally, Section V concludes this
work.

1054-4887 © ACES
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1. PRINCIPLES OF REFLECTARRAY
ANTENNA

For the microstrip reflectarray antenna, the key is
the design of the element [13]. Once the determination
of feed’s position, the phase caused by the distance of the
feed between the reflecting antenna unit is determined.
While the element of the reflectarray antenna meets the
certain amplitude and phase conditions, the reflected
beam can radiate in the specified direction. In order to
obtain the needed main beam direction, the key is to
calculate the phase compensation for every element.

As shown in Fig. 1, the antenna contains M x N units,
r, is the position of the feed and U, is the main beam
direction. The reradiated electromagnetic wave in an
arbitrary direction can be calculated by:

M N
E(0)=) > F(f 1A, ) AW, -0)-expg, (1)

m=1 n=1
¢:_ Jko (I rmn _rf |_rmn l"'I\)-’_ jamn ’ (2)
where F is the function of the radiation pattern of the
feed. A is the function of the radiation pattern of the array
unit. 1, is the position of every element and ¢,,, is the

phase compensation of the i" cell. Based on the analyses
above, the specific calculation process is given as below.

Vi Reflectarray
Radiation wave
1050
g0 gg
- DSUDD -
oooo 0O O |
: 00O [
/ (Es
dog g B0
F QQDDDD Q
(X¢,Y5,2¢) DQQ Q
. 9
IthElement

Fig. 1. Coordinate of the reflectarray.

If the antenna radiates in the desired direction, the
cells must meet the equal phase delay path from the feed
to the equiphase surface in Fig. 2. In other words, the
phase compensation from the feed to each cell ¢, , the
phase compensation of every cell ¢ and the phase
compensation from every cell to the equiphase surface
@ should meet:

o +o. +d =2nr (n=12,3..). (3)

In order to calculate ¢, , we firstly have to calculate
¢, and @ . (X;,¥;,2;) and (X, Yons Zon) TEPresent the
coordinates of the feed and the element, respectively.
d., , the distance between the feed and the element, is
given by:

ACES JOURNAL, Vol. 34, No. 3, March 2019

dmn =\/(an — X )2+(ymn _yf)2+(zmn _Zf)z ' (4)

so ¢, can be calculated by:
¢f = kOdmn ’ (5)
where k,=27/ 4, =2xf /c is the propagation constant
in vacuum; 4, is the wavelength in vacuum; c is the
speed of light in vacuum; f is the working frequency of
the antenna; (6,,¢,) represents the main beam direction.
Based on the theory of array antenna, ¢, is reckoned by:
¢ =—Kk,sing, cos g X, —K, SinGy sing, Y., - (6)

o
Sl

The feed

(m, =
(X Ye2o)

th
F-ml—ﬂh?an ! r;)mn‘iezllmn)
Fig. 2. Phase delay path of the reflectarray.

In the end, we can get the phase compensation ¢,
by taking Equations (4), (5) and (6) into Equation (3). Up
to now, if we already know the operating frequency f, the
main beam direction (6,,¢,) , the coordinate of the feed
(X;,Y¢.2¢), and the coordinate of the cell (X, Y.y Zpm) »
the phase compensation ¢,,, of each cell will be computed
and the reflectarray antenna can form the main beam in
the desired direction.

I11. DUAL-BAND AND DUAL-POLARIZED
RRA ELEMENT

In this part, a dual-band and dual-polarized RRA
element is presented, as Fig. 3 shows, which mainly
consists of two split-rings and two varactor diodes. The
direction of the opening of the inner ring is rotated by
90° compared with the outer one. The unit is etched
on the dielectric substrate and the bottom is the metal
ground. The permittivity of the dielectric substrate is
2.65 and other geometrical parameters of the element are
given in Table 1. Numerical analyses and optimizations
of this unit have been done in HFSS 15.0. The Floquet
port and the infinite periodic boundary condition are
adopted.

The element makes the point, dual-band and
dual-polarized electrically tunable and beam-scanning
performances, by adjusting the capacitance of varactor
diodes not changing the structural parameters. When the
polarization direction of the electric field of the incident
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wave is along the X axis and the Y axis, the operating
frequencies are at 4.2GHz and 6.5GHz, respectively.

Fig. 3. Geometry of the dual-band and dual-polarized
RRA element.

100 1
ke
T
&
<
o
-1004
-200 T T T T
1.0 15 2.0 25
Cap(pF)
@
100
k)
T
]
ey
o
-1001
-200 T T T T
1.0 15 2.0 25
Cap(pF)
(b)

Fig. 4. Phase compensation curve: (a) at 4.2 GHz and (b)
at 6.5GHz.

As seen in Fig. 4, it can be found that the range of
the phase compensation is over 304° and 318° for each
polarization mode. It is worthwhile to point out that the
phase compensation of the cell can be changed through
adjusting the capacitance of varactor diodes.

As we expected, the dual-band and dual-polarized
element can work at different polarization modes at
different operating frequencies. All in all, the unit is a
crucial role in the design of the dual-band and dual-

polarized RRA.

Table 1: Parameters of the RRA element

Parameter | Size (mm) | Parameter | Size (mm)
L 20 W 1.8
Lo 14 Gap 0.2
Li 10 H 0.5
h 0.25

IV. DESIGN AND ANALYSIS OF THE RRA

Based on the simulations of the dual-band and dual-
polarized element, a RRA is designed in this section,
given in Fig. 5, which works at two polarization modes
at different frequencies. The dual-band and dual-polarized
RRA is composed of 15x15 cells. The size of the antenna
is 300x300mm. The incident wave is in the xoz plane; the
reflection wave is in the yoz plane. The direction of the
incidence wave (6,¢)=(20°0°) and the direction of
the reflection wave (6.,¢,) =(6.,270°).

z

(b)

Fig. 5. (a) The coordinate of the simulation, (b) the
fabricated RRA, and (c) the experimental scene.

According to the theories of the reflectarray antenna
mentioned in Sec. Il, we only need to determine the
capacitance of each unit to acquire different main beam
directions due to the relationship between the capacitance
of the varactor diodes and the phase compensation. The
angle of the beam-scanning &, is supposed from -60° to
60°.
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—&— theta=0deg.

—&— theta=20deg.
—&— theta=30deg.
—¥— theta=40deg.
—4&— theta=50deg.
—p— theta=60deg.

o
=)
£
§-10
20
-30+4 T T T T T
-120 -80 -40 0 40 80 120
Theta(deg.)
(a)
20
194
184
0174
£
8 16 1
154
144
13

4.0 4.1 42 43 44 45
Frequency(GHz)

(b)

Fig. 6. (a) The gain of the RRA at 4.2GHz, and (b) the
gain of the RRA when (6,,¢,) = (20°,270°).

Table 2: Characteristics of the RRA at 4.2GHz

Direction Gain (dB) | FSLL (dB) Error
(0°,270°) 20.94 7.51 0°
(20°,270°) 20.12 4.62 0°
(30°,270°) 19.25 3.11 0°
(40°,270°) 19.00 3.54 0°
(50°,270°) 18.67 1.58 0°
(60°,270°) 18.03 7.25 0°

The dual-band and dual-polarized RRA can work at
the horizontal polarization mode and the perpendicular
polarization mode. When the incident wave is at the
horizontal polarization mode, the direction of the electric
field of the incident wave and the incident plane are in
the same plane, the operating frequency is 4.2GHz. The
reflectionangle 6, is from 0° to 60° and the 3dB relative
bandwidth is approximately 4.8% while ¢ = 20° in
Fig. 6. In order to compare the characteristics of the
reflectarray more intuitively, Table 2 gives the
characteristics in different radiation directions when the
operating frequency is 4.2GHz. The gain of the RRA
decreases slowly at horizontal polarization mode.

Besides, when the incident wave is at the
perpendicular polarization mode, the direction of the
electric field of the incident wave is perpendicular to the
incident plane, the operating frequency is 6.5GHz. The
reflection angle ¢ varies from 0° to 60° and the 3dB

ACES JOURNAL, Vol. 34, No. 3, March 2019

relative bandwidth is approximately 6.7% while 9. = 20°,
as shown in Fig. 7. From Table 3, the gain of the RRA
also decreases slowly at the perpendicular polarization
mode. It is clear to see that the RRA can provide two
selectable states, at two orthogonal polarization modes at
4.2GHz and 6.5GHz. The beam directions of the RRA
are consistent with the presented directions and these
simulations confirm the feasibility of the design. The
RRA in this section can achieve the frequency agility
and polarization reconfigurable feature. Furthermore, it
can achieve bean-scanning through controlling the
capacitances of varactor diodes.

20 —=— theta=0deg.
—o— theta=20deg.
—4— theta=30deg.
10 —v— theta=40deg.
—<— theta=50deg.
—~ —— theta=60deg.
(22 ) A
Z
£
©
O -10
-20
-30+ T T T T T
-120 -80 -40 0 40 80 120
Theta(deg.)
(@)
21
181
o
ho2
£
<
© 154
124
6.2 6.4 6.6 6.8 7.0
Frequency(GHz)

Fig. 7. (a) The gain of the RRA at 6.5GHz, and (b) the
gain of the RRA when (6,,¢,) = (20°,270°) .

Table 3: Characteristics of the RRA at 6.5GHz

Direction Gain (dB) | FSLL (dB) Error
(0°,270°) 18.90 6.02 0°
(20°,270°) 18.82 6.35 0°
(30°,270°) 18.43 7.19 0°
(40°,270°) 17.37 5.72 0°
(50°,270°) 16.55 5.11 1°
(60°,270°) 15.19 5.93 2°

In order to verify our design, the dual-band and dual-
polarized RRA prototype is fabricated and experimentally
tested for proof of principle. The incident wave are set
in the xoz plane, the direction of the incident wave
(6,9)=(20°0°, and the direction of the reflection
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wave (6,,¢,) =(20°,270°). From Fig. 8 and Fig. 9, the
main beam direction is a bit inconsistent between the
simulation result and the measured result. The measured
gain is less than the simulated result in Fig. 10 and
Fig. 11. The reason may be the deviation in physical
processing. It is believed that the design of the dual-band

and dual-polarized RRA is reasonable and valid.

0

—a— Simulated
—e— Measured

Gain(dB)

-40 T T T T T
-90 -60 -30 0 30 60 90

Theta(deg.)

Fig. 8. The gain of the RRA at 4.2GHz.

0

—a— Simulated
—e— Measured

Gain(dB)

Theta(deg.)

Fig. 9. The gain of the RRA at 6.5GHz.

20

= = Simumlated
=~ —— Measured

184

Gain(dB)

-
~
"

=
N
1

10 T T T T T T
4.0 41 4.2 4.3 4.4 45

Frequency(GHz)

Fig. 10. The gain when at perpendicular polarization

mode and (0.,¢,) = (20°,270°).

204 - - - - = Simulated
.7 S . Measured
184
o
T 16
c
‘©
o

10 T T T T T T
6.3 6.4 6.5 6.6 6.7 6.8 6.9

Frequency(GHz)

Fig. 11. The gain when at perpendicular polarization
mode and (6., ¢,) = (20°,270°).

V. CONCLUSION

A dual-band and dual-polarized electrically tunable
RRA is thoroughly investigated in our work. At dual-
band, 4.2GHz and 6.5GHz, the polarization mode is
also different. The dual-band and dual-polarized RRA
is designed by utilizing the novel element to achieve
continuous beam-scanning feature. In Sec. 1V, the dual-
band and dual-polarized RRA is fabricated. The simulated
results and measured results are in good consistence to
testify the good properties of the proposed antenna. The
multifunctional RRA, which has notable potentials in
offering interesting functionalities, may be given special
attention in the radar and communication system to
reduce the amount of antennas and the decrease of the
complexity of the system.
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Abstract — A miniaturized circularly polarized microstrip

antenna array with sequential-phase (SP) feed is presented.

Attributed to the slotted metal walls surrounding the SP
feed and the internally slotted patch array with parasitic
rectangular patches, the key performance indicators of
antennas are greatly improved, such as gain and
impedance bandwidth. The numerical results of designed
antenna simulated by ANSYS HFSS show that the
impedance bandwidth is about 11.89% (5.41-6.09GHz)
for the S, =—10dB matching criterion, the 3-dB Axial

Ratio (AR) bandwidth is about 13.26% (5.64-6.44GHz),
and the peak gain can reach to 11.86 dBi at 6.09GHz.
When the center frequency of proposed antenna is
operated at 5.87GHz, the available bandwidth is 7.71%
(5.64-6.09GHz). Based on this, the AR bandwidth is
about 450MHz.

Index Terms — Antenna array, circular polarization,
microstrip, sequential-phase.

L. INTRODUCTION

With the development of microstrip technology in
the field of modern wireless radio, the performance of
circularly polarized antennas has become increasingly
demanding. In this paper, a circularly polarized microstrip
antenna arrays with enhanced gain has been proposed.
Because of its compact structure, light weight, strong
anti-jamming capability, and easy circuit integration, the
circularly polarized microstrip antenna arrays exhibit
important application prospects in modern radio fields,
especially for electronic countermeasures and wireless
communications.

At present, two common ways are used to constitute
circularly polarized microstrip antenna array: (1)
Uniformly feed each circularly polarized antenna to form
an array [1]; (2) Construct a circularly polarized antenna
array using a continuous phase rotation feed excitation
microstrip antenna [2]. In general, by using two spatially
orthogonal linearly polarized electric field components
with equal amplitude and 90 degree heterogeneity, a
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circularly polarized antenna can be achieved. This
property determines that the antenna structure in the
form of sequential phase rotation can better suppress
cross polarization and extend the antenna bandwidth. On
the other hand, the sequential phase rotation method
can well reduce the coordination of feeders through
reasonable layout improving the performance of the
antenna [3-4]. Therefore, the AR bandwidth of the
circular polarization array antenna can be effectively
improved. At the same time, the gain performance of the
antenna can be increased. Due to the expansibility of the
antenna array, the general research is focus on microstrip
patch antenna array that can generate circular polarized
waves on the sequential phase rotation [5]. Reference [6]
introduces a cross-dipole sub-circular polarized antenna
with a parasitic loop resonator and its array. By using the
sequential phase of the four branches, cross-dipoles can
produce broadband circular polarization performance. In
order to achieve a wider circular polarization bandwidth,
the literature uses a parasitic open-loop resonator.
Attributed to the half-wavelength resonator, the proposed
antenna can achieve a 3-dB AR bandwidth of about 28.6%
(0.75GHz, 2.25-3.0GHz) through the two orthogonal
branches coupling with the resonator. Reference [7]
proposed a circularly polarized microstrip antenna array
with double-layered feed structure. Meanwhile, a thicker
substrate is used to reduce the inherent quality factor,
thereby increasing the bandwidth of the antenna.
Generally speaking, the design of a multi-layer patch can
lead to excessive antenna size and possible shortcomings,
such as distorted patches and inconvenience handling. In
addition, thicker substrates are also prone to increase the
difficulty of antenna coupling. In this case, the article
used a H-type coupling feeder as impedance matching
network to improve antenna coupling. A slotted metal
wall structure around the feed is proposed in Ref. [8]
to improve the antenna’s radiated gain. Reference [9]
proposes a 2x2 antenna array with broadband circular
polarization performance composed of four parasitic
rectangular patches. The feed structure of this antenna is
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consist of circular strips. Then the array elements are
capacitively coupled with the four strips connected to
the feed network. Finally, four parasitic patches are
introduced to improve gain flatness.

In [10-11], a reflector structure is added below the
radiation piece of the circularly polarized antenna to
increase the gain. Compared with other antenna structures
described above, the use of reflector can greatly reduce
the sizes of antenna, that is, the gain can be enhanced by
using a single radiating element. In addition, Ref. [11]
also uses a short-circuit pin structure to optimize the
bandwidth. In[12], a single-feed method is used to excite
the radiation patch, and a phase-shifted network is
used to construct a circularly-polarized antenna array.
According to the chamber mode theory, the microstrip
antenna that is excited by a single feed can produce two
degenerate modes of equal amplitude and perpendicular
to each other. On this basis, the perturbation unit is
introduced by a rectangular chamfering angle to separate
the resonance frequency, forming a circular polarization.
The article uses a SP network as the power splitter to
radiate patch arrays, effectively improving the antenna
gain. However, such a splitter structure greatly reduces
the bandwidth of the antenna, and makes the antenna size
larger. Therefore, the Ref. [13] adds parasitic patches to
optimize the antenna bandwidth, but the sizes of antenna
have not changed much.

Inspired by the above progresses, a circularly
polarized antenna with four radiating patches with
parasitic patch is designed. The antenna is excited by a
probe, and the feed section directly contacts the feed
network. Besides, most of the feed network is isolated
from the patch. Ultimately, it minimizes the parasitic
radiation. In the optimization of proposed antenna, the
bandwidth of the antenna can be improved by changing
the structures of the patch. By cross-grooving the
circular radiating patch, not only the current of the
guiding patch is bent, but also the effective length of the
current path is increased, and the resonant frequency is
reduced. In addition, the outer circle is chamfered so that
the array element is capacitively coupled with the four
strips. At the same time, during the optimization process,
it was found that by adding a parasitic patch next to the
radiating patch, the impedance bandwidth of the antenna
can be effectively increased. Finally, the available
bandwidth of 450MHz can be achieved.

II. ANTENNA DESIGN

The configuration of the antenna array proposed in
this paper is shown in Fig. 1. A 1.75mm thick Rogers
RT/duroid 5880 (tm) dielectric plate (&r= 2.2, loss
tangent = 0.0009) is adopted. The size of the dielectric
board is LxL. A square loop is truncated from an angle
of 1x1 on the inner side of a circle to realize SP rotation.
A slotted metal wall surrounding the feed structure is
introduced to improve the gain characteristics of the
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antenna. The radiating patch of the antenna is a square
structure of L5xL5, and located on the center of the
square diagonal line, and the half diagonal is the radius
R1 on the upper and lower sides of the square. Based on
the simulation optimization, the final dimensions of the
antenna are shown in Table 1.

’ b. Bottom View

Fig. 1. Geometry and dimensions of the proposed antenna
array.

Table 1: Detailed dimensions (unit: mm)

L L1 L2 L3 L4
67 13 9.7 1 6
L5 I 11 12 m
115 10.64 6.3 5.32 0.98
ml m2 w1 W2 hz
0.98 1.38 11.48 13.46 1.3
nl g r R2 Rs
1 0.5 1.2 3 3.3
k k1l k2 n

0.5 0.5 0.5 0.7

II. EXPERIMENTAL RESULTS

Through the strips protruding from the SP loop and
the capacitors placed beside them, the antenna array
excites the radiating patch in the form of a single feed
point coupling, and the center cross-shaped slot acts as
a perturbation unit to separate the antenna resonant
frequencies. When the degenerate mode separation unit
is properly selected, for the operating frequency of the
antenna, the equivalent impedance phase of one mode
leads the phase, and the equivalent impedance phase
of the other mode lags behind, resulting in a phase
difference of 90°, thereby forming circular polarization.
According to the cavity mode theory, it is generally
known that an antenna in the form of a rectangular patch
can be understood as a cavity in which all the patches are
open, and the corresponding equation is:

Vz(l)nm + |(2(h1m =0, (D)
W _
o 2



Based on the analysis of rectangular radiating patch,
it is assumed that the rectangular structure of the
microstrip antenna can only excite the working mode of
the primary mode. When it is added to the perturbation
unit As, a pair of characteristic modes can be obtained,

and a pair of characteristic function ¢ can also be

obtained. Corresponding to the wave number k', which
¢ is satisfied:

¢I =Py, + ¢ - 3)
According to the orthogonality of characteristic
function, the separation unit of ¢ is a pair of modes

whose polarization directions are perpendicular to each
other and have the same amplitude. CP radiation is
obtained when the phase between the two modes is +
90°. As shown in the Figs. 2 and 3, it can be found that
the AR bandwidth varies greatly by optimizing the
distance g from stripe to patches in the ANSYS HFSS
optimization process. By studying the current distribution,
it is considered that the electric field generated by the
induced current on the parasitic patch is the same as that
on the original radiation patch. Comparing the array with
or without parasitic patches, it was found that the electric
field distribution was affected. Since the added parasitic
patches are not connected to the original feed structure,
two or more modes can be excited, and these modes can
be approached by adjusting the geometric parameters
of the parasitic patches to increase the bandwidth.
Therefore, according to the Figs. 4 and 6, compared with
a single array, the parasitic patch not only affects the
return loss, but also controls the direction of antenna
radiation. Figure 5 shows that the AR bandwidth of the
antenna is improved when the antenna is attached with
metal wall and parasitic patch. It is found that the
influence of metal wall on heat sink varies with the
thickness and position of metal wall.

(a) With Metal Wall (b) With Parastic Patch

(c) Proposed

Fig. 2. Stages of antenna development: (a) with metal
wall, (b) with parasitic patch, and (c) proposed antenna.
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Fig. 6. Simulated gains of the 2x2 array.

According to the Fig. 6, it can be found that the gain
of lower frequency band is significantly reduced without
metal walls and parasitic patches. In order to analyze
the influence of parasitic patch and metal wall on the
gain and the impedance bandwidth, the electric field
distribution of different antennas at 5.87GHz are shown
in Fig. 7. Compared with the un-added metal wall, the
placement of metal wall contributes to the quasi-traveling
wave propagation, thereby achieving impedance matching
of the antenna and increasing the antenna bandwidth.
Figures 8 and 9 show the the current vector direction of
different antennas at 5.87GHz. The induced current on
the rectangular parasitic patch contributes to the original
patch coupling energy, and the direction of electric field
vector excited on the parasitic patch is the same as
that of original patch. Therefore, the antenna gain is
improved due to the disturbing effect of parasitic patch
on the surface current of original patch. Meanwhile, by
analyzing the electric field distribution of different phases,
the electric field component is rotated counterclockwise
to achieve a right circular polarization (RHCP) wave in
the +z direction. The electric field distribution was found
to be slightly affected by comparing the presence or
absence of parasitic patches of the array elements.
Therefore, the application of parasitic patches not only
improves the gain of low frequency band, but also
maintains the performance of the CP. Figure 10 shows
the effect of parasitic patches and metal walls on the
performance of antenna array at 5.87GHz. It can be seen
that after the addition of the metal wall, the 3 dB beam-
width is significantly narrowed in the xoz plane. The
peak gain of antennas with or without metal walls are
10.5 and 9.5 dBi, respectively. Moreover, the gain
difference is more obvious in the low frequency band.

ACES JOURNAL, Vol. 34, No. 3, March 2019

e
E

(a) With Metal Wall

’

(b) With Parasitic Patch (c) Proposed

Fig. 7. Simulated vector electric field distributions at 0°,
5.87GHz: (a) with metal wall, (b) with parasitic patch,
and (c) proposed.

180° 270°

Fig. 8. Simulated current distributions at 5.87GHz.

(a) With Metal Wall (b) With Parasitic Patch

Fig. 9. Simulated current distributions at 0°, 5.87GHz:
(a) with metal wall and (b) with parasitic patch.
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Fig. 10. Pattern comparisons of the proposed antenna at
5.87GHz (xoz-plane).

The normalized far field radiation pattern is shown
in Fig. 11. Good RHCP radiation can be observed.
Besides, in the CP band, the 3dB beam-width measured
on the xoz plane is 54.2° (5.65GHz), 50.3° (5.87GHz),
and 40.2° (6.09GHz). The performance of beam-width is
desirable for radar and wireless communication systems.
Table 2 shows the performance of the proposed antenna
compared with that of the references. The results show
that the proposed antenna has relatively small size and
high gain.

150

0
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Fig. 11. Simulated and measured normalized radiation
patterns in different planes: (a) 5.65 and (b) 5.87GHz.

Table 2: The comparison on the performance of the
proposed CP antenna with other works

CP Center|10dB Return| 3-dB Gain | Dimension
Ref.|Frequency| Loss BW | ARBW (dBic) (mmxmmxmm)
(GHz) (GHz/%) |(GHz/%)

[8]| 4.99 0.3/6 0.29/5.8 | 10.05 | 100x100x3.5
[11]| 5.50 1.03/18 [0.7/12.5| 12 75%x75%1.5
Pro.| 5.87 0.68/11.9 |0.8/13.3| 11.86 | 67x67x1.75

IV. CONCLUSION

This paper presents a compact circular polarized
antenna array. According to the simulation results of
ANSYS HFSS, the antenna can obtain flat antenna gain
in the effective bandwidth of 450MHz (5.64-6.09GHz)
with small size. Moreover, at the CP center frequency of
5.87GHz, the antenna gain is 10.04dBi. This designed
antenna has the characteristics of small size, flat gain,
wide impedance and AR bandwidth, which can satisfy
the requirements of current miniaturized development of
military and civilian circular polarized antenna arrays.
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Abstract — Dual-band antenna is an enabling component
for wireless local area network (WLAN) communication
systems. One of the challenges for improving the
communication quality in dual-band multiple-input
multiple-output (MIMO) system is to develop low
coupling MIMO antenna array with compact size. In
this paper, an isolation enhanced two-element MIMO
antenna array with dual-frequency decoupling structure
is proposed for operating at the upper and lower WLAN
bands. The proposed dual-frequency decoupling structure
is realized by an array of two columns of metamaterial
structures with unique electromagnetic resonance
characteristic. The property of the designed metamaterial
array is analyzed and integrated between the elements of
a two-element patch antenna array to reduce the mutual
coupling. The performance of the dual-frequency patch
antenna array is verified by the simulation and
measurement, respectively. The experimental results
show that the proposed dual-frequency MIMO antenna
array has an isolation enhancement about 15dB at
2.4GHz and 9dB at 5.25GHz, respectively. Moreover,
the proposed dual-band MIMO antenna has a smaller
size and good directional radiation patterns, making it
promising for WLAN applications.

Index Terms — Dual-band, MIMO, mutual decoupling,
WLAN.

I. INTRODUCTION
With the development of wireless communication
technologies, the antenna design carts an increasing

Submitted On: November 22, 2018
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demand since it is required to transmit and receive the
electromagnetic signals [1]. In order to improve the
communication quality, multiple-input multiple-output
(MIMOQ) technique has been applied for wireless
communications and it is also considered as a technique
for construct massive MIMO system in next generation
communication systems [2]. Furthermore, the wireless
local area network (WLAN) has been used for a long
time, which needs to operate at dual frequency mode to
incorporate 802.11 a/b/g/n/ac/ax standards. The antennas
mentioned in [1-2] is printed on low cost substrate to
utilize the characteristics like light weight, small volume
and easy fabrication.

As for MIMO WLAN communication system, the
design of the dual-band MIMO antenna has been applied
to practical applications. So far, many methods have
been exploited to design MIMO multi-band antennas
that contain the WLAN band [3-11]. For the small dual-
band antenna designs, the most mature technologies
to obtain multi-band characteristics includes exciting
multiple-mode [12-14] and engraving a groove on the
micros-trip patch[15-16], using multilayer structure or
multi-stubs to form resonators and use multiple patches
technology [17-20].

For the small dual-band antenna designs, the most
mature technologies to obtain multi-band characteristics
includes exciting multiple-mode and engraving a groove
on the micros-trip patch [15-16], using multilayer
structure and multiple patches technology [17-19]. The
dual-mode excitation technology may have two narrow
operating bands for WLAN communication, but it has
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advantages to provide multiple bands without changing
the structure of the patch antenna and the radiation
patterns.

On the other hand, the channel capacity and the
throughput of the MIMO communication system might
be reduced when the received signals at multiple receiving
antennas are correlated [2]. Therefore, the mutual coupling
(MC) from the adjacent antenna elements in the MIMO
antenna array may degrade the efficiency, correlation
and eventually deteriorate the communication quality
of the entire MIMO system [20-21]. Some of the
researchers paid much efforts to optimize the precoding
strategies on both the receiver and transmitter sides to
reduce the MC to design a compact large-scale MIMO
system [22-23]. Recently, the compact device will limit
the size of the components, which makes the MIMO
antenna array smaller and smaller. Thus, the MC issue in
the compact MIMO antenna array is an inevitable factor
that seriously affects the MIMO antenna performance in
small terminals. How to reduce the MC in the MIMO
array becomes to be a hot topic which attracts more and
more attention in recent years [20-23]. Especially for
the compact dual-band MIMO antenna array that is
used for dual-band WLAN communication and the MC
problem becomes a key issue that should be resolved
simultaneously at the lower and upper WLAN bands.

In general, the MC is serious when the antenna
elements are placed less than half-wavelength, which
will deteriorate the radiating performance and reduce
the channel capacity. Thus, it is very useful to design
decoupling structure to reduce the MC between the
antenna elements [24]. Currently, many amazing mutual
decoupling structures such as decoupling network,
defected ground structure (DGS), electromagnetic band
gap (EBG) and metamaterial are used in MIMO antenna
array [25-38]. For the decoupling network, the typical
decoupling structure is to use a stub in the ground plane
of a MIMO antenna array, such as the T-shaped stub
[25-27], which will affect the radiation patterns of the
antenna array. Recently, an improved decoupling network
has been proposed in [28]. It demonstrated that the
coupled decoupling structure can reduce the MC over two
bands, which is still realized based on stub technologies.
Also, the periodic DGS has been developed to improve
the isolation in the MIMO antenna array [29-31].
However, the DGS destroys the integrity of the ground
plane, which may leak electromagnetic wave and affect
the radiation patterns. Another effective method to
enhance the isolation of antenna array is to use the EBG
structure in antenna array [32-36]. Unlike the previous
decoupling technologies, the EBG structure has been
introduced into the middle of the antenna elements, and
it can prohibit the microwave propagation between
antenna elements because of its high impendence
property. The resonance of the EBG is caused by the
inductance of the EBG cell structure itself and the
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capacitance between the EBG units.

In the past decades, the metamaterial decoupling
techniques have attracted more attention because of its
unique property, and it can perform high impendence,
negative permittivity and negative permeability, negative
refractive index. Moreover, the metamaterial decoupling
has some advantages such as small size, easy fabrication.
The resonance of the metamaterial is caused by the
capacitance and inductance of the metamaterial cell
itself. Therefore, although the structure of the EBG and
metamaterial is similar, the basic resonance principle is
different. For the decoupling network, DGS, EBGs, they
are not easy to obtain a dual-band property because they
need to redesign the entire structures. But, it is easy to
achieve a dual-band negative permittivity by integrating
two conventional SRRs into the same metamaterial
structure, and the designed dual-band meta-material has
been used for reducing the MC between the MIMO
antenna elements by adjusting the dimensions of the two
SRRs. [37-39]. However, these MIMO antennas only
have one band by using the metamaterial decoupling
structure. Currently, the dual-band antenna array becomes
more and more useful because of its potential applications
in modern wireless communication systems. Thus, how
to reduce the MC between the dual-band antenna array
elements becomes an urgent issue.

Based on the advantages of the planar metamaterial,
a high isolation dual-band MIMO antenna array is
proposed by using dual-frequency metamaterial structure
operating at WLAN bands. Compared to existing
technologies, our proposed method has the following
unique features:

(1) The designed MIMO antenna array with high
isolation covers the lower and upper WLAN bands.

(2) Dual-frequency metamaterial is used to reduce
the MC of the dual-band WLAN MIMO antenna array.

(3) The designed planar dual-band metamaterial
can be independently adjusted to achieve a good match
with the desired dual-band MIMO antenna array without
affecting the performance of the MIMO array.

1. DESIGN OF THE PROPOSED DUAL-
BAND WLAN MIMO ARRAY

A. Dual-band microstrip antenna

According to the rectangular microstrip antenna
theory and the multiple mode excitation scheme, a dual-
band microstrip antenna is developed with only one
feeding, which is shown in Fig. 1. The proposed antenna
has a simple rectangle patch printed on a FR4 substrate
with a relative permittivity of 4.4 and a loss tangent of
0.02, and there is a ground plane set at the bottom of the
FR4. Then, a coaxial probe feeding is used to excite the
two modes. The longer side excites the TM1o mode to
generate the lower frequency, while the short side excites
the TMo1 mode to give the upper band.



grond patch
Fig. 1. The mechanism of dual-band patch antenna.

B. Principle of dual-band metamaterial

The schematic of a metamaterial comes from the
resonance of the inductance in metal patch and the
capacitance in the split ring resonator (SRR). For
metamaterial structure, the resonance is caused by the
inductance and capacitance of the SRR structure, while
the dual-band metamaterial proposed in this paper
is realized by the inductance and the two different
capacitances. When two different SRRs are connected
by a metal strip and placed on the same substrate, the
inductance significantly increases while the capacitance
does not change. Thus, two resonant frequencies are
obtained. Comparing with the original single-band SRR,
the proposed integrated SRR (ISRR) structure shown in
Fig. 2 (a) has a more complicated design procedure.
However, the ISRR can provide more bands, and the
size is greatly reduced. Additionally, each band can be
independently adjusted to match with the desired resonant
frequency. Based on the theory of the metamaterial, a
metamaterial based on the ISRR is designed and given in
Fig. 2 (b). Figure 2 (c) shows the 3-demesion structure
of the proposed metamaterial cell. Since the ISRR has an
adjustable band, the proposed metamaterial cell can be
flexibly designed to meet the desired resonance band
requirements. To understand the performance of the
proposed metamaterial cell, the perfect H, and perfect
E boundaries, and wave port are used to analyze its
characteristics.

(@ ) ©

Fig. 2. Geometry of DBMC: (a) SRR structure, (b)
proposed metamaterial cell, and (c) the 3-D structure of
the DBMC.
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Figure 3 presents the equivalent circuit of the
proposed dual-band metamaterial cell. The split size
controls the Cy, the overall size of the outer SRR controls
the L, and the R; is the resistance of the outer SRR itself.
C. is the capacitance between the two branches of the
inner SRR. The R, and R3 are the resistances of two
branches of the inner SRR. Correspondingly, the L, and
L3 are the inductance of two branches of the inner SRR.
Figure 4 presents the simulation model of the proposed
dual-band metamaterial cell (DBMC), which is created
in the HFSS. In fact, the gap between the SRRs and the
length of the SRRs control the metamaterial property,
which can be obtained by the numerical analysis. Figure
5 gives the transmission coefficient (S21) and reflection
coefficient (S11) of the DBMC with different parameters.
When b increases from 2mm to 4mm shown in Fig. 5 (a),
the bandwidth of the center frequency of the upper band
is changed while the bandwidth for the lower band
remains same.

Fig. 3. The equivalent circuit of the proposed DBMC.

PMC, ]

»!

Fig. 4. Simulation model of the proposed dual-band
metamaterial cell.

-, {
XpmMe *PEC

Figure 5 (b) presents the effects of various b on the
phase difference of Si1 and Szi. It is found that the
phase at the upper band changes quickly with different
parameter b. Then, the S-parameter method is utilized
to retrieve the dielectric constant of designed DBMC,
and the results are described in Fig. 5 (c). The negative
permeability characteristics of the upper band move to
higher frequency with the increment of parameter b.
Then, the parameter e that gives important effects on the
performance of the proposed DBMC is investigated in
detail. Figure 6 (a) illustrates magnitude difference of
Si1 and Sy with different length e ranging from 2mm
to 4mm of the ISRR. The frequency of the lower band
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becomes to be smaller with an increasing e due to
the coupling between the modified SRRs. The phase
difference for different e is given in Fig. 6 (b). It is
observed that the phase for both the upper band and
lower band changes so fast with different parameter e.
Then, the S-parameter method is considered to retrieve
the dielectric constant of designed DBMC, and the results
are presented in Fig. 6 (c). The negative permeability
characteristics of the lower band shifts very quickly with
various e.
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Fig. 5. Performance of the proposed DBMC with different
b dual-band MIMO antenna array elements.
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Fig. 6. Performance of the proposed DBMC with different
e.

From the above discussions of the proposed DBMC,
it is observed that the gap between the SRRs and the
length of the SRRs decide the magnitude and phase
of the transmission coefficient (S,;) and reflection
coefficient (Si11) over the upper and lower operating
bands of the DBMC. Then the upper and lower negative
permeability bands of the proposed DBMC can be
extracted from the magnitude and the phase of the Si;
and Sz. Thus, the decoupling DBMC array composed of
two columns of DBMC cells performs high impendence
at the upper and lower negative permeability bands,
which can be used to prohibit the propagation of the



electromagnetic wave between the dual-band MIMO
antenna array elements. The upper permeability band can
be properly also be properly adjusted, which make the
negative permeability bands of the DBMC array match
well with the dual-band MIMO antenna array.

I1l. DUAL-BAND DECOUPLING MIMO
ANTENNA ARRAY BASED ON PERIODIC
DBMCs

In this paper, the designed DBMC is used and
periodically installed in the middle of the two antenna
elements. The original dual-band MIMO antenna array
is shown in Fig. 7. The MIMO array consists of two
microstrip patch antennas and a common ground plane,
which is printed on a FR4 substrate with a relative
permittivity of 4.4 and a loss tangent of 0.02. For the
rectangle-patch-antenna, dual modes are excited based
on the mechanism in the Section 2 to obtain two resonance
frequencies. By properly selecting the position of the
feeding, TM1o and TMo1 modes are excited. However,
the dual-band rectangle-patch-antenna array has strong
MC due to the propagation of surface waves between
antenna array elements since the antenna elements are
very close. The metamaterial cell has already been
investigated to suppress surface waves owing to its high
impendence characteristic in the negative permeability
band [37]. Then, the proposed DBMC also has the ability
to inhibit the surface waves in lower and upper negative
permeability bands. The mutual decoupling can be
realized by integrating the dual-band MIMO antenna
array and the designed DBMC on a same substrate when
the operating bands of the dual-band antenna array are
same with the negative permeability bands of the DBMC.
A decoupling array structure consists of two columns
of DBMCs, which are symmetrically placed along the
X-axis and Y-axis. Then, the designed decoupling array
structure is set between the two patch antennas to relieve
the MC. By using the proposed DBMC decoupling
array structure (DBMC-DAS), a MIMO array with high
isolation is achieved, whose geometry is shown in Fig. 8.

Then, the proposed MIMO array with DBMC-DAS
is well optimized by the HFSS, and the finalized
dimensions of the MIMO array are shown in Table 1.

L(]

Fig. 7. Reference MIMO array.
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Fig. 8. Proposed MIMO array with DBMC-DAS.

Table 1: Parameters of the dual-band MIMO antenna

array with high isolation (Unit: mm)

Parameters | h | Wy | ee ff | b|g|L|Li
Values 1.6 52 [4.012| 3.5 (2.5|/0.2| 60 | 30

Parameters | ¢ t t a |c|s|d|W
Values 4 |14 6 |5.62/03]0.1(3.5|12

The optimized dual-band MIMO antenna array with
proposed DBMC-DAS is fabricated, and the photograph
of the fabricated MIMO array is shown in Fig. 9. Then,
the fabricated MIMO antenna is measured by using
Agilent N9923A in a chamber. The Si; and Sy of the
MIMO array are compared in Fig. 10 for measurement
and simulations. We can see that the MIMO antenna has
two operating bands at the lower and upper WLAN
frequencies. Additionally, the measured Si; meets the
simulation one. The difference between the measurement
and the simulation is attributed to the fabrication
tolerance, the stability of the FR4 substrate and the
soldering. From the coupling presented by the S, it is
found that the MC between the two patch antennas is
reduced by the DBMC-DAS at the expected operating
bands, and its MC is reduced by 15dB and 9dB for the
lower and upper operating bands, respectively. Thus,
the DBMC-DAS can effectively improve the isolation
between the two antenna elements. To better understand
the MC reduction principle of the proposed MIMO array
behind the S-parameter, the current distributions and
radiation patterns are analyzed based on the HFSS,
and its performance is presented in Figs. 11 and 12
respectively. From the surface current distributions of
the MIMO array, we observed that the strong current
distributed on both the patch antenna elements for the
MIMO antenna without DBMC-DAS. In a word, there
is MC effect between the two antenna elements. When
the DBMC-DAS is inserted into the middle of the two
antenna elements, the surface current on the adjacent
patch antenna element is very small while the current on
the DBMC-DAS is very strong. It is evident that the
DBMC-DAS decoupling structure significantly interacts
with the surface currents to block them from affecting
adjacent radiation elements in the MIMO antenna array.
Thus, the surface current from one antenna to another
antenna is blocked by the DBMC-DAS, and hence, the
isolation between the MIMO antenna elements are
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improved.

Then, the radiation patterns of the MIMO antenna
array are obtained in a chamber, which are shown in Fig.
12. We can see that the proposed MIMO antenna has a
good radiation patterns at both 2.4GHz and 5.25GHz,
which is useful for small station applications. The gains
of the MIMO antenna array at the two band are 2dBi and
4.6dBi, respectively.

tiend
(b) Side view

(a) Top view

Fig. 9. Photograph of the fabricated dual-band MIMO
array.
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Fig. 10. S-parameter of the proposed MIMO array with
DBMC-DAS.

Fig. 11. Surface current distribution of the MIMO antenna:
(a) 2.4GHz w/o DBMC-DAS, (b) 5.25GHz w/o DBMC-
DAS, (c) 2.4GHz with DBMC-DAS, and (d) 5.25GHz
with DBMC-DAS.
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Fig. 12. Radiation patterns of the MIMO antenna array.

In order to show the priority of the high isolation
dual-band antenna array in this paper, a comparison with
the recent designs [40-44] is listed in Table 2. From the
Table 2, it is found that the overall size of this high
isolation antenna array is almost the smallest one, and its
bandwidth covers the WLAN.

Table 2: Comparisons of proposed antennas with previous
works

10-dB|10-dB| | - tion Isolation .

Refs. BW BW Enhancement |Enhancement To@al Size
(Low | (High at f,(dB) at f, (dB) (o in GHz)
Band) |Band) ! h

[40] | NA | NA 15.14 16.26 1.14X3.4%0.68\3.4

[41] | 7.4% | 5.7% 6 6 1.261,7%0.63\2.7

[28] [4.2%|3.8% 12 20 0.88%2.,%0.44)57

[42] 9.5% |12.2% 20 8 123}\.1795x042)\.1795

[43] | 1.7% |0.75% 10.8 15.6 0.41A35%0.41)35

VTVZI';( 42%|23%| 155 9 0.48455%0.41)s5

IV. CONCLUSION

In this paper, a dual-band MIMO array with dual-
frequency metamaterial decoupling structure is proposed
and its performance is analyzed and discussed in
detail. The DBMC-DAS consists of 6x2 dual-frequency
metamaterial decoupling cells that are set in the middle
of the two patch antenna elements. The proposed MIMO
array with DBMC-DAS has been optimized, fabricated
and measured. The results showed that the MC has been
reduced by 15dB and 9dB for the lower and upper
operating bands while the radiation patterns and the
bandwidth of the MIMO array remain the same as that of
the MIMO array without the DBMC-DAS. The proposed
high isolation MIMO array with compact size can
effectively reduce the mutual coupling without sacrificing



the radiation patterns. The advantage of the proposed
technique is its simplicity and it can be easily retrofitted
to existing antenna arrays quickly and at low cost.
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Abstract — A MIMO antenna array with high isolation
and gain enhancement operating at 5.7 GHz is proposed
by using a metamaterial and neutralization line for
wireless local area network (WLAN) communication
system. A suspended meta-surface consisted of periodic
metamaterial cells is installed on the top of the MIMO
antenna array to realize a gain enhancement, while the
low correlation is implemented by using the neutralization
line decoupling structure which is adopted on the feeding
lines. The proposed MIMO array is modeled in the
HFSS, and it is well analyzed, optimized, fabricated,
and measured to discuss its performance. The obtained
results demonstrate that the proposed MIMO antenna
array can cover the upper WLAN band with a gain
enhancement of 3dB and mutual decoupling of 30dB in
the operating band with an efficiency of 68%.

Index Terms — Gain enhancement, MIMO antenna array,
mutual decoupling, WLAN.

I. INTRODUCTION

The increment of the mobile terminal users has
boosted the development of wireless communication
technologies and systems, including the antennas.
Especially for the next-generation communications which
need multiple-input multiple-output (MIMO) antenna
array to enhance the system performance, the MIMO
antenna array requires not only high gain but also
high isolation to satisfy the great demand of high
communication quality with millions of users.

To improve the communication quality, MIMO
technology is a good candidate to increase throughput
of the system and to reduce the multi-path effects
[1]. Moreover, the terminals of the modern portable
communications become to be smaller and smaller.
Since the space in these terminals are limited, the
distance between the antenna array elements is only
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a fraction of the wavelength in the operating band,
which may cause a strong mutual coupling between these
array elements [2]. The mutual coupling will seriously
degrade the radiation performance of the antenna array.
Additionally, if the MIMO antenna array does not have
a high gain, it will result in a great waste of energy. Thus,
how to improve the gain and the isolation of a MIMO
antenna array has become to be an urgent problem. After
that, many methods have been proposed and investigated
to provide a high isolation since antenna array has been
widely applied in military and industry.

To enhance the gain of the MIMO antenna array,
numerous methods have been reported. The existing
gain enhancement technologies include using reflectors,
slotted metal wall, LTCC with a cavity inside the
substrate, shorting pins, UC-EBG and near-zero refractive
index metamaterial [3-12]. It is pointed out in [3] that
both the gain and the frequency bandwidth of the antenna
array have been improved simultaneously. In [4], the
antenna array with several directors and a truncated
ground plane acting as a reflector has been presented
to maximize the antenna gain. Unlike the structure
described in [4], a gain-enhanced circularly polarized
antenna array is proposed by adding a slotted metal wall
in [5]. In addition, low temperature co-fired ceramic
(LTCC), as a multilayered technology, has been widely
used in planner antenna design [6]. However, the radiation
efficiency is severely reduced when the surface-wave
power is increased in the antenna. Therefore, to
maximize the radiation efficiency and antenna gain, low
permittivity substrate is preferred and used for designing
antenna arrays. But, the substrates with low permittivity
are not currently available in LTCC technology. Thus,
the cavity technology is used to improve the efficiency
in [6-8]. Also, the LTCC technology is used to improve
the antenna performance with low dielectric loss and low
conductor losses while the fabrication cost is high. In [9],
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a gain enhancement for a broadband symmetrical dual-
loop antenna is presented, where a pair of shorting pins
is symmetrically loaded beneath the radiator. Therefore,
surface current crossing the center of the antenna can be
significantly enhanced to improve its radiation directivity
and gain. However, the increment in gain is not very
high. The uniplanar-compact electro-magnetic band-gap
(UC-EBG), referred in [10], is also an effective method
to strengthen the gain of the antenna, where the antenna
uses the periodic UC-EBG wrapped around the patch
or placed under the radiation patch to implement as a
reflector so that more energy is radiated toward a fixed
direction. However, it needs more space to construct
such a large reflector. Recently, the near zero refractive
index metamaterial have been used and installed on the
top of the patch antennas for achieving high gain [11-
12].

On the other hand, the mutual coupling in the
antenna array will also reduce the efficiency and peak
gain. Thus, it is necessary to design a mutual decoupling
structure to suppress the mutual coupling. In the past
decades, many methods have been investigated for
reducing the mutual decoupling between the antenna
elements, and they have been proved to be effective,
including spatial orthogonal current techniques, defected
ground structure (DGS), electromagnetic band-gap
(EBG), metamaterial and mutual decoupling networks
[13-23]. The DGS has been developed to enhance the
isolation between antenna array elements while it may
destroy the integrity of the ground plane that may leak
electromagnetic wave and deteriorate the radiation
patterns [16-17]. Another effective method to reduce
the mutual coupling of antenna array is implemented
by loading the EBG structure between antenna array
elements. The EBG can suppress the propagation of
surface wave between array elements due to its high
impendence property in the antenna operation frequency
band. However, it can only reject the spread of surface
waves rather than spatial waves [18-20]. Unlike EBG
structure that requires shorting pins, metamaterial has
been inserted between the antenna array elements, which
is not suitable for the feed network design in massive
antenna arrays [21-23]. For the mutual decoupling
network referred in [24-25], it was only applied in mutual
decoupling design of two-element antenna arrays.

Recently, the antenna array in base station needs a
higher gain and isolation to serve dozens of mobile
terminal users with more antenna elements over the
upper WLAN work band. The mutual decoupling network
has two features, the first feature is that it can be applied
in mutual decoupling of massive MIMO antenna array
with the feed network together, and the second feature is
that it cannot only suppress the surface wave between
MIMO array elements but also can prohibit the spatial
waves over the patch. The metamaterial superstrate
structure (MSS) has received growing interest because
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of its potential advantages in wireless communication
technology, including the characteristics of easily design
and simply fabrication. An MSS consists of metamaterial
cells which are installed on the top of the antenna array
to form a Fabry-Perot cavity for gain enhancement. In
this paper, a closely installed MIMO antenna array is
considered rather than a standard antenna array. We aim
to reduce the mutual coupling and enhance the gain
in comparison with the MIMO array without the
decoupling structure and MSS loading. In the design, the
distance between the array elements is 2mm and the
edge-to-edge distance between the two arrays is 5mm.
According to the advantages of the MSS and mutual
decoupling network, a high isolation MIMO antenna
array with gain enhancement is proposed by using MSS
and mutual decoupling network operating at upper
WLAN band. Comparing with the existing technology of
MIMO antenna array, the MIMO antenna array proposed
in this paper has the following unique features:

(1) The reported MIMO antenna array has a high
gain and high isolation simultaneously.

(2) The mutual decoupling network can be adjusted
to match with the original MIMO antenna array for
effectively reducing the coupling at the operating band.

(3) The feed network and radiating patch are
respectively located on both sides of the ground plane.

1. DESIGN OF THE PROPOSED MIMO
ARRAY

A. Design of the MSS
The metamaterial is a favorable candidate for gain
enhancement by properly adjusting its parameters, and it
is also an artistic work to design a MSS which has a near
zero refractive index property at the working frequency
of four-element MIMO antenna array. The schematic of
an MSS comes from the resonance of the inductance in
the metal patch and the capacitance from the slots, which
is shown in Fig. 1. Figure 1 (a) is the simulation model
of the proposed MSS cell that is modified from a
traditional split resonant ring (SRR). The boundaries are
set to be PMC and PEC walls. The equivalent circuit of
the design MSS cell is shown in Fig. 1 (a) at same time
to illustrate the working mechanism of the metamaterial.
To get the characteristics of the proposed MSS cell, the
permittivity and permeability of the MSS are calculated
and the results are shown in Fig. 1 (b). According to the
metamaterial theory, Fabry-Perot cavity theory and the
conventional cavity resonance condition, the dimensions
of the metamaterial can be obtained. The conventional
resonance cavity condition can be expressed as follow:
HARLE, = (s + ) N2, (1)
where ¢, is the reflected wave phase of the MSS, ¢, is
the reflected wave phase of the metal ground plane. H is
the distance between ground metal and the upper surface
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of the coating metamaterial. The “N” is any integer value.
When the parameter H is properly adjusted, a resonance
cavity will be formed, where the electromagnetic waves
will be reflected multiple times between metal ground
plane and MSS. If the designed antenna meets the
conventional resonance cavity condition, the reflected
waves will pass through the MSS loading with same
phase, which can strengthen the directionality of the
MIMO antenna array, and the gain will be improved. The
parameter has an important effect on the performance
of the proposed MSS, and the reflected phase of the
metamaterial cell with different al is shown in detail in
Fig. 1 (c). It is observed that the phase of the operating
frequency shifts to lower frequency as the parameter al
increases from 3.5mm to 5.5mm.

B. High gain four —element antenna array design

The configuration of the proposed four-element
MIMO antenna array without MSS is well designed and
described in Fig. 2 (a). Aiming to compact the size and
reduce the weight of the array, the proposed antenna
array is realized based on the light weight and low profile
microstrip antenna. The proposed antenna array has four
microstrip patch antennas printed on the top of the FR4
substrate with a relative permittivity of 4.4 and a loss
tangent of 0.02. A metal ground plane is placed on the
bottom of the substrate. Because the distance of the
inner-element is a small fraction of the wavelength,
therefore, there is no enough space to locate a feed
network. In this design, the feeding network is loaded on
the bottom of the second substrate that is placed under
the metal ground plane. The ground plane can reduce the
interaction between feed network and antenna array. The
antenna array and feed network are connected by metal
probes to excite the antenna elements, which have some
small holes on the metal ground plane. There is no gap
between two substrates. It is to say that the MIMO
antenna elements are designed on the top of the first
substrate and the feeding network is printed on the
bottom of the second substrate, while a common plane
between the two substrates. The simulated S-parameters
and radiation patterns of the original MIMO antenna array
are described in Fig. 2 (b) and Fig. 2 (c), respectively. It
can be found that the original MIMO antenna array has
good impedance bandwidth ranging from 5.4-5.96 GHz,
but the correlation coefficient between antenna array
elements is high which might deteriorate the performance
of the MIMO array. In this case, the gain of the antenna
array is 5.3 dBi.

In previous engineering design of antenna array, the
distance between the antenna array elements is half of
the wavelength in substrate. But, when the four-element
transmitting and receiving antenna are placed on the
same substrate, the size of the antenna array is too large
that cannot be easily integrated into a space-limited
communication system. Therefore, it is an effective way

to design an antenna array that can be integrated with
mobile terminal by reducing the distance between antenna
array elements. Comparing with the normal antenna
array, the gain of compact array antenna maybe seriously
deteriorated, and therefore, the gain enhancement
operation should be developed to improve the radiation
characteristics of the antenna array.
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Fig. 1. (a) The electromagnetic simulation model of
metamaterial cell, (b) the permittivity and permeability
of the proposed metamaterial cell, and (c) the simulated
phase of S11 of the metamaterial with different al.

To further enhance the gain, a four-element
microstrip MIMO antenna array with a cover layer
consists of the MSS is proposed and is shown in Fig. 3
(). The metamaterial is comprised of only one layer,
which has 13 by 9 MSS cells, and it is illustrated in Fig.
3 (a). In this design, the metamaterial is printed on the
FR4 substrate. The cover layer is fixed above the antenna
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array by using four plastic bolts at each corner. The
distance from patch antenna array to the bottom surface
of the cover layer is h2=30mm, which is large enough so
that the near-field interaction is not obvious between the
radiation of the antenna array and MSS. Therefore, the
performance of the MIMO antenna array is basically
unaffected by the cover layer that is comprised of MSS
cells. The finalized model of the four-element MIMO
antenna array with metamaterial cover layer is shown in
Fig. 3 (b), and its physical dimensions are listed in Table
1. Since a portion of the electromagnetic waves radiate
into space from the MSS, the remaining energy is
reflected to the other antenna elements owing to the
loading, which results in a space mutual coupling
between transmitting antenna and receiving antenna.
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Fig. 2. (a) The configuration of the original four-element
MIMO antenna, (b) simulated S-parameters, and (c)
simulated radiation pattern.
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C. High isolation antenna array with gain
enhancement

In this paper, the gain of the proposed MIMO
antenna array is enhanced by using loaded MSS, which
might give some effects on its mutual coupling. To
reduce the mutual decoupling in the designed MIMO
antenna array, a mutual coupling network is utilized to
implement the isolation enhancement. Fig. 4 (a) gives
schematic of MIMO antenna array with the proposed
mutual decoupling network. Figure 4 (b) shows the
structure of the designed mutual decoupling network.
From Fig. 4 (b), it is found that the mutual decoupling
network is composed of two stage transmission line with
electric length of 0, characteristic impendence of Z,, and
a parallel reactance component with a value of jB. The
decoupling mechanism is concluded as follows. By
connecting the transmission lines with parallel reactance
component, a partial input signal from Port 1 can be
indirectly coupled to Port 2, which is named as indirect
coupling hereafter. The magnitude of the indirect coupling
can be controlled to reduce the mutual coupling caused
by space waves and surface waves.

Antenna array

Ground

Portl Mutual decoupling Port2
network

(b)

Fig. 3. (a) The configurable of the proposed four-element
MIMO antenna with MSS loading, and (b) radiation
model of the proposed four-element MIMO antenna with
MSS loading.

Table 1: Parameters of the MIMO antenna array with
metamaterial coating

Parameter | L1 | L2 [L3 | gl | W1 | W2 | W3 | A
Value (mm)| 79 | 9 |17 [0.3] 55 [10.7[15.8] 6
Parameter | g2 | t | d | g | H | hl | ¢ | al
Value (mm)|{0.3]0.2] 5 | 2 [34.8] 1.6 | 0.3 |4.55
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Next, to better understand the effects of parameters
0, Z,, jB , and to optimize the performance of the design,
parameters studies are carried out to give a good
performance by totally considering the MIMO antenna
array and mutual decoupling network. A symmetrical
antenna array without decoupling network s
characterized by a scattering matrix [S4], which can be

expressed as:
0 ek
SA | = ) . 2
[0 oo 0] @

The parameters o and ¢ are the amplitude and phase of
the mutual coupling between the MIMO antenna array,
respectively. We utilize the transmission lines with a
characteristic impedance of Z, at the two ports of the
MIMO antenna array, resulting in a phase delay of 26
to the coupling coefficient. Therefore, the modified
scattering matrix [SAl] can be obtained, and it can be
transformed into an admittance matrix of [YAl]. In this

paper, the matrix of [SAl] is expressed as:

0 aei(v’ 20)
A
[S :|_|:aei(w29) 0 } ©)

The transmission lines not only act as delay lines
between the MIMO antenna array elements and parallel
reactance component, but also it can transform the
complex admittance matrix of the mutual coupling into
a pure imaginary admittance matrix that can be canceled
by the parallel reactance component. [Y®] is the scattering
parameter of the two-port network consisting of the
parallel reactive components, which can be expressed as:

jB —jB
[Yb]:{ e } (4)
-jB B
Thus, the admittance matrix after adding the parallel
reactance component is:

[YB]{YN}[W], (5)

20010
Yo=Yy =YO(W)_ iB, (6)
1+a%e?0 )
Ya =Y =Y, (WH iB, (7
1
Y =—. 8
7 ®)

0

According to the conversion relationship between
Y-parameter and S-parameter, the S-parameter after
adding the parallel reactance element can be obtained:

-vBy
SB — 210 ’ (9)
A N (A S\ &
B _ Yo2 — 2Y1? _ (Yzli)2 (10)

TR A S

To obtain the isolation enhancement after loading

the mutual decoupling network, the parameter of S5,
must be 0, which means that the YZ, should be set as 0.

Hence, a relationship can be obtained as follows:

:%(goi%), (11)
2
B:il+‘;‘!2 Y,. (12)

In addition, the L-shaped branch is utilized to get a
better match. The length and the width of the parallel
reactance component that gives important effects on the
mutual decoupling network are investigated in detail.
Figure 5 (a) gives the S-parameter of the MIMO antenna
array after adding the mutual decoupling with different
length L ranging from 16mm to 20mm.

Antenna Antenna ° °
arrayl  array2

ZOJHT 1B IZQ,@

Match | [ Match
network J) network
Portl Port2

(@) (b)

Fig. 4. (&) The schematic of the proposed mutual
decoupling network in the MIMO antenna array, and (b)
the mutual decoupling network.
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Fig. 5. (a) S-parameters of the MIMO antenna array with
different L. (b) S-parameters of the MIMO antenna array
with different W.
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Figure 5 (b) shows the S-parameter of the MIMO
antenna array after adding the mutual decoupling with
different width W ranging from 0.2mm to 1mm. The
isolation between antenna array elements becomes
higher with an increasing L. And, it also can be seen that
when W is 0.6mm, a higher isolation can be gotten. If W
is getting larger than the 0.6mm, the isolation becomes
worse. Then, the length of the L-shaped branch increasing
from 1mm to 3mm is investigated to reach a good match.
Figure 6 illustrates the effect with different length L1 on
the S-parameter of the MIMO antenna array.

The center frequency of the S11 moves to higher
frequency with an increasing of L1. The optimized
parameters for the mutual decoupling network of the
MIMO antenna array are listed in Table 2.
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Fig. 6. S-parameters of the MIMO antenna array with
different L1.

Table 2: The optimized parameters of the mutual
decoupling network of the MIMO antenna array
Parameters | bl b2 b3 b4 b5 b6
Value (mm) | 7.5 [12.39] 6.39 [ 6.82 | 10 | 5.92
Parameter | C1 | C2 | C3 L A L1
Value (mm) | 2.86 | 4.87 | 1 18 | 0.63 1

I1l. PERFORMANCE OF THE PROPOSED
MIMO ANTENNA ARRAY

In this paper, a high isolation MIMO antenna array
with metamaterial loading and mutual decoupling
network and gain enhancement is proposed and analyzed
by using the HFSS. Herein, a mutual decoupling network
is utilized to cancel the surface waves and space waves
between antenna array elements since the metamaterial
loading might also give some interferences from the
adjacent antenna elements. The designed high isolation
MIMO antenna array with gain enhancement is optimized,
fabricated and measured. The photograph of the fabricated
MIMO array is shown in Fig. 7. The S-parameter,
radiation patterns, surface current distribution, and
vector magnetic, and electric fields in the XOZ-plane are
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presented when one antenna array is excited while
another antenna array is terminated by 50-Ohm.

Fig. 7. The photograph of the fabricated MIMO antenna
array.
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Fig. 8. S-Parameters of the proposed MIMO antenna
array.

First, the S-parameters of the fabricated MIMO
antenna array with loading MSS and mutual decoupling
network are shown in Fig. 8. It can be seen that the
proposed MIMO antenna array operates at 5.42-5.95
GHz covering the 5.8GHz WLAN band. The isolation of
the MIMO antenna array is improved by about 30dB
by using the proposed decoupling network and the MSS
loading. Then the radiation patterns of the MIMO
antenna array are measured in a chamber with NSI
measurement system, which are shown in Fig. 9. From
Fig. 2 (a), we can see that the peak gain of the developed
MIMO antenna array without the MSS loading and the
neutralization line structure is 5.3dB. By using the MSS
and the neutralization line structure, our developed
MIMO antenna array has a gain of 8.3 dB, which is
shown in Fig. 9 (a). Thus, the proposed techniques can
achieve a gain enhancement of 3dB.

To explain the mechanism of the mutual decoupling
and gain enhancement for the space waves, the simulated
vector magnetic field distribution and electric field
contours are investigated and presented in Fig. 10.
Without the mutual decoupling structure, the magnetic-
field vector along the substrate of the MIMO antenna
array propagates to the right direction while the
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magnetic-field vector returned to the left direction of by
using the decoupling network, which can reduce the
mutual coupling. The electric field of the MIMO antenna
array without and with the designed mutual decoupling
are shown in Figs. 10 (c) and (d) respectively. The left
antenna array is excited, while the right antenna array is
induction antenna array. It can be seen that large electric
field energy is radiated to the space without mutual
decoupling, while the electric field energy is concentrated
on the normal direction of the antenna array with the help
of the MSS loading. Compared with the electric field
distribution, there are more energy is radiated in the
target direction, which means that less energy is radiated
to the right antenna array. Therefore, after loading the
MSS, the mutual decoupling, a high isolation and gain
enhancement can be obtained. The radiation efficiency
of the designed high gain and isolation antenna array is
68%.

300 60

90

—a— XOZ plane w/o sup. (dB)

240 —e— YOZ planc w/o sup. (dB) /120
- —a— XOZ plane with sup. (dB) -
—w— YOZ plane with sup. (dB)
210 T =150
180
(@)

(b) 5.5GHz

(c) 5.7GHz

Fig. 9. (a) Simulated radiation patterns of the proposed
antenna array with and without MSS loading. (b), (c)
Measured radiation patterns of the proposed MIMO
antenna array (unit: dB).
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Fig. 10. (a) Simulated vector magnetic field distribution
without mutual decoupling structure. (b) Simulated vector
magnetic field distribution with mutual decoupling
structure. (c) Simulated electric field contours without
mutual decoupling structure. (d) Simulated electric field
contours with mutual decoupling structure.

VI. CONCLUSION

In this paper, a high gain and high isolation MIMO
antenna array has been proposed by using MSS loading
and mutual decoupling structure, and its performance
is analyzed and optimized by the use of both the
simulations and measurements. The MSS loading consists
of 13x9 metamaterial cells that are set above the MIMO
antenna array to enhance the gain of the proposed
antenna. The proposed antenna array has a gain and
isolation enhancement about 3dB and 30dB, respectively,
over the operating band within the upper WLAN
communication band. The design of the MIMO antenna
array with high performance has a great application
prospect in based stations for WLAN communications.
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Abstract — In this paper, a new reweighted l;-norm
and an l,-norm based normalized least mean square
(NLMS) algorithms are developed for sparse adaptive
array beamforming control applications. The proposed
reweighted l;-norm constrained NLMS (RL;-CNLMS)
and l,-norm constrained NLMS (Lp-CNLMS) algorithms
use the l;-norm penalty and l,-norm penalty to the
conventional cost function of constrained normalized
LMS (CLMS) algorithm to control the sparsity of the
antenna array. What’s more, in the derivation process,
the gradient descent principle and Lagrange multiplier
method are adopted to obtain the desired updating
formulations. Computer simulations demonstrate that the
superiority of proposed algorithms compared with other
LMS based beamforming methods.

Index Terms — array beamforming, constrained LMS
algorithm, l;-norm constraint, I,-norm constraint, sparse
adaptive beamforming.

I. INTRODUCTION

Adaptive beamforming has drawn lots of attention
due to its good performance, and it has been widely
developed for wireless communications, radio astronomy,
mobile communications, radar, sonar and other fields [1-
2]. Adaptive beamformer can generate a main lobe in the
interested direction to get a high gain, meanwhile, to
form nulls to attenuate the interferences to obtain better
the signal-to-interference-plus-noise ratio (SINR) [3].

The principle of adaptive beamforming algorithms
is to match the signals of interest (SOI) and adaptively
suppress the interferences by dynamically adjusting the
array weight vectors. The linearly constrained minimum
variance (LCMV) algorithm proposed by Frost [3] is a
famous beamforming method which can realize the
mentioned properties. In [4], under the assumption that
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array elements can be adjusted in real-time, the CLMS
algorithm is developed as a normalized adaptive version
of LCMV which can minimize the output power and
reduce unwanted interferences with the object of keeping
a maximum gain in the desired direction.

However, in some particular applications, especially
in radar application, in order to realize the desired
capacity, large arrays are always indispensable which
attributes to the fact that big arrays are always restricted
by the power supply and computation ability. Existing
beamforming algorithms cannot solve this problem.
Hence, as the development of sparse signal processing
[5-14], and inspired by the Least Absolutely Shrinkage
and Selection Operator [15] and Compressive Sensing
[16], it is well worth to develop sparse adaptive
beamforming algorithms to reduce the ratio of active
elements in the antenna array, i.e., forcing the array
weight vector towards sparsity [17-19].

Sparse signal processing technique can fully take
advantage of the sparse characteristics existing in many
situations, and it should have special advantages in both
performance and convergence. In recent years. sparse
signal processing has been widely studied. A great
number of sparse LMS based algorithms have been
developed for various sparse system identifications
[5-8]. In these algorithms, it is no doubt that the zero-
attracting LMS (ZA-LMS) which employs the l:-norm
penalty is representative. The ZA-LMS algorithm creates
a modified updating formulation with a zero-attractor on
all filter taps so as to force the inactive coefficients to
zero quickly. To further accelerate the convergence speed,
the reweighted ZA-LMS (RZA-LMS) is presented to
take account different zero attractors for different taps.

Motivated by the ideas of sparse signal processing,
ali-norm CNLMS (L;-CNLMS) algorithm and weighted
l;-norm CNLMS (L:-WCNLMS) are proposed in [17].
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Recently, many reweighted l;-norm penalties and |-
norm penalties are proposed and considered in [5-8].
Thus, it is possible to introduce these penalties into the
cost function of the basic CLMS algorithm for obtaining
a new beamformer to get a better performance.

In this paper, we develop a reweighted L;-CNLMS
(RL:-CNLMS) algorithm and an l,-norm based CNLMS
(Lp,-CNLMS) algorithm for sparse adaptive beamforming
control applications. Simulation results demonstrate the
proposed algorithms can get a better beam performance
and use less antenna array elements, while the output
SINR are also better than the existing algorithm in [17].

I1. THE ARRAY PROCESSING MODEL

As is depicted in Fig. 1, a model of a planar antenna
array which is composed of N omnidirectional antenna
elements with a spacing of /2 is considered for discussing
the adaptive beamforming algorithm, where A denotes
the operating frequency wavelength. Assuming that we
have M+1 narrowband signals received by the antenna
array including the SOI and interferences with the
direction of 6s and 6; (i=1,2,...M). Then, receiving signals
during kth snap can be written as:

x(k) =as(k) +a,i(k) +n(k). (1)

In our notation, a, s(k), i(k) and n(k) are the steering
matrix associated with the SOI as well as interferences,
complex signal envelope vector and zero-mean white
Gaussian noise vector, respectively. Note that the SOI,
interferences and the noise are assumed to be statistically
independent.

Interference Interference SOl
Signals /]
_DPu B.01 0.0,

Antennas(N) \V
Input data
k)

&5

Weighted Wik
coefficients

Adaptive
algorithm

QOutput 1
P y(k)

Fig. 1. Adaptive beamforming for planar antenna array.

In this case, one can write the SINR of the
beamformer as:
pw"a

SINR= 2 :
w Rn+iW

)
where p? is the power of SOI, w is the weighted
coefficient vector of the planar array with a dimension of
Nx1 and Rpsi is the interference-plus-noise covariance
matrix which can be written as:
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R,=E {(i)+n()((K) +n(k))" . 3)

with E{-} representing the expectation operator and (- )"
stands for the Hermitian operator.
The output signal y(k) at time index k is given by:

y(k) = w"x(k). (4)

I1l. THE CNLMS ALGORITHMS FOR
BEAMFORMING

A. The CLMS algorithm
The solution to the LCMYV algorithm presented in [1]
is expressed as:

w,, =R'C(C"RC)™f. )

In (5), R is the covariance matrix of the input data. C and
f are the constrained matrix, and the constrained vector,
respectively, of whom the elements are associated to
the SOI and interferences. Compared with the LCMV
solution, the CLMS algorithm can adaptively provide
a high gain for the SOI and effectively attenuate the
interferences, which is to solve:

minEUekH subjectto CMw =f, (6)

where e,=di-w"X is the estimation error and d represents
the expected output signal.

Make use of the Lagrange multiplier method, one
can transform (6) into the following cost function:

L) =E[Je.[ [+75 C"w, =), )
where y1 is the Lagrange multiplier.
On the basis of the gradient descent principle, the
update formulation can be constructed as:
Wi,y =W, -ug, L(K), (8)
where u is the step size and gwL(K) is the gradient vector.
In this paper, we use the instantaneous estimate of
the gradient vector for simply, which can be written as:
9, L(k) =-2e,x, +Cr,. 9)
Using the constraint in (6) and several straight-
forward calculations, we can get the update function:

Wy, =P[W, + uefx, ]+f,, (10)
where
P=1,, -C(C"C)*C", (11)
and
f. =C(C"C)'f. (12)

B. The CNLMS algorithm

Note that the step size, also known as the convergence
factor, is stationary in the CLMS algorithm. Hence, one
can accelerate the convergence process by minimizing
the instantaneous posteriori squared error with respect to
the step size at snap k, which is to calculate [20]:

lle, (k)11 _2fey (k)& ()]

_ _ =0, (13)
Oy Oy
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where
eap(k)zek (1_ﬂkaHPXk)- (14)
Then, we can get:
. B 15
R -

where &>0 is a small constant to prevent overflowing,
and wo is the step size used to implement this algorithm.
At last, we can get its updating equation:

€ X
Wk+1 = P[Wk +lu0 H — ]+f (16)

X PX, +&; ©
C. The proposed new RL1-CNLMS

In this paper, we develop a new RL;-CNLMS
algorithm for adaptive beamforming control application,
which is to mimic:

H _f.
min EDek |2] subject to {C W =T; (17)
W ||thk ||1:t-
where t denotes the constraint factor, and hy is [6]:
[hk]i =;, i=1..,N (18)
Ent Wyl

where &1>0 is a small value similar with & in (15).

Similar to the basic CLMS algorithm, we can get the
modified cost function applying the Lagrange multiplier
method:

Lu(O=E[[e.[ ]+ (Cw, 1)

+7r|1[” thk “1 ],
where y1 and yn1 act as the Lagrange multipliers.
The instantaneous estimation for implementing the
gradient of (19) is:

(19)

gWLrll(k) = _ze:Xk +CYl+7rI1JrI1(k)’ (20)
with
sgn(w
Iz L) 1)
EntlWy, |

where sgn(- ) is an element-wise sign operator whose
definition is:
X
— =0,
sgn(x) =4[ x| (22)
0 elsewhere.

Based on the principle of gradient descent concepts
shown in (8), we can get the final update equation that is
written as:

Wi,y =W, 19, L, (K), (23)
where gwLn1(K) is given in (20).

Now, it turns to solve the Lagrange multipliers.
Under the circumstance that the algorithm has converged,
we have wy«1=Wy, then the constraints in (17) can be
rewritten as:

{c“wh1 =C'w, =f,

(24)
‘]rll(k)wk+1 = ‘]rll(k)wk =|| thk ”1: t.

After substituting (20) into (23), and pre-multiplying
(23) by C" and Jyi1, we can get the expressions for y; and
Pri1:

'Yl = G(Zeixk _7rI1JrI1(k))’
2 2e;s Px (25)
Yen = (_)(t_‘]'r—:l(k)wk)-'-ul
nu n
with
{G =(chc)*c (26)
n=|Ps,l;.

Putting y: and y1 into (23), and considering the
normalizing method in [20], we can derive the final
updating equation for the proposed RL;-CNLMS:

P‘Jrll(k)), (27)
m
where, for simply, we use the notations as below:

q =Jn (K)Px,.,
m= J:l(k)P‘]rll(k)l

Wiy =W, o+ pheV +(2 —Jﬁl(k)Wk X

Pl

Ho |:ek _(t_‘]:l(k)wk)( m :| 28)

ekVHXk +&u
P=1y., -C(C"C)"C",

My =

Vg, B
m

IV. THE Lp-CNLMS ALGORITHM

To further improve the adaptive beamforming
performance of the designed beamformer, we develop
an L,-CNLMS algorithm. Inspired by the fact for the
corresponding sparse constraint, the more it is closer to
lo-norm, the better result we will get. Thus, as we have
known from the field of sparse system identification [6-
9], the I,-norm penalty which can obtain better results
than l;-norm is considered as a new constraint in the
CNLMS algorithm to further improve the estimation
behavior of adaptive beamformers.

The cost function of the L,-CNLMS algorithm with
O<p<1 is presented [6]:

Ly ()=E [ Je. " ]+ (C"w, 1)
+ 7 [l w, ||Ip -t].

One can get the gradient instantaneous estimation
for Lip(k) case, which is expressed as:

(29)

gw L|p (k) = _ZeEXk + C’Yl+}/|p‘]|p (k)’ (30)
where
(I w, )" sgn(w, )
J, (k)= P . . (31)
? glp + I Wk |:l P

Note that the only difference between (20) and (30)
are the Ju1 and Jip terms. In this case, one can easily
obtain the final updating function of the Ly,-CNLMS
algorithm by considering the Jn1 term like the equation
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(26) to obtain:
« H I:)‘]Ip (k)
Wiy =W, eV + (=i, (kK)w, )( ) (32)
where
q=J;, (K)Px,,
m= J,’;'j(k)Ple(k),
PJ, (k)
Ho| & —(t— Jz (K)w, )(#)Xk
My = H ! (33)
CAVAD'S +§,p
P=1,.,-C(C"C)*C",
J, (k
V =P(x, - o )).
m

V. SIMULATION RESULTS

In this section, experiments are set up to evaluate
the effectiveness and improvement of the proposed
algorithms. The SOI and interferences are QPSK signals
from the azimuth of 90°, 22°, 62° 120° and 147°,
respectively, which are received by the 91-elements
hexagonal array (HA). The interference-to-noise ratio
(INR) is 30 dB and the initialized step size for L;i-
WCNLMS, RL;-CNLMS, CNLMS and Lp-CNLMS are
5x107?, 2x103, 5x10° and 5x10*, respectively; while the
constraint factor t is set to 0.8 uniformly. The iteration
times are 1.2x10, while the parameters y and & are 5 and
5x10°3,

Figure 2 illustrates the beam patterns of the proposed
algorithms in comparison with the existing algorithms. It
can be seen from the figure that our proposed algorithms
can form nulls corresponding interferences while generate
nearly identical main lobe in the direction of SOI. What’s
more, the side lobe level (SLL) is lower than the
algorithm developed in [17], but a little higher against
the non-sparse algorithm CNLMS.

Beam pattern

=*=RL1-CNLMS(proposed)
=& LI-WCNLMS[17]
——CNLMS

- 1,-CNLMS(p=0.4)
% --1,-CNLMS(p=0.8)

Gain(dB)

RS

30 60 90 120 150 180
Azimuth
Fig. 2. Beam patterns of the proposed algorithms versus

the CNLMS algorithm and the existing algorithm in [17].
Yellow line stands for the SOI, pink lines are interferences.
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Fig. 3. Sparse arrays thinned by the proposed algorithms
and the algorithm developed in [17]. (a) Lp-CNLMS
algorithm with p=0.8, (b) L,-CNLMS algorithm with p=0.4,
(c) RL1-CNLMS algorithm, and (d) algorithm in [17].

Figure 3 shows the sparse arrays thinned by using
the proposed algorithms and the algorithm in [17]. As the
figure indicates, all the algorithms can achieve sparse
adaptive beamforming successfully. However, it is
clearly that the beam patterns of the proposed algorithms
turn off much more active antennas in comparison with
the algorithm in [17] under the same iteration times.
In addition, the Lp-CNLMS has a better performance
than that of the RL;-CNLMS algorithm since it can
effectively exploit the sparseness of the antenna array.
Thus, our proposed adaptive beamformer can reduce the
power supply via utilizing less antenna elements to get
nearly same performance in the HA beamforming.

40

—#— OPTIMAL(LCMV)
Lr-CNLMS(p=0.4)
30F |—&— L~-CNLMS(p=0.8)
—#— RLI1-CNLMS(proposed)
==¥-—LI-WCNLMSI[17]

OUTPUT SINR (dB)

SNR (dB)

Fig. 4. Output SINR versus the input SNR.
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In terms of the output SINR performance shown in
Fig. 4, the proposed algorithms can obviously obtain a
better SINR results with the same SNR. In addition, the
Lo-CNLMS algorithm is superior to the RL;-CNLMS.
What’s more, if p goes closer to 0, we will get better
SINR performance, but its beam is getting worse. Thus,
it is a trade-off for practical applications. Moreover,
since we aim to develop sparse antenna array, resulting
in an inferior output SINR which should be improved in
the future.

V1. CONCLUSION

In this paper, a RL;-CNLMS algorithm and an
Lr-CNLMS algorithm have been proposed for sparse
adaptive beamforming control applications. The proposed
algorithms can reconstruct the main beam in the
direction of SOl and provide nulls to reduce the
influences from the interferences. Besides, they can
achieve better performance than the existing sparse
beamformer by using much less antenna elements. In
terms of the output SINR, our proposed algorithms also
have a good property. However, they still have some
weaknesses that need for further study, such as the
high SLL. Additionally, in the model, we neglect the
influence of mutual coupling, which may lead to
estimate error and need future investigate either. Also,
we will consider the sparse beam scanning antenna
arrays in the future studies in the MIMO antenna arrays
[21-23].
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Abstract — In this paper, we present a parallel integral
equation solver based on domain decomposition method
for the analysis of airborne array interference problems
affected by jet engine modulation. The solver makes use
of higher-order basis functions for the discretization of
the problem. The paper proposes two main novelties:
firstly, the radiation characteristics of the airborne array
(interfered by multiple rotating blades) are analyzed
using an integrated simulation technology; secondly, the
computation during the analysis of JEM problem is
significantly reduced, for only re-computing the changed
parts of the model. Numerical examples using complex
electrically large structures are presented in order to
demonstrate the flexibility, accuracy, and efficiency of
the proposed integral equation solver.

Index Terms — Airborne antenna array, domain
decomposition method, higher-order MoM, Jet engine
modulation, parallel.

I. INTRODUCTION

Radar is regarded as a powerful tool for detecting
and tracking airborne targets. For a radar system, the
antenna pattern provides input information. However,
due to the nearfield scattering from the platform, the
antenna radiation pattern can be distorted. This distorted
pattern may seriously affect the detection performance
of the radar [1]. For a common carrier platform, an
airplane, there are some rotating parts of it like blades
of turbofan engine and propeller-fan engine [1-3]. These
rotating objects can cause a periodic modulation of
electromagnetic (EM) wave radiated by antenna array,
which is known as jet engine modulation (JEM). Thus,
this effect can result in a miscomputation of radar
prediction.

For a long time, researches about JEM issues are
mainly limited in scattering characteristics [1-4]. For
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more complex EM problem, the radiation patterns of
the antenna affected by JEM effect, it was not until last
decade to be carried out [5]. Usually, the antennas
involved are simpler structures such as a dipole antenna
at lower working frequency, and only one single rotor
can be calculated. Due to the large electrical size of
the whole targets and the complex EM environment,
such electromagnetic compatibility (EMC) problem is
extremely challenging. Scholars generally use high
frequency algorithm like uniform geometrical theory
of diffraction (UTD) [6] and physical optics (PO) to
analyze JEM. However, such method fails to ensure
sufficient accuracy. Using method of moment (MoM) to
study JEM can get accurate results, but MoM usually
requires very large computational resources [7].

It could be an effective way to solve the EM
problems from electrically large structures combining
the method of integral equations (IE) with the domain
decomposition method (DDM). There are also some
studies on IE-DDM [8-11]. However, they are mostly
aimed at solving the scattering problem. Even if the
radiating problem can be analyzed, it is difficult to
analyze large complex issues such as the airborne antenna
array. Let alone the JEM issues of the large airborne
antenna arrays. Among these studies on IE-DDM, it is
worthwhile to mention the work presented by Peng and
Lee [9], which is able to address multi-scale issue with
non-conformal meshes. It is possible to only re-mesh the
changed portion of a target, but the whole problem still
need to be re-computed.

A new solution scheme of integral equations based
on domain decomposition method discretized by higher-
order basis functions, called as HO-IE-DDM, is proposed
in this paper. The advantages of the higher-order basis
functions, which are used to approximate the current
distribution [7,12,13], are that produce fewer unknowns
than lower-order basis functions and increase the scale
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of the problem to be solved. By bringing parallel
computing technique in the HO-IE-DDM, the simulating
capability of the method is further improved. The
proposed parallelization scheme allows all the computer
resources to be used to a single subdomain at a time, the
advantage of which is that the imbalanced workload
caused by the unevenly decomposed subdomains is
reduced, and at the same time the scale of the problem to
be solved is greatly enlarged. Moreover, the proposed
solver provides unprecedented flexibility and convenience
for analysis of JEM issues, since it is possible to only re-
compute the changed part of the aircraft.

The remaining of this paper is organized as follows.
In Section Il, the algorithm of the HO-IE-DDM is
presented. Section Il provides two cases of JEM radiation
problem are analyzed using parallel HO-IE-DDM, and
the numerical examples to demonstrate the correctness,
flexibility and high efficiency of the proposed method.
Finally, some conclusions are given in Section IV.

Il. THEORY OF HO-IE-DDM

A. Integral equations

Let us consider a finite large complex EM target
containing multiple perfect electric conductors (PECs)
and dielectric structures in free space. In the ith region
(i=1,2...n), the permittivity and the permeability are ¢,
and g, , and the incident electric and magnetic fields are
E™ and HI™, respectively, as shown in Fig. 1 (a). Region
0 is for perfect electric conductors (PECs), in which the
electromagnetic field is zero.

| |

\ \
\

\
\ gjnc  pinc E=0 \
E}nc’ Hi.nc koo k H=0 /\’—\\
\
(k) ‘]ij ginc H_int:\I
=i T
i iy =
(J) ~ (J)MIJR nij (|}L\\
/ \\ AN TN
7 Py N S A
@ (b)

Fig. 1. Surface equivalence theorem: (a) the original
problem, and (b) the equivalent problem of region i.

In general, we consider the ith region, as shown in
Fig. 1 (b). According to the equivalence principle, the
regions except the ith region are filled with the same
medium as the ith region. At this time, the electric and
magnetic fields in these regions (except the ith region)
are E=0 and H=0. The equivalent current density at
the boundary surface between region i and j can be
expressed as:
J; :ﬁiiji’MiK:_ﬁinEi’ (1)

where N is the unit normal vector. If we consider the

ij
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jth region, the equivalent current density at the boundary
surface between region j and i can be expressed as:
in:ﬁjixHj,Mjk:—ﬁjixEj. 2)

The electromagnetic field satisfies the following

boundary conditions:
A x(H, —H, ) =0, x(E,~E;)=0.(3)

Here E, and H,, the total field in the ith region, are

expressed as:

E = g[niLi (3i)-Ki (M) ]+ E™, (4)
H, = :ZO{Ki (Jik)+—|_i (Mik):|+ H, ®)

( i
k#i

where 7, is the intrinsic impedance of the ith region:
Xik (rlk)Gl (r’rl)+

HO)=k L Lo, (v ey [ ©

Ki (Xik):_Lik (Xik (rik)XVGi (I’, rl))dsik’ (7)

where G, (r,r')=e "% /4zR R=|r—r,| k =o\&u .

By substituting equations (4) and (5) into equation
(3), the surface IE, called the PMCHWT formulation
[12], at the boundary surface between region i and j can
be obtained by:

A 2L 30) =K (M- 2 (34K (M, )] g

] )
:ﬁij X(H}nc—Hii"C).

At boundary surfaces between region i and region 0
(PECs), the magnetic currents vanish, so equation (9) is
no longer established, and equation (8) degenerates into
the electric field integral equation (EFIE) [14].

=, x(EM-E"),

]

-

(M)

;

k=0
k=i

A, x{i{Ki (J5)+

B. Domain decomposition method

As shown in Fig. 2, the simulation model is
decomposed into several subdomains ;i (i=1,2...n).
Generally, for the n subdomains case, the Galerkin
test is performed to the weighted linear combination of
equations (8-9) and the following matrix equation is
obtained:

Zn le "'Zln |1 V1
221 Zzz "'ZZn |2 _ Vz (10)
an Zn2 ”'Znn In Vn



where Zjj (i=j) is the self impedance matrix in Q;, Z;; (i4)
is the mutual impedance matrix between € and €, |; is
the current coefficient vector in Q; and Vi is the excitation
vector in Q.

Parallel out of core higher-order MoM (HOMoM)
with the lower/upper decomposition (LU) solver is
employed for each part. If the model is decomposed
completely evenly, that each subdomain €; contains
M=N/n unknowns, the memory requirement and the
computing complexity of the LU solver is O(M?) and
O(M3). If the division is uneven, the memory requirement
and the computing complexity depend on the number of
unknowns in the largest subdomain.

Fig. 2. Notations for domain decomposition.

Noting that the mutual impedance matrices in (10)
are unnecessary to be stored, the coupling voltage vector
(AV, =Z;1,) can be obtained using the near scattered

field produced by the current (AV, (E;, H;) ), and hence

the memory requirement is reduced. The Gauss—Seidel
method is adopted to calculate the interactions among
domains allowing the use of all the computer resources
in every subdomain problem at a time [15]. The vector
of excitation V; of Q; is updated by other domains at each
step:

Z; -, :Vi(Eincn HinC)"‘ Z AV, (E

=L

s Hy). A1)

Given the tolerance d, at the initial step k=0,
Ii(o) =0 (i=1,2---n) and at the k+1th step, the unknown
surface current can be expressed as:

\/i(Einc’ HinC)""ZA\/i(Eigk)’ Higk))
-1 j>i

i +ZA\/i (E(_k+1), Hi§k+1))

ij

1“0 =z . (12)

j<i
The iterative steps continue and the residual error
£ =||Ii(k+” —If”"/"li(k“) is calculated after each step.

When max(gl Eyytt ) < at the kth step, the iterative

process stops and outputs 1%, otherwise, the process
continues. If each subdomain €; contains M=N/n
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unknowns, the memory requirement and the computing
complexity of the iterative process is O(M) and O(M?).
The flowchart of HO-IE-DDM is shown in Fig. 3.

Noting that the inverse matrices of self impedance
in (12) is unnecessary to be re-computed, because they
have been stored after the initial step. This provides a
huge advantage for the analysis of JEM problems. When
introducing quasi-stationary method to study how the
rotating parts affect the airborne antenna performance,
we need to compute the airplane with hundreds of
different rotating blades stations. Considering the
computing complexity of each subdomain is O(M?3),
if we decompose the rotating parts from the main part
of the aircraft, the unchanged part can be computed
only once. Thus the computing time can be reduced
effectively.

w\lnitialization/w

o

Solve domain i
’—> using Parallel - -
HOMoM —»‘ Update domian 1| » «eeeer ‘ ‘ Update domian n
i=i+1 l l l
Yes field for the rest | | «eeeee scattered field for

Calculate scattered Calculate

domains the rest domains

L_l

Post processing

Fig. 3. Flowchart of HO-IE-DDM.

C. High-order basis functions

Different with the traditional RWGs which are
defined on triangle patches, the higher-order basis
functions (HOBs) employed by the proposed solver are
defined on bilinear quadrilateral patches, as shown in
Fig. 4. We refer the interested readers to [7,12] for
details. The polynomial orders of the HOBs can be
adjusted according to the electrical size of the geometric
element. The main advantage of HOBs is that the size of
the bilinear patch can be much bigger than that of the
RWGs [14]. It means that the application of the HOBs
can reduce the number of unknowns dramatically.

Fig. 4. Bilinear quadrilateral patch.
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D. Parallelization

Based on DDM, the computing capability of
HOMOoM is improved. With the aid of parallel strategy,
the computing speed of HO-IE-DDM can be further
accelerated. For each subdomain, the large dense MoM
matrix is divided into a number of smaller block matrices
that are nearly equal in size and distributed among all
participating processes. The distribution manner of the
blocks is chosen appropriately according to the parallel
LU direct solver to minimize the communication between
processes.

The LU solver is a numerical accurate method in
solving matrix equations, which can solve arbitrary
geometric model problems, even if the matrix condition
number is bad. For the parallel LU solver, the data should
be distributed to multiple processes in a certain way
and a load balanced approach called two-dimensional
block-cyclic matrix distribution, which is similar to the
ScaLAPACK, is adopted. It is important that the matrix
filling schemes should be designed to avoid redundant
calculation for better parallel efficiency.

Different from other parallel DDM strategy [16],
which parallel computation occurs among subdomains,
the parallel computation occurs both in and among every
subdomains. The parallel strategy will not only simplify
the modeling and meshing of subdomains to ensure their
unknowns are even, but also save the waiting time to
ensure each subdomain has been computed over.

I1Hl. COMPUTATIONAL ANALYSIS OF JEM
ON AIRBORNE ANTENNA ARRAY

Two EM examples are presented to demonstrate
the efficiency and accuracy of the proposed method. The
residual error for outer iterative convergence is set
to 3.0e-3 without any specification. Two computational
platforms are used in this paper:

Platform I: A workstation with two six-core 64 bit
Intel Xeon E5-2620 2.0 GHz CPUs, 64GB RAM and
6TB disk.

Platform Il: High-Performance Computing (HPC)
cluster with 140 computing nodes. Each computing node
has two 12-core bit Intel Xeon E5-2692 2.2 GHz CPUs,
64 GB RAM and 1.8TB disk.

A. Static airborne
characteristic

First of all, to validate the accuracy and efficiency
of the proposed HO-IE-DDM, the radiation characteristic
of an airborne Yagi-Uda antenna array is calculated.
The aircraft is 22.03mx17.16mx6.16m [17]. A Yagi-Uda
antenna array [18] operated in 500MHz is mounted 2.5m
above the middle part of the fuselage. The array consists
of 36 units, and each unit has 8 directors. The aircraft
model is shown in Fig. 5, which illustrates the relative
location of the antenna array. Both sides of the wings
are respectively equipped with a rotor. Each blade is

Yagi-Uda antenna array
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1.77mx0.15mx0.03m. The corresponding electrical size
of that is about 2.77)\ long, 0.23X\ wide, 0.05A thick. The
patterns of antenna array before and after it is mounted
on the airplane are shown in Fig. 6.

The model of the aircraft is decomposed into two
subdomains as it is shown in Fig. 7. The 2D radiation
patterns obtained by the proposed HO-IE-DDM are
shown in Fig. 8. The patterns of overall solution using
HOMoM and FEKO (a commercial software based on
MoM) are also given for comparison.

Yagi-Uda Antenna Array

Fig. 5. Model of the double rotor aircraft mounting Yagi-
Uda antenna array.

#

= 21627
16.072
10516
4.9607
-0.59485

16,1504
-11.706
-17.262

v @ 13

Fig. 6. Yagi-Uda array patterns: (a) array and (b) airborne

array.
Domain 1 L
-

Domain 2

Fig. 7. Domain decomposition model (each color
represents a subdomain).

The simulation is performed on Platform |, and
the results obtained from HO-IE-DDM and HOMoM
agree very well. The results obtained from HO-IE-DDM,
HOMoM and FEKO (MoM) also agree well. Some
difference between HOMoM and FEKO should result
from the different meshes of the triangular meshes
for RWGs and the quadrilateral meshes for HOBs.
Computing information of radiation characteristics of
the model analyzed by parallelized HO-IE-DDM and
HOMOoM is shown in Table 1. It can be seen that the
computing time of HO-IE-DDM is not reduced compared
with HOMoM (in core), but reduced compared with



HOMoM (out of core) and FEKO (MoM). For HOMoM
(out of core), the computing time is saved owing to the
reduction in 1/O of hard disk, while for FEKO (MoM),
the computing time is saved owing to the reduction in
unknowns. We refer the interested readers to [7,8] for
details between out of core HOMoM and in core
HOMoM.

(b)

Fig. 8. 2D radiation patterns of the airborne Yagi-Uda
array: (a) x-y and (b) x-z.

Table 1: Computational statistics of airborne Yagi-Uda

array
Method Unknowns | Storage (GB) | Time (s)
30324 13.70
el (domainl) (domainl)
HO-IE-DDM 1712 0,04 1392.6
(domain2) (domain2)
HOMOM 1 31716 14.99 1424.9
(out of core)
HOMOM 1 31716 14.99 12836
(in core)
FEKO
(MoM) 126902 120.23 60439.9

B. Dynamic airborne Yagi-Uda antenna array JEM
characteristics

Based on quasi-stationary method, 1024 rotor
orientations are included in the predictions of 0° to
360° to simulate rotor motion. For each of the fixed
rotor orientations, the principal plane radiation pattern
is predicted. The level of rotor modulation is calculated
for each observation angle. For these comparisons, the
level of rotor modulation is defined as the difference
between the maximum and minimum magnitudes of
the electric field that occur at a given observation
angle among the rotor orientations (modulation level =

201g|E, |- 201g|E,;,|). The accuracy of the proposed

method has been proved in Fig. 8.

In order to compare with modulation level, we spread
3D radiation pattern contour plot along 6 axis and ¢ axis
in Fig. 9. Figure 10 shows the changeable intensity of the
airborne array radiation pattern at every observation
angles. JEM affects less when the receiving antenna
is circularly polarized. Compared with Fig. 9, there is
a complementary relationship before and after the
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modulation. It shows that side-lobes and null depth
levels of the airborne array are intensely changed.
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Fig. 9. Spreaded airborne Yagi-Uda array pattern.
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Fig. 10. Spreaded modulation level contour plots.

To save computing time, the modulation level is
only computed by HO-IE-DDM. When the turbofans
rotate, it needs to perform multiple simulations according
to the changed position. For HOMoM (out of core), it
needs at least 1024x1424.91s to simulate the 1024 rotor
orientations. As shown in Table 2, when solving the JEM
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issues with repetitive similar simulations with changeable
parts, HO-IE-DDM exhibits good performance for saving
92% of computation time compared to HOMoM. Because
the computation of the main part of an aircraft is only
need to do once, and the result of it is stored to be reused
in the next 1024 iterations, the computing efficiency is
significantly improved.

Table 2: Computational statistics of interfered Yagi-Uda

array
Method | Unknowns | Storage (GB) | Time (s)
30324 13.70 397-5."1
(domainl) | (domainl) g‘;f)‘jfg; 4)
HO-IE-DDM (domain?)
1712x1024 | 0.04x1024 | L20% 4'2 -
(domain2) | (domain2) (total)

HOMOM 151716x1024| 14.99x1024 -

(out of core)

C. Static airborne microstrip antenna array
characteristics

Consider a rectangle patch microstrip array with
37x9 elements as shown in Fig. 11. The dimension of
the dielectric substrate of a unit is 321.4mmx321.4mm,
and the dimension of the rectangle patch of a unit is
205.6mmx154.8mm. The units are connected with each
other. The thickness of the dielectric substrate is 18mm
and &=4.5, the operating frequency is 700MHz. And
the aircraft is 38.6mx36.5mx6.14m [8]. The array [14]
is mounted 6.0m above the middle of the fuselage. The
aircraft model is shown in Fig. 12, which illustrates the
relative location of the antenna array. Both sides of the
wings are respectively equipped with two rotors. Each
blade is 1.5mx0.3mx0.05m. The corresponding electrical
size of that is about 2.25A long, 0.51A wide, 0.08X thick.
The patterns of antenna array before and after it is
mounted on the airplane are shown in Fig. 13.

k K|
F 10.0m 1

/ patch
‘ “isubstrate

F—25m

Fig. 11. Model of the microstrip antenna array.

The model is decomposed into four subdomains
in this example, and the array is in an independent
subdomain. The domain decomposition model of the
aircraft for HO-IE-DDM is shown in Fig. 14. The
simulation is performed on Platform 11 and 96 CPU cores
are used in this example. The radiation patterns of the
airborne antenna array obtained by HO-IE-DDM and the
overall solution by HOMoM (out of core) are shown in
Fig. 15. They are in good agreement with each other. The
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overall solution can neither be obtained by HOMoM
(in core) due to the limited computer memory, nor be
obtained by FEKO (MoM) due to the limited computing
power of commercial software.

Fig. 12. Model of the four rotor aircraft mounting
microstrip antenna array.

(b)

Fig. 13. Microstrip antenna array patterns: (a) array and
(b) airborne array.

Domain 2

Domain 3

Domain 4

Fig. 14. Domain decomposition model (each color
represents a subdomain).
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Fig. 15. 2D radiation patterns of the airborne microstrip
array: (a) x-y and (b) x-z.

The computational statistics for solving each
subdomain and entire problem are recorded in Table 3. It
can be observed that the HO-IE-DDM leads to over 80%
memory reduction compared with the overall solution
for this example. Moreover, the speedup and parallel
efficiency of the proposed parallel solver is evaluated



and shown in Fig. 16. The parallelized HO-IE-DDM

performs well.
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Fig. 16. Parallel performance of parallelized HO-IE-
DDM for the airborne microstrip array: (a) speedup ratio
and (b) parallel efficiency.

Table 3: Computational statistics of airborne microstrip

array
Method | Unknowns | Storage (GB) | Time (min)
7568 0.85
(domainl) | (domainl)
94692 133.61
el (domain2) | (domain2)
HO-IE-DDM 110228 181.05 259.14
(domain3) | (domain3)
3648 0.20
(domain4) | (domain4)
HOMOM I 950216 | 93293 | 28855
(out of core)
D. Airborne microstrip antenna array JEM

characteristics

When airborne array is in an independent subdomain,
the accuracy of the proposed method has been proved
above. Based on quasi-stationary method, we calculate
360 rotor orientations of the four rotor wings in this
example. In order to compare with modulation level, we
spread the 3D radiation pattern of the rectangle patch
microstrip array installed above a four-rotor aircraft
along 0 axis and ¢ axis in Fig. 17.

Table 4: Average modulation level (dB)

Receive Phi Theta Circularly
. Polarized | Polarized | Polarized
Transmit
Yagi-Uda 52.01 50.73 33.63
array
Microstrip 21.98 23.09 11.58
array

Similar to the last two-rotor aircraft case, JEM
affects less in this four-rotor aircraft when the receiving
antenna is circularly polarized. In Table 4, we can
confirm this rule more intuitively from the data in the
two cases. Figure 18 shows the changeable intensity of
the airborne array radiation pattern at every observation
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angles. Compared with Fig. 17 there also is a
complementary relationship before and after the
modulation. It shows that side-lobes and null depth
levels of the airborne array are intensely changed.
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Fig. 17. Spreaded airborne microstrip array pattern.

modulation level (dB)

v

o
w
=3
-2
=3
©
=)

120 150 180 210 240

(%)
40 60 80 100 120 140

(a) @ component

modulation level (dB)

270 300 330 360

l

8() ' . P
®w o o
S © o

90
270 300 330 3

o

0

o
©
E=1
-]
o
©
=3

120 150 180
()
40 60 80 100 120 140

(b) 6 component

modulation level (dB)

210 240

N
=3
o
=3

-90

6(°)

330 360

o

30 60 90 120 150 180 210

(%)

240 270 300

50 60 70 80 90

40
(c) Total

10 20 30
Fig. 18. Spreaded modulation level contour plots.
In Table 5, a comparison of the computational

statistics between the HO-IE-DDM and HOMOoM is
shown. In the solution time, the computing time and the
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iteration time for domain 4 is only 3.0 min totally. For
the four rotor aircraft airborne antenna, the platform
subdomains (domain 2-3) and the array part (domain 1)
are unchanged and can be reused during the solution.
Thus, the memory requirement and CPU time are greatly
reduced. The proposed method is of great significance
especially for the problems with changeable parts.

Table 5: Computational statistics of interfered microstrip

array
Method Unknowns |Storage (GB)| Time (min)
7568 0.85
(domainl) | (domainl)
i T me | S0
HO-IE-DDM (domain2) | (domain2) 3.0%360
110228 181.05 (domaina)
(domain3) | (domain3) 1340.03 (total)
3648x360 | 0.20x360
(domain4) | (domain4)
HOMoM |250216x360|932.93%360 -

1V. CONCLUSION

An efficient HO-IE-DDM algorithm is developed to
solve large complex EMC problem, such as airborne
array JEM interference problem. The proposed method
provides unprecedented flexibility and convenience for
the object with changeable parts, since it just needs to
re-compute the changed parts of the model during the
design process. The modulation level of a double rotor
aircraft and a four rotor aircraft loading large antenna
array respectively has been successfully obtained.
Numerical results verify the feasibility and versatility of
this method, and also reveal the radiation characteristics
of airborne antennas affected by JEM effects.
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Abstract — Direction finding (DF) using the uniform
circular array composed of horizontal log-periodic dipole
antennas (UCA-LPDA) is studied in this paper. One
advantage of the UCA-LPDA is that it has a reasonable
effective radius for broadband DF. Compared with the
previous works which usually focused on isotropic
antennas, the UCA-LPDA has higher gain and higher
angular resolution for the direction of arrival estimation.
The spatial response of the UCA-LPDA and the direction
of arrival (DOA) estimation algorithms are discussed.
The proposed polarized MUSIC (Pol-MUSIC) method
can obtain the DOA of signals with any unknown
polarizations while no search of the polarizations is
required. Based on the theoretical analysis, the actual
signal DF experiment which uses a UCA-LPDA with
24 elements was carried out. The DF experiments results
demonstrate the effectiveness and accuracy of using
UCA-LPDA with Pol-MUSIC method.

Index Terms — Log-periodic dipole antenna, multiple
signal classification (MUSIC) algorithm, radio direction
finding, uniform circular array.

1. INTRODUCTION

Most of the radio DF systems adopt several identical
antennas (including amplitude, phase, polarization, etc.)
to form linear array, circular array, or L-shaped array,
and so on. Usually vertical monopole or dipole antenna
is employed as the element in DF array antennas, and
then a single-polarized antenna system can be formed
for DF. According to the simple relationship of geometric
phase between array elements, the DOA is estimated by
means of related interferometer and MUSIC, which have
been widely applied in many DF systems [1-3]. The DF
algorithms of the circular arrays with directional array
elements are considered in [4, 5]. The Cramer-Rao Lower
Bound of the DOA estimation by using directional
antenna is analyzed in [6]. These studies mainly focus on
the radiation pattern of directional antenna and obtaining
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good DF results. However, the polarization characteristics
of the antenna are rarely discussed.

In order to estimate the DOA for unknown
polarization of signals, the polarization-sensitive array
is proposed [7-9]. These arrays are often composed of
orthogonal dipole antennas, triad antennas and six
dimensional electromagnetic vector sensors. These DF
systems require at least two channels for each space
sampling point, and the system equipment’s are large in
size and expensive in cost. Heterogeneous array with
only one element at each point of the spatial sampling is
proposed in [10].The directions of arrival are estimated
for two known polarized waves using active loop antennas
with eight different polarized states. Furthermore in [11],
the unknown polarized signal DF operated on six art
ferrite load dipole with titled forward different direction,
which constituted a heterogeneous array. Although, the
heterogeneous array needs only one channel in each
space sampling point, and it can be used to estimate
the direction of arrival for unknown polarized signals.
However, the gains of these elements are low, which
make them difficult to be applied to high sensitivity DF
system.

In order to implement high sensitivity direction-
finding for HF wave signals in the range of 0-360
degrees, the direction finding using a novel UCA-LPDA
is studied in this paper. 24 horizontal log-periodic dipole
antennas (LPDA) are arranged in a circle with certain
angle in the XOY plane to form a uniform circular array.
The beam of each antenna points to the center of the
circle. Because of the relationship between the phase
center of the LPDA and the operating frequency [12],
the effective radius of the UCA-LPDA is reasonable.
The effective radius of the DF array is defined as the
horizontal distance between the phase centre of the
LPDA and the center of the circle. At lower frequency,
the array has a long effective radius, and at high
frequency, it has a short effective radius. This ensures a
reasonable effective radius for broadband direction
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finding using interferometer or MUSIC method [13].

In addition, the UCA-LPDA is a heterogeneous
array, in which the elements have different polarized
states. For the UCA-LPDA, a polarized MUSIC (Pol-
MUSIC) method is proposed for unknown polarized
signal while no search of the polarizations is required.
Because of the polarization-sensitivity, the UCA-LPDA
has lower spatial correlation than isotropic antennas and
can obtain a higher angular resolution. The effectiveness
and robustness of the DOA estimation for unknown
polarized signals using UCA-LPDA are demonstrated by
simulation and experiment in this paper.

I1. DOAESTIMATE WITH UCA-LPDA
A. Spatial response of LPDA

Log-periodic dipole antenna (LPDA) is composed
of multiple dipoles arranged according to a certain scale
factor. Current distributions on the antenna can be
obtained by using computer simulations based on the
method of moment (MOM). Once the current distributions
are determined, it is easy to calculate the radiation vector
a of LPDAs in far area [14]. In spherical coordinate, the
general expression is as follows:

a=(a,|e"0+[a,[e"9), 1)
where |a,| and |a,| represent the magnitude of the @

component and the ¢ component of the electric field,
respectively. & and ¢ represent the phase.

Fig. 1. The unified coordinate system.

Formula (1) can be further rewritten as follows:

a=f(9,¢)e ® (cosye +sin y4) . @)
a
coSy=¢2.Sin7=%ﬂ7=5—§,
2
la, | +|a¢| 4f|a6,| +|a¢|

£9,0) = Jla +[a

Where y €[0,x/ 2] and n €[—x, @] represent the magnitude
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ratio and the phase between the two polarization
components [15]. When y=0°, represents the vertical
polarization, when y=90°, represents the horizontal
polarization. For a horizontal LPDA, there is only

horizontal components ¢ at pitch angle 9 =90°; however,
there are both the horizontal components ¢ and vertical

components @ at other pitch angles. The definition of
the coordinate system is shown in Fig. 1.

Let U = (cos ye"@ +sin y$) , then
a=f(9,pe U, ®)
Formula (3) represents the full spatial response of
the LPDA, including amplitude, phase, and polarization.
U represents spatial polarization, which is a function of
the angle of space observation (4,¢) .

The LPDA with N elements are arranged into an
"inward-looking™ circular array with a certain angle in
the XOY plane. The schematic diagram is shown in Fig.
2. The main radiation direction of each element is toward
the center of the circle. So the array with small size is
obtained. Besides, the DOA within the range of 0-360°
can also be achieved and the electrical effective radius of
the UCA-LPDA can be remained in a wide frequency
range because of its phase center movement toward the
center of the array.

Phase center \
/

\4

Effective radius—»| 7
\ /

_

Fig. 2. The schematic diagram of the UCA-LPDA.

The spatial response of the array can be written as
follows:

fl(SY(P)ej[ﬂ(gvm)Ul

_ f,(8,9)e" 7y,

a’(%,9) a’(%,9)

] ¢
a(S’(p) :[ae a¢:| - :aZ (Sv@) a, (9,(9)

: -(4)
a,’(%,9) a,°(9,0) f, (9, 0)e U

The spatial response of the array includes the
amplitude, phase, and polarization, whose dimension is
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Nx2. Because the elements point to different orientations,
U, #U, #---2U, , the UCA-LPDA is a heterogeneous

array.

Considering that the incoming wave of signal is
a fully polarized wave, the polarization state is 0 .
G =0cosy, +gsiny,e™ , ye[0,n/2] and ne[-mn, 7]
represent the magnitude ratio and the phase between the
two polarization components. y=0° represents the vertical
polarization while y=90° the horizontal polarization.
According to the antenna receiving theory, the amplitude
of the ith element receiving the unit field strength is:

Vi=a 0.
Where the sign (*) represents conjugate. Then the manifold
of the UCA-LPDA is:
f,(9,p)e 2 U,
f S, ejC2(9,(p) U cos
2(9,9) o .2{. to }WQ

siny.e Mo

R

ut: 2

A9, 0,70,m0) =/ .

fN (9,(p)ej€N(9'(P) UN
<« =

Nl Nx2

Where the sign (© ) represents the Schur-Hadamard.

From formula (5), it can be seen that the manifold of
the UCA-LPDA is relation to the polarization state of the
incoming wave because of the different polarization
states of the LPDASs.

Now, we consider the spatial correlation coefficient
of two incident waves impinging upon the UCA-LPDA.
Let the directions of the two incoming waves in space
are y, =(9,9,) and vy, =(9,,0,), respectively, and
the corresponding polarized states are respectively u, , u,

respectively. Then, the spatial correlation coefficient of
the two incident waves is:
p= [a(‘lll)u1H ]H [a(\Vz)qu ]
"[a(\Vl)ul] [a(\llz)uz]"

Z fi(w) f; (\Vz)ej[g'w”?gi (WZ)][uluiH (y)Y, (‘Vz)qu] .(6)

\/ilfi (wl)ului”(wl)z-\/ilfi (w)uU" (v.)]

When the antennas are omni-directional and have
same polarized states (such as vertical dipoles), the spatial

correlation coefficient is:
N

plloitw)-oi )]
1

p=-= N (7

Obviously, for UCA-LPDA, the correlation
coefficients are related to wave polarized state. Two
waves have different polarized states and their spatial
angles are close to each other, the correlation coefficient
is less than 1 according to Schwartz inequality. However,
for the isotropic antenna, its correlation coefficient is
approximately equal to 1. The spatial correlation decreases
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in the UCA-LPDA, which provides favorable conditions
for distinguishing two signals in space. The smaller
the spatial correlation coefficient, the more favorable
distinguishing signals will be [16].

The spatial response of UCA-LPDA is more complex
than the isotropic antenna. Usually it is not an analytical
expression. A feasible method is that spatial response of
the element in the whole array including mutual coupling
is calculated using MOM, or measured accurately. The
spatial response obtained is stored into the direction-
finding receiver in the term of tables.

B. DOA estimation algorithms
Considering that the UCA is composed of N LPDAs
with the same parameters in the XOY plane. Assuming
that there are D signals illuminating upon, and the signal
is narrow-band, and the noise obeys Gaussian white
noise distribution. Then the time domain signal received
by the elements can be written as follows:
X =AS(t)+N(t), (8)
where N(t) is Gaussian white noise. A:[a(\yl)ul”,
a(y,)us',...a(yp)up | is the manifold [17]. S =[s,(t)

S, (t),...Sp (t)]T Y, V,,... Y are the directions of the D
signals, respectively, which including the two dimension
direction (9,9). u,,u,...uy are the polarization of the

D signals.
Then the covariance matrix of the receiving data is:

R, = AR A" +5°I , 9)
R, is the covariance matrix of the signals. When the

signals are uncorrelated, R, is a diagonal matrix. ° is

the power of the noise.
According to the MUSIC subspace method [18], the
span of the eigenvectors corresponding to the N-D small

eigenvalues of R _ is the noise subspace E,. , and the

span of the eigenvectors corresponding to the D large
eigenvalues of R is the signal subspace.

Using the orthogonal principle of signal subspace
and noise subspace, the entire signal subspace including
polarized space is projected into the noise subspace. In
the true direction of the signal, the following equation
holds on:

ua"E,. =0. (10)

Further,

ua"E, Efau" =0. (11)

If DOA estimation is carried out directly using above
equation, it is necessary to conduct a four-dimensional
traversal searching in the whole polarization domain and
spatial domain. In fact, this process can be simplified.
For heterogeneous array, a is a full rank matrix with
dimension of Nx2. Whatever the true polarization of the


javascript:;

signal is, making (11) holds on in the true direction of
the signal, the matrix a" E, E/.a whose dimension is
2x2 must be rank deficient. Namely,
det{a" E, Excaj =0. (12)
Operator symbol det{-} represents the determinant of
matrix.
Therefore, the spatial spectral function of the

polarized MUSIC (Pol-MUSIC) can be constructed as
below:

P(9.¢) = !

det{a" (9,9)E,cE"ca(9,¢) |

The DOA is obtained from the angle corresponding
to the maximum spectral peak. Thus, the searching in
polarization space can be avoided, and a(39,¢) is given

by formula (4), which is the spatial response of the
LPDA. The proposed method does not need to know the
polarization state of incoming wave beforehand.

. (13)

J/ Computing or measuring the spatial and polarization J/\

|
/

“‘ response a of the UCA-LPDA, saving the response as data [
\ sheet

v

Collecting the covariance matrix
Rxx receive data from LPDA

Finding the antenna with the highest signal
reception level

v

Constructing direction finding sector

Executing eigenvalue decomposition for
covariance matrix Rxx corresponding DF
sector

Extracting the eigenvectors Ekc corresponding
to the small eigenvalues

v

Computing spectral function:

1
P& det{a" (8,9)E(c E"ca(8,9)}

‘,ﬁnding the bearing according to thg‘

\\ spectral peak /

Fig. 3. Algorithm flow chart.

In (13), a(9,0) is a vector composed of spatial
response of LPDAS in the unified coordinate system.
The spatial response contains @ component and the ¢
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component. It can be obtained by electromagnetic
calculation. Because of the directional pattern of the
LPDA, spatial response should been normalized. a(39, ¢)

is replaced by a(9,¢)/[a(9,9)|, .

If ignoring the polarization in the spatial response of
the LPDA, only consider the amplitude and phase, then,

a,(9,¢) = f(9,¢)e™?,
The spatial spectral function is:

1
P(9,0) = :
(%:0) a¢H (SI(P)EKCEHKCaq)(S!(p)
This is the traditional MUSIC method. In fact, only
when the polarization of the incoming wave signal is
horizontal polarization or all elements in the array are
same, U, =U, =..U,, (homogeneous array), formula (14)

holds on. Direction of arrival estimation for unknown
polarization signal using UCA-LPDA, the polarization
states of the antennas must be included in the manifold.

Because the phase center of LPDA only exists in
main beam [19]. When DF array employs UCA-LPDA,
not all LPDAs can be used. There is a DF sector in the
array. The DF sector employs a LPDA with highest signal
reception level.

The proposed Pol-MUSIC applying to UCA-LPDA
algorithm flow chart is shown in Fig. 3.

(14)

1. SIMULATION AND EXPERIMENTAL
RESULTS

In order to illustrate the previous method, three
simulation examples using UCA-LPDA are conducted
for HF direction finding. The circular array is composed
of 24 horizontal elements with an interval of 15 degrees
which are disposed in XOY plane. The total number of
the dipoles is 40 in each LPDA. The diameter of the
UCA-LPDA is 340 meters. Because HF antenna is affected
by the ground, the LPDA needs to have an angle of
inclination to ensure that the electric height of the
antenna above the ground doesn’t change drastically in a
wide frequency band. The projected length of the LPDA

is 136.9m. The model of the UCA-LPDA is shown in Fig.

4. The parameters of the LPDA is shown in Table 1.

Table 1: The parameters of the LPDA

Parameter | Value Parameter Value
N 40 Iy 44.9m
T 0.92 |40 2.9m
c 0.077 H1 41m
Projected | 136 9m | H2 15m
length

N: the total number of the dipoles in LPDA. t is the scale
factor and the o is spacing factor. I, is the length of the
longest dipole and l4o is the length of shortest dipole.
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Fig. 4. The model of UCA-LPDA.

The spatial responses of the LPDA are calculated by
FEKO. In order to take account of the mutual coupling
between the antennas, the simulated element is excited
while other elements are connected to standard loads.

In the first example, only one incident signal is
received by the UCA-LPDA. The azimuth angle of the
signal is 153° and elevation angle is 30°. The polarization
parameter y changes continuously from 0° to 90° with
a step of 2° and r is -120°. In the simulation process,
it is assumed that the noise power of each element is
the same and independently distributed. The max signal-
to-noise ratio (SNR) is set to be 20dB and the noise
bandwidth is set to be 3 KHz. The frequency of signal is
6MHz. The total number of samples is 1024. We conduct
300 times Monte-Carlo simulations to estimate the azimuth
and the pitch. Figure 5 shows the estimation results of
Pol-MUSIC method using formula (13) compared with
the general MUSIC method ignoring the polarization of
the LPDA using formula (14).

The DF results show that the Pol-MUSIC can obtain
accurate result whatever the incoming polarization varies.
The proposed Pol-MUSIC method is effective. The
accuracy of estimation is less than 1 degree. However
the general MUSIC estimates wrong result, especially
when polarization of incoming wave is close to vertical
polarization. If only the polarization state of the signal

ACES JOURNAL, Vol. 34, No. 3, March 2019

is close horizontal polarization, the general MUSIC
method can obtain accurate result. This is because the
general MUSIC method does not take into account the
wave polarization effect. And the UCA-LPDA is a
heterogeneous array, which is a polarization-sensitive
array. Because of the ionosphere, the polarization state
of incoming wave is often elliptical polarization. So the
polarization of the DF antenna should been contained in
the DF processing. The Pol-MUSIC method should be
employed.
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Fig. 5. The DF precision varies with the polarization
using UCA-LPDA. SNR=20dB, in the noise bandwidth
of 3 kHz, 1024 samples. Operating frequency is 6MHz.
(a) Pitch estimation, (b) azimuth estimation, and (c) the
beam tracking of direction finding, y=30.
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In the second example, the DF precision of full
HF band is simulated. Incoming wave polarization state
is elliptical polarization, y=30°, and n=-120°. Figure 6
shows the DF precision of general MUSIC method and
Pol-MUSIC method with 20dB of SNR. It is obvious
that Pol-MUSIC method is superior to general MUSIC
method in the full frequency band.

y=30%n =-120°, elevation=30°

r —s—MUSIC
g \ — e — Pol-MUSIC
[«5)
&) L}
[=2]
g50\
s al \
g
= 3t L
<
g2r
— , - L N
§ 1k S " \ --._----'/.\'/.
< “I-I\.\
0 0-0-0-0~01J-0-9.¢-0-0~0-0-0-

2 4 6 8 1012 14 16 18 20 22 24 26 28 30
Frequency(MHz)

Fig. 6. DF precision varies with operation frequency in
all HF frequency band. SNR=20dB.

Figure 7 shows the DF precision with different SNR
in all HF bands. With the improvement of signal-to-noise
ratio, the direction finding accuracy is improved. Figure
8 shows the variation curve of the estimation accuracy
of Pol-MUSIC method with the SNR at 6MHz. The
estimation results are close to the CRLB.

0.5
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0.0

Fig. 7. The DF precision varies with operation frequency
with different SNR.

In the third example, the angle resolution of two non-
correlated signals with a small angular were simulated
using uniform circular array composed of LPDAs,
isotropic antennas, and orthogonal dipole antennas. The
two signals are different polarization state. To make a

REN, ZHANG, LI, GONG: DIRECTION FINDING USING UNIFORM CIRCULAR ARRAY

fair comparison, the electrical effective radiuses of the
three arrays are same as 1.25 A. Because the equivalent
diameter of the UCA-LPDA varies with operating
frequency, we choose the operating frequency at 6MHz.
Its effective radius (the distance from phase center to
the center of the circle) is 62.5m (1.25 ). The effective
radius of the LPDA is as show in Fig. 9.

0
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—e— Pol-MUSIC
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Fig. 8. Precision of DOA estimation of Pol-MUSIC.
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Fig. 9. The effective radius of the LPDA.

The parameters of the two simulation signals are
presented in Table 2. The SNR is of 10dB. The orthogonal
dipole antennas are composed of X antenna and Y
antenna. The orientations of all elements in the array are
parallel to the X-axis and Y-axis. The uniform circular
arrays composed of isotropic antennas and orthogonal
dipole antennas are indicated in Fig. 10.

Table 2: The simulation parameters of two signals

Parameters Signal 1 Signal 2
Elevation 30° 36°

Azimuth 153° 157°
Polarization y=30°, n=120° 1=60°, N=-60°
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(b)

Fig. 10. (a) 24-element isotropic antennas UCA. (b) 24-
element orthogonal antennas.

Figure 11 displays the MUSIC spectrums of the three
arrays. The UCA-LPDA can accurately distinguish the
angles of two signals with a small angular separation in the
space, but the isotropic antennas cannot. DF results have
higher angular resolution while using UCA-LPDA than
isotropic antenna. The spatial correlation of UCA-LPDA
is decreased with the use of polarization information of
two signals. This feature is good for distinguishing signals
from two approaching angles. However, the isotropic
antennas have no polarization information, the spatial
correlation is close to 1 (see formula (7)). So the isotropic
array cannot distinguish signals from two approaching
angles. Because of polarization sensitivity, the orthogonal

dipoles can also distinguish two different polarized signals.

However, the numbers of the required DF channels of
the orthogonal dipole antennas are doubled, and its gain
is lower than LPDA.
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Fig. 11. Comparison of spatial spectrums for the three
uniform circular array: LPDAS, isotropic antennas, and
orthogonal dipole. SNR=10dB, in the noise bandwidth
of 3 kHz, 1024 samples. (a) MUSIC spectrum of elevation,
and (b) MUSIC spectrum of azimuth.

On the basis of simulations, one UCA-LPDA was
fabricated for DF experiments. The array consists of 24
elements, with an angle of 15°. The parameters of the
fabricated UCA-LPDA are the same as the simulated
ones. The UCA-LPDA is connected to a 24 channel
direction-finding receiver through the exchange matrix.
The UCA-LPDA is shown as Fig. 12.

Fig. 12. The UCA-LPDA for direction finding.



The magnitude and phase spatial response of the
element in the array are measured at 10° of elevation.
The test results show a good agreement between the
measured and simulated, as shown in Fig. 13. Because of
the good agreement, the spatial response of full space
adopts the theoretical calculation value in FEKO and
saved into the DF receiver.
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Fig. 13. Spatial response measured of the LPDA in the
circular array at 6MHz: (a) the magnitude response, and
(b) the phase response.

The DOA was estimated by 1024 sampling data
of HF signal at 6.03MHz in 24 July, 2017. Due to the
influence of the instrumental errors and actual non-ideal
channel of the propagation, the DOA was estimated 100
times. The final direction finding result is given by the
statistical median. The actual signal was at the azimuth
of 96° with unknown polarization state. For HF signals,
because of the Faraday rotational properties, after
ionosphere reflection, the polarization characteristic of
received signals is usually elliptical polarization. However,
its polarization parameters are unknown [20].

The DF experiments are conducted at 18:00 and
19:45 Beijing time, respectively. We estimate the DOA
of actual HF signal using Pol-MUSIC method and
general MUSIC method. Figure 14 illustrates the DF
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results of the signal. We can obviously see that the
DOAs estimated are drifting at 18:00 from Fig. 14. This
is caused by the ionosphere. When Pol-MUSIC method
is used, the DF result is robust. This is because the Pol-
MUSIC method takes into account the polarization
characteristics of the signal. The direction of incoming
wave is easier to identify and capture. DF experiments
demonstrate the effectiveness and robustness using UCA-
LPDA with Pol-MUSIC method.

Estimated azimuth: 97.8°
70

o]
o

o
o

N
o

w
o

Elevation(degree)

N
o

i)ﬁ)ﬁ

0 20 40 60 80 100 120 140 160 180

Azimuth(degree)
(a) Pol-MUSIC at 18:00 Beijing time
Estimated azimuth: 99.2°

=
o

~
o

[o2]
o
¥

[$)]
o
*

N
o
*

T

Elevation(degree)

N
o

=
o

0 20 40 60 80 100 120 140 160 180

Azimuth(degree)
(b) MUSIC at 18:00 Beijing time
Estimated azimuth: 96.1°

~
o

o]
o

[
o

IN
o

w
o

Elevation(degree)

i

0 20 40 60 80 100 120 140 160 180

Azimuth(degree)
(c) Pol-MUSIC at 19:45 Beijing time

N
o

=
o

441



442

Estimated azimuth: 95.5°

Elevation(degree)

. ¢

0 20 40 60 80 100 120 140 160 180

Azimuth(degree)
(d) MUSIC at 19:45 Beijing time

Fig. 14. DF result using LPDA-UCA at 6030KHz in 24
July, 2017: (a) DF with Pol-MUSIC method at 18:00,
(b) DF with MUSIC method at 18:00, (c) DF with Pol-
MUSIC method at 19:45, and (d) DF with MUSIC method
at 19:45

1V. CONCLUSION

In conclusion, a circular array composed of log-
periodic dipole antennas is studied in this paper. The
UCA-LPDA has higher gain and polarization-sensitivity
though it employs to only one sensor at each point of
the spatial sampling. For the UCA-LPDA, a new Pol-
MISCI method for unknown polarizations is derived. The
proposed method does not need to search the polarization
state of incoming wave. Using the polarization of the
antennas, UCA-LPDA has a higher angular resolution for
the DOA estimating than isotropic antennas. Simulations
and actual signals DF experiments demonstrate the
effectiveness and accuracy of using UCA-LPDA with
Pol-MUSIC method. Because of the high gain, the UCA-
LPDA can be used to estimate DOA for weak unknown
polarized signals in the practical application.
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Abstract — In this paper, the approximate calculations
of the half-power beam width (HPBW) of a uniform
circular array (UCA) in azimuth and elevation are
investigated by numerical calculations and data analysis
methodology. Two corresponding formulas are proposed
to approximately estimate the HPBW of UCA in azimuth
and elevation under different pointing directions of the
main lobe. The proposed formulas’ validities are examined
by comparing the results with the ones directly calculated
from the array factor. Besides, the accuracies of the
proposed approximate formulas are evaluated in both
absolute error and error rate. The calculation speed is
assessed in time as well. Numerical simulation results are
provided to show the proposed formulas’ performances.

Index Terms — Approximate calculation, estimation
formulas, half-power beam width (HPBW), uniform
circular array (UCA).

L. INTRODUCTION

Uniform circular arrays (UCAs), also known as
uniform ring array, have some special characteristics
compared with uniform linear arrays (ULAS) and uniform
planar arrays (URAS). It can be known from the antenna
theory that UCAs can provide a 2-dimension (2D) angular
scan, namely angular scan in azimuth and elevation.
Moreover, UCAs can scan in azimuth plane from 0° to
360° almost without distortion for the radiation pattern,
since the mutual coupling effect is the same for each
element. The applications of UCAs hence can be found
in many fields, such as source localization [1], the
direction of arrival (DoA) estimation [2], wireless
communications [3], smart antennas [4], and so on.

Lots of studies have been reported on UCAs. The
authors in [5] investigate the DoA estimation via moving
a UCA in predefined path under multipath environments.
2D DoA estimations are studied for UCAs [6-8]. The
phase-mode-decomposition-based and optimization-based
methods are investigated to suppress the side lobe of
UCA [9]. The effect of mutual coupling is studied for
UCA from the electromagnetic aspect [10]. Only a few
of researches pay attention to the fast calculation of

Submitted On: July 3, 2018
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UCA’s HPBW which is very complicated to compute
from the definition. Though the calculation of HPBW for
UCA is investigated in [11], it is only available for the
main lobe pointing at the azimuth plane and still very
complicated. A simple formula with only two parameters,
wavelength and array radius, is proposed to estimate
the HPBW of UCA roughly [12, 13], yet it is only
applicable under the zenith angle of main beam being
90°.

It is necessary to figure out an easy and quick
solution on calculating the HPBW of UCA, because fast
HPBW estimation is an important and meaningful job in
the pre-design of UCA. For example, before designing
an UCA for 2D DoA estimation application, the HPBW
of the UCA’s main lobe needs a quick and rough
evaluation. Estimating the HPBW of UCA is an energy-
consuming and time-consuming task due to no formula
with a simple form like that of the one for ULA [14].

Accordingly, the study of this paper focuses on
finding out a simple method to estimate the HPBW for
UCA. Based on numerical computation and data analysis,
a formula is proposed to approximately calculate the
azimuth HPBW for UCA under different zenith angles
of the main lobe. Compared to the formula in [12, 13]
which only can calculate the azimuth HPBW under
the zenith angle of 90°, the proposed formula is more
applicable. Considering the situation that the two main
beams, which are symmetric about the azimuth plane
(xy-plane in Fig. 1), of the UCA can be identified
definitely, a formula with simple form is also proposed
to estimate the elevation HPBW roughly. The proposed
formulas not only can estimate the HPBW of UCA
correctly, but also achieve the good calculation accuracy,
especially for azimuth HPBW. More importantly, the
proposed formulas far surpass the definition method in
calculation speed.

The remainder of this paper is organized as follows.
Section |1 describes the general geometry of UCA. The
approximate estimations of HPBWs in azimuth and
elevation are investigated in Section Il where two
corresponding estimation formulas are also proposed.
The proposed formulas’ performances in validity,

1054-4887 © ACES



accuracy and speed are studied via numerical simulations
in Section V. Finally, conclusions are drawn in Section
V.

(@) (b)

Fig. 1. (a) Configuration of UCA with N-element, and
(b) definition of HPBW in azimuth and elevation.

II. GEOMETRY OF UCA

A configuration of UCA with N elements located in
xy-plane is illustrated in Fig. 1 (a) [15]. The array radius
is @, and the nth element is located at the phase angle of
¢, Where n=1, 2, ..., N. Each element has an associated
weight I, and phase a,, meaning the amplitude and
phase of excitation current. The array factor (AF) can be
written as [14, 15]:

AF (@,9) = ﬁ=1 Inej(ka sin(9) COS(‘P_(Pn)‘*‘an),

an = —kasin(dy) cos(@o — @),

where k, ¢, 9 are the wavenumber, azimuth angle, zenith

angle, respectively, ¢, is the angular location in azimuth
plane and given by:

1)

n—-1

On =21 - 2

The element spacing of the UCA can be obtained as:

d=""a ©)

Letting d = 1/2 and substituting it into (3), we have:
a N

Pl (4)

The left term of (4) is usually named electrical

length. Equation (4) reveals the proportional relationship

between the electrical length of array radius and the
number of array elements.

III. ANALYSIS OF THE APPROXIMATE
CALCULATION OF HPBW

In order to define the HPBW for UCA clearly, the
HPBWs in azimuth and elevation, @, and @y, are used
to describe the HPBW of UCA under the zenith angle of
Iy, illustrated in Fig. 1 (b). Letting ¢ = ¢, and 9 = 9,
in the AF in (1), we have:

AF(p) = ¥N_, Inej(ka sin(9o) cos(@—pn)+an)

@, = —kasin(dy) cos(go — ) ®)

and
AF(‘(?) = Zg—l Inej(ka sin(9) COS((PO_(Pn)+an)’
e (6)
a, = —kasin(9,) cos(@g — ¢y).
In order to attain the common results, we assume
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that the isotropic radiators are employed as the elements
of the UCA in this paper. Considering a UCA model with
uniform excitation amplitude, I,, in (5) and (6) can be set
to 1, and the HPBWs in azimuth and elevation can be
directly computed via (5) and (6) respectively at the half-
power points. Although computing the HPBWSs from (5)
and (6) is the most accurate approach, it is obviously a
tough job.

The azimuth HPBW of UCA under d = A/2 can be
approximately calculated by [12, 13]:

o ~21°-2, @
However, (7) only can be used to calculate the
azimuth HPBW under 9 = 90°, namely (7) is not

available under 9 # 90°. It is also demonstrated in Table
1.

Table 1: Azimuth HPBW under different 9,

9, (deg.) D, (deg.) Dy, /Py
10 49.948 5.803
20 25.210 2.929
30 17.226 2.001
40 13.394 1.556
50 11.237 1.306
60 9.939 1.155
70 9.160 1.064
80 8.740 1.015
90 8.607 1.000

64
5| 2,0 /%,
-8 - 1/sin(190)
4 L
3 L
2 L
1 : : &5
20 40 60 80
7, (%)

Fig. 2. Trend of @, normalized by @,

According to (5), we can find that both components
of the main lobe direction, azimuth angle and zenith
angle, are contained in the AF besides the electrical
length of array radius. It implies that the azimuth HPBW
should be affected by the direction of the main lobe.
According to the knowledge of array antenna, it is known
that the azimuth HPBW remains unchanging with the
azimuth angle of the main lobe. It suggests that the
azimuth HPBW must have a relationship with the zenith
angle. Based on (5), it is easy and reasonable to deduce
that @, has a relationship with the sine or cosine of the
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zenith angle. To further investigate the relationship, the
azimuth HPBWs of UCA are directly calculated from (5)
under different values of 9, and recorded in Table 1.

In Table 1, the zenith angles and the corresponding
azimuth HPBWs, namely ¢, and @y, are depicted on the
first and second columns in degree respectively, and the
ratios of the azimuth HPBWSs corresponding to different
9y to azimuth HPBW under 9, = 90°, i.e., @4, are
presented on the third column. The data on the second
and third columns indicate that the azimuth HPBW
decreases with the increasing of 9, until 9, = 90°. In
addition, the results of @, /@4, show a minimum ratio
of 1 at 9, = 90°. It is easy to know that the property is
coincident with that of 1/sin(9,). To observe the trend
of the data clearly, the ratio of &4 /®4, and 1/ sin(,)
are plotted in Fig. 2. It can be seen that the curve of
Dy, / Pqo highly agrees with that of 1/ sin(J,).

Therefore, the azimuth HPBW of UCA can be

summarized as:
1

sin(9g)’ (8)
where @4, is the HPBW under 9, = 90° and given by
(7). Substituting (7) into (8), an estimation formula for

the azimuth HPBW of a UCA can be obtained as:
R 2

(pﬂo ~ 2l asin(¥y)’ ©)
where 9, € (0°,180°). Note that the absolute value of
Py, in (9) is approaching to infinity when 9, is closing
to 0° and 180°. This apparently do not happen in reality.
Under such situation, it is meaningless to consider the
azimuth HPBW. Consequently, to avoid the two singular
points and ensure the validity of (9), the value of 9, is
limited in (10°,170°).

According to the antenna theory, the variation of
elevation HPBW is too complicated to be described by a
simple function for 9, € (0°,180°), since the array has
two symmetric main beams with respect to the plane
the array located in and the beams cannot be definitely
separated when the element number is too small or the
value of 9, is close to 90°. To estimate the elevation
HPBW in a simple way, we only consider the situation
that the two main beams of a UCA can be separated
definitely. Thus, only 9, € (10°,70°) U (110°,170°)
are considered in the elevation HPBW’s investigation in
this paper.

Similarly, the elevation HPBWSs under different
values of 9, are computed via (6), as recorded in Table
2. The data on the second and third columns show that
with the growing of 9,, the elevation HPBWs, Oy,
increase gradually, as well as the normalized Oy, .
According to the AF in (6), the elevation HPBW must
have a connection with the sine or cosine of 9. It is
easily to deduce that the elevation HPBW is related to
1/ cos(9,). To observe the variations more clearly, the
normalized @y, and 1/ cos(¥,) are plotted in Fig. 3.

@190 = @90 X
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Table 2: Elevation HPBW under different of 9,

Yy (deg.) 0y, (deg.) Normalized 04,
10 2.622 0.341
20 2.748 0.358
30 2.982 0.388
40 3.371 0.439
50 4.021 0.523
60 5.181 0.674
70 7.685 1.000

1
Normalized @lm
0.8 [ | — & — Normalized 1/cos(? )
0.6
047
i
0.2

10 20 30 40 50 60 70
9, (°)
Fig. 3. Trend of the normalized Oy, .

Based on the results in Table 2 and Fig. 3, the
approximate formula for estimating the elevation HPBW
of a UCA can be summarized as below:

R A
0190 ~ 2l a cos(¥p)’
where 9, € (10°,70°) and 9, € (110°,170°).
The proposed formulas, (9) and (10), depict the
simple relations that the azimuth HPBW of UCA is
inversely proportional to the sine of zenith angle of the
main lobe and the electrical length of array radius, and
the elevation HPBW is inversely proportional to the
cosine of zenith angle of the main lobe and the electrical
length of array radius. The overall computational costs
of (5) and (6) are given by O(N), while those of the
proposed approximate formulas only require O0(1).
Apparently, the computational complexities of (5) and
(6) that increase with the growing of n are higher than
those of the proposed approximate formulas, especially
for a large UCA.

(10)

IV. RESULTS
In this section, the validities and accuracies of the
proposed formulas are studied in numerical simulations
as well as the calculation speed in time. Since the results
validities and accuracies are symmetric about 9, = 90°,
for the sake of brevity, only those for 9, < 90° are
provided in this paper.

A. Validity verification
According to proposed formulas, the HPBW of the



UCA in azimuth and elevation are only affected by 1/a
and 9,. To examine the validities, the results of the
HPBW obtained from (9) and (10) are compared with
those computed via the AF in (5) and (6) under different
values of 1/a and 9, respectively. As aforementioned,
the study of paper focuses on the uniform tapering case.
Accordingly, we can set I, = 1 in (5) and (6).

The verification of (9) under different values of 9,
is provided in Fig. 4 where the curves labeled “via (5)”
and “via (9)” represent the results obtained by (5) and (9)
respectively. Two array radii examples, a = 3.181 and
a = 4.77A, are presented in this simulation. It can be
seen that the results obtained from the proposed formula
(9) are highly in agreement with those computed by the
AF in (5) under different zenith angles. It suggests that
the proposed approximate formula (9) can not only get
correct results, but also be applicable under different
zenith angles of the main lobe for UCA. In addition, it
also suggests that the proposed approximate formula is
suitable for different array radii.

40
—%— a=3.18\ (By (5))
50 — B —a=4.77) By (5)) |
. a=3.18\ (By (9))
o L BY — — —a=4.77)\ (By (9))
% 20 |
o
T
10 f
0

Fig. 4. Azimuth HPBWs under different zenith angles.

25 '
—H&— a=3.18\ (By (6))

20 a=4.77 ) (By (6))
R a=3.18)\ (By (10)) ‘
< 15l — — —a=4.77 (By (10)) /)
= )
om
o 10t
T

5 .

o , | |

0 20 40 60 80

Fig. 5. Elevation HPBWSs under different zenith angles.

The elevation HPBWs under different zenith angles
for a = 3.181 and a = 4.774 are presented in Fig. 5. It
can be seen that the results computed from (10) agree
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with the ones calculated by (6) well, especially for a =
4.77A. The results also indicate that (10) can obtain a
correct elevation HPBW with an acceptable error, if the
two main beams of a UCA can be definitely identified.
Besides, the proposed estimation formula (10) is not only
suitable for different zenith angles of the main lobe, but
also applicable under different array radii.

Therefore, the proposed approximate formulas, (9)
and (10), can be used to estimate the HPBWs of UCA in
azimuth and elevation under different array radii and
zenith angles of the main lobe.

B. Calculation error

Since the proposed formulas attain approximate
results, the calculation error is a very important
characteristic, which directly affects the accuracy of
the results and leads to a limitation for the formulas’
application. Consequently, the accuracies of the proposed
formulas should be evaluated.

To investigate the accuracy of the proposed
approximate formula (9), taking the results computed by
(5) as a reference, the azimuth HPBWs of UCA are
calculated by (9) under different zenith angles and array
radii. The comparisons are presented in both absolute
error and error rate, as depicted in Fig. 6 and Fig. 7.

It is clear from the results in Fig. 6 that the
differences between the results calculated by (5) and (9)
are very small. The absolute errors decrease with the
growing of 9,, and reach the minimums at 9, = 90°.
Besides, the errors decline with the growing of array
radii in general, though the decreased calculation errors
are smaller and smaller with the array radius growing.
Moreover, the trends of the calculation errors for
different array radii are almost the same, which implies
the good agreements of the calculation errors under
different array radii.

Figure 7 shows the contrary trends that the maximum
error rates occur at 9, = 90°, and the error rates grow
as 9, increases till 90°. The results also show that the
maximum calculation rror rates under different radii are
almost the same, and their upper limits are around 2.2%
at 9 = 90°. In addition, as the array radius grows, the
error rates decline slower and slower and tend to stay
steady at the maximums when 9, is approaching to 90°.
It means that the growing of array radius weakens the
influence of the elevation component of the main lobe’s
direction to the calculation error rate. Both absolute error
and error rate in Fig. 6 and Fig. 7 reflect that the proposed
approximate formula (9) gets a good accuracy.

The accuracy of the proposed estimation formula
(10) for the elevation HPBW is also evaluated in absolute
error and error rate, as depicted in Fig. 8 and Fig. 9. It
can be seen from Fig. 8 that the calculation errors are
very small, except for the case of a = 3.184 under 9, >
65°. The calculation errors gradually increase as 9, is
approaching to 90°, especially for the small array radius
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cases, since it is harder and harder to distinguish the
two main beams of the UCA. Generally, the calculation
errors remain unchanging till 9, = 50°, and then begin
to decline and bound. The results indicate that with the
increasing of array radii, the calculation errors decrease
and the values of 9, at bounding points increase.

0.8
—%— a=3.18\
06 N — — —a=4.38)
a=5.57\
< W | a=6.76.\
§ 0.4 P\ a=7.96\
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Fig. 6. Absolute error of (9).
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Fig. 8. Absolute error of (10).

The simulation results in Fig. 9 show that the error
rates begin with around 2.2%, and with the growing of
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9,, they decrease gradually. The error rates bound at a
certain 9, which grows as the array radius increases. The
reason of the error rates grows quickly when 9, > 65°
for the case of a = 3.1841 is mentioned before. In general,
the larger the array radius is, the steadier the error rates
are. Meanwhile, the general trends of error rate are
coincident with those of the absolute errors in Fig. 8.
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Fig. 9. Error rate of (10).

C. Calculation speed

To further show the proposed formulas’ advantage,
the computational speeds are evaluated based on the
calculation time. Due to the same calculation speed of
(5) and (6) and the same calculation speed of (9) and
(10), for the sake of brevity, only the calculation times of
(5) and (9) are presented. The results based on 10,000
iterations are depicted in Fig. 10. It shows that the
calculation time of (9) remains constant even if N
increases, yet the computational time of (5) grows with
the increasing of N. Moreover, the calculation time of (9)
is at least 2,000 times less than that of (5) in this example,
and this ratio grows with the increasing of N. It implies
that the proposed formulas can approximately estimate
the HPBW of a UCA at a very high speed, compared
with the involuted and time-consuming conventional
method, i.e., by (5) and (6).
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Fig. 10. Calculation times based on 10,000 iterations.



V. CONCLUSION

In this paper, two very simple formulas are proposed
to estimate the HPBW of UCA in azimuth and elevation
roughly under different main lobe directions. In contrast
with computing the HPBW directly from definition, the
proposed approximate formulas provide an easy and fast
approach to estimate the HPBW of UCA in azimuth and
elevation. The proposed formula for azimuth HPBW can
get not only a correct result but also a good accuracy with
a maximum error rate of 2.2%. The formula for elevation
HPBW also can estimate the elevation HPBW correctly
with an acceptable accuracy. Moreover, the proposed
formulas attain an extremely high calculation speed.
Therefore, the study in this paper provides a simple and
quick method to estimate the HPBW of UCA.
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Abstract — In this paper, a wideband dual-polarized
microstrip antenna is proposed inspired by the concept
of the periodic grid-slotted surface. Inherited the merit of
low profile from microstrip antenna, a relatively wide
bandwidth, i.e., up to 43% with reflection coefficient less
than -10 dB, is achieved for both orthogonal polarizations.
Multiple modes are excited due to the periodic slot-
loaded structure and well matched using crossed
aperture-coupled Y-shaped feeding. The overall height
of the proposed antenna is only 0.06 Ao, Ao is the free-
space wavelength at the centre frequency of 5.5 GHz.
The proposed antenna is systematically studied in the
numerical simulation and experiment, and results agree
well. The proposed dual-polarized antenna provides an
effective choice for wideband low profile antenna for the
applications of base station.

Index Terms — Antenna feeds, microstrip antennas,
polarization diversity, wideband antennas.

I. INTRODUCTION

Dual polarized antennas are widely used in modern
wireless communication systems, especially for the
applications of base stations. Conventional dual polarized
antennas applied in base stations are cross-dipoles [1-2]
or magneto-electric dipoles [3], which achieve a broad
bandwidth around 45%. However, these designs are
usually with a high profile above 0.2 Ao. Therefore, how
to decrease the profile (less than 0.1 Ag) of the dual
polarized base station antenna and maintain the broad
bandwidth (around 45%) is still a challenge. Microstrip
antennas may be a suitable choice to achieve this target
due to these obvious advantages of low profile, light
weight, low cost and easy integration [4]. Nevertheless,
typical microstrip antennas usually suffer from narrow
impedance bandwidth, e.g., less than 10% because of the
high quality factor [5].

Several methods have been proposed to enhance
the bandwidth of microstrip antennas. For example, the
bandwidth as high as 20% can be achieved by using thick
substrate with low dielectric constant for a low quality
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factor [6]. Reference [7] presents a microstrip antenna
with the impedance bandwidth greater than 20% by
embedding a U-shaped slot. E-shaped microstrip antenna
fed by a probe is given in [8], demonstrating that the
bandwidth could reach up to 30.3%. And the stacked
structures have been utilized to provide broadband
property, knowing as the stacked microstrip antennas
[9]. However, the profiles of these designs are usually
higher than 0.1 2. To maintain the low profile
performance and improve the bandwidth, multimode
coupling theory [10-11] becomes an available method
recently. By coupling TMiy and TMsp modes, the
bandwidth of 15.5% is achieved with a profile of 0.03 Ao
[10]. Nevertheless, not all above techniques are suitable
to be applied in dual-polarized applications due to
asymmetrical radiating patches or complex feeding
networks [11].

In our previous work [12], a microstrip antenna with
strip-slotted hybrid patch and aperture-coupling feeding
structure is presented. By adding three periodic slots on
the radiating aperture, TMo and antiphase TMz, modes
are excited and coupled to achieve a broadband of 41%
with a low profile of 0.06 Ao. But it can only support
one polarization. Inspired from the periodic radiating
structure in [12], a dual-polarized microstrip antenna
with grid-slotted radiating aperture is proposed to realize
the broad bandwidth and low profile. As this design is
with a symmetrical radiating aperture, dual polarizations
can be excited through the cross coupling-apertures and
the cross Y-shaped feeding lines, which also help to
realize the wideband characteristic. The antenna sample
is fabricated for experiment, exhibiting good agreement
with simulation results. The relative bandwidth around
43% for two polarizations and the profile of 0.06 Ao
indicate the proposed dual-polarized antenna has the
potential to be applied in the design of low profile base
stations.

I1. ANTENNA DESIGN AND ANALYSIS
Figure 1 illustrates the configuration of the proposed
dual-polarized grid-slotted microstrip antenna. The grid-
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slotted radiating patch is above the ground and the
crossed Y-shaped feeding lines is underneath the ground.
Two dielectric layers (£=3.38, u=1 and tan 6=0.0027)
with different thicknesses are utilized to support the
antenna. The detailed geometry and dimensions are
plotted in Figs. 2 (a)-(c) with the optimized parameters
listed in Table 1. The proposed antenna is composed of
4x4 small square patch units with identical size and fed
through a pair of orthogonal Y-shaped feeding lines.
This structure can be regarded as a combination of two
orthogonal 1x4 strip-slotted hybrid structures in [12].
Therefore, orthogonal polarizations are excited along x-
and y-axis, respectively. For each Y-shaped feeding line,
the distance between the two arms (W) and the vertical
distance (s) are tuned for wideband impedance matching.
The widths of these sections (Wms, Wms2) are selected
to the intrinsic impedance of 50 Q. To avoid the
intersection, four crossover structures with the same
dimensions are introduced, and the detailed view is
shown in Fig. 2 (c). The vias in the crossover are applied
to connect the upper and bottom parts of Microstrip 1
or Microstrip 2. Therefore, the orthogonal Y-shaped
feeding lines are separated at the intersecting points.

Grid-slotted radiating patch

Crossed apertures Upper dielectric

icrostrip 1

rossover

Microstrip2

Lower dielectric =

Fig. 1. Perspective view of the proposed dual-polarized
grid-slotted microstrip antenna.

The proposed antenna applies the Y-shaped feeding
line, instead of the typical straight feeding line. It has two
benefits: (1) Improvement on impedance matching; (2)
Easy realization of dual polarizations. To validate the
design strategy, the evolution processes (Ant. 1, Ant. 2
and Proposed Ant.) are illustrated in Fig. 3, with the
comparisons on reflection coefficients. Firstly, extra
tuning parameters, i.e., W and s, are provided for
impedance matching and lead to a remarkable
improvement for impedance bandwidth. For Ant. 1, the
simulated impedance bandwidth with [S11|<-10 dB is
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4.50-5.92 GHz (27.3%). For Ant. 2, the impedance
bandwidth is 4.26-6.54 GHz (42%). The introduction of
this Y-shaped microstrip feeding line greatly enhances
the relative bandwidth with an increment of 15%.
Secondly, the Y-shaped geometry is indispensable to
achieve a dual-polarized performance. Supposing two
straight microstrip lines are used to create a cross feeding
structure, just as shown in Fig. 4 (a), the intersection of
two orthogonal straight lines is right underneath the
centre of cross apertures. Thus, it is difficult to avoid the
intersection, even using the crossover mentioned in Fig.
2 (c). In Fig. 4 (b), two orthogonal Y-shaped microstrip
lines are applied and the four intersections move outwards
and are away from the cross-coupling apertures. Thus,
with the Y-shaped feeding structure and crossovers, the
two cross microstrip lines can be separated in the same
layer to further excite two orthogonal polarizations.
Besides, in Fig. 3, the proposed dual-polarized antenna
(Proposed Ant.) can also realize a much wider simulated
impedance bandwidth of 4.29-6.40 GHz (39.5%) than
Ant. 1 (27.3%).

Cross coupling aperture
Py

Crosss coupling aperture

Px

Wy,

W

! . . .
Cross microstrip line

(a)

Cross coupling aperture
|

Cross Coupling aperture

Grid-slotted patch//

O
R " a—
"% 7 <,
x Microstrip line i
! z y }l ¥
Cross microstrip line
(b)
Microstrip 2
Rw‘n >
[ 4
/

Microstrip 2

Microstrip 2 Microstrip 1

(c)

Fig. 2. Geometry of the proposed grid-slotted microstrip
antenna: (a) top view of the radiating patch and GND,
(b) bottom view of the feeding structure and side view of
the overall structure, and (c) stereograph of the crossover.
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Table 1: Optimized dimension of the proposed antenna
(Unit: mm)

Px Py Ox Oy Wp Lp GL Gw Ws

10 10 1 1 39 39 60 60 38

W S Wms Wms2 Lwave h ho Ls Ruia

8 10 185 1.75 155 3.25 0.813 30 0.17

Proposed Ant.

Reflection coefficient (dB)

— ANt ]
—s— Ant.2

— = Proposed Ant.
1 n 1 n 1 i 1 n 1

4.0 4.5 5.0 5.5 6.0 6.5 7.0

Frequency (GHz)

Fig. 3. Design evolution and simulated reflection
coefficients.

Intersection

() ®)

Fig. 4. Cross feeding structure: (a) with two orthogonal
straight microstrip lines, and (b) with two orthogonal Y-
shaped microstrip lines.

In the curve of Fig. 5 (a), three resonances appear
at the frequencies of 4.5 GHz, 5.5 GHz, and 6.3 GHz.
Snapshots of the vector electric field distributions at
these three resonances are depicted in Figs. 5 (b)-(d).
In Fig. 5 (b), it can be clearly seen that the E-field
distribution is the TMiy mode of conventional patch
antenna and meanwhile, there are very strong E-fields in

the grid slots along y-axis between two adjacent small
square units. There are two resonances for the higher
order mode. The resonances at 5.5 GHz and 6.3 GHz
have almost the same electric field distributions (Figs. 5
(c)-(d)), named as antiphase TM2, mode. The directions
of the E-field of the coupled aperture are antiparallel.
The mode sketches at different resonance frequencies are
inserted in Fig. 5 (a).
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-
-
>
>
=
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e
=
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IRel‘lectlion qul‘ﬁcienl (dB)
; |
T

40 45 5.0 55 6.0 6.5 7.0
Frequency (GHz)
(a)

(b)

(d)

Fig. 5. Simulated reflection coefficient and E-field
distribution of the proposed antenna. (a) Simulated
reflection coefficient and sketches of the resonant modes.
The vector electric field distributions at (b) 4.5 GHz, (c)
5.5 GHz, and (d) 6.3 GHz.

I11. PROTOTYPE AND MEASUREMENTS

The numerical results illustrated in this study are
obtained using the commercial software High Frequency
Structure Simulator V15 (HFSS 15.0). Specifically, the
frequency-domain solver with a Finite Element Method
(FEM) algorithm is selected. During the simulation
procedure, the solution frequency is 5.5 GHz and minimum
converged passes is 2 with the converged precision of
0.02. For measurement, the Agilent E5071B vector
network analyzer is used to measure the reflection and
transmission coefficients. The ETS-LindgrenAMS8500
anechoic chamber is used to test the radiation
performance.
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A prototype of the proposed dual-polarized grid-
slotted microstrip antenna (Proposed Ant.) is fabricated
and measured, and Figs. 6 (a)-(c) show the photographs.
The antenna prototype has the same dimensions with
those listed in Table 1. The measured reflection and
transmission coefficients at two ports are illustrated in
Fig. 6 (d), also agreeing well with the simulated ones.
The deviations may be mainly caused by manufacturing
error, especially the thin air gap between upper and lower
dielectrics. The achieved -10-dB impedance bandwidths
are 4.23-6.62 GHz (44.1%) for port 1 and 4.26-6.61 GHz
(43.2%) for port 2. The measured transmission coefficient
between two ports is lower than -16 dB in the whole band.

(a) (b)
++++ [S11|: simulated [ = — = [S22|: simulated | — . |S21|: simulated
pe= [S11|: measured | == [S22|: measured | e |S21|: measured
0 0
SR
g 5 2
.15 =
5 3
£-20 S
S S
3 25 -10 =
g 2
2-30 ©
<38 15 £
2 . 2
i g
345 20 £
-50 =
-55 -25

4.0 45 5.0 5.5 6.0 6.5 7.0
Frequency (GHz)

(d)

Fig. 6. Photographs and measured results of the
fabricated Proposed Ant. (a) Top view, (b) bottom view,
(c) the ground plane and cross coupling apertures in the
GND layer, and (d) simulated and measured reflection
and transmission coefficients.

Figures 7 and 8 show the simulated and measured
normalized radiating patterns at 4.5 GHz, 5.5 GHz, and
6.3 GHz at two ports. The measured cross-polarization
levels are less than -18 dB in the E-plane and -20 dB in
the H-plane for port 1; -19 dB in the E-plane and —-18 dB
in the H-plane for port 2. Figure 9 (a) shows the
simulated and measured gain and efficiency. For port 1,
the simulated gain ranges from 6.9 to 10.4 dBi and the
efficiency is higher than 89%, and the measured gain
ranges from 6.4 to 10.1 dBi. For port 2, the simulated
gain ranges from 6.9 to 10.5 dBi and the efficiency is
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higher than 80%, and the measured gain ranges from 6.5
to 10.3 dBi. The differences between the maximum gain
and minimum gain are 3.7 dBi and 3.8 dBi, respectively.
The gain variations are accepted (less than 4 dB) in the
whole operating impedance bandwidth. The proposed
antenna can be regarded as a binary array when operating
at antiphase TM2o mode. Therefore, the gain at TM1o
mode is lower than the gain at antiphase TM2o mode. In
Fig. 9 (b), the envelope correlation coefficients (ECC)
between the two ports is also presented, which can
guantitatively evaluate the MIMO performance. The
ECC of two ports can be calculated by the complex
radiation far field and the formulation is given in
equations (1) and (2) [13]. The ECC is less than 0.07
in the whole operating bandwidth. Comparing with the
benchmark value of ECC less than 0.5 [14-15], the
proposed dual-polarized antenna achieves an excellent
MIMO performance:

2 _ | 4p A12(0,9) sin 6 d6 do |2 1)
l# A11(8,9)sin @ dO do-§f A,,(0,9) sin6 d6 dol '

Pe = |pc
where
Ajj = Eg;(6,9) Ep ;(6,0) + Eyi(6,9) E, ;(6,0). (2)

E-plane
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H-plane
90°(+Z)

" meas.co-po
270°  —=— meas.cross-po
simu.co-po

simu.cross-po

270°

90°(+Z)

270° 270°

Fig. 7. Simulated and measured normalized radiating
patterns at port 1 of the Proposed Ant. at 4.5 GHz, 5.5
GHz and 6.3 GHz.
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H-plane

90°(+2)

E-plane

90%(+7.)

meas.co-po
meas.cross-po  270°
simu.co-po
simu.cross-po

Fig. 8. Simulated and measured normalized radiating
patterns at port 2 of the Proposed Ant. at 4.5 GHz, 5.5
GHz and 6.3 GHz.
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Fig. 9. Simulated and measured radiating performances
of the Proposed Antenna. (a) Gain and efficiency, and
(b) envelop correlation coefficients.

IV. CONCLUSION

In this paper, a dual-polarized grid-slotted microstrip
antenna with enhanced bandwidth and low profile is
proposed. The ingenious combination of the Y-shaped
feeding structure and periodic radiating aperture is
presented to enhance the bandwidth of the microstrip
antenna significantly. The obtained results provide a
guideline to design wideband microstrip antennas.
Prototype of the proposed antenna is fabricated and
measured. As shown in Table 2, compared with the
existing broadband microstrip antennas [8,9,12], the
proposed antenna can achieve wider bandwidth with
low profile and meanwhile realize dual polarization.
Compared with the existing dual-polarized antenna
units [16-17] applied for base station, lower profile is
observable. Up to 43% -10-dB bandwidth is obtained
in our design, exhibiting possibilities to design dual-
polarization low profile base station in wireless
communication systems.

Table 2: Comparison of performances for various antennas
(o is the centre operating wavelength in free space)

Antenna Profile BW  Polarization Centre
Frequency
Ref. [8] 0.07 A 30.3% Single 2.25 GHz
Ref.[9] 0.1k 36.8% Single 30 GHz
Ref. [12] 0.06 % 41% Single 5.5 GHz
Ref. [16] 0.25X 54.5% Dual 2.31 GHz
Ref. [17] 0.24% 45% Dual 2.22 GHz
Proposed 0.06 .0 43% Dual 5.50 GHz
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Abstract — In this paper, a mm-wave radar is devised
to monitor the micro-deformation of bridges and its
performance is verified via monitoring a highway and
a freight railway bridges. The radar interferometry
technology is utilized to develop the compact and
portable mm-wave radar. Experiments are set up to
monitor a highway bridge around Beijing-Tianjin
expressway which is near the sixth ring roads of Beijing
and a Dagin freight railway bridge in Yanging, Beijing.
The experimental results demonstrate that the devised
radar can detect the micro-deformation of the bridge
vibration with a super-resolution and high precision,
making the mm-wave radar promising for bridge
monitoring, dam monitoring, debris flow monitoring
applications.

Index Terms — Micro-deformation monitoring, millimeter
(mm) wave radar, super-resolution and high precision.

I. INTRODUCTION

The status of the bridges is very important, which
can help to check and repair the bridge damages [1].
In particular, the bridges are increased rapidly for
constructing the modern highway, high-speed railway
and roads [2-3]. Thus, it is useful to monitor the status of
these bridges to understand the bridge healthy status [4-
5]. Moreover, these bridges should be monitored in real-
time and repaired on time.

Recently, several methods or devices have been
presented to monitor the status of the bridges, such as
gauges, accelerometers, total stations, digital levers,
global position system [4-5]. Although these devices or
methods, including the sensors, can well detect the status
of the bridges, the installations of these devices are
difficult since they should contact with the bridges,
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which are dangerous, time-consuming, and they are
sensitive to the weather and the environments [6-8]. In
addition, the installation of these devices might give
unnecessary to the transportation and the economy. It is
a best way to find out a solution to monitor the status of
the bridges using non-contacting method, which can also
provide a real-time and online monitoring. To overcome
the drawbacks of these devices and meet the practical
requirements, radar interferometry technique has been
studied for providing an all-weather and non-contract
method for monitoring the status of the bridges [9-12].
In comparison with the above mentioned techniques, the
radar can overcome the disadvantages, and it has been
used for detecting the civil structures. An IBIS radar is
designed by Italy and it has been used for monitoring the
simple bridges [13]. However, there is no comparison
with the different bridges. Moreover, there is no radar-
based micro-deformation monitoring for highway and
freight railway bridges.

In this paper, a mm-wave radar is devised for
monitoring the micro-deformation of the bridges. The
radar is designed in our laboratory and its performance
is verified for monitoring a highway and a freight
railway bridges. In the designed mm-wave radar,
interferometry technique is considered for improving the
precision of the measurement. The measurement results
are presented to prove that the devised radar can well
monitor the micro-deformation of the bridge vibration
with a super-resolution and high precision. The proposed
mm-wave micro-deformation monitoring method can
detect the displacement with a distance from the targets
and it also is easy to install in the practical engineering.
In our paper, we mainly discuss the micro-deformation
monitoring based on our design mm-wave radar to detect
the bridges vibrations of highway and freight railway.

1054-4887 © ACES
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I1. THEORY AND STRUCTURE OF THE
MM-WAVE RADAR
In the mm-wave radar design, frequency-modulated
continuous wave (FMCW) mode is considered to make
the radar compact and simple [14-15]. Additionally, it
also has many advantages in comparison with traditional
radars, such as high resolution and low transmitting
power [14]. Thus, the radar can be used to monitor the
bridges since the vibrations from the bridges are very
small, which is always smaller than 5mm. As for the
FMCW radar, the range resolution is described as [14-
16]:
Aar=_"C, 1)
2B
where B denotes the bandwidth of the radar while
c represents the speed of light. The interferometric
technique is used for improving the micro-deformation
detection ability by taking echo phase difference into
consideration [17]. The micro-deformation and the echo
phase difference has a relationship which is given by:
AR=13A¢, 2
4n
where AR is the change of the bridge, Ag is the echo
phase shift, 1 is the wavelength of the center frequency.
Since the radar is designed at mm-wave, its wavelength
is very small, and hence, the minimum deformation of
the bridge vibration can be detected. In addition, phase
unwrapping and phase calibrated methods are also
utilized to guarantee the phase accuracy which can
accurately measure the micro-deformation of the bridges
[17]. The monitoring installation is illustrated in Fig. 1
to get the micro-deformation of the bridges [19-25].

eformation bridge Ak

— e —— — i — —— — — — ! — ——
"

Fig. 1. Correction scheme of radar bridge monitoring.

In Fig. 1, the radar is always under the bridge to get
the accurate deformation. If the mm-wave is installed
with an angle to the bridge. The micro-deformation
measurement results should be corrected by using the
correction scheme listed in Fig. 1 and the computations
are given in [20]. In Fig. 1, the deformation on the
direction of sight is [20]:
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d =R -R, (J=123:-), 3

J
and we have

-0
Ah? = dj2 + (RHQ)2 —ZRHH-dj ~COS(T), (4)

when 6 is very small. Herein,
(Rj40)—2-d; ~5in(§)z(Rj_1—dj)9. (5)
Thus, we can get the micro-deformation:
Ah:\/dj2+(Rj—1€)2(Rj—1_dj) . (6)

In fact, the micro-deformation is very small
obtained from the vibration of the bridges in comparison
with the distance between the radar and the bridges. And
the micro-deformation is gotten from the measurement,
which will be affected by position of the radar and the
monitoring angle. To well get the measurement accuracy
of the bridge vibrations, many experiments have been
done and compared with the ANSYS simulations [20].
As we know, the highway bridge and the freight railway
bridges are so wide that we should consider the
monitoring position and the angle of the radar installation
[19].

On the basis of the bridge micro-deformation
monitoring applications, an mm-wave radar is designed,
which is comprised of slot antennas, transmitter, receiver,
data processing module, and power supplies. In this
design, the two slot antenna arrays with high isolation of
60dB are used for transmitting antenna and receiving
antenna, which are connected via the cable-to-waveguide
transformer to the transmitter and receiver. Herein, the
antenna array has a beam width of 4°x10°. In the antenna
design, we use the simple slot antenna to form an array,
which is based on the experience in our lab. In the data
processing, control and signal sampling units are utilized
and integrated into the radar system to provide a data
sequence control. Additionally, a battery and a voltage
regulator are used for providing a stable voltage in the
out bridge monitor testing. For the transceiver, the radio
frequency signals are generated at the same time. Mixing
the received signal with a local replica of the transmitting
signal maintains coherence and makes the system compact.
In the transmitter, a linear frequency-modulated chirp
signal is generated by a direct digital synthesizer, which
has a bandwidth of 300MHz, and then it is modulated to
intermediate frequency (IF) of 3750MHz +150MHz. The
IF chirp signal conveys to the transmitter and is up-
converted to a signal with a center frequency of 36.05
GHz. Thus, the signal with a center frequency of 36.05
GHz and bandwidth of 300MHz is transmitted to the air.
Then, the signal is received by the receiving antenna for
processing by the receiver. The receiver is comprised of
low noise amplifier (LNA), a mixer and an IF amplifier,
where the LNA is used for amplifying the received echo
signal. After that, the amplified signal is down-converted
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to IF. Then, the IF amplifier further boosts the IF signal found that there is no vibration when this is no vehicles
and conveys it to a 16-bit ADC with 10MHz sampling passing across the bridge. The status of the bridge
rate. A high-speed Compact Flash (CF) card is used to  changes quickly when there are vehicles running though
store the data. The FPGA is used as the controller of the  the bridge.

designed radar system. All the radar is designed by us,
including the software and the hardware.

Fig. 2. Photograph of the designed mm-wave radar.

For the outside testing, the data is copied from the
CF card and processed by using a laptop. In addition, a
camera is installed on the top of the mm-wave radar
to give a comparison between the monitoring and the
practical scenarios. The designed mm-wave radar is
shown in Fig. 2.

I1. EXPERIMENT

To verify the effectiveness and the stability of the
devised mm-wave radar system, two experiments have
been constructed to monitor the micro-deformation of
highway and the freight railway bridges. Based on the
previous studies for monitoring the micro-deformations
of the corner reflectors and the city railway bridges 12 .
in Beijing, a highway bridge around Beijing-Tianjin
expressway which is near the sixth ring roads of Beijing T
is monitored by using our developed mm-wave radar.
The setup of the experiment is given in Fig. 3, where the
radar is setup under the bridge. This is to say that the
antenna array of the radar is pointed to the bridges
directly. If the antenna array is installed and pointed to
the bridge with an angle, the correction method should

Fig. 4. Scenario of highway bridge monitoring.

Vibration of the Highway Bridge
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be adopted to ensure the accuracy of the monitoring. As 62

we know, the health condition of the bridge is related the 0

magnitude of the vibration. In the monitoring, the micro-

deformation is given in continuous magnitude, which -02F

is to illustrate the displacement of the vibration. The

monitored micro-deformation can give a reference to the T T T e s 0 1
health condition detection of the bridges. Time {seconds)

The monitoring scenario is described in Fig. 4,
where there is a truck passing though the monitored Fig. 5. Experiment result on vertical vibration of the
bridge. The monitored result is illustrated in Fig. 5. Itis  highway bridge
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Fig. 6. Spectrum of the vertical vibration of the highway
bridge w/o filter (Normalized amplitude in millimeter).

From the bridge monitoring experiments and the
monitoring results of the highway bridge vibration
monitoring, we found that the calculation method for
loading vibration of highway bridge is similar with
calculation method for loading vibration of light-railway
bridge in [20]. At the same time, there are several trucks
and cars running on the bridges. These vehicles hit the
bridge to produce the strong vibrations during the
different time at 0.5s, 0.8s, 2s, 5s, 9s, 12.3s and 13.8s.
When the vehicles leave the bridge, the vibrations
disappear quickly. There is some residual in the
monitoring period, which might be caused by the radar
installation position which is set under the bridge. Since
the highway bridge is wide, the vibration is different at
each side, which also depends on types of the vehicles.
From the results, we can see that truck gives a strong
hit to the bridge, and hence, an obvious vibration is
appeared around 13.8s. Also, the vibrating frequency is
considered to provide a reference for avoiding the self-
resonance of the bridges.

Fig. 7. Setup and scenario of freight railway bridge
monitoring.
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Fig. 8. Experiment result on vertical vibration of the
freight railway bridge.
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Fig. 9. Spectrum of the vertical vibration of the freight

railway bridge with filter (Normalized amplitude in
millimeter).

The spectrum of the highway bridge vibration can
be gotten, which is illustrated in Fig. 6. From Fig. 6,
it is clearly seen that the bridge vibration during the
monitoring period is comprised of serval different
vibration frequencies which are focus on 0-5Hz. Base on
the analysis and comparison with the optical picture, we
found that the loading vibration frequency of the bridge
is caused by the truck at 13.8s, while the vibration
appeared at 12.8s is caused by the smaller truck. The
bridge is a prestressed continuous concrete bridge made
of several spans, which is supported by box girders [26].
The loading frequencies of the box girder caused by
different vehicles are approximately 3Hz, which have
relationship to the length of these vehicles. Herein, the
relationship is given by [20]:

f=v, @)
L



In this experiment, the velocity of the truck is 110km/h.
The length of the truck and the car is around 15m. Thus,
the vibration frequency happened at 2-3Hz, and the
complex vibration frequencies may be caused by the
other vehicles passing though the bridge.

The vibration of the bridge will be affected by the
material and the structure of the blocks and the boxes
[22], which can be calculated by the following equation
[20, 27]:

(8)

where EIl, denotes the stiffness of the vertical bending
of the bridge, L, represents the length of bridge span,

and m, is the weight of the bridge per unit length. Thus,

if we can get the accurate parameters of the bridges, we
can also get the natural frequency of the bridge vibration.

The natural frequency of the bridge vibration is
about 2-3Hz, which is approximately equal to the
vibration frequency of the bridge obtained at 13.8s.
Moreover, the vibration of the highway bridge is
complex since there are many vehicles running on the
bridge, and the structure, material and geographical
positions are complex, making it difficult to select a
good position to install the designed mm-wave radar.
However, our designed mm-wave radar can get the
accurate vibration of the bridge.

As for freight railway bridge monitoring, a freight
railway bridge on the Dagin freight railway around
Yanging is monitored. The setup of the railway bridge
monitoring and monitoring scenario for freight railway
bridge vibration are presented in Fig. 7, where the radar
is still installed under the bridge and a train has more
than 100 boxes which are full with mines, is passing
though the bridge. The monitored result is presented in
Fig. 8. We can see that the bridge is static when there are
no trains. When a train reaches the bridge, there is a
strong vibration whose magnitude is large. Then, the
vibration magnitude is invariable when the train is
passing though the bridge in about 3 minutes. Thus, we
found that the vibration of the freight railway bridge
is different with the highway bridge and high-speed
railway bridge. The spectrum of the freight railway
bridge vibration is analyzed and is given in Fig. 9. It can
be seen that the bridge has a strong vibration as the train
arrive the bridge, and the vibration frequency is about
6Hz. There is a resonance at 20Hz and 40Hz which
might be caused by the head of the train lying at the
middle of the train and the leaving of the train from the
bridge. Also, the free vibration of the monitoring freight
railway bridge is complex since it is near a highway and
crosses on a river. From the above monitoring results, we
found that the vibrations from the freight railway bridge
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and highway bridge are mainly determined by the
changes of the bridge structure. The dominant vibrations
of such bridges are symmetry with vertical bending of
the main girder when the interferometry radar is fixed.
From the experiments and discussions, it is worth noting
that the vibrations of the bridges can be well monitored.
To get the fast and accurate monitoring, the antenna
array should be pointed to the bridge directing.

V1. CONCLUSION

A mm-wave radar has been designed and used for
bridge micro-deformation monitoring. Two experiments
have been setup to monitor a highway and freight railway
bridges. The monitoring results showed that the proposed
mm-wave can well monitor the vibrations of the highway
and freight railway bridges with a high resolution and a
good precision. In addition, the proposed mm-wave
radar can also well detect the coming of the train in the
freight railway bridge, which makes the radar very useful
for bridge micro-deformation and the rail vibrations. In
the future, we will develop reconfigurable and MIMO
antennas based on defected ground plane to make the
designed radar light [28-31].
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Abstract — In the wilderness, the use of wireless sensor
network (WSN) nodes because of their maintenance-free
remote-monitoring characteristic demands ungrounded
lightning surge protection. This paper proposes a design
of a protection device with functions of low-frequency
surge cutting off and radio-frequency (RF) signal passing.
In this device, the discharge circuit consists of a three-
level surge by-pass circuit, an outer conductor antenna,
and a copper-clad circuit board. The current capacity,
start time, and output voltage meet the requirements of
surge protection for a weak current device. Discrete
components that provide the protective feature were
involved in calculating impedance matching, and the
parameters of these components were estimated and
adjusted constantly at the test stage to ensure that the
impedance of the inserted protection device matches with
those of the node RF transceiver module and antenna.
The experimental results show that the node with the
ungrounded protection device can pass fourth-level surge
immunity experiments and run for 49 months at the outdoor
monitoring site in the Xinjiang coal fire area.

Index Terms — Impedance matching, lightning surge
protection, ungrounded, wireless sensor networks.

I. INTRODUCTION

Lightning protection is an important topic of concern
in the electromagnetic compatibility (EMC) research,
and has a long history of developments made in heavy
electricity-protection devices, with introduction of more
mature technology [1-4]. In addition, many scholars
have studied the different lightning characteristics [5—8].
With the development of large-scale integrated electronic
systems, researchers began focusing on lightning
protection related to weak electricity devices, and
different protective devices and various application
specifications were devised [9-12]. The WSN node
deployed in the wilderness, with low voltage, low power,
and high frequency, is a very special weak-electricity
device, which requires a protection device with quick
response, low output voltage, and large current capacity.
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The communications and free-maintenance characteristics
of the WSN node require that the protection device
does not affect the transmission of signals and does not
include a grounded device that must be maintained. To
date, most existing protection devices are grounded [13],
and some ungrounded protection circuits that have
been devised have an applicable scope in the aspects of
starting voltage, response speed, and current capacity
[14]. In this study, the authors designed an ungrounded
lightning protection device, which consists of a series
circuit and three-level shunt circuit. The transfinite surge
energy passed through the discharge circuit formed by a
three-level discharge passage, copper-clad circuit board,
and an outer conductor antenna, neutralizing the induced
charge. The characteristic and import impedances
matched with those of the antenna and radio-frequency
(RF) transceiver module of a 2.4GHz WSN node. The
minimum return loss, voltage standing wave ratio (VSWR)
fit the requirements specified in the IEC Standard 62305-1
[11]. The results of a surge immunity test and field test
show that an ungrounded protection device for the WSN
node can defend against kilovolt/kilo-ampere lightning
surges.

I1. PERFORMANCE REQUIREMENTS

The lightning effects include direct and induction
lightning, where the former shows strong damage ability
and a small occurrence probability, whereas the latter
shows a high occurrence probability and large impact
scope [15]. According to the international standard of
IEC 61000-4-5 [16], the time waveform of surge caused
by induction lightning can be simulated using a combined
wave of 1.2/50-8/20 ps, which increases to the withstand
value of weak electricity device about several nanosecond.
The frequency spectrum and energy concentration are in
the low-frequency range of 0-100 kHz, and the peak is
ranked in KV\KA.

The antenna of WSN nodes deployed in wilderness
areas, when exposed to air, can receive signal and easily
be at the risk of a lightning surge. Therefore, the protection
device is mainly focused on the antenna feeder system.
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A general WSN node is a low-voltage and low-current
device, for example, the JN5139 node, with a working
frequency of 2.4 GHz, working voltage of 2.2— 3.6 V,
and withstand current of 150 mA. The surge waveform
rises at the withstand voltage of the node for about a few
milliseconds. Overall, the surge-protection circuit should
have many technical indicators to meet the industry
standards [12], such as response speed in nanoseconds,
withstand voltage\current in Kilovolts/kilo-ampere, an
output clamping voltage between the node working voltage
and maximum withstand voltage, a maximum continuous
working voltage greater than 1.2 times the antenna feeder
signal voltage, and a by-pass low-frequency surge.
Impedance characteristics of the input and output ports
should respectively match the impedance characteristics
of the antenna and node, and the insertion loss and
voltage standing wave ratio should meet the industry
standards. All of these technical indicators are listed in
Table 1.

Table 1: Technical indicators of surge protection device
Parameter Requirement

Operating frequency 2.4 GHz
Current impulse withstand KA
capability
Voltage impulse withstanding

N kv
capability
Response time ns

Transmission power >1.5xnode power

Voltage standing wave ratio <1.2
Insertion loss >-1dB
Impedance characteristic 50 Q

1. LIGHTNING SURGE PROTECTION
CIRCUIT
The designed surge protection circuit for the antenna
feeder system of WSN consists of a series circuit with a
shunt part, as shown in Fig. 1.
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Fig. 1. Principle diagram of the antenna feeder surge
protection circuit.

MOV

The series circuit comprises a signal line with
capacitance C; placed between the antenna and node
RF module, a cutoff low-frequency surge, and transit
RF signal. Further, the shunt part comprises a discharge
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channel, and is composed of a gas discharge tube
(GDT), metal-oxide varistor (MQOV), and transient
voltage suppressor (TVS). The output voltage, current
capacity, and startup time of the three levels decline in
turn. Based on these three channels, the signal line and
outer conductor of the antenna form a discharge circuit.
Inductances L; and L4 separate the signal line from the
surge discharge channel.

A. Operating principle of circuit

Under nomal conditions, the discharge channel
closes. For th low-frequency surge wave, capacitor Cy is
equivalent to an open circuit and inductance L; is
equivalent to a short circuit; thus, the voltage of port
1-1" is approximately equal to that of port 3-1'. When
the surge approaches, the voltage at port 1-1', consisting
of the work and surge voltages, rises quickly and takes
approximately 3.5 ns to reach the node withstandable
voltage. Then, the TVS with a small starting voltage and
fast startup time, is the first to perform conduction, and
the resulting output voltage is less than the tolerance
voltage of the WSN node. The conduction path between
ports 1-1' passes through 1-3-4-5-2'-1". As the current
of port 1-1" increases, inducted dynamic voltage Upes by
inductance Ls also increases. If the superposition value
of Upes and TVS clamp voltage Us is greater than the
open voltage of MOV, the secondary channel starts to
discharge. In addition, if induced dynamic voltage Upez
with the addition of MOV clamping voltage U, is greater
than the starting voltage of GDT, the first main discharge
channel discharges current to the copper-clad board and
forms a loop with the outer conductor of the antenna line.
As the clamp voltages of GDT, MOV, and TVS decrease
progressively, the voltage difference between the stages
is undertaken by inductances L, and Ls.

The three-level circuit requires coordinated work.
The initial voltage, withstand current, and energy should
abide by the following rules:

1) Before a subsequent level approaches the
maximum tolerance energy, the following level starts
functioning.

2) Before the following level is initiated, the
subsequent level can withstand the surge current.

3) The startup voltage of the following level should
be less than the withstand voltage of the subsequent level.

B. Determination of component types and parameters

According to the working principle of the protection
circuit, coordination principle at all levels, and electrical
characteristics of the node, the ESD5B5.0ST1G-type
TVS, 20D180K-type MOV, and A81-C90X-type GDT
[17-19] were selected.

1) Inductances L2 and Ls
When the surge current increases rapidly, the
induced electromotive force of the interstage inductance



pushes the first level of the protection component to start;

this avoids excessive surge damage to the subsequent
level. Figure 1 shows that the GDT discharge depends on
whether the sum of U, and Upe is greater than GDT
discharge voltage Us:

Ul:U2+UDE2 >US’ (l)
where
Upe, =L, M (2)
DE2 dt

From (1) and (2), the value of inductance L, can be
derived as follows:
, > Us-U, . (3)
dl e, /dt
For the 8/20-us surge waveform with a 1-kA peak,
dlye,/dt = 0.1 kA/ps. Further, U, = 36 V for the MOV
clamp voltage [18], and GDT discharge voltage, Us =
600 V [19]. When L, > 5.64 uH, the GDT can be pushed;
therefore, inductance L, was set at 10 pH to leave some
margin. By using the same method, the value of inductance
L that could push MOV to start was set at Lz > 1.08 uH.
To leave some margin, Lz was set at 1.2 puH.

2) Capacitance C:

In the RF band, inductances L, and L4 segregate the
signal line from the discharge channel, as shown in Fig.
1. In addition, capacitance C; and resistance R (50 Q) of
the WSN node constitute the RC high-pass filter. The
voltage ratio between output and input is obtained as:

R 1

= = , 4
R+1/ joC, 1+1/j272fRC, )

and the cutoff frequency is defined as:
f, =1/2zRC,. (5)

To transmit the RF signal (2.4-2.4835 GHz), cutoff
frequency f_ should be less than 2.4 GHz so that C;
should be larger than 1.3 pF.

Table 2: Maximum transmission distance of the WSN
node with a protection broad with different C;

. Transmission Distance (m)
Capacitor d -
Value | Sunny, [ Sunny, |Cloudy,|Cloudy, [Rainy Day,|Rainy Day,
(PP Empty | 0.5m | Empty | 0.5 m | Empty 0.5m
Area | Grass | Area | Grass Area Grass
1 200 120 208 95 190 83
3 240 135 220 105 196 88
5 272 142 225 103 198 89
10 233 117 193 94 175 84
15 220 103 186 90 169 82
Considering the influence of the distributed

capacitance, inductance, and resistance in the RF circuit,
the test method was used to determine the final value of
Ci. As the transmission distance between two nodes
can directly reflect the communication quality under the
premise of no packet loss, the test method measures the
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maximum transmission distance with different C; values.
Multiple test results under six conditions were averaged
and are listed in Table 2. As shown, following a change
in the capacitance value, the transmission distances are
similar in all six environments. When C; increases from
1 to 5 pF, the transmission distance gradually increased,
and then began to decrease when C; increased to 15 pF.
Therefore, the final determination of C; is 5 pF.

C. Impedance matching

In this study, the discrete component of the protection
device also undertakes impedance matching. For the RF
signal, L, and L3 are equivalent to an open circuit, and
GDT and TVS have stray capacitance; thus, the protection
circuit of Fig. 1 can be equivalent to Fig. 2.

Ly
Z1=50Q ZZ—SOQ

l

c2 1.5pF 32pF

1

Fig. 2. Impedance-matching equivalent circuit of the
protection circuit. Equivalent impedances Z; and Z; of
port 1-1" and 2-2', respectively (Fig. 1).

In Fig. 2, C, and Cj3 are the stray capacitances of
GDT and TVS. Equivalent impedances Z; and Z; of ports
1-1"and 2-2’, respectively, are equal to the characteristic
impendences of the antenna and WSN node, and are
defined as [20]:

Z,=7..Z

oc1“scl ! ZZ = Zoczzscz ’ (6)
where Zoc1 Or Zs1 is the equivalent impedance of port 1-1'
when port 2—2" is an open- or a short-circuit; Zocz Or Zsc2
is the equivalent impedance of port 2—2" when port 1-1'

is an open- or a short-circuit:
. 1 1 . 1
Z., =] job +- J//[_ + joL +.—J, )
! [ jaC, joC, ! JaC,
Z,=1|] /1

. 1
Z., jolL, + //[ + jol, +- j 9
( Ja)Cj joC, jaC, ©)

Z, []a)L + Ja)ng//[JwC J (10)

where Z1 =50 Q, Z, =50 Q, C1 =5 pF, C, = 1.5 pF [19],
Cs = 32 pF [17], and w = 2n % 2.4 GHz. All of these
parameters are substituted into (6)—(10) to compute L4
and L as follows: Ls =5.4 nH and L; =151 nH. At this
point, all discrete element models and parameters of the
protection circuit have been established.
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D. Ungrounded design

This device was designed for handling a low-grade
lightning surge. The printed circuit board (PCB) of the
protection device, excluding the signal lines and RF-
signal channel area, is copper clad on both sides, which
are connected via holes to an array to increase the
volume. The thickness of the 140-um copper foil is 4
times that of the ordinary PCB, thus improving the
capacity of holding the electric charge as a buffer pool.
The designed protection board is shown in Fig. 3.

Fig. 3. The proposed surge-protection-device board.

IV. PERFORMANCE TEST
Based on the above-mentioned analysis, the
ungrounded lightning surge-protection device was
developed and tested according to the performance
indicators in Table 1.

A. Return loss
Figure 4 shows the S,, curve of the surge-protection
boards measured using a vector network analyzer.

1: 2.4298GHz -20.90dB
Su(dB) 2: 2.3853GHz -9.544dB

10.00 3. 2.5032GHz _-10.05dB

0.00

-10.00

N
w

—20.00 X
1

1.7 1.8 19 20 21 22 23 24 25 26 27 28 29 30 31 32 33
Frequency (GHz)

Fig. 4. S,, parameter curve of the surge protection device.

The center frequency in the frequency band of WSN
node was 2.43 GHz; the minimum value of S;; was
—20.9 dB, which approached the minimum value of the
antenna. In addition, a —10-dB bandwidth (2.39-2.50 GHz)
covers the frequency band of the WSN node (2.4-2.4835
GHz). According to the minimum S, , the VSWR is

calculated as 1.198.

11

B. (VSWR)
The relation of VSWR, S, and reflection coefficient
I'is given as:
$,=20lg(7"), (11)
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vswr= 1) (12)

(1-7)

The minimum S, value, as shown in Fig. 4, was
substituted into (11) and reflection coefficient 7" at the
center frequency point was obtained as 0.09, which was
substituted into (12) to obtain VSWR of 1.198; this is
less than the indicator value of VSWR in Table 1.

C. Insertion loss

Under the impedance-matching conditions of the
port, the S, parameter can represent insertion loss,
and was measured using the vector network analyzer.
Accordingly, the insertion loss at 2.43 GHz was obtained
as —0.9 dB, which is greater than the value in Table 1.

D. Packet-loss probability test

The monitoring density of the WSN nodes that are
deployed in reality is less than 100 m; therefore, the
packet-loss probability was measured within this distance.
Over a period of seven days, one node sent one data
package per second. The number of packets received per
hour was then counted and the average packet loss rate
per hour was computed. The test result in Fig. 5 shows
that the packet-loss probability does not show any obvious
change before and after the addition of the surge
protection device to the nodes.

= \Vithout protection device

0.1% == With protection device

Packet loss rate

24 48 72 96 120 144 168
Time (h)

Fig. 5. Packet-loss rate of nodes with and without a
surge-protection device.

E. Surge immunity test

The experimental conditions and test procedure
were set as stipulated by the international standard of
IEC 61000-4-5.

Experimental conditions: The test was conducted
under standard climatic and electromagnetic environment
conditions specified by the IEC 61000-4-5 standard. The
environment temperature was 26 °C, relative humidity
was 45%, and atmospheric pressure was 98 kPa. The lab
environment was without electromagnetic interference.

Connection: As shown in Fig. 6, the antenna and
another port of the protection device were separately
connected through a combined-wave-signal generator
and an RF port of the protected node. A 3.7V lithiumiron
phosphate battery was used to supply power to the node.



Testing program;

1) A four-level test was conducted with voltages
from low to high: 0.5, 1, 2, and 4 kV.

2) The source impedance of the generator was 2 Q.

3) The test surge wave numbers were calculated to
obtain five each of positive and negative waveforms.

4) Repetitive rate: 1 time/min.

According to the test plan, we conducted the tests
many times, as shown in Table 3.

[ Combination
wave generator

=
& B
L
@ [
]
L 9,

urge
protection
circuit

Fig. 6. Test connection diagram of the surge protection
device.

Table 3: Experimental phenomena of surge immunity
test

Test Impulse | Surface | Lines | Performance Peak

Level Voltage | Arcof | on | Character of | Current of
(kV) GDT |PCB Node Node (mA)

1 0.5 [Invisible|Intact| Normal 55

2 1 Visible |Intact| Normal 58

3 2 Clear |Intact| Normal 62

4 4 Bright |Intact| Normal 86

With the increase in test level, the GDT discharge
intensity increased, and a dazzling arc gradually appeared
on the GDT surface, indicating that a large amount of
surge energy drains off through the GDT channel for
protection. The line of the PCB is wider and thicker than
that of a general board, and withstands the tests. During
the testing, one node could continuously receive all the
packets from another protected node, implying normal
RF communication between the nodes. The performance
characteristics, such as communication, distance, and
packet loss, of the tested node are the same as those for
an untested node. The peak current of the node increased
with the increase in the test level, indicating that the
surge affects the node’s working current. After the surge
test, the node’s working current was measured again, and
it was normal. Therefore, it can be concluded that the
node with a protection device can pass the level-4 surge
immunity test.

CAO, YANG, YAN: UNGROUNDED LIGHTNING SURGE PROTECTION DEVICE

V. CONCLUSION

The protection circuit designed for WSN node
bypasses the low-frequency surge and passes through
the high-frequency signal. Protection components were
installed at three levels of the bypass circuit and
cooperated in start time and energy. When the bypass
circuits are conducting successively, the RF signal line
and outer conductor of the antenna form a closed loop
through the TVS, MOV, and GDT. This loop can consume
surge energy, and the thickness of the copper foil of the
PCB can improve the capacity of holding the electric
charge as a buffer pool. This helps the discharge circuit
lines to withstand surge energy. The experimental results
show that the node with the protection device can pass
the standard level 4 of the surge immunity test. The
proposed device was applied to the fire-monitoring
network of the Xinjiang coalfield, and helped in the safe
and continuous monitoring of the network for over four
thunderstorm seasons. If we change the component types
and parameters and adjust the working frequency and
characteristic impedance, this ungrounded device could
be used to protect other similar weak current devices.
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Abstract — A high selectivity bandpass filter with
multiple transmission poles (TPs) and transmission zeros
(TZs) has been presented. By employing three pairs of
parallel-coupled lines and two shorted stubs, sharp roll-
off skirts and high stopband rejections can be achieved
with five TPs and ten TZs. Theoretical analysis is
explained and simulated results are illustrated on this
high-performance filter. Finally, a bandpass filter example
with center frequency of 2.15 GHz and 3-dB fractional
bandwidth of 19% is designed, fabricated, and measured.
It is shown that the measured transition band roll-off
rates are better than 425 dB/GHz. Good agreement
between the simulations and measurements validates the
design method.

Index Terms — Bandpass filter, parallel-coupled lines,
roll-off rates, shorted-circuit stubs, transmission poles,
transmission zeros.

L. INTRODUCTION

Microstrip bandpass filters (BPFs) have drawn
much attention to researchers due to their simple
structure, small size, and easy fabrication. In recent
years, BPFs using parallel-coupled lines are widely
studied because the high accuracy and consistency of the
filter circuit can be easily guaranteed [1-3]. Various
structures using parallel-coupled lines loaded with stubs
are designed for constructing high-performance filters,
including open/shorted stubs [4-6], stepped-impedance
stubs [7-9], and open/shorted coupled lines [10, 11].
Although wideband characteristics has been achieved in
many filter designs, high frequency selectivity and
excellent stopband suppression are facing the challenge
due to lack of transmission zeros (TZs). In order to
realize more pairs of TZs in the stopband, dual-mode
ring resonators loaded with open stubs and open/shorted
coupled lines have been proposed in [12]. However, this
design method leads to large size of the filter circuit,
which cannot meet the requirements of miniaturization.

In this paper, a high-selectivity BPF using three
pairs of coupled lines loaded with two shorted stubs is
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proposed. Compared with our previous work [13], this
BPF can generate two more TZs in the stopband by
employing two quarter-wavelength shorted stubs to the
34/4 parallel coupled lines. Therefore, sharper roll-off
skirts and high out-of-band rejection can be achieved
with five TPs and ten TZs. For demonstration, a filter
example with 3-dB fractional bandwidth (Af) of 19%
and operating center frequency at 2.15 GHz is fabricated,
whose simulated and measured results are in good
agreement.

II. BPF STRUCTURE AND DESIGN

Figure 1 shows the ideal circuit of the proposed BPF
with three pairs of parallel-coupled lines and two shorted
stubs, which can achieve high performance of ten TZs
and five TPs. A pair of 14/4 parallel-coupled lines (even/
odd-mode characteristic impedance Zoez, Zooz2, €lectrical
length 8, #=90° at the center frequency of fo) in the
middle are cascaded with two pairs of 314/4 parallel-
coupled lines (even/odd-mode characteristic impedance
Zoe1, Zoot, electrical length 36) at two sides. Two shorted
stubs (characteristic impedance Z, electrical length 6)
are loaded on the end of two pairs of 3144 parallel-
coupled lines, respectively. The characteristic impedances
of the two feed lines at the input/output ports are both Z,.
For further demonstration, theoretical analysis and design
of the high selectivity BPF will be illustrated below.

The comparisons of the simulated transmission and
reflection coefficients between the proposed BPF (i.e.,
BPF loaded with shorted stubs) and the BPF in [13] (i.e.,
BPF without shorted stubs) are shown in Figs. 2 (a) and
(b), respectively. There are five TPs located at the two
sides of the operating frequency fo=1 GHz for generating
a passband. Besides, ten TZs within the stopband are
achieved. The impedance matrix deduction can be used
for analyzing this BPF circuit. From Fig. 1, we can obtain
that V2 = Vs, |2 = -ls, V3 = Vg, I3 =-lg, Vg = Vg, lg = -lg,
V7=V, Iz = -lp, and ls = 111= -jV4/(than9). [Z]al and
[Z]° denote the impedance matrice of the 314/4 and
Agl4 parallel-coupled lines, respectively. The overall
impedance matrix Z’ of the filter can be calculated as:
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Wz zl e
\/10 ZZl ZZZ |10
The reflection coefficient S;3 and transmission
coefficient Sy1 can be expressed as:
_(24-2))(2Z,+2,)-Z,Z,,
N : T !
(Zn + Zo)(zzz + Zo) - Z12221

and
Sp="= 222120 e (2)
(211 + Zo)(zzz + Zo) - 212221
Based on the impedance matrix deduction, TPs can

be calculated by setting S11=0. Through calculation, five
TPs can be obtained and illustrated as below:

f. = Z_fO cos™ \/ ZOel - 22002 + Zom (3)
tpl )
’ Vg 22, +4Z,,, +22,,
f . = 2_f0 cos ZOel — 220e2 + Z001 (4)
P 270, +4Z0,+ 22,
f(pS = fo ) (5)
f = 2_f° (ﬂ- —cos™t ZOel - 22092 + 2001 ) (6)
LA 270, +4Z0y +220, "

ftpS = 2_f0 (7[ —cos™ ZOel — 22002 + 2001 ) . (7)
z 275 42y, + 27,

Oel
Compared with our previous work, i.e., BPF without
shorted stubs, this proposed BPF can generated ten TZs,
the four TZs ftz1, ftz4, ftz7 and ftz10 keep unchanged whose
positions can be expressed as”

2 4
fm:O’ fu4:§fov flz7:§f01 f1z10:2f0' 8

Another six TZs within the stopband at the frequency
range from 0 to 2fo can be obtained through calculation
by setting transmission coefficient S21=0. Moreover, the
positions of the two TZs ftz5 and ftz6 are located more
close to the passband than the BPF without shorted stubs,
as seen in Fig. 2 (a). Thus, the roll-off skirts of the
passband will become sharper to further improve
frequency selectivity.

T Shorted stub  Shorted stub

Z1 0 N Z 0

; [z1° a
2] g 12 1. |2
©a 3 8 72 11
LS K | 3
H 30 g o N 30

N N 5

2 5 6 i 9 10

2
Port 2

1
.
[Portl

Fig. 1. Ideal circuit of the BPF with ten TZs.
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i \
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-60 - | 4
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Fig. 2. Simulated results on ideal circuit of (a) S21 and (b)
S11 with #=90°, Z¢=50 Q, Z;=160 Q, Zp:1=158 Q, Z00:1:=60 Q,
Z0e2=109 Q, Zp02=66 Q.

Figure 3 illustrates the simulated |S21| against Z1 and
k2 [k2 = (Zoe2 - Z0o2)/ (Zoe2 + Z0o2)]. Seen from Figs. 3
(a) and (b), the four TZs ftz1, ftz4, ftz7z and ftz10 remain
unchanged as the parameters Z1 and k2 shift, whereas the
other six TZs ftz2, ftz3, ftz5, ftz6 and ftz8, and ftz9 will be
adjusted. The 3-dB fractional bandwidth Af almost keep
unchanged as Z1i varies, In contrast, when k2 varies
slightly, Af will be changed very obviously.

Except for the TPs, TZs and Af, the concerned
characteristics of BPF mainly include maximal out-of-
band [S21| (Ts), maximal in-band |S11| (Tp) [4] and
transition band roll-off rate (§rRoR) [5]. Figures 4 (), (b),
(¢) show the corresponding variations of Af, Ts and Tp
against the parameters Z1, k1 and k2, respectively, where
K1=(Zoe1 - Zoo1)/(Zoe1 + Zoo1), ko=(Zoe2 - Z0o2)/(Zoe2 +
Zoo2). As seen in Fig. 4 (a), Ts and Tp will both decrease
when Z1 increases, which indicates that both of the in-
band and out-of-band characteristics will be improved.
When the parameter k1 increases as seen in Fig. 4 (b), Ts
will grow up slightly but Tp will decrease and then rise
up, while the bandwidth Af will fall down from 18.6% to
17.4% directly. In contrast, as k2 increases, Ts will almost
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remain unchanged but Tp will reduce and then go up,
while Af will rise up simultaneously as seen in Fig. 4 (c).
Note that the Af will be rise from 16% to 20% when k2
increases under the return loss condition of over 10 dB
within the passband. Consequently, it indicates that the
3-dB fractional bandwidth of the filter is mainly
determined by the pair of Ag/4 coupled lines. In addition,
due to the minimum dimension limitation of the
fabrication, the width of the microstrip line and the gap
of coupled lines must be no smaller than 0.1 mm on the
substrate.

0 -
7121000
- - -71=130Q
20 - - - 7121600
—
)
Z 40
=
N
Qg
,60 -
_80 .
-100
0.0
0 -
- - - K2=016
k2=0.22
,20 -
—
)
Z 404
=01
o
228

-60 +

-80 4

-100 T T — T
0.0 05 1.0 15 2.0

fif

0

(b)

Fig. 3. Simulated |S21| (a) versus Z1, where Zoe1=158 Q,
Z001=60 Q, Z0e2=109 Q, Z001=66 Q; and (b) versus k2,
where Z1=160 Q, Z0e1=158 Q, Z001=60 Q, Z0e2=109 Q.

From the above analysis, it is observed that the
parameter k2 affects the Af and Tp. On the other hand,
it is also related to the coupling coefficient between
the two one-wavelength ring resonators, thereby having
impact on the in-band characteristics. The coupling
coefficient can be expressed as [14]:

k= :tES - :tél . (9)
+

tp5 tpl

where fip1 and fis denote the first and last transmission
poles, respectively. Taking the layout in Fig. 5 (a) for
instance, as shown in Fig. 5 (b), the coupling coefficient
will increase slightly to the peak and then decrease when
s; increases. Moreover, Fig. 5 (c) illustrates the external
quality factor Q. variation with the change of s2, where
Qe will increase gradually and become flat as s2 increases.
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“— O A -
< . L
o T B
174 T
/‘ N
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—s—Tp
19+ —a—Ts /
m, o | -
. . — /_ 20 %
& 184 N, A< =
b A—a4. ><'\ % 'E_
174 7ﬁ_“i‘-F—A—A_A_\A
/O --30
16 - N
T T T T T T _35

0.21 0.22 0.23 0.24 0.25 0.26 0.27 0.28
ka2

(©)

Fig. 4. Calculated Af, Ts and Tp, (a) versus Z1, (b) versus
k1, and (c) versus k2.
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Fig. 5. (@) Layout of the proposed BPF (unit: mm,
substrate: relative permittivity of 2.65, thickness of 1 mm),
(b) coupling coefficient k changes with the value of s1,

where s,=1.62 mm, and (c) external quality factor Qe
changes with the value of s2, where $1=0.42 mm.

III. EXPERIMENTAL RESULTS

According to the analysis and discussion above, a
bandpass filter with center frequency at 2.15 GHz is
designed. The final parameters for the filter circuit in
Flg 1are: Zo=50 Q, Z0e1=158 Q, Z001=60 Q, Z0:2=109 Q,
Z002=66 Q. 7,=160 Q and 6=90°. Furthermore, the 3-dB
bandwidth is chosen as 19%, and the printed bandpass
filter prototype is fabricated on the substrate with relative
permittivity of 2.65 and thickness of 1 mm as illustrated

ACES JOURNAL, Vol. 34, No. 3, March 2019

in Fig. 5 (a), where 51=0.42 mm and s,=1.62 mm. Figure
6 shows the photograph of the fabricated filter.

Fig. 6. Photograph of the fabricated BPF.

The simulated and measured results of Fig. 6 are
shown in Fig. 7, which are in good agreement. The
measured insertion losses are less than 1.8 dB while
the return losses are greater than 11.5 dB within the
passband (1.98-2.33 GHz). The simulated lower and
upper transition band roll-off rates ErROR are both better
than 486 dB/GHz, while the measured counterparts are
both over 425 dB/GHz. In addition, over 31 dB lower
stopband can be achieved, while the upper stopband
rejection is more than 23 dB from 2.41 to 4.24 GHz.
Besides, due to the existing second harmonic around
4.49 GHz, the stopband rejection is over 13 dB from 2.41
to 6 GHz.

Table 1 tabulates the performance comparisons of
the proposed BPF with some previous works, and it can
be seen that the presented study has sharper roll-off
skirts to realize high frequency selectivity with ten TZs.
Compared with some previous BPFs, not only more TZs
can be realized for improving stopband rejection, but
also high transition band roll-off rates can be obtained in
this BPF.
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Fig. 7. Simulated and measured S-parameters of the BPF.
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Table 1: Performance comparisons with some previous
BPFs

e 125 ot [ o] hon
41| 5 | 6 |6L7%| 1750213 | >15(2.7f) | 0.68x0.53
1 | 7 | 4 | 78% | 288/175 | >35.1 (26f) | 0.56x0.23
[71A| 5 | 6 | 70% | 8U121 | >21(26f) | 053x0.41
[71B| 5 | 6 | 37% | 94/120 | >23(2.8f) | 0.61x055
[121 | 5 | 8 |206%| 175/380 | >20(2.9f) | 1.06x0.61
[13] | 5 | 8 | 19% | 3400425 | >18(3f) | 0.39x0.28
[15] | 2 | 7 | 83% | 13002156 | >12(26f) | 0.4x0.26
;Drlsk 5 | 10 | 19% | 425/567 >>2133(%§:§) 0.49%0.28

*Transition band roll-off rates Eror=|0-20d5-0-d8|/|f-2008-F-3d8|, Where 020348
denotes the 20/3dB attenuation point, and fjo.3ss is the 20/3dB
passhand frequency of |[Sy|. L and U denote lower and upper transition
band roll-off rates, respectively. **1q: guided wavelength of the 50 Q
microstrip line at the center frequency.

IV. CONCLUSION

A high selectivity bandpass filter using three pairs
of coupled lines loaded with shorted stubs has been
presented in this paper. By employing three pairs of
parallel-coupled lines and two shorted stubs, sharper
roll-off skirts and good stopband rejections can be
achieved with five TPs and ten TZs. Finally, the
simulations and measurements of the demonstrative
filter are in good agreement. The measured transition
band roll-off rates can be up to 425 dB/GHz, which is
much higher than those of the previous reported works.
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Abstract — Spherical-shaped uniaxial perfectly matched
layer (SS-UPML), an absorbing boundary for three-
dimensional (3-D) finite-difference time-domain (FDTD)
method with cubic cells, is proposed and applied to
different objects. This boundary is used for truncating the
computational domain to absorb outgoing electromagnetic
waves, which has the advantages of higher efficiency
and accuracy, compared with the conventional UPML.
Update equations are transformed by coordinate rotation
to better fit the Cartesian system. Different numerical
experiments are implemented to verify the stability and
practicability of the proposed boundary in 3-D case.
Obtained results illustrate that about a half grid and
computational time can be saved after SS-UPML is used,
which is the foundation of a wider range of applications.

Index Terms —FDTD, Cartesian coordinate system,
spherical boundary truncation, three-dimension, UPML.

I. INTRODUCTION

The finite-difference time-domain (FDTD) method
is one of the most effective ideas in calculating radiation
problems of electromagnetic waves, and has rapidly
developed since it was introduced by Yee [1]. Finite
computer memory, however, cannot meet the requirement
of infinite problems. Thus, highly efficient absorbing
boundary condition plays an important role in simulation.
Uniaxial perfectly matched layer (UPML), a valid way
for truncation without reflected wave, seems like a lossy
media wall that surrounds the computing space. Sacks
and Gedney described this method from the respect
of uniaxial media with conductivity permeability and
permittivity tensors [2], [3], and Chew implemented a
similar one from another respect of Maxwell update
equations with complex coordinate stretching along
three directions in the Cartesian system [4]. In fact, the
essence of these two derivations are the same, but reveal

Submitted On: October 22, 2018
Accepted On: December 14, 2018

the different characteristics of UPML. On the other hand,
it avoids the nonphysical field splitting caused by
Bérenger’s PML, which was proposed and investigated
in [5]-[9], whereas has the equally impressive In this
paper, a spherical-shaped UPML (SS-UPML) strategy is
discussed for FDTD in three-dimensional (3-D) condition.
We establish the SS-UPML in the Cartesian coordinate
system with cubic cells, as shown in Fig. 1. A continuous
spherical-shaped boundary is used to truncate free
space. After discretizing it, a two-dimensional section is
obtained and placed on the right, which visibly avoids
calculating unnecessary grids at corners and edges, and
can absorbs outgoing wave perfectly. The practicability
and efficiency of the method are verified by simulating
different radiation samples, and are compared with
the conventional UPML. The results indicate that the
proposed method obviously reduce the computational
memory and time, and maintain at the same error level
with the original UPML.

, \V SS-UPML

Fig. 1. SS-UPML in Cartesian coordinate system.

In Section Il, we describe two advantages of this
approach, obvious reduction of memory and smaller
incident angle, that are the basis of successful application.
Section 111 introduces the fundamental formulations of
3-D SS-UPML. Lastly, in Section 1V, several numerical
experiments are implemented to verify the performance
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of our method.

A=

Fig. 2. lllustration of SS-UPML and UPML.
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Fig. 3. The number of grids varies with R and thickness
in two boundaries.

Il. THREE-DIMENSIONAL SS-UPML

We are intending to introduce the features of 3-D
SS-UPML, from which are where it differs the traditional
methods. Pursuant to the previous description, we
know that this boundary has less computer memory
requirements than traditional methods; here we will
carry out a quantitative analysis. Besides, it has another
advantage of smaller incident angle, compared to the
same source point in a cubic region. More details are
given in the following.

A. Fewer computational memory

In order to clearly demonstrate the difference
between the conventional cubic UPML and SS-UPML,
we establish them with the size of 2R and the radius of
R, respectively, and with a same centroid, as shown in
Fig. 2. The thickness of these two boundaries is equal,
thus, they are tangent at inside and outside.

It is clear that the volume of SS-UPML truncated
region is (4/3)zR3, and of UPML is (2R)?, almost doubled
to the former. This implies the FDTD cubic cells with

ACES JOURNAL, Vol. 34, No. 3, March 2019

two boundaries may have the same relationship in quantity.

After dispersing these two regions in Cartesian
coordinate system, the cubic UPML region is divided
into a number of congruent cube-meshes. The curved
SS-UPML boundary needs to approximate by groups of
staircase lattices following the conformal condition [19].
Therefore, we can count the number of grids in both
regions easily. The statistics of variations with different
thickness and R (both units are grids, in order to illustrate
the difference in the respect of quantity, and it has nothing
to do with the size) are shown in Fig. 3. Apparently, an
increasing number of grids are saved due to the use of
our boundary with the edge length growth. Besides, the
number of grids in SS-UPML region has always been
about half of the UPML in not only the whole regions,
but also the absorbers.

In our FDTD programs, the parameters of lattice
are recorded by different variables, which means the
computational memory will go forth and multiplying as
the radius increases. On the other hand, the parameters
of boundary are more complicated than free space, so it
needs more memory to store and more time to calculate.
Thus, fewer grids in both regions leads to considerable
decline of memory in executing the programs. Further,
this will bring the possibility to reduces computing time
and enhance its efficiency.

B. Smaller incident angle

To plainly compare the difference of the incident
angle of the same incident wave between SS-UPML and
UPML, we define two computational regions, as we did
in the last part. As clearly shown in Fig. 4, the point O(xo,
Yo, Zo) is the geometric center of both region, the wave
source is placed at an arbitrary point S(Xs, Vs, Zs) in the
region, and point S’(xs’, Ys’, Z’) is the projection of S
on the right side of cubic region. After that, the wave
will spread all around and eventually propagate to the
interface of free space and absorption layer. For a more
intuitive explanation of the relationship between the two,
we assume that the wave propagates only to the right
and the incident point is P(Xp, Yp, Zp), Which is on the
right side of the region. The angle @ in the Fig. 4 is the
angle of incidence on the boundary. According to the
assumption above, the expressions of 6 in different regions
can be obtained by using the triangular relationship:

dis? = (X = X0)% = (s — Yo)? — (25 — 29)? + R?

6., =arccos s
sph ( 2R -dis )
(1

dis? — (X, —x. )% —(z, — 2, )? —y.)?
0.,y = arcCos (X =%p) " —(2Zg = 2p)" +(Ys — ¥s) ).Q2)

Z(YS - ys') -dis
where dis represents the distance between point S and P,
and can be expressed as:

H 2 2 2
dIS=\/(Xs—Xp) +(Ys—Yp) + (25— 2p)" . 3)
Now, we consider a special case, that is point §




coinciding with point O. Obviously, the wave propagates
along the radius in the spherical region, which means that
it always perpendicular to the boundary. In the square
region, however, normal incidence can only be achieved
when P is at the center of the right side, and the angle will
become large when it is close to the border. This significant
different trend is shown in Fig. 5. On the other hand, we
mostly place the scatter at the center, which means the
wave will always propagate from the region near the
centroid, and have the similar incident angle pattern as
mentioned. This feature is very helpful for improving
calculation accuracy and reducing errors, which will be
verified below.

(b)
Fig. 4. Wave propagation in: (2) SS-UPML and (b) UPML.

Incident Angle / degree

So

Fig. 5. Comparison of incident angle between two
boundaries.
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111. FORMULATIONS

The UPML, a physical model based on anisotropic
perfectly matched medium, is one of the excellent
absorbing boundaries of the FDTD method. It is derived
from Maxwell equations with uniaxial media tensors,
and does not have to split the field into sub-components.
Therefore, it can calculate more complicated objects
with different materials and structures. We use £ and u

diagonal matrix to represent the electric and magnetic
permittivity tensor in absorbing region, respectively.
These two parameters should meet the requirement of
matching conditions, which are €=¢,3 and 7=y,5,
where &, and w, are the relatively permittivity and
permeability of the absorber, respectively, and 3 is
matching matrix, to ensure that the impedance of the
medium and the free space are the same. Inserting them
into Ampere and Faraday law, we have:
VxH = jogSE, VXE =—jou,SH . (4)
The matrix 3 has different expressions for different
directions. For example, if the interface is perpendicular

to x-axis, it can be written as Sx = diag[s, ", s,.s,] , where
Sx = Kxtauljweo, 0 does Sy and S . Inside the spherical
boundary, it is obvious that the interface is perpendicular
to the radius. Therefore, we should set the matching
matrix as the product of Sx, Sy and §; to achieve the
same purpose, which can be expressed as:

T=¢,5x -5y -5; =g, -diag[s,’s,s,,5,5,"s,.5,5,5;,'1, (5)
where ¢ represents ¢ or . Directly inserting (5) into (4)
and transforming them into time domain will lead to a
convolution between coefficients and E-field, which
are not advisable, since implementing it would be
computationally intensive. A more efficient approach is
to define a proper constitutive relationship to decouple
the frequency-dependent terms as follow:

Dyx=¢(S:/5x)-Ex, Dy=¢(5x/Sy) -Ey, D:=e(Sy/S;) -Ez. (6)

After simplify these relations, we obtain a two-step
update cycle likes D-E-B-H-D. Obviously, it is more
complicated than the standard FDTD time domain
update equations, and costs more computational time
and memory. While, we can use radial subcomponents
in SS-UPML to overcome this defect, which is expressed
by using subscript ‘r’ in the following. Therefore, (4) can
be transformed into time domain and rewritten as:

oH
Kr%_FﬁDxr:aH_Zf__yr’ (72)
ot & oy oz
oD o oH oH
yr r Xr zr
T Orp = Pxe Mo 7b
Ta T T e (7b)
oD oH oH
K, 81:zr Oy D, = yr xr (7¢)
80 5X ay
_ anr _ 0 _ aEzr _ aEyf 8
ot xr = : (8a)
80 8y aZ
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oB OE OE are the transform relationship between the Cartesian and
yr Oy Xr zr 8h A A
Ky o e w = a2 ox | (8b) spherical coordinate system, and
0
2e,E0k, — O AL 2&,E0AL
OB oE OE CA==u20%r " Zr™ cgp=— 220" (12
—i, o Trg o T (8c) 28,&0ky + O AL’ (2e,60Ky + 0 AL)S (12)

ot g 1 X Oy
In order to make these equations to better fit the
Cartesian coordinates, resolution of these variables in

where ¢ is the size of cubic grids. Moreover, the feature
is the same in D-E and B-D relationships:

n+1 n
each direction is needed. We should decompose each Exr|§+1/2'y,’7 :CA'Exr|§+1/2'V,’;,
radial component along x-, y- and z-axis through the - . , (13)
rotation relationship, and then calculate them according +CE-(CP- Dxr|§+1/2’,/,’7 -CQ- Dxr|§+1/2’,/,’},)
to the relative position. Fortunately, this method can also n43/2 n4d/2
overcome the problem of different update coefficient er|§‘y,+1,2’y+1,2 ZCA'er|§,W+1,2'7+1,2
forms caused by different permittivity and permeability n43/2 41/ 2 ,
between free space and absorbing region. Therefore, +CF-(CP~er|§’w+1/2’7+1/2—CQ~er|§’W+1/2‘y+1/2)
we can obtain uniform equations throughout the entire (14)
computational region, which ensure the global consistency where
of updating and highly efficient of programing. 1 1
In 3-D condition, the angle between the wave vector CE = ,CF = ,
r and the z-axis is 6, and the angle between r and the (260, +0 At)eeq (260, + 07 Ayt
X-axis is ¢. Thus, each radial component’s position can CP =2¢ 69k, +0,41,CQ =2¢,60k, — 0, AL
be id_entified, and its update equations (7) and (8) can be (15)
rewritten as: Here, we only list the x-component as an example to
o —CcAD..|" +CB.(H..|"Y2 illustrate the update process; the other two have similar
ez leazns Haleaszy e . forms of calculpation.pThe two key parameters, or and xr,
_Hzr|”ﬁg ™ yr|"+1/2 + yr|n+1/2 )  are important factors to the absorption effect, which can
stfaylzy sHlizyyl2 2Lz be set by using a polynomial variation grading of the loss
", n / (9@ with depth of p in SS-UPML:
n+1/2 m
yr|§,y/+l/2,y A Dyr|§’y,+l/2’7 +CB-(Hyr Ew+112,y+112 o, (p) - _(EJ W , (16)
h |n+1/2 H |n+l/2 TH |n+1/2 ) X 2n0p
X & w+1l2,y-112 e/ 2,w+112,y WlEg1/2,w+12,y ' (p) =1+ (’rmax—1) - (ﬂ/X)m ’ (17)
(9b)  where x is the thickness of the SS-UPML, Ry represents
Dzr|2+; 1172 =CA Dzr|2.,,7+1/2 +CB-(H yr|”*1§§ » the desired reflection error which should be specified
W, " W, - &+ n:/y; , before_ compgt?tlon, 7o r:s wave |mpedan§:ﬁ in freltte space,
—H +H Krmax 1S an integer whose increase will result in an
yr|§‘l’2"”’7 w2 Molsy iz are *Hlgy arzr) increase in the I%vel of attenuation, and m determines
i I . (9¢)  the speed of parameter growth. A large m yields a o;
By, | =CA-B,|"" —CB-(E, ™" distribution that is relatively flat near the SS-UPML
wley sz are xr1|¢;,y,+1/z,y i ) Culiyas 2 surface. However, deeper ywithin the boundary, o
_Ezr|";+l e yr|n+ + yr|n+ ) increases more rapidly than for small m. In this way, o
WLy Ew+1l2,y+1 Ew+ll2,y . .
increases from 0 at & = 0, the inner surface of the
a2 " " (10a) absorber, to the m_axi_mum val_ue at & = y, the outside
Vr|§+1/2¢// Jap =CA Vf|g+1/zu,y+1/2_CB'(E”|§+1/2,W,7+1 of the boundary. Similarly, x increases from 1 t0 xrmax
’n+’1 o i o ,at the same position. After_flnlshlng thgse preparations,
’Exr|§+1/2,y/,y’Ezr|§+1,y/,y+1/z +E”|§,u/,7+1/2) different numerical experiments are implemented to
(10b) verify its performance.
n+l
wlSarayaray =CA Balltroy oy =B Eully ) 1o IV. NUMERICAL EXPERIMENTS
Nl el " , We have implemented several numerical experiments
- yf|g’,u/+1/2,y_ xr|§+1,2,.,,+1,y+ xr H,z,y,,y) to verify the stability, accuracy and efficiency of the
(10c)  Pproposed SS-UPML with 3-D FDTD cubic lattice codes.
where The calculating process is shown as follow.

=rsinécos . TS .
s ¢ A. Dipole source excitation in spherical-shell

y=rsinfsing, (11) The proposed method is built in the Cartesian
y=rcosd coordinate system, so the spherical-shaped boundary is



approximated by a series of cubic latticework, whose
profile looks like staircase. In order to verify the stability
of the SS-UPML, which is the most important
performance for absorbing boundary, we excite a source
in a spherical-shell-shaped region. It means that in
traditional calculation space, we use SS-UPML to truncate
the outer boundary, so the computational space becomes
spherical. Then we define an anti-SS-UPML ball, which
has identical parameters with truncated boundary,
whereas the value increasing direction is from the outer
to the inner. After we put this ball in the middle of
the calculation area, the shape of free space will like a
spherical-shell, with two absorbing regions on both sides.
As comparison, we define a similar region surrounded
by conventional UPML and a same inner ball in the
middle, as shown in Fig. 6. There is one thing to be aware
of is that the position of dipole is equivalent at anywhere
inside the SS-UPML, because of the perfect symmetry
of the region, whereas it is not in the cubic region.
Therefore, we should place the dipole at different
positions to compare the quality of the two.

In this simulation, we choose three representative
positions as examples in cubic region, which are on
the lower, lower left and upper left rear directions,
corresponding to point A, B and C, respectively. In
spherical region, these three points can be marked at
the same position by converting (r, 8, ¢) into (X, y, z)
coordinates. The dimension of the cubic computational
domain is set as 201x201x201, which means there are
8.12 million grids in total. After truncated by SS-UPML
with diameter 201 grids, however, the total number of
mesh that need to be calculated are reduced to 4.15
million, which means that it saves 48.8% of memory,
consistent with the previous predictions. The radius of
the inner anti-SS-UPML ball is 20 grids. The positions
of point A, B, and C are (0, 0, -55), (0, -50, -50), and
(-40, -40, 40), and the view points of them are (0, 0, -45),
(0, -40, -40), and (-30, -30, 30), respectively. Moreover,
15 layers of absorber are used to absorb the outgoing
wave in both two cases. The edge length of the cubic cell
is 5¢cm, and the time step is 83.33ps. We set the program
to run 10000 steps, which is a long enough time to test
its stability. The dipole is placed parallel to the z-axis at
three points, whose radiation field in free space in time
domain can be expressed as:

2
E(r, t)— e {e { 9 +(C—°j }Zcosﬁjt
4r r ot r
? ¢ 0 (¢ r
e{atﬁr?at{ roj }sme}p(t—%) (18)

where, ¢ is the speed of light in vacuum, r is the distance
between dipole and view point. It is clearly that the
electric field is only related to the angle and distance, due
to the pose of dipole. In this sample, we use Gaussian
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pulse as an excitation, which is expressed as:
n(t) =100 1¢=3N/T (T = 2ng). (19)
At first, we simulate the dipole at different positions
in Cartesian FDTD region truncated by two boundaries,
with no inner objects. These results can be considered as
reference values. Then place the anti-SS-UPML ball into
the space, we can obtain another set of results. Actually,
because the absorbing material is set on both sides of the
observers, the reflection caused by the absorber will be
overlapped. Relative errors at these three points can be
calculated and are shown in Fig. 7. Due to the huge
amount of original data in the period of simulation time,
we sample every 100 points and plot in the figure.
Obviously, the SS-UPML performs very well in
absorbing, its error of each point is similar to the original
UPML. Besides, there is another interesting phenomenon
in the cubic region we should care about, that the errors
at three points have tiny differences as the reflections
caused by the corner, edge and face are different, while
a same level is maintained in spherical region because
of the perfect symmetry of SS-UPML. This is the
fundamental guarantee for SS-UPML to simulate larger
scale and complex structural scatters.

pomtB opomtA

v -

S ———upMmL i
bpoth :

y 2

o.!mﬁ..!pomtA-- :

Fig. 6. Dipole in: (a) SS-UPML and (b) UPML truncated
region with absorb object.
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Fig. 7. Relative error of dipole radiation in different
boundaries at different points.

B. Antenna simulation in SS-UPML

An inverted-F antenna is designed and calculated
inside the SS-UPML. Its FDTD simulation result with
different PMLs are presented and compared with finite
element method (FEM). The structure and dimension of
the antenna are shown in Fig. 8. The radiation element is
designed on the top layer, and the ground is printed at the
bottom layer. The plate thickness is 0.8mm, and has 2.2
dielectric constant. We use SS-UPML and UPML with
15 cells thickness as termination boundaries, and set at
least 20 cells air gap in each direction between the
antenna and the boundary. In this example, the FDTD
problem space is composed of cells with 0.4mm in
each direction. After we consider all these parts, the
computational region is 161x161x161 in cubic boundary,
and the radius of the spherical region is 161 cells, which
makes the probability of 49.15% memory reduction.

oll:
ol
S[:
- conductor
: patch o
] ©
z XJ[ 13.6
oi—’y

voltage source

Fig. 8. Inverted-F antenna structure (unit: mm).

The antenna is excited by a voltage source, and its
far-field frequencies are 2.4 and 5.8 GHz. The FDTD
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simulation of the antenna is performed with 7000 time
steps, and a key parameter of the input port, return loss,
is calculated. The results of Si1 calculated by different
algorithms are plotted in Fig. 9. Results of two FDTD
boundaries show a good agreement with each other, and
have a little difference to the FEM at low frequency
domain, which is negligible effect on the final result.
Most importantly, in the UPML boundary, 144.1MB
memories are used and 1846.98s are cost for simulating
the program. In our SS-UPML boundary, however,
76.7MB and 1067.65s are needed. This means 46.77%
memory and 42.19% are saved, which coincide with the
previous analysis, but keeps perfect accuracy.

S, (dB)

FDTD-UPML
O FDTD-SS-UPML
-25 1 1 1 1 1 1

3 4 5 6
Frequency (GHz)

8

Fig. 9. Comparison of return loss calculated by different
methods.

V. CONCLUSION

The SS-UPML strategy is applied for Cartesian
FDTD in 3-D condition. We use this truncation boundary
to calculate the different samples to test its performance.
Due to the rotation of radial components in the Cartesian
system, the equations in FDTD scheme can be simplified,
which brings a huge convenience in programing. It
reduces roughly half of the computational memory and
time. In addition, it maintains high accuracy at different
locations, even if the source is very close to the boundary.
This is the foundation of future simulation for those
objects with complex structures and material parameters.
Our prospective study will pay much attention to
appropriate parameters of SS-UPML for better absorbing
performance, and more applications for 3-D cases.
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Abstract —In this paper, a transmissive periodic
metasurface based on double-layer metal wire structure
is designed by combining gradient phase theory with
Pancharatnam-Berry (P-B) phase theory to control
scattering phase of electromagnetic wave. The proposed
artificial electromagnetic medium lens can improve the
cross-polarized wave conversion efficiency of the phase
discontinuous metasurface and ensure the thickness of
the lens is ultrathin relative to the working wavelength.

Index Terms — Metasurface, microwave lens, P-B phase,
phase discontinuity.

I. INTRODUCTION

Metasurface derived from the concept of
metamaterials. It is array structure with a thickness of
sub wavelength and a periodic structure in a plane, which
can be used to modify the electromagnetic characteristics
(phase, amplitude, polarization, beam shape) of reflected
or transmitted electromagnetic waves. In 2011, the
concept of metasurface was first proposed by Yu [1].
They obtained abrupt changes in the amplitude and phase
of transmission field through V-shaped metal resonant
structure arrays of sub-wavelength size. The law of phase
modulation was obtained to construct phase gradient
metasurface in the optical band for abnormal refraction
[2-5]. In the metal sub-wavelength V-shaped antenna,
the phase change of incident wave is based on the surface
plasmon resonance effect, not on the accumulation of
optical path. Besides, they realized polarization wave
plate [6], plane lens [7] and vortex wave front [8]
through the spatial arrangement of the unit structure.
Other research groups proposed new structures to
construct metasurfaces for electromagnetic wave control.
Nathaniel et al. realized highly efficient transmission-
type anomalous refraction metasurface based on highly
efficient transmission-type linear polarized rotating
metamaterials [9]. Huang et al. achieved abnormal
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refraction under circularly polarized incident conditions
through the spatial arrangement of short metal wire
structural elements with different rotational directions
[10].

In recent years, optical whirlpool wave plate based
on metasurface, spherical aberration elimination,
infinitely thin flat lens and axicon on communication
wavelength have been studied. The research results of
artificial electromagnetic metasurface in microwave
band mainly focus on abnormal reflection, that is, one
side of artificial electromagnetic surface is phase control
unit, the other side is metal floor [11]. The focusing
reflector was proposed with phase matching parabola
distribution. The reflective phase gradient metasurface
was realized by using the "H" structure design, which
couples the vertical incident electromagnetic wave to the
surface electromagnetic wave [12]. Based on the method
of active device loading, a controllable 0-2xn reflective
phase artificial electromagnetic medium impedance
surface was proposed [13]. It has been discovered that
when the phase gradient of artificial electromagnetic
surface can provide tangential wave vectors required by
surface-like plasmon (SSP), the propagating wave and
SSP can be efficiently coupled at specific frequencies in
microwave band [14].

However, phase mutation is always accompanied by
the change of polarization mode and most of the ultra-
thin artificial electromagnetic surface can only affect the
cross-polarization component. Therefore, the conversion
efficiency of cross-polarization wave becomes the main
factor restricting the practical application of ultra-thin
artificial electromagnetic surface.

In this paper, by introducing phase discontinuity
into the electromagnetic wave propagation interface,
we can control the beam and realize reflection and
transmission in any direction. The Pancharatham-Berry
(P-B) phase provides a theoretical basis to efficiently
transform the circularly polarized wave. The cross-
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polarization phase is twice the rotation angle when it
rotates along the geometric center at a certain angle.

Il. THEORY ANALYSIS

A. Pancharatnam-Berry phase

In order to realize phase discontinuity at the
interface of metasurface, the theory of Pancharatnam-
Berry (P-B) phase is considered for circularly polarized
incident electromagnetic waves. In microwave region,
metals are ideal conductors without surface plasmon
effect, so phase discontinuity cannot be achieved by
using cross-polarized resonance in optical frequency
[15]. However, we can still achieve phase discontinuity
by converting circularly polarized incident wave into its
cross-polarized wave, which generates P-B geometric
phase by changing spatial polarization [16].

Here, a phase factor (PF) is introduced. When the
polarization mode is changed from the initial state to
the final state, the process can be conveniently expressed
in the Poincare Sphere by introducing the PF. As is
shown in Fig. 1, the two poles of the sphere represent
right-handed and left-handed circular polarized waves
respectively, while the equator corresponds to the linear
polarized state. In other words, when the polarization
mode of incident wave changes through spatial variation,
its spatial phase also changes, because this process is a
purely geometric change process. Through the variable
of phase factor, we can quantify the relationship between
the change of space-varying polarization mode and the
change of phase.

c Right-hand circular

polarization I

-45° Linear ST
polarization _Vertical linear

7 polarization

N\ 45° Linear
polarization

7
Horizontal linear
polarization

<+—>

Left-hand circular
polarization

Fig. 1. Polarization representation on Poincare Sphere.

Assuming that the polarization mode varies between
the poles of Poincare Sphere, any desired phase change
(from 0 to 2m) can be achieved for any polarization
rotation. When the incident wave is a circularly polarized
wave, the transmission field can be described as:

Euw = [Ent (Vi “Reme™[E), @
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ne, nr and nL represent the coupling efficiency of
polarization order, R and L represent the right-handed
and left-handed polarization states. tx and t, denote as
the transmission factors of the two linear polarization
components, respectively. ¢ is the phase difference
between the two transmission factors. For circularly
polarized incident wave, the transmitted electric field
contains two components. One component keeps the
original rotation direction and the other component is
cross polarized field, which is the key to the construction
of hyperlens by using phase discontinuity.

B. Bessel beam metasurface

For an axle prism with a beta angle, the phase delay
must increase linearly with the increase of the distance
from center point. The use of artificial electromagnetic
metasurface instead of traditional phase control elements
will make it possible to achieve high-performance
convergent lens with light weight and small volume. In
this method, the control of the incident wavefront will no
longer depend on cumulative phase of electromagnetic
wave propagation, but on the phase shift obtained by
scattering on the sub-wavelength ultra-thin array.

Fig. 2. Plane lens and its equivalent prism.

The plane lens and its equivalent prism is shown in
Fig. 2. The phase shift of PA (x, y) at any point on the
lens should satisfy the following equation:

ou(xy)=ZRS, = [ rysing @

Based on the structure of split ring resonator (SRR)
unit, we construct the phase profile of the lens and obtain
a microwave lens with 25x%25 unit by taking beta=10°.

I11. DESIGN AND RESULTS

A. Double-layer metal wire structure

The double-layer metal wire structure is shown in
Fig. 3. Metal wires are arranged at the same position on
both sides of the dielectric plate. The structure is used
to simulate the silicon dielectric metasurface. When
electromagnetic waves are irradiated on the structure,
magnetic resonance will occur between the two metal.
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@) Orthographic (b) AA' profile
Fig. 3. Metal wire array unit from different perspectives.

The structure is periodically arranged horizontally
and vertically, and the scattering parameters are obtained
by irradiating the structure with left-handed circular
polarization wave. From the results in Fig. 4, it can be
seen that at 9.8 GHz, the cross-polarization transmission
coefficient of the periodic structure is as high as 0.85,
i.e., the cross-polarization conversion rate is 72%. At the
same time, the co-polarization transmission coefficient
is only 0.25, i.e., the co-polarization transmission rate is
only 6.25%. Therefore, in the transmission wave, most
of the energy transferred from the left circularly polarized
wave is called the cross polarized wave. According to the
principle of PB phase introduced above, the S;; phase
value of the cross-polarized wave is the abrupt phase
introduced by the structure to the incident electromagnetic

wave.
10 —=—— Copolarization Sy;
0.9 ——— Cross polarization Sy;
0.8 ——— Copolarization Sy,
g - Cross polarization S;;
£ 07
-
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0.0 T T T T T 1
80 85 90 95 100 105 110 115 120

Frequency (GHz)

Fig. 4. S parameter simulation results of double-layer
metal wire structure.

The unit size of the structure is only 3 mmx10 mm,
which is insensitive to oblique incidence. Hence, when
the electromagnetic wave was introduced as oblique
incidence, the same results can be obtained. When the
incident angle is changed from 0° to 60°, the cross
polarization conversion coefficients are all above 0.85
(Fig. 5). This indicates that when the size of the unit is

much smaller than the wavelength, the electromagnetic
response characteristics are insensitive to the incident
angle, so the electromagnetic wave control process can
be realized in a wide angle.
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05 A
04 =
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9.0 9.5 10.0 105
Frequency (GHz)

S parameter (Linear)

Fig. 5. Oblique incidence cross polarization conversion
coefficient of double-layer metal wire structure.

If the right-handed circular polarization wave is
used to irradiate, the parameters and simulation settings
of the structure remain unchanged. The scattering
parameters are obtained as shown in Fig. 6. It can be seen
that the structure has the same polarization conversion
effect for the left-handed circular polarization wave and
the right-handed circular polarization wave.

1.0 —=—— Cross polarization Sy;
09' —&—— Copolarization Sy;
08 1 —@—— Cross polarization Sy;

Co polarization Sy,

0.7 1
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Frequency (GHz)

S parameter (Linear)

Fig. 6. S parameter simulation results of the structure
irradiated by right-handed circularly polarized wave.

In the upper and lower metal structures, there are
surface currents flowing in opposite directions. These
two parts of the surface current and the displacement
current between the two layers of metal will form a loop,
which constitutes the magnetic response of the structure.
A magnetic field monitor is applied around the structure
to obtain the magnetic field distribution of the double-
layer metal wire structure at 9.8 GHz. As is clearly seen
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from Fig. 7, the section of the magnetic response
generated by the structure under the irradiation of the
left circularly polarized wave on z-0-y plane. It can be
seen that at 9.8 GHz, there is a strong magnetic field in
the position of the metal strip on the structure, and the
magnetic field intensity takes the form of strong in the
middle and weak at both ends. Figure 8 depicts the
corresponding magnetic field distribution on the x-0-z
plane when y=0 and y=3mm. The results demonstrate
that the magnetic field in the center of the structure is the
strongest and extends gradually to both ends.

(a) Side view (b) Front view
Fig. 7. Simulation of magnetic field distribution in
double-layer metal wire structure.
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Fig. 8. Cross section of magnetic field distribution in
double-layer metal wire structure.

B. Double-layer metal wire array metasurface

Eight rotating elements are combined to form a
new unit, which is periodically arranged and irradiated
by left-handed circular polarization wave. Metasurface
with double-layer metal wire array structure and the SRR
structure metasurface are depicted in Fig. 9. When the
incident wave is perpendicular to the incident wave, the
angle of the incident wave deflects. From the generalized
refraction law formula, when the cell spacing is 10 mm,
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the abrupt phase of the phase difference between adjacent
elements is 45°, and the incident angle is 0°, the emission
angle is 23°. The deflection of electromagnetic wave
propagation direction was observed by an electric field
monitor. The results of the electric field monitor show
that when the structure is illuminated vertically by a left-
handed circular polarized wave, the angle between the
transmitted wave and the observed wave is 18.4° and the
energy of the transmitted wave is high.

=N\ =\\
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2=\ 7Z=N1
17Z=NNI 722NN
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Z=SN\\NZ=SNIT

00000000
00000000
00000000
00000000

(b)

Fig. 9. (a) Metasurface with double-layer metal wire
array structure. (b) SRR structure metasurface.

The performance comparison of single-layer metal
wire array metasurface and the designed metasurface
is demonstrated in Table 1. As can be concluded from
the chart, the designed double-layer metal wire array
metasurface can realize high transmittance efficiency of
cross polarized waves by introduced magnetoresistance.

Table 1: Performance comparison of single-layer metal
wire array metasurface and the designed metasurface

Structure Efficiency
Single Layer 20%
Double Layer 72%

Full-wave simulation is carried out by using
Lumerical FDTD (Fig. 10). Left-circular polarization
wave is used to illuminate the lens, and its effect on
electromagnetic wave convergence is studied. The
near-field results of the convergent lens are obtained.
According to the results, when the convergent lens is
illuminated by the left-handed circular polarization
wave, a non-diffracting Bessel beam with concentrated
energy is generated on the other side of the lens. The
maximum energy is achieved at z=200 mm, which means,



the focal length of the convergent lens is 200 mm.

The phase change of the structure is gradient change
rather than uniform change, and the discrete phase
change leads to the difference between the control effect
and calculation of the final electromagnetic wave. When
simulating metasurface, finite elements are selected to
simulate the infinite periodic structure. For this structure,
every element has been trimmed after rotation, so there
is a small error between the simulation results and the
calculation of the generalized refraction law formula.
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x10°% x10°

" 5 | §2o
=20

jd 11
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Fig. 10. FDTD results of double metal wire structure.
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In the microwave anechoic chamber shown in
Fig. 11, the circularly polarized horn is used as the
transmitting antenna and the cross polarized horn is used
as the receiving antenna. The metasurface is placed in
front of the receiving horn and the receiving pattern is
tested.

Transmitter

@ - (@>

Rotation

Metasurface

Receiver

Microwave chamber

Fig. 11. Measurement setup of the designed metasurface.

In Fig. 12, when the incident wave is irradiated to the
structure at 19° incidence angle, the receiving antenna
obtains the maximum test level. In other words, when the
incident wave is incident vertically, a transmission wave
with an angle of 19° from the normal line will be
generated, which is only slightly different from the
calculated result of 23°.

YU, YANG, ZHANG, MENG, LI: METAL WIRE BASED ARTIFICIAL ELECTROMAGNETIC SURFACE

0 330 e 30

—

g

= 60

300

< -10

>

2

B

2

S 20 - 27 90

(o]

N

=

£

S 10 g 120
0 210 150

180

Fig. 12. Measurement results of double-layer metal wire
array metasurface.

1V. CONCLUSION

In this paper, based on the generalized refraction law
and P-B phase principle, an artificial electromagnetic
surface with deflection effect and a Bessel beam theory
for convergence of electromagnetic waves are designed
by using the double-layer metal wire array unit structure.
The unit used to form microwave lens has high efficiency
in the X wave band to achieve efficient manual control
of electromagnetic wave transmission, which will be
a good candidate for electromagnetic wave regulating
device application.
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Abstract — In order to further decrease the probability
of the collision and reduce communication complexity,
a new low complexity anti-collision algorithm for RFID
is proposed using Query Tree. The proposed algorithm
can reduce the probability of collision and the traffic of
data communication by using tag grouping and setting
rules, respectively. The simulation results show that the
proposed scheme consumes fewer slots and has lower
communication complexity.

Index Terms — Anti-collision algorithm, data clipping,
Query tree, RFID.

I. INTRODUCTION

The Radio Frequency ldentification (RFID) is an
automatic identification system where the reader
identifies the tags by radio waves [1]. In light of high-
speed, feasible, convenient and contactless, RFID is one
of the key technologies of the Internet of things (1oT)
and is widely used in many fields, such as medical
treatment, supply-chain management, transportation and
item tracking. However, the rapid development of RFID
technology gives rise to several problems, including
data security, transmission distance, electromagnetic
interference (EMI), antenna failure and tag collision etc.
The last three issues seriously restrict the development
of RFID [2,3]. In a frequency band such as 125khz,
13.56MHz, and 2.45GHz, a large amount of
electromagnetic radiation is generated due to the
simultaneous operation of many electronic devices.
RFID system will interfere with adjacent electronic
devices. Similarly, radiation from other electronic
devices interferes with RFID systems as well. Thus, the
performance of communication quality between reader
and tag can be severely affected by EMI, which
significantly increasing bit error rate of RFID system
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[4,5]. Moreover, the reader cannot receive data
normally due to antenna failure, the failed antenna may
cause deterioration of array performance [6]. But, an
excellent anti-collision algorithm can alleviate the
impact of EMI and antenna failure on the system. How
to optimize anti-collision algorithm effectively is the
key point of the research of RFID technology. To
resolve this problem, many optimization anti-collision
algorithms have been proposed, which are divided into
two categories: Aloha-based probabilistic algorithms
and tree-based deterministic algorithms.

Framed-Slotted Aloha (FSA) [7] method is a
typical Aloha-based anti-collision algorithm and has
been widely used in many RFID applications. In FSA,
each unread tag randomly selects one slots in frame.
Unless the reader receives the tag’s information
successfully, the tag will try again in the next frame.
Aloha-based anti-collision algorithms work efficiently
when the frame size matches with the number of tags.
However, the performance of the algorithms becomes
very poor when the number of tags changes in a wide
range with the fixed size of frame. Therefore, many
dynamic frame-slotted Aloha (DFSA) algorithms have
been proposed to improve the system performance [8-
11]. Since Aloha-based algorithms, however, cannot
completely prevent collisions, they have a serious
problem that a specific tag may not be identified for a
long time, leading to tag starvation problem.

Tree-based algorithms including deterministic tree-
based algorithm such as query tree algorithm (QT)
[12,13], and probabilistic counter-based algorithm such
as binary tree algorithm (BT) [14], repeatedly separate
collided tags into two sets until each set has only one
tag or no tag. BT adopts random binary numbers (O or
1) to split the tag set while QT uses tag IDs. Although
they have relatively long identification delay, they do
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not cause the tag starvation problem. In QT, the reader
provides the tags with a query and the tags must
respond with their full ID as a result of a successful
matching of the query with their corresponding ID part.
Since using prefixes, the performance of QT is sensitive
to the distribution of IDs of tags. Collision tracking tree
algorithm (CTTA) [15], which is modified from QT, is
used to reduce the number of collisions in QT using
a tree traversal path. CCTA takes the advantage of
grouping in QT and cuts off the useless bits in each
grouping round. In this way, CTTA decreases total data
exchange in QT. Bit tracking technology is commonly
based on Manchester code, which is often used to detect
collision bits. Optimal Query Tracking Tree (OQTT)
algorithm [16], which used bit tracking technology,
tries to separate all of the tags into smaller sets to
reduce collisions at the beginning of identification.
Although solving high collision rate at the initial
stage, the random number generation module and bit
modulating module are added to increase the hardware
cost. According to the characteristics of tree-based anti-
collision algorithm, scholars have proposed a lot of
improved algorithms. However, those algorithms are
still inevitably cause lots of unsuccessful slots [17,18].

In this paper, a query tree with low complexity
anti-collision algorithm (QTLC) is proposed to further
decrease the probability of the collision and reduce
communication complexity, which divides the traditional
identification into tag grouping stage and tag
identification stage. In the first stage, using the bit
tracking technology, the reader determines the grouping
prefix by sending a prefix query command and the tags
with the same grouping prefix are in the same branch,
in which a large search tree is divided into several
branches to reduce the probability of the collisions. In
the second stage, using the set of reply rules, the data
replied by tag is clipped to decrease the transmission
quantity of invalid data and reduce the communication
complexity of the system. Simulation results show
that the proposed algorithm takes great advantage of
identification delay and communication complexity.

The rest of this paper is organized as follows:
Section 1l introduces the theory and method of a query
tree with low complexity anti-collision algorithm (QTLC)
in brief. Section 111 derives the mathematical analysis of
QTLC. Section IV presents analytical and simulation
results. Finally, the conclusions are presented in Section
V.

Il. THEORY AND METHOD
The core of QTLC is tag grouping and data
clipping. By the regrouping of the tags, the collision
probability of the tags is decreased; the transmission
of the invalid data in the channel is reduced by data
cutting, and the communication complexity of the
system is further decrease.
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A. Tag grouping

The purpose of grouping is to divide the mass tags
into several groups with the same ID prefix sequence,
and each tag is identified in the group, resulting in the
reduction of the collision probability in the initial stage.
The reader gets the grouping prefix sequence of all the
tag 1D by sending query command to unread tags, and
the tags with the same prefix sequence are divided into
one group.

The length of grouping prefix sequence is
n=| log$ |, where | *| is a rounded down operation and

g is the initial groups. In initial stage of grouping, the
reader first sends the k bit query sequence (11. 1000..
0), where the length of ID and the length of 1
are k and n, respectively. While obtaining the query
sequence, all tags encoded the former n bit data of ID
to the decimal number m, then a 2" bit data is generated,
in which the my, bit of the sequence is 1, and the
remaining bits are all 0. After receiving the tag reply,
the reader counts the number of the non-repeating
sequence and gets the number of the actual grouping.
For example, there are 8 tags with IDs 00110101
(T1), 00111010 (T2), 00100100 (T3), 10101000 (T4),
10101101 (T5), 10110001 (T6), 11001111 (T7) and
11010100 (T8), respectively and g = 8. While obtaining
the query sequence of 11100000, all tags convert the
first 3-bit binary number of 1D to decimal number, then
replying 8 bits of binary sequence to reader, in which
the 1th, 5th, 6th bit of the sequence is “1” respectively,
and the other are 0. At the same time, the reader
determines the 1th, 5th, 6th bit in this sequence to be
“1” and converts it into the corresponding binary
sequence, namely, “001”, “101” and “110”. The prefix,
such as “0007”, 0107, “0117”, <1007, “111”, is eliminated.
As a result, the prefix sequence of each group of tag is
determined. Table 1 shows an example of tag grouping.

Table 1: An example of tag grouping

No Th(_e Coded_ Grouping
' Prefix Information No.
T1 001 00000001 1
T2 001 00000001 1
T3 001 00000001 1
T4 101 00010000 5
T5 101 00010000 5
T6 101 00010000 5
T7 110 00100000 6
T8 110 00100000 6

B. Data clipping

For NEAA [19] and CTTA [15], when there is a
collision, the reader still receives the remaining ID data
sent by the tag and this invalid data increases the
communication complexity of the system. According
to the above problem, QTLC sets up a data clipping
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mechanism. When the reader sends a query prefix
sequence with h bits, if the former h bits of tag ID
match this sequence and the (h + 1) bit is 0, the tag
will send the remaining (k - h) bits to the reader;
otherwise, it only replies 1 to reader. So the (h + 1) bit
can be defined as information bit. Using data clipping
technology, QTLC can reduce the communication
complexity of the system, and speeds up the
identification.

For example, when the current query prefix is 001,
T1, T2 and T3 will assigned to the same group. By
detecting the information bit. T3 reply the remaining
bits to the reader, it is “00100”. T1 and T2, however,
reply “1” to the reader. Figure 1 shows an example of
data clipping.

: 3 Replay
T: ' 00110101 information

T2: 001 11010 m) =« .
P T2 1
T3: 001 00100 T3

L

00100

Fig. 1. Example of data clipping.

I11. PERFORMACNE ANALYSIS

A. ldentification delay

Being similar to the definition in [20], the
identification delay of the anti-collision algorithm,
denoted as W, is defined as the number of queries
sent by the reader in order to identify tags. Given a
distributed uniformly set of N tags, the initial group is
g, since the tag ID is distributed uniformly, the tags are
assigned to each group with the same probability. Thus,

_pleE o (1)

So the probability of groups with idle, success and
collision are:

R(ON)=(1-2")", ?)
P (LN)=Nx2"x(1-2")"", 3)
P.(mN)=1-P, (0,N)-P, (LN). )

Therefore, the number of groups with idle, success
and collision are:

Q (ON)=2'x(1-2")", 5)
QS LN =" Nx2"x(1-2" N-1
(LN) z (1-2) .
:Nx(l_z—n) ,
Qe (M N)=2"%(1-P, (0.N)-P, (LN))
1<2" <k.

()
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Obviously, the value of 2" is affected by g and the
minimum value of g is 2. With the increasing of g, the
probability of grouping collision is decreases. However,
g is not bigger is better. The larger value of g will
increase the communication complexity of the system,
which will affect the simulation experiment as well. So
we assume that 1< 2" <k, the exact value of g will be
discussed at next section.

In the application of Internet of things, the number
of tags is massive, namely, the value of N can be
assumed to be infinite; while N >> g,

lim (1-2 )" =0,
NlLrpm(l—z-”)N'l 0.

By simplifying Equations (5-7) with the above two
equations:

lim Q, (0,N) = lim (1-27")" =0, ®)
lim Q,(LN)= lim Nx(1-2")""=0,  (9)
Jim Q. (m.N) =
lim (2"%(1-P (0,N)~P, (LN)))=0.

In other words, when the number of tags is very
large, there are almost all of groups are collided. So the
number of tags of each group can be assumed to:

N N
t= > ] (11)

For QTLC, the number of nodes in BT, generated
by the QTLC, represents the identification delay. Each
node in QTLC represents query command send by the
reader, the intermediate node represents a collision and
the leaf node represents a tag.

In the grouping phase, the reader only needs to
broadcast a grouping query command to obtain the
grouping information. So the identification delay of this
phase is 1. In the identification phase, when collision
occurring, QTLC divides the collision node into two
subsets. Because of the properties of BT, the degrees
of nodes only are 0 and 2. Meanwhile, the number of
nodes with degree 2 is one less than nodes with degree
0. So the number of nodes with degree 0 and 2 in each
group are:

(10)

W, =t= L"’I\LQJ , (12)
2 2

w, =t-1= IN 1. (13)
2L°92J

Therefore, the number of nodes in this current
group is:



W, =w,+w, = + -1
o 0T T Tt st
N (14)
= -1.
2\_Iogng

QTLC divides the tags into ZLIoggJ groups and the
number of node in each branch is Wy So the
identification delay is:

W :2L"’93wag t1=2xN—2™ 41 (5)

B. Communication complexity

For an anti-collision algorithm in RFID, the
communication complexity is the number of bits
transmitted between the reader and tags. The reader
communication complexity and the tag communication
complexity represent the number of bits send by
reader and tags, respectively. The tag communication
complexity is more important than the reader, because
it is desirable to minimize the power consumption of
the tags [20].

Let D(N) be the communication complexity of
QTLC. D¢(N) and Di(N) represents the communication
complexity in the grouping and identification phase
respectively:

D(N)=Dg(N)+D, (N). (16)

In the grouping phase, the reader only sends k bits
grouping query sequence. Then tags reply with 2" bits,
50 Dg(N) is:

D, (N)=k+Nx2""%/ (17)
In the identification phase, let j be the number of

“0” in the same bit of the tag ID, so j also obeys the
binomial distribution:
V(i,N)=Clp'@-p)"". (18)
Because each bit has the same probabilities with
“0” and “17”, so p in Equation (18) is 0.5. When the
same bit of tag ID is all “0” or “1” in N tags, this bit
will not collide:
V(j=0]j=N,k,N)=V(0,N)+V(N,N)

_in (19)
Otherwise, it will be occurring collision:
V(j¢0|j¢N,k,N)=1—21'N. (20)

Fr(u) is defined as the length of un query prefix.
Fro(u) and Fri(u) represents the length of uw reply for
tags when information bit is 0 and 1 respectively. po
and p; represent the probability when the information
bit is 0 and 1 respectively. So Fro(u) + Fri(u) = Kk,
FTl(U):l.

According to Equations (18-20), the communication
complexity in the tag identification phase is:
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=i x(FTU (u)x p, +F; (u)x po)

- i(FR (u)+(05+(05)™ )x(k-F, (u)+1)).

FR(u)+V(j¢0|j¢N,k,N)]
(21)

(22)

IV. PERFORMACNE EVALUATION
In this section, theoretical analysis and simulation

experiments were undertaken to validate QTLC algorithm.

Compared with QT, NEAA and CTTA algorithm, QTLC
is analyzed from aspects of identification delay and
communication complexity. The simulation condition is
as follows: the number of tags increases from 100 to
1000. The size of tag IDs is 96 bits. Tag IDs are
distributed uniformly.

A. Selection of initial groups

The system efficiency represents the ratio of the
readable slot to the identification delay, which is an
important parameter to evaluate the performance of an
anti-collision algorithm. In order to obtaining optimal g,
the experiment was conducted. Fig.2 shows the system
efficiency with different initial groups. The proposed
algorithm gets a higher efficiency with a larger initial
groups, and the cost will increase as well. Compared
with g = 4, the system efficiency of g = 8 is about 0.5,
this is still not ideal. The reason is that with the
increasing number of tags in each group, the probability
of collision in each group is high due to the small initial
groups. Considering the cost of the tag with larger
initial groups, the optimal initial group is g = 16.

70
+— QTLC(g=4)

QTLC(g=8)

—— QTLC(g=16)

~ —e— QTLC(g=32)
= QTLC(g=64)

=
™

&
¥

—.

A
o

Identification efficiency %
h

=
n

a 200 400 600 800 1000

Number of tags

Fig. 2. The system efficiency of QTLC with different
initial groups.
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B. Communication complexity
(1) Reader communication complexity

Reader communication complexity refers to the
total number of bits sent by the reader to all tags. Figure
3 shows the traffic of reader. The traffic of the four
algorithms increases with the number of tags, and this
pattern of growth is linear. QT algorithm has the fastest
growth, CTTA is faster than NEAA, but all of them is
slower than QT, and the proposed algorithm has slowest
growth because it automatically generates valid query
prefixes, which greatly reduces the number of queries
sent by a reader. When N = 1000, the traffic of QT
algorithm is 80968 bit, CTTA and NEAA is 59863 bit,
52469 bit respectively. However, QTLC is 49764 bit.

_ 80000 —— QT A~
3 CTTA e
870000 —e— NEAA
ﬁl ) .
2 «— QTLC(g=16)
B i
2 60000
2
‘2 50000
7
S
g
= 40000
E
S 30000
o
2
2 20000
=
=] -
210000 ="
== 3
0 . | ‘ |
200 400 600 800 1000
Number of tags

Fig. 3. The traffic of reader.

(2) Tag communication complexity

In the process of identification, the tag has a
corresponding response to the different commands of
the reader, and the sum of the bits send by tags is called
the traffic of tag, which is closely related to the power
consumption. The larger traffic is, the more power will
consume. However, for the traditional tag, the power
consumption is limited. In addition, by reducing the
amount of data returned from tags, the security of system
will be improved. Therefore, the traffic of tag should be
reduced as much as possible. QTLC algorithm inherits
the advantages of QT algorithm. It not only simplifies
the design of tag, but also reduces the traffic. From Fig.
4, it can be seen that the traffic growth of QTLC is the
slowest, which is significantly lower than the other three
algorithms. When N = 1000, the traffic of tag for QT
algorithm is 120800 bit, CTTA and NEAA is 112003 bit,
92560 bit respectively, but QTLC is 61976 bit.

C. Identification delay

The identification delay is defined as the number of
queries that identify all tags successfully by the reader,
namely the total slots, and it is a key parameter to
measure the performance of an anti-collision algorithm.

ACES JOURNAL, Vol. 34, No. 3, March 2019

Figure 5 shows the identification delay. The total slots
of four algorithms increases with the number of tags,
but QTLC has slowest growth. As the number of tags
increases, the advantages of QTLC algorithm are more
obvious. When N = 1000, the total slots of QTLC
algorithm is 1912, about 985 less than QT algorithm,
191 less than NEAA algorithm, and 159 less than CTTA
algorithm.

120000 Qr
CTTA

100000{ —*— NEAA

—— QTLC(g=16)

80000
60000

40000

20000

The number of bits transmitted by a tag

oo 200 300 400 500 600 700 800 900 1000
Number of tags

Fig. 4. The traffic of tag.

3000
—— QT -
. CTTA
25001, wpaa
—— QTLC(g=16) _
2000
A
=
g
g 1500
b=
g
= 1000
500
200 400 600 800 1000
Number of tags
Fig. 5. The identification delay.

V. CONCLUSION

In this paper, a new anti-collision algorithm for
RFID is proposed for decreasing the probability of the
collision and reducing communication complexity by
dividing the traditional identification stage into tag
grouping and tag identification. Simulation results show
that the proposed QTLC algorithm outperforms other
existing algorithms, such as QT, CTTA and NEAA,
regardless of the number of tags. QTLC is an efficient
anti-collision algorithm for tag identification in an
RFID system.
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Abstract — Non-contact method to monitor vital signs
using radar-based sensor system is a more convenient
way in comparison with the contact monitoring devices.
Portable with a low profile and low-cost non-contact
vital signs sensors system that are capable to monitor
heart and respiration rates are presented and evaluated
their performances. A printed 2x1 patch array antenna,
Yagi-Uda antenna and dipole array antenna are designed
and integrated with sensor system Tx/Rx module for
their performances analysis. The gain of the designed
antennas are 6.38 dBi, 7.7 dBi, and 10.5 dBi, VSWR are
1.1, 1.15, and 1.0, and return loss are -26.26 dB, -22.7 dB
and -21.6 dB respectively at 2.4 GHz. The evaluations
performances of these antennas were compared with
a standard respiratory-rate measurement using a pulse
sensor and respiratory sensor. The measurement results
using the proposed non-contact sensor systems and the
standard contact systems showed excellent performance
with the printed dipole array antenna compared with
other two antennas, the error between the average heart
rate extracted by the non-contact systems and the
reference systems are +1.1 beat/min for dipole array
antenna, +1.5 beat/min for printed 2x1 patch array
antenna and 1.9 beat/min for Yagi-Uda antenna.

Index Terms — Heartbeat rate, printed dipole array
arrays, printed patch array antenna, printed Yagi-Uda
antenna, respiration rate, vital signs.

L. INTRODUCTION

Due to the increase of healthcare costs, aging
population and difficulties in getting access to healthcare,
especially in physiological monitoring systems,
telemedicine and continuous remote patient monitoring
applications are urgently needed [1]. The conventional
respiration measurement techniques that mostly based
on contact methods, such as, ECG monitoring [2], and
other wearable systems are still cost-fully [3]. The contact

Submitted On: September 29, 2018
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nature of these devices makes the subject aware of
being monitored, as the result it affects the spontaneous
breathing patterns and may lead to inaccurate assessment
of physical states. Wired connections for data acquisition
of these conventional devices hinder patient mobility and
normally measure only one specific vital sign, also they
are not capable for long term continuous monitoring of
vital signs especially when monitoring patients with
disease that need long term treatment such as stroke [4].

A non-contact radio frequency (RF) radar sensor
with low cost, comfortable, portable and low power
consumption is very attractive for the healthcare
applications. Using microwaves radar system to detect
small physiological movements such as respiration and
heartbeat dates back to the 1970s [5]. It is realized by
detecting the phase information in the received radar
signals, which is caused by Doppler shift due to the
moving chest wall.

Radar physiological system play crucial role in our
daily life application. It has wide applications, such as
searching for human subjects under earthquake rubble
or behind a barrier, security monitoring based on motion
detection, and monitoring breathing conditions and
identifying potential abnormality of sleeping people [6].
The radar sensor has also been used for indoor detection
of human falls which allows timely and accurate reporting
of fall incidents to avoid severe injuries. Recently, radar
technology has been extended for accurate respiration
measurement in motion adaptive cancer radiotherapy
[71.

In detection process with radar system, there are
basically two types of radars: continuous wave (CW) radar
and ultrawideband (UWB) radar. The CW radar falls
into three subcategories: single-tone, stepped frequency
(SFCW), and frequency-modulated CW (FMCW). Each
category of radars has its specific advantages. The single
tone CW radar has a simple system architecture that
allows high level chip integration. It also has high

1054-4887 © ACES
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accuracy in relative displacement measurement [8]. With
the advantages of CW radar system our designed radar
based-sensors will be based on CW architecture.

With simple structure, low profile and easy integrated
with other systems of the printed antennas to detect and
monitor vital signs, this paper focus on implementing
three kind of antennas and make comparative analysis
on their performances. Printed 2x1 patch array antenna,
printed dipole array antenna and printed Yagi-Uda
antenna are designed and evaluated their performances
on vital signs detection. The antennas analysis and
evaluation were based on radiation properties such as
directivity, gain, S11 and VSWR of the antennas. Then
various measurements were performed on heartbeat
and respiration rate to compare their performances. The
designs of these printed antennas are based on the ISM
frequency band.

This paper starts with design process and simulation
result of antennas in Section Il. Section Il describes
result and discussion of the designed antennas. Evaluation
of the antenna performances are described in Section IV.
Conclusion of the paper is offered in Section V.

I1. DESIGN PROCESS AND SIMULAION
RESULTS OF ANTENNAS

Printed 2x1 patch array, printed dipole array, and
Yagi-Uda antenna are described in this section. The
proposed antennas are designed and simulated using
HFSS software. FR4 substrate with relativity of e, = 4
used as the dielectric constant of substrate in the
designing of the antennas. The antennas are designed to
work at resonating frequency of 2.4 GHz.

A. Printed 2x1 patch array antenna design

A micro-strip printed patch antenna consists of a
radiating patch with an electrically large ground plane
separated by a dielectric material as shown in Fig. 1 (a).
The design of a 2x1 patch array antenna is done by first
design a single micro-strip patch antenna. The design of
a single patch antenna is designed according to the
formula given bellow:

C e+l

( ) 1)

gr:%’lf—lauz )2 2)
(2. 03 +0.064)

Al =0.412 h = , ?)
(¢, ~0258)(-+08)

LS L o, @)

2t Jo,

where W is the width of the rectangular radiating patch,
L is the length of the radiation patch and h is the height
of the substrate and FR4 substrate with relativity of
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g, = 4.3 used as the dielectric constant of substrate. To
increase the gain of the patch antenna, the cascade patch
is arranged in array as shown in Fig. 1 (b). Table 1 show
the the optimized parameter of 2x1 patch array antenna.

Radiating patch

/
Feeding line %/;

/¢T* 7 Ground plane
/ 1+ Substrate height
(2)
BW

BL L

H |
SMA connector
(b)

Fig. 1. (a) The structure of micro-strip patch antenna; (b)
the structure of rectangular 2x1 patch array antenna.

Radiating patch

Table 1: The optimized parameter of 2x1 patch array
Variable BW BL W L Wg
Values (mm) | 137.4 | 82.7 | 485 | 38 12

Figures 2 (a) and (c) show the simulation results of
reflection coefficient and radiation pattern of proposed
2x1 patch array antenna. The simulation results indicate
that the S11 of the designed patch array is -26.26 at
resonating frequency of 2.4 GHz. In this working band, its
radiation also satisfies directional radiation with gain of
6.38 dBi as indicated in Fig. 2 (b).

B. Printed dipole array antenna design

Printed dipole array antenna has a simple and novel
structure with symmetrical array elements for attaining
high antenna gain and a reflector to focus the radiation
beam at a specific direction as shown in Figs. 3 (a) and
(b). Each dipole array element has two arms in the same
side of the substrate, and the length of each arm equals
to 1/4, where A indicates the wavelength at 2.4 GHz.
The FR4 substrate with relativity of €, = 4 and thickness
of h =4 mm was used in this antenna which can shorten
the wavelength compared to free space. Therefore, the
corresponding theoretical value of radiation element [,
can be described as:



1 c
h=i1= = 5)
where, ¢ is the velocity of light, f is the resonance
frequency. A metal plate worked as antenna reflector is
added to the back side of dipole array elements, with
a distance of h = 1/4 from the FR4 substrate [9]. The
calculated optimized parameters of the dipole array

antenna shown in Table 2.
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Fig. 2. (a) The S11 parameter of 2x1 patch array antenna;
(b) the 3D radiation pattern of the designed 2x1 patch
array antenna; (c) the radiation performance of EH plane
of 2x1 patch array antenna.

Table 2: The optimize parameter of dipole array antenna
Variable L |d|d |dy| h | w 1
Values (mm) | 35 | 51 | 17 |12 |12 | 120 | 78
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FR4 substrate

Reflector

Fig. 3. Geometrical structure of the dipole array antenna.

The simulation result of the designed dipole array
antenna is described below, Fig. 4 (a) show that the
reflection coefficient of the design is -29.31 dBi at 2.4
GHz, with a gain of 10.5 dB and a directional lobe as
shown in Figs. 4 (b) and (c), respectively.

C. Yagi-Uda antenna design

The Yagi-Uda antenna has a high directivity, low
profile and simple structure. With this properties of the
directivity of the Yagi-Uda antenna it can be deployed in
detecting physiological parameters such as heartbeat and
respiration rate.

The design of the printed Yag-Uda antenna consist of
two dipole elements, a reflector and five director patch
elements, shown in Fig. 5 (a) and the optimized calculated
parameters of the antenna is shown in Table 3. The length
of two dipole elements is equal to the half of the
wavelength. For the sake of size and universal feasibility,
the antenna designed to work at 2.4 GHz, which belongs
to industrial scientific medical (ISM) band [10].
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Fig. 4. (a) The S11 parameter of dipole array antenna at
2.4 GHz; (b) the 3D radiation pattern for the dipole array
antenna; (c) the radiation performance of EH plane of
dipole array antenna.

Table 3: The optimized parameter of Yagi-Uda antenna
Varlable dl‘ d1 gl gz Wl
Values (mm) | 42,5 | 37.0 | 18.0 | 10.0 3.7

Figures 5 (b) and (d) show the simulation results of
reflection coefficient and radiation pattern of proposed
Yag-Uda antenna. The simulation results indicate that
the S11 of the designed Yag-Uda is -20.86 at resonating
frequency of 2.4 GHz. In this working band, its radiation
also satisfies directional radiation with gain of 8.69 dBi as
indicated in Fig. 5 (c).
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Fig. 5. (a) The configuration designed Yagi-Uda antenna;
(b) the S11 parameter of Yag-Uda antenna at 2.4 GHz;
(c) the 3D radiation pattern for the Yagi-Uda antenna;
(d) the radiation performance of EH plane of Yag-Uda
antenna.

III. RESULT AND DISCUSSION OF THE
DESIGNED ANTENNAS

Figure 6 shows the fabricated antennas, the
measurement of each antenna were carryout to compare
the measurement and simulation result, different
parameters such as reflection coefficient S11, antenna
gain and VSWR of the antennas were compared. Table 4
lists the simulation and experimental measurement of
each antenna.

Table 4: The simulation and experimental results of S11,
gain and VSWR of the designed antennas

Antenna S11dB | GaindBi | VSWR
Patch array Sim | -26.26 6.38 11
Exp -26.8 6.42 1.0
Sim | -20.86 7.7 1.15
Yaguda e 1 7.62 12
Dipole array Sim | -29.31 10.82 1.3
Exp -22.7 10.5 15

T T T T
000 100 200 300 400 500

*Sim=Simulation results
*Exp=Experimental results



Table 4 lists the simulations and experimental
measurement results of the designed antennas; the
result shows that the simulation and the experimental
measurement of the designed antennas have only slightly
difference.

(b)

(@)

Fig. 6. (a) 2x1 fabricated patch array antenna; (b)
fabricated dipole array antenna; (c) fabricated Yagi-Uda
antenna; (d) fabricated Yagi-Uda together with the Tx/Rx
module.

IV. EVALUATION OF THE ANTENNAS
PERFORMANCES

In order to verify the feasibility of the antennas
performances, the corresponding experimental scheme
was conducted. The experimental devices includes a set
of contact physiological signal acquisition devices, pulse
sensor, respiratory sensor and the non-contact detection
system was setup to evaluate our designed performances.

As shown in Fig. 7, during the experiment, the
contact device and the non-contact detection device are
used to collect the physiological signals of the human
body. The pulse sensor is attached to the fingertip of the
subject's finger, and the respiratory sensor is attached to
the abdomen of the subject. The non-contact detection
systems were placed 35 cm away from the human thoracic
cavity and the experimental data was collected for 60s.

In order to increase accuracy of data collected by the
non-contact sensors, it is necessary to avoid interference
activities of other people around when collecting
experimental data. Our designed antennas are directional,
in order to obtain good signal detection, the antenna is
placed to focus the human chest as shown in Fig. 7.

According to the experimental measurements
described above, the physiological signals of 10 groups
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of subjects were collected by the non-contact detection
system based on our design, 2x1 patch array antenna,
dipole array antenna and Yagi-Uda antenna, respectively.
The contact reference system is also used for synchronous
acquisition of signals.

Fig. 7. The experimental setup to detect vital signs.

Table 5, Table 6 and Table 7 shows the average
heart rate (AHR) calculation results of the 10 sets of
samples data extracted by the printed 2x1 patch array
antenna, dipole array antenna and Yagi-Uda antenna-
based non-contact monitoring system respectively and
the error with the reference system. AHR can be
calculated by equation 6, where n is the length of time
for each set of data samples and IHR(i) is the heart rate:

S IHR(i)
AHR = =2 ——. (©)

It can be seen from the tables that there are a certain
error between the average heart rate extracted by the
rectangular array antenna, dipole array antenna and
Yagi-Uda antenna, based non-contact monitoring system
and the average heart rate extracted based on the
reference systems acquisition signal. The error between
the average heart rate extracted by the non-contact
systems and the reference systems are + 1.1 beat/min
for dipole array antenna, + 1.5 beat/min for printed 2x1
patch array antenna and +1.9 beat/min for Yagi-Uda
antenna.

In addition in order to compare the signals collected
by the designed non-contact sensors with reference
respiration sensors, the extraction of respiration signals
collected by non-contact sensor are achieved by digital
filter and wavelet transform to remove noise. Figure 8,
Fig. 9 and Fig. 10 shows the respiration signals that
collected by respiration sensor and that collected by the
designed non-contact sensors.
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Table 5: Averaged heart rate of non-contact monitoring system based on 2x1 patch array antenna

Experimental sample 1 2 3 4 5 6 7 8 9 10
Non-contact system based on 2x1 patch array 80 | 78 | 74 | 79 | 82 | 86 | 67 | 71 | 78 | 70
Reference system 82 | 76 | 74 | 77 | 84 | 88 | 67 | 70 | 80 | 72
Error (beat/min) -2 2 0 2 -2 -2 0 1 -2 -2
Table 6: Averaged heart rate of non-contact monitoring system based on dipole array antenna
Experimental sample 1 2 3 4 5 6 7 8 9 10
Non-contact system based on dipolearray | 72 | 70 | 75 | 73 | 80 | 71 | 73 | 73 | 68 | 68
Reference system 73 71 75 71 78 71 75 75 68 69
Error (beat/min) -1 1 0 2 2 0 -2 -2 0 -1
Table 7: Averaged heart rate of non-contact monitoring system based on Yagi-Uda antenna
Experimental sample 1 2 3 4 5 6 7 8 9 10
Non-contact system based on Yagi-Uda 76 68 79 76 78 75 74 80 71 69
Reference system 75 71 77 79 77 76 72 82 70 72
Error (beat/min) 1 -3 2 -3 1 -1 2 -2 1 -3
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Fig. 8. Respiration signal: (a) signal from reference sensor (respiration belt sensor), and (b) signal from printed 2x1
patch array antenna.
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Fig. 9. Respiration signal: (a) signal from reference sensor (respiration belt sensor), and (b) signal from dipole array

antenna.
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Fig. 10. Respiration signal: (a) signal from reference sensor (respiration belt sensor), and (b) signal from printed Yagi-
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It observed that the signal accuracy of the non-
contact monitoring system based on the experimental
data collected on the tables above and wave form signals
of the non-contact sensors together with the reference
monitoring systems, shows that the dipole array antenna
has higher accuracy than that of the 2x1 patch array
antenna and Yagi-Uda antenna non-contact monitoring
system.

V. CONCLUSION

Portable with low profile and low cost Doppler-based
non-contact vital signs monitoring system operating at
2.4 GHz were presented. With the advantages of CW
radar system our designed radar system was based on
CW architecture, the systems were assessed with other
contact monitoring devices to analyze their performances.
Focusing on the heart rate and respiration signal, a large
amount of experimental data indicates that a dipole array
antenna can significantly perform well as compared
with 2x1 patch array antenna and Yagi-Uda antennas.
Therefore dipole array antenna can be the best candidate
antenna to be integrated with other medical device for
vital signs detection due to its excellent features, such
as low weight, profile, and cost, while maintaining good
performances on detecting vital signs.
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