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Bandwidth Optimization of a Wideband Co-Co Antenna Array on a Thin
Flexible Dielectric using HFSS®

Joseph D. Majkowski

Harris Communication Systems
Rochester NY, 14610, United States
Jmajkows@bharris.com

Abstract — This paper presents several novel techniques
for designing a compact Co-Co antenna array for
optimal performance over a broad frequency range of
one and half octaves. The antenna was modeled and
tested on 6 mil Polyimide composite, a thin, flexible,
substrate, in order to meet size requirements. A slotting
technique was used to increase both the impedance
and gain bandwidth of the antenna. The final design
produced an omnidirectional antenna with peak gain
greater than 1 dBi and S(1,1) less than -8 dB over
a frequency range of 2.8*F1. In order to make a
manufacture-able antenna, the microstrip transmission
line width was increased for co-axial feeding of the
antenna with a second slotting technique.

Index Terms —Co-Co antenna, flexible, slotting,
transmission line.

I. INTRODUCTION

Wide bandwidth antennas with omnidirectional
performance at the horizon (azimuth plane) have grown
in demand greatly over the last few years. This demand
comes as military radios grow in both their capabilities
and usable frequency range. The end user no longer
picks up the radio just to make simple voice
communication, but may also be utilizing the radio as a
way to communicate mission plans, send pictures or
video, or even act as a node in a network. These new
capabilities offer many advantages but require much
higher frequency ranges than traditional voice
communications. Thus, to prevent adding another
antenna to the soldiers burden, as well as to seamlessly
switch between these capabilities, a single, wideband,
antenna solution is needed.

The typical antenna of choice in military
communication is a vertical monopole or dipole antenna
with half wavelength resonant structure and broadband
matching [1], [2]. However, the peak theoretical gain,
2.15 dBi, which one can achieve with a dipole or
monopole may not be enough to achieve the high speed
or even distance required with some of the higher
frequency data waveforms. Thus we look to the coaxial,
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collinear (Co-Co) antenna [3], [4] to enhance the gain.
It is seen that the gain and omnidirectional nature of the
Co-Co antenna is very good; however, the bandwidth is
very narrow. Thus, in order to improve bandwidth and
functionality of the Co-Co antenna, various techniques
such as altering element gap [5], moving feed location
[6], tilting the elements [7], and varying element shapes
[8] have been tried. While these techniques succeed,
they only manage to achieve 10% to 15% increases in
BW [5-7]. Other omnidirectional dipole printed antenna
designs have been proposed in recent years [9], [10].
However, while these designs produce omnidirectional
patterns, high gain and can increase bandwidth, they are
also incredibly large and do not fit the required
footprint for this antenna. In order to shrink overall
size, techniques such as slots [11], [12] and utilizing a
3-D structure [12] have been utilized in more recent
works.

In this paper, a novel 2 element wideband collinear
dipole array with slots is designed, fabricated, and
measured. The slotting technique helps to induce 2
modes of operation in the antenna and enhance both the
gain and impedance bandwidth of the antenna. This
technique keeps the current and voltage in phase for
both a dipole excitation at low frequency and a Co-Co
excitation for enhanced gains at the upper frequencies.
Details of the proposed antenna are described and
experimental results are presented along with the
numerical results.

1. CO-CO ANTENNA BACKGROUND

The Co-linear, Co-polar (Co-Co) antenna array has
been being used for decades due to its ease of
manufacturing, high gain, and omnidirectional pattern.

The Co-Co antenna can be thought of as a set of
(/2 co-axial transmission lines. The outer conductor
and the inner conductor will alternate every (/2 in
order to setup discontinuities. VVoltage maximums will
occur at these discontinuities between elements which
encourages the antenna to radiate at these points. Thus,
the more discontinuities the higher the antenna gain,
however more elements produce a diminishing return
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and comes at the cost of bandwidth.

Co-Co antennas can also be built with flat
transmission line with one shorting pin at each end of
the antenna. A second variation can also be built
utilizing just one shorting pin farthest from the feed
point. The shorting pins are utilized in the design to
allow for the currents to be setup in-phase as seen in
Fig. 1. Once the currents are in phase it allows for
the antenna to have an omnidirectional radiation
characteristic. The shorting pin closest to driving point
of the antenna is primarily utilized as a balun to help
reduce surface currents at the feed point, allowing more
energy to make it to the antenna. However, the use of
this shorting pin location comes at the cost of making
the antenna much harder to match from a broadband
impedance standpoint.

SHORT

SHORT
l%::,l_ézi‘l_:::[
G R S

POINT

Fig. 1. Side view of the Co-Co antenna current and
voltage distributions [8].

The shape of the elements can also be varied in
order to achieve optimal performance. The tried element
shapes have varied from circular, elliptical, rectangular
and hybrids of any three of these shapes. It was found
that by tapering the elements to form either circular or
elliptical element shapes helps reduce side lobes levels.
An image of these various techniques on 7 element Co-
Co antennas can be seen below in Fig. 2. Image of the
proposed antenna design are seen in Fig. 3. The slots on
the top, bottom, and middle section are all controlled
and defined in the same manner.

Fig. 2. Image of various element shapes and techniques
of a 7 element design [8].
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.Y\ B)
Fig. 3. Image of proposed antenna: (A) front view and
(B) rear view.

I11. SLOTTING TECHNIQUE

Given the advantages of the Co-Co antenna, it still
did not have the bandwidth required. Thus, slots were
added to increase the bandwidth.

Due to the nature of the Co-Co antenna array, the
antenna elements need to be approximately (/2 in
length, where ( is the center frequency’s electrical
length, in order to produce a maximum electric field at
the reversal of ground plane and trace [13]. Due to
required size of the antenna, the element lengths were
chosen to be (/2 for a frequency slightly below 1.4*F;.
However, it was seen that the S(1,1) of the antenna was
only good for a bandwidth of approximately 1.8*F; as
seen in Fig. 3. This in turn caused the antenna to be a
poor radiator at the higher frequencies (2.8*F1). Four
rectangular slots were cut into each element, two on
the bottom and two on the top, in order to produce
electrically shorter elements that extended the bandwidth.
The slots were tuned using HFSS® parametric sweeps
[14] to find the optimum length, width, and separation
of the slots. The effect of the slots in both S(1,1) and
electric field can be seen in Figs. 4 and 5. The S(1,1)
improves significantly in the 1.7*F1-2.8*F1 range with
the addition of the slots. The electric field shows that
the antenna also radiates much more efficiently at
2.8*F1 with the addition of the slots.

The parametric sweeps of the slot parameters can
be seen in Fig. 6. Slot length, (H-length), is swept 1 mm
to 13 mm in the diagram. It is seen that as the length of
the slot reached the 5 mm to 9 mm range that resonance
circles start to form in the impedance and quickly
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disappear in the swept frequency range above and
below these lengths. In B, width of the slot, (H-width)
is swept 1 mm to 6 mm. As this parameter increases,
the impedance spirals clockwise and mimics the change
presented by increasing a series inductor. Finally as the
slot separation, (Hs), is swept from 2 to 8 mm, it is seen
to have the effect of a decreasing parallel inductor. The
closer the slots the better the impedance is and the
farther apart the quicker the impedance begins to unravel.

—With Slots

$(2,1) (dB)

=1
-

&R

10 11 12 13 14 15 16 17 18 1§ 20 21 22 23 24 25 26 27 18
Frequency (Multiples of F1)

Fig. 4. S(1,1) in dB comparison of the slotted and non
slotted antenna.
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Fig. 5. Colored contour electric field plot (V/M) on a
plane that bisects the PCB between the elements at
2.8*F1. (A) No slots and (B) with slots.

Smith Chart — . — yiength = imm

Hlength = 5mm
Hiength =9mm

= = Hiength = 13mm

Smith Chart 1
o s e

—- « = Hs=2mm

Hs = 4mm
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=8mm

Fig. 6. Impedance of parametric sweep of: (A) H-length
(length of slot), (B) H-width (width of slot), and (C) Hs
(slot separation).

1IV. MODES OF OPERATION

The antenna has two differing modes of operation.
A “dipole” mode of operation, which occurs over the
lowest frequencies (1-1.4)*F; and a “Co-Co” mode of
operation that occurs over the rest of the frequency
band (1.4-2.8)*F..

The “dipole” mode of operation performs as the
name implies. The antenna begins to radiate, much like
a dipole, at the element ends. This is due to the currents
reaching a maximum at the junction between the two
elements as seen in Fig. 7. The voltage thus reaches
maximums at the end of the two elements which allows
for the antenna to radiate as seen in Fig. 7. Here the
performance is slightly lower than that of the “CoCo”
mode as you are not able to radiate effectively at the
junction between elements. The typical gain performance
in this region of operation is 0-2 dBi at the horizon.

The “CoCo” mode of operation is when the
antenna truly acts as an array. Currents are setup in this
mode such that they reach maximums in the middle of
each element which produces voltage maximums at the
elements ends as well as the junction between the
two elements. This can be seen in Fig. 8. Typical
performance in this mode is more desirable as it
surpasses the dipole mode with 1-4 dBi of gain at the
horizon.

While it is certainly desirable to maintain the
“CoCo” mode of radiation over the entire bandwidth it
was simply not achievable. Both modes must be used to
obtain and maximize bandwidth. The antenna was
however able to be designed such that the crossover
between the two modes caused no negative effects on
the performance of the antenna. Thus, the antenna was
able to cover the entire bandwidth with a slight 1 dB
ripple in performance over some of the lower frequencies.
The antenna is able to maintain an omnidirectional
pattern throughout the transition between modes without
introducing any side lobes to the pattern.
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V = Max

V =Min

Fig. 7. HFSS simulation of the “dipole” mode of
operation for: (A) current vectors at F1 and (B) colored
contour plot of electric field at F;.

V = Max
1=0 g
| .
e V = Min
I = Max
r—
—»
—* V = Max
1=0
I = Max V = Min
1=0 | NV =Max
— A) e B)

Fig. 8 HFSS simulation of the “CoCo” mode of operation
for: (A) current vectors at 2*F1, and (B) colored contour
plot of electric field between elements at 2*F;.
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V. TRANSMISSION LINE ON A THIN
SUBSTRATE

The transmission line width for a 50 ohm line on
6 mil polyimide is roughly 0.1 mm. This transmission
line size is too thin and challenging to manufacture
consistently. Also, due to the thin size of the transmission
line there is concern from a manufacturing standpoint
about the stability of the PCB when it is conformed to
the inside of the radome. Thus, rectangular slots were
cut in the ground plane, behind the transmission line to
eliminate the overlap electric fields and leave only the
fringe electric fields on the transmission line as seen in
Fig. 9 [13]. The slots reduce the capacitance between
the transmission line and the ground plane and allow
flexibility to the designer in terms of the final width of
the transmission line. That being said, the transmission
line was designed to approximately 7 times its original
width in order to allow for the board to be more
consistently manufactured.

Fringing fields
7‘.&/

Interconnect line

Overlap fields \

Ground plane

(a)

Fringing fields
Interconnect line

e
N\

Ground plane
(b)

Fig. 9. Microstrip cross section for: (A) normal microstrip
transmission line, and (B) slotted microstrip transmission
line [13].

Shorting bars were also placed in the slot to
connect both sides of the ground. The PCB image in
Fig. 3 (B), rear view, shows the bottom element with
this grid like setup of shorting bars. The bars were
placed on the element to prevent voltage differential
from giving rise to another mode forming on the antenna.
The shorting bars were optimized in quantity, separation,
location, and thickness. This was done with HFSS
through parametric sweeps and genetic algorithms in
order to arrive at their optimal performance.

VI. BENDING EFFECTS
In order to meet the required bandwidth, the PCB
needed to be wider than the desired % inch radome
tube. In order to combat this problem the PCB was



designed on a flexible substrate to allow it to be curved
and placed within the radome. Thus, the board was able
to maintain the wider elements characteristics and still
fit the mechanical envelope. The first step was
designing the antenna on a flat PCB which drastically
decreased the simulation time relative to a curved
surface simulation. Thus, the runtime of optimizations
and parametric sweeps was reduced and we were able
to get the desired performance on a flat PCB much
quicker.

The curved antenna can be simulated in HFSS with
three approaches: use cylindrical geometry, use flat
“sheet” geometry and wrap around a cylinder, then one
can leave it as a sheet or “thicken” the sheet to better
simulate the real world. Using cylindrical geometry,
shapes can be cut out of a cylinder until the final
antenna shape is realized. HFSS provides a simpler
technique using “sheets”, where one can create the
geometry utilizing sheets [14]. Once the antenna
geometry is created in two dimensions, it can be
wrapped around a “non-model” cylinder. These “sheets”
can be simulated by making the sheet a perfect E
conductor with no thickness. This method will decrease
run time at the cost of accuracy, but allows for many
parametric runs to converge on the ideal solution. Once
the design is optimized, one can “thicken” the “sheet”
and assign it a metal material. The results shown are for
a thickened sheet case.

It was noted that, as the PCB was transitioned from
a flat to cylindrical shape inside a radome, that the
impedance of the antenna took on more capacitance.
The pattern at the horizon was also reduced slightly
once the PCB was simulated in the cylindrical form.
The maximum to minimum azmuthal pattern
performance at 2*F; was measured at approximately 4
dBi and increased as the frequency increased. Thus, the
minimum specification for omnidirectionality was not
met with its current dimensions.

It was found during simulations that the farther it
wrapped around the radome, the worse the front-to-
back ratio in the azmuthal pattern became. Thus, the
element width needed to be decreased to a point that
allowed for a good front to back ratio while maintaining
the wide bandwidth and gain performance of the
antenna. The antenna was then re-optimized with an
element width that would provide good omnidirectional
performance. The parameters that were re-optimized
included the slots in terms of length, width, and
separation, as well as the separation between the two
elements. The antenna was thus successfully re-tuned to
have good omnidirectional performance, within the
radome, as seen in Fig. 10, while maintaining a good
S(1,1) over the bandwidth.

MAJKOWSKI: BANDWIDTH OPTIMIZATION OF A WIDEBAND CO-CO ANTENNA ARRAY

Tuned

Original

Fig. 10. Azmuthal pattern at 1.5*F; of the antenna
within the radome in its pre and post optimization form.

VII. DC BLOCK

The final antenna was then fabricated and placed
within the radome. The antenna inside a clear radome is
seen in Fig. 11, it shows the antenna does not conform
to the inside of the radome. Rather, the rigidity of the
PCB material keeps the board forming a slightly tighter
C shape (view from top), than modeled. This discrepancy
in bend radius of the board would explain difference in
the model and proto-type performance.

The final designed antenna can be seen in Fig. 12.
The board contains a break in the microstrip transmission
line near the feed to incorporate a DC blocking
capacitor. The capacitor was selected to be of a large
enough value that it had absolutely no effect on the
final antenna impedance. The location of the capacitor
did however make a difference in the performance of
the antenna. If placed too far up the transmission line
the capacitor would shift the elevation of the pattern,
reducing performance of the antenna at 0= 90°
(horizon). Thus, on the first run of PCBS, a study was
performed to determine the optimal location of the
capacitor on the transmission line. This was done
simply by removing the transmission line at various
heights and soldering the capacitor in and comparing. It
was found that the optimum location was as close as
possible to the base of the board. However, the co-axial
feeding forced the capacitor to be moved up slightly to
allow for soldering of the co-axial line as well as some
mechanical stability. A small, thin, flat portion of FR-4
was also added to the back of the board to provide
mechanical stability to the capacitor as the PCB is bent
and placed in the radome.
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Fig. 11. Fabricated antenna board inside a clear tube.

Fig. 12. Image of both the front and back of the final
fabricated PCB.

VIII. RESULTS
The S(1,1) of the antenna can be seen in Fig. 13.
Overall the performance of the antenna matches closely
with the simulation and the discrepancies can be
chalked up to the antenna location in the radome and
the excess bending the antenna is under. However, the

ACES JOURNAL, Vol. 32, No.3, March 2017

-6 dB specification is met over the entire desired
bandwidth. This specification is the maximum S(1,1)
the radio can see before it is forced to cut-back power.

A = =Simulation

—Proto-type

s(1,1)(dB) _

10011 12 13 14 15 16 17 18 19 20 21 22 23 24 25 26 27 28
Frequency (Multiples of F1)

Fig. 13. S(1,1) in dB comparisons of the simulation and
the fabricated antenna.

a5 = =Simulation

—Prototype "~

Gain (dBi)

10 11 12 13 14 15 16 17 18 19 20 21 22 23 24 25 26 27 28 29

Frequency (Multiples of F1)

Fig. 14. Maximum gain comparisons at 0 =90 of the
simulation and the fabricated antenna.

The maximum gain of the antenna at 6=90° is
seen in Fig. 14. Overall, the two are very close in
agreement. The elevation patterns of the antenna shown
in Fig. 15 agree with the simulation and vary only
slightly. 1t is seen that at F1 the pattern lobes down
slightly while as we reach the end of the bandwidth of
2.8*F1 the pattern starts to lobe up slightly. However,
despite the small discrepancies between the simulations
and measurements, the patterns meet specification and
show good performance at the horizon with no side
lobes.

The antenna pattern was measured in the azimuthal
plane at 6=90° across the frequency band. This was
done in order to verify the omnidirectional nature of the
antenna. As seen in Fig. 16, the antenna ended up
having a much higher maximum to minimum delta gain
than the simulation. This was expected as the final
shape of the antenna inside the radome varied slightly
from the simulation. However, due to the nature of the
original design, the fabricated antenna was still able to
maintain a delta <3 dB over the frequency band.



F1 Elevation Pattern Normalized Comparison_

A)

1.75'F1 Elevation Pattern Normalized Comparison_ 2.8°F1 Elevation Pattern Normalized Comparison,

Fig. 15. Elevation pattern comparisons at: (A) Fi1, (B)
1.75*F;, and (C) 2.8*F;.

e— PrOtO-typE = == Simulation

1 1112 13 14 15 16 17 18 19 2 21
Frequency (Multiples of F1)

22 23 24 25 26 27 28

Fig. 16. Maximum to minimum delta gain comparison
of azmuthal pattern at ©=90.

IX. CONCLUSION

A very thin antenna was able to be designed and
fabricated for performance over a very large bandwidth.
Multiple modes of operation were required in order to
meet the 1.5 octave bandwidth without a matching
network. A slotting technique was able to be utilized to
push the bandwidth limits of the “Co-Co” antenna
further. A differing slotting technique was able to be
utilized on a microstrip transmission line, on a thin
dielectric, to increase the width of the transmission line
of the antenna. This allowed for ease of manufacturing
and for more consistency between antennas. The C-
shape of the antenna produced undesirable capacitive
loading as well as larger front-to-back ratios on the
azmuthal patterns. The antenna needed to be re-
optimized for its new shape. Overall, the measurements

MAJKOWSKI: BANDWIDTH OPTIMIZATION OF A WIDEBAND CO-CO ANTENNA ARRAY

matched the simulations very well despite the
differences between the simulation and the measurement
configurations. All antenna specifications were able to
be met over the 1.5 octave bandwidth.

It is also seen from the results that as the antenna
is placed inside the radome the final shape will alter
performance slightly. However, modeling these physical
attributes of the system add to the simulation complexity
and henceforth time. As computing and simulation tools
become faster and more efficient these attributes of
the system can also be simulated without adding cost to
the design process. This will allow for the simulation
and final product to be incredibly similar in their
performance. Overall, despite these differences the
antenna varied a small amount and still fell within the
desired specifications.
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Abstract — In this paper, the design and analysis of
microstrip-fed low-profile, compact ultra-wideband (UWB)
monopole antenna with two band-notches characteristics
is carried out. The antenna is mounted on a low-cost
FR-4 substrate with dimensions of 25x38x1.6 mm?3, and
relative permittivity of 4.4. The original shape of the
patch is circular with radius of 11.5 mm, and then a
sector is removed from the patch (making it a Pacman-
shaped antenna) to improve the impedance bandwidth.
The proposed antenna provides an impedance bandwidth
between 2.9-15 GHz with better than 10 dB return loss
and has nearly an omni-directional radiation pattern.
Additionally, the antenna can reject the interference from
WIMAX (3.5 GHz center frequency) and WLAN (5.5 GHz
center frequency).

Index Terms — Monopole antennas, notch filters, ultra
wideband antennas.

L. INTRODUCTION
Nowadays, Ultra-wideband (UWB) technology is
widely used due to its capability of transmitting high
data rates through the large bandwidth it utilizes. UWB
technology is suited for systems that use short range

communications and high data rates. Such systems include:

radar applications, sensor data collection, precision
locating, wireless sensor networks, ad-hoc networks
and tracking applications. Federal communications
commission (FCC) has adopted the band 3.1-10.6 GHz
for the UWB signal and power spectral density emission
limit for UWB transmitters of —41.3 dBm/MHz [1].
One of the most important parts of an UWB system
is the antenna. The design of UWB antennas must ensure
high radiation efficiency, low cost, and small size. There
are many types of UWB antennas in the literature, but,
recently, most researchers have been focusing on the
design of printed monopole antennas since they have
broad bandwidth, low cost, and low profile. Since the
adoption of the FCC, many studies have been made on
the design and performance of UWB antennas [2-8].
UWSB signals can introduce interference with common
wireless technologies such as WiMAX (3.5 GHz) and
WLAN (5.5 GHz). So, another key design issue is to
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reject the interference from such technologies. Different
methods have been used for designing the notch filters
such as inserting slots either on the patch, the ground, or
on the feeding line [9-17]. This method is very simple
and does not add any overhead on the antenna structure
but, using this method, it is difficult to achieve narrow
band-stop region. Another method includes inserting
parasitic elements that provide current flowing in opposite
directions at the notch frequency [18]. Although this
method increases the size of the antenna, it can achieve
very narrow band stop regions.

The rest of the paper is organized as follows: Section
Il describes the design procedure of the proposed
antenna and the optimum design parameters. Section 11l
describes the antenna characteristics. Section IV presents
a parametric study of several design parameters that
affect the antenna performance. Finally, Section V
concludes and summarizes the study.

II. ANTENNA DESIGN

Figure 1 illustrates the geometry of the proposed
Pacman-shaped printed microstrip-fed UWB antenna.
The antenna is mounted on a compact size FR-4 substrate
of dimensions 25 mmx 38 mm, dielectric constant 4.4,
loss tangent of 0.02, and thickness of 1.6 mm. The
original patch has circular shape since it has the largest
bandwidth among the other regular shapes and has
good radiation characteristics [19]. The radius was
approximated to be A/4 at the lower frequency edge of
the UWB range as follows [20]:

Cc

k= 4 fier’ @)
where R is the patch radius, f; is the lower frequency
edge (i.e., 3.1 GHz), c is the free-space speed of light,
and &, is the substrate dielectric constant. The feeding
line has a length of 12 mm and a width of 3 mm to
achieve a characteristic impedance of 50 Q. From
simulation, it has been found that the distance p
(P = Lgeeaing — Wyna) between the feeding point and
the ground plane has an effect on the performance of the
antenna. Its value was chosen to be 0.2 mm. A partial
ground plane is used with a notch cut near the feeding
line to improve the impedance bandwidth. The notch
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dimensions were varied to have good return loss; the
optimum values chosenare W; =0.8 mmand L; =5 mm.
Then, a sector was removed from the circular patch
(making it a Pacman-shaped antenna) to improve the
impedance bandwidth, and its angle was optimized to be
80° to have a good return loss and large bandwidth.
Finally, a U-shaped slot and a straight slot were etched
in the patch to reject the interference from WiMAX and
WLAN, respectively. The total lengths of the slots were
approximated to be A/2 at the notched frequencies [12-
14]:

c
Lnotch - 2 Frotch '_Eeff, (2)
where f,,,:cn IS the center frequency of the notched band,

+1
and e, = 572 .

Lgnd

—

vand

Fig. 1. The layout of the proposed Pacman-shaped
antenna.

To model and optimize the proposed antenna, HFSS
simulator was used. A radiation box placed at a distance
of 1/4 from the substrate was used to measure the far
field parameters. The solution frequency was set to
3.1 GHz which is the lowest frequency edge, with
maximum delta S = 0.01 and number of passes of 12.
After several simulations and performing a parametric
study (described in Section V), the optimum parameters
of the proposed UWB antenna are chosen as follows:

L =38 mm, W = Lgng = 25 MM, Leeeding = 12 mm,
Wreeding = 3 mm, Wgq = 11.8 mm, R = 11.5 mm,
W; =0.8mm, L; =5mm, W, =0.2 mm, L, = 15.8 mm,
W; = 0.7 mm, Ly = 6mm, W, = 0.3 mm, L, = 14 mm,
6 =280° S=3.8mm,andd=3.1mm.

The optimum design parameters were used to build a
prototype of the proposed antenna which is shown in
Fig. 2.

Measurements were performed in the laboratory
environment using an Agilent Vector Network Analyzer
(VNA). Figure 3 shows the simulated and measured
voltage standing wave ratio (VSWR) of the proposed
antenna. It can be observed that measurement agrees
well with simulation except in the range 11-13 GHz
which could be due to experimental tolerances, fabrication
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tolerances, and the effect of the connector. The antenna
works in the UWB range with the VSWR being less than
2 in the frequency band 2.9-15 GHz except around the
notched frequencies. As desired, the antenna has filter
characteristics around 3.5 GHz (the center frequency of
WiMAX) and 5.5 GHz (the center frequency of WLAN).
A small shift in the measured notched frequencies can be
noticed because the simulation environment is different
from the real environment, and the fact that the substrate
relative permittivity decreases as the frequency increases
[21]. Similar shifts in the notched frequencies were seen
in other papers for the same causes [10], [11], [16].

Fig. 2. Picture of the fabricated Pacman-shaped UWB
antenna.

20
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6 7 8 9 10 11 12 13 14 15
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Fig. 3. The simulated and measured VSWR of the
antenna.

III. ANTENNA PARAMETERS

This section elaborates more on the proposed antenna
parameters. Since UWB antennas involve transmission
of large bandwidths, time domain parameters are as
important as the frequency domain parameters because
they determine how much the antenna disperses the
received signal. Different frequency domain parameters
and the group delay for the proposed antenna will be
discussed in this section.

A. Antenna gain

Usually, when one talks about the antenna gain,
he/she refers to the realized peak gain which takes into
account the mismatch losses. The simulated gain of the
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antenna is illustrated in Fig. 4. The gain increases in the
whole antenna bandwidth from 2 dB to nearly 8 dB, while
it drops to -5.4 dB at 3.5 GHz (the center frequency of
WiIMAX) and to -2.9 dB at 5.5 GHz (the center frequency
of WLAN).
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Fig. 4. The realized peak gain of the antenna

B. Radiation pattern

UWB printed monopole antennas are known to have
omni-directional pattern similar to the linear monopole
antenna in which the E-plane has the figure-8 shaped
pattern, and the H-plane is non-directional. Moreover,
an antenna can have two polarizations, one is in the
intended direction (co-polarization), and the other is
orthogonal on it (cross-polarization) [22]. One should try
to minimize the cross-polarization to reduce polarization
mismatch. Figure 5 illustrates the E-plane (yz-plane) and
H-plane (xz-plane) co-polarization and cross-polarization
patterns of the antenna at 4, 6, and 9 GHz.

It is clear that the antenna has the figure-8 shape in
the E-plane with very small cross-polarization component,
but as the frequency increases, the radiation pattern
becomes distorted and the cross-polarization component
increases. On the other hand, the antenna is non-
directional (having an O-shaped pattern) in the H-plane
with cross-polarization component lower than the co-
polarization one.

C. Current distribution

The last frequency domain parameter to consider is
the current distribution. Figure 6 illustrates the current
distribution at 3.5, 5.5, 9, and 12 GHz. It can be observed
that the current is mainly concentrated at the edges of
the circular patch and the feeding line, but, this does
not happen at 3.5 GHz where the current is mainly
concentrated at the U-shaped slot (WiMAX slot) and
5.5 GHz where the current is mainly concentrated at the
WLAN straight slot. This indicates that the notches have
a short circuit effect to prevent interference from WLAN
and WiMAX.

E-Plane at 4 GHz

450 T 150 et
“180 -180

E-Plane at 9 GHz H-Plane at 9 GHz

—— Co-polarization

— — = Cross-polarization
Fig. 5. The normalized E-plane and H-plane co-

polarization and cross-polarization patterns (in dB) at 4,
6, and 9 GHz.
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Fig. 6. The current distrbution at 3.5, 5.5, 9, and 12 GHz.
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D. Group delay

Group delay has an important role in the dispersion
characteristics of the antenna. A comparison between
the simulated group delay (using S;;and S,;) and the
measured one (computed using the measured Sii) is
illustrated in Fig. 7. To compute the group delay from
the phase of S,,, two similar proposed antennas were
placed face-to-face a distance of 30 cm. The group delay
is almost constant over the whole band except at the
notched frequencies. In fact, using S,; to compute the
group delay gives more realistic results. Since the
measured group delay is almost constant, little distortion
is introduced by the antenna.

Table 1 lists a comparison between the proposed
antenna and six other ones that have recently appeared in
literature. It can be seen that the proposed design has a
comparable size compared to others, with a larger peak
gain. Moreover, the low and high frequency edges
compete with the ones cited in the table.
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Fig. 7. The simulated and measured group delay of the
proposed antenna.

Table 1: Comparison between the proposed design and
previous designs

. . Peak Gain| f; | fu
Ref. Dimension @B) |(GH2)|(GH2)
[8] 12 mm x 18 mm 6 2.8 | 11.6
[17] 42 mm x 40 mm 4.4 2.44 | 11.9
[9] 25 mm x 20 mm 3 2.63 {13.02
[2] 29 mm x 20.5 mm 6 3 ]10.72
[23] 41 mm x 34 mm 4.85 3.26 | 19.1

[24] | 63.25 mm x 51 mm - 3.1 | 15

Proposed| 38 mm x 25 mm 8 29 | 15

IV. PARAMETRIC STUDY
A parametric study of the proposed antenna was
performed to control the antenna and the notch filters
operations. The first parameter to consider is the effect
of the angle of the sector on the antenna return loss
(without the existence of the filtering slots) which is
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illustrated in Fig. 8. It is clear that the angle of the sector
highly affects the return loss. As the angle is varied, the
return loss and the input impedance change. So, a value
that achieves a good return loss, good input impedance,
and wide bandwidth was chosen to be 80°.
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Fig. 8. The effect of varying the angle of the sector with
R=11.5mm, p=0.2 mm, and W; = 0.8 mm.

Then, the effect of the slots dimensions on the
notched frequencies is studied. The notches lengths were
initially computed to be A/2 at the notch frequencies,
and then their widths, lengths, and positions (S and d)
were optimized. Figures 9, 10, and 11 show the effect of
varying the widths of the notches W,, W, and W,
respectively, while keeping the radius, the gap p, the
ground plane notch dimensions, and the sector angle
fixed to the optimum values. From Fig. 9, it can be seen
that changing W, has no effect on the center frequency
of the WiMAX, while it changes the center frequency of
the WLAN. Its value was set to 0.2 mm to have the center
frequency at 5.5 GHz and notch characteristic from 5 to
6 GHz. In Figs. 10 and 11, the WLAN center frequency
somewhat varies with W3 and W, but the major variation
is in the WIMAX center frequency. Their values were
chosen as 0.7 mm and 0.3 mm, respectively, to have the
center frequency at 3.5 GHz.

The notches lengths also have effects on the notches
operation. In Fig. 12, the effect of varying the length of
the WLAN notch filter is illustrated. As expected, as the
length changes, the center frequency of the WLAN
changes too, while the center frequency of WiMAX is
fixed. The value was chosen to be 15.8 mm. Figures 13
and 14 illustrate the effect of varying the lengths L5 and
L, (the total length of the WiMAX notch). The values
of L; and L, mainly affect the center frequency of the
WIMAX, while the center frequency of the WLAN is
slightly affected. The optimum values were chosen 6 mm
and 14 mm, respectively, where the sum of L; and L, is
the same as the total length of the WiMAX notch
computed using Equation (2).
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V. CONCLUSIONS

In this paper, a simple printed monopole UWB
antenna with two band-notched frequencies was designed
and analyzed. Simulations showed that the antenna
works well in the UWB range with better than 10 dB
return loss. Experimental results were very close to the
simulation ones. Frequency domain and time domain
characteristics were investigated. The antenna exhibits
an omni-directional radiation pattern with high peak gain
except at the notched frequencies. Also, the group delay
of the antenna was almost constant such that the distortion
caused by the antenna is very small except at the notched
frequencies. The advantages of the proposed antenna are:
cheap, simple and compact for small portable devices.
Additionally, the proposed antenna has stable radiation
characteristics and can reject interference from existing
wireless systems working in the same band of frequencies.
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Abstract — The design and development of a compact
tapered slot antenna (TSA) for the fifth generation (5G)
phased array communications is described in this
manuscript. The proposed low-profile TSA element is
designed on a Rogers RT 5880 (¢=2.2 and 6=0.0009)
dielectric to work in the frequency range from 21 to
23 GHz. The configuration of the employed TSA antenna
elements is composed of a slot-line flare from a small
gap to a large opening, matching to free space’s wave
impedance. Eight TSA elements with well-defined end-
fire radiation patterns have been used on the top portion
of a mobile-phone PCB to form a 1x8 linear phased
array. The TSA elements are fed by hockey-stick
baluns. In addition, the radiation performance and SAR
characteristics of the phased array 5G antenna in the
vicinity of user’s hand & head have been investigated
in this study. The results show that the proposed design
provides good characteristics in terms of S-parameters,
antenna gain, efficiency, SAR, and beam steering, which
fit the need of 5G cellular communications.
Index Terms— 5G wireless networks, cellular
communications, planar phased array, TSA.

I. INTRODUCTION

The fifth generation (5G) networks are expected to
use the higher frequency bandwidths due to the growing
need for wider bandwidths and higher data rates [1-2].
Compared with the cellular networks used today
(operating at the frequencies less than 4 GHz), 5G
mobile networks will use broader mm-Wave frequency
bandwidths [3]. 22 GHz, 28 GHz, and 38 GHz are some
of the candidate bands for 5G wireless communications
[4-5]. Different from the conventional antennas (patch
and slot antennas) in order to cover the required
coverage-space of 5G communications, the end-fire
antennas, such as horn waveguide antenna, Yagi antenna
and linear tapered slot antenna (LTSA) are more
suitable. Among them, the TSA is a promising candidate
for reasons such as easy fabrication and easy integration
[6-7]. Our work presents the study on the design of a
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22 GHz phased array tapered slot antenna for the future
5G cellular communication applications.

Tapered slot antenna (TSA) has received
considerable amount of research effort owing to their
attractive futures such as high gain and relatively wide
bandwidth compared with other designs such as typical
patch antennas. They can provide excellent directional
propagation at the higher frequencies and could be used
for radar, detecting and phased array applications [8-9].
The TSA array with compact size and high-gain
characteristics is also among one of the most promising
candidates meeting the requirements of 5G systems,
and hence, could be used to form multiple antenna
systems for 5G systems [10].

The designed TSA element is operating from 21 to
23 GHz and has compact-size, sufficient-gain, high-
efficiency, high-fidelity, and good end-fire radiation
pattern. The designed antenna element has a good
potential to be used in linear and planar phased array
applications. Eight elements of the TSAs have been
used to form a linear phased array in the edge region
(top-side) of a 5G mobile phone PCB. Another set of
the linear phased array could be used on the bottom
portion of the PCB. The designed 5G phased array
mobile-phone antenna provides good features in terms
of fundamental radiation properties. Furthermore, 64-
elements of the antennas are employed to form a planar
phased array with high-gain property. More than 20 dB
gain, and -0.5 dB (90%) total efficiency have been
obtained when its beam is tilted to 0° elevation. The
results show that the designed TSA arrays (linear &
planar) satisfy general requirements for use in 5G
platforms.

1. SINGLE ELEMENT TSA
The configuration of the single element TSA is
shown in Fig. 1. As illustrated, it contains a slot-line
flare from a small gap to a large opening, matching
to free space’s wave with hockey-stick balun feed
technique. The strip-line/slot-line transition is specified
by W (strip-line width) and W- (slot-line width). The
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exponential taper profile is defined by the opening rate
and two points P1 (z1, y1) and P2 (22, ¥2):

y=ce¥+c,, 1)

Rz Rz

- e —y ef

where ¢, =—FX 2 yéz and c, _HE 7Y — yéz
etz _ghta etz _ghta

The taper length L is z»-z; and the aperture height H
is 2(y2-y1)+W:. In the case where x approaches zero, the
exponential taper results in a so-called linearly tapered
slot antenna (LTSA) for which the taper slope is constant
and given by so= (y2-y1)/(z2-z1). For the exponential taper
defined by (1), the taper slope changes continuously
from s; to sp, where s; and s; are the taper slope at z=z;
and at z=zy, respectively, and s;< s <s, for x>0. The
taper flare angle has been defined by a=tan’s. In theory,
the maximum opening width [11] is:

Jy=— 0

’ fmin \]gr ’
where C is speed of light, fmin is frequency minimum,
and & is dielectric constant of the substrate.

Fig. 1. Proposed TSA configuration: (a) side view, (b)
top layer, and (c) bottom layer.

The equivalent circuit for the TSA is shown in Fig.
2. The total impedance Zge at the reference plane T
on the strip-line can be expressed as a series connection
of the strip-line stub reactance JXsrg and the antenna
impedance Za [12]. Based on Fig. 2, Zinpu(s) and T (s)

of the TSA can be calculated as:
1
Zinput (S) = Lls + R”LZ "Cl_sl

which is equal to:
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(RL,+RL)+LL,S+RLL,CS® 3)
R, +L,S+RL,CS, ’

_ Zinput (S)
FZ (S) - Zinput (S) + 2ZO . (4)

The antenna has a compact size of WsxLs. The
design parameters of the antenna and the proposed
array are specified in Table 1. The simulated Sii
characteristic of the designed TSA is illustrated in
Fig. 3. It can be seen that the proposed TSA antenna
covers the frequency band from 21 to 23 GHz (2 GHz
bandwidth for Si; less than -10) and has a reflection
coefficient of -30 dB at the resonance frequency (22 GHz).

:

Zinput (S) = S{

Xs1g L,

M
LT
Zy "A+ij|j (= RZ

{77774

W
7]
Il

ZRP=RA+ijP
Fig. 2. Equivalent circuit for the TSA.

Table 1: Dimension of the antenna parameters

Parameter | Wx | Lx | Ws |Ls=La| Wa h

Value (mm) | 48 428 6 12 48 | 0.8

Parameter Ly | W L W, Ls r

Value (mm) | 15 |225| 4 11 [425] 8
Parameter W, L Wk L¢ X X1

Value(mm) | 05 | 3 | 05| 3 |125]| L5
0
E -10
=,
= 20
(/7]
30, =S,

20 21 22 23 24
Frequency [GHz]

Fig. 3. S11 characteristic of the LTSA.

The frequency response (S11) of the designed TSA
can be controlled by changing the values of critical
parameters such as the width of the hockey-stick balun.
Figure 4 depicts the Si1 characteristics of the antenna
for different values of Wi. As illustrated, when the
value of Wi increases from 2.05 to 2.45 mm, the
resonance of the antenna response increases from
22.05 to 22.6 GHz. The efficiency characteristics of the
antenna over the operation band is described in Fig.
5 (a). In theory, the radiation and total efficienies are
related according as:

€, =€6€,. 5)

r
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In addition, the 3D radiation pattern of the antenna
at 22 GHz is illustrated in Fig. 5 (b). The antenna gain
can be calculated using the total efficiency and the
directivity as follows:

G, (dB) =10log (e, D,), (6)
where ey is the total antenna efficiency, er is reflection
(mismatch) efficiency=(1-|712), ecq is antenna radiation
efficiency and Dy is the antenna directivity [13]. As can
be seen, the antenna has a desirable end-fire radiation
property with 4.45 dB gain (IEEE gainxmissmatch).
Based on the obtained results, the antenna has high
efficiency function at the different frequency of the
operation band (especially at the resonance frequency=
22 GHz).

0
) /_
m
=, =20 —W,=2.05mm
- —W,=225mm
@ W, =245 mm
-40 I

20 21 22 23 24
Frequency [GHz]

Fig. 4. Sa1 curves for different values of Wi.
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Fig. 5. Simulated (a) efficiencies and (b) radiation pattern
of the designed TSA.

In the analysis on the microstrip antennas, the
transfer function is transformed to time domain by
performing the inverse Fourier transform. The fourth
derivative of a Gaussian function is selected as the
transmitted pulse. Therefore the output waveform at the
receiving antenna terminal can be expressed by
convoluting the input signal and the transfer function.
The shape of the transmitted signal in free space is
shown in Fig. 6.

The input and received waveforms for the face-to-
face and side-by-side orientations of the antenna are
shown in Fig. 7. It can be seen that the shape of the
pulse is preserved in all the cases. There is slight
distortion on received pulses but it was expected. Using
the reference and received signals, it becomes possible
to quantify the level of similarity between signals.
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Fig. 6. Transmitted signal in free space.
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Fig. 7. Received pulses (a) side by side and (b) face to
face.

In telecommunication systems, the correlation
between the transmitted (Tx) and received (Rx) signals
is evaluated using the fidelity factor (7):

[sre-7)

[+ = + ! (7)
\/j s(t)zdt.j r(t)’dt

—0

F = Max,

where s(t) and r(t) are the Tx and Rx signals,
respectively. For impulse radio in UWB communications,
it is necessary to have a high degree of correlation
between the TX and RX signals to avoid losing the
modulated information. However for most of other
telecommunication systems, the fidelity parameter is
not that relevant. In order to evaluate the pulse
transmission characteristics of the proposed antenna,
two configurations (side-by-side and face-to-face



orientations) were chosen. The transmitting and receiving
antennas were placed in a distance of d=100 mm. As
shown in Fig. 7, although the received pulses in each
of two orientations are broadened, a relatively good
similarity exists between the Rx and Tx pulses. Using
(7), the fidelity factor for the face-to-face and side-by-
side configurations were obtained equal to 0.93 and
0.97, respectively. The obtained values of the fidelity
factor show that the antenna imposes negligible effects
on the transmitted pulses. The pulse transmission results
are obtained using CST [14].

I1l. THE TSA LINEAR PHASED ARRAY

The proposed phased array antenna is designed
using eight elements of TSAs. Figure 8 illustrates the
configuration of the linear phased array. The array has a
compact size of WaxL,=48x12 mm?. The antenna element
are arranged with a distance of d=Ws.

Figure 9 shows the S parameters (S21 to Sg1) of the
array. As shown, the array has a good performance in
the frequency range of 21 to 23 GHz. The highest
mutual-coupling characteristic (Sz1) between the TSA
elements is less than -12 dB at the center frequency of
the operation band (22 GHz).

L
‘ (0)

Fig. 8. Geometry of the linear array: (a) side view and
(b) top view.

a
o o
w

S-parameter [dB]
X!
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I
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o

21 2 23 24
Frequency [GHz]

Fig. 9. S parameters of the array shown in Fig. 8.
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In array designing, the adjacent element spacing
must be chosen carefully due to its effect on the
radiation performance of the array [15-16]. Figure 10
shows the configurations of the proposed array with
different distance (d) between the elements. Simulated
mutual coupling characteristics of the middle elements
of the array for different values of d are illustrated
in Fig. 11. As seen, in order to obtain a low mutual
coupling characteristic for the antenna array, the
distance between antenna elements must be near A/2.
When the distance between antenna elements increases
from 7 to 5 mm, the mutual coupling characteristic of
the array decreases from -9 to -16 dB. In addition, the
radiation performance of the array for different values
of d has been investigated.

(c)

Fig. 10. Side views of the array for: (a) d=5 mm, (b)
d=6 mm, and (c) d=7 mm.

0y =—d=5mm
-5t =6 mm
o =—d=7mm
T, -10¢
3 154
n
-20
2555 22 24

Frequency [GHz]

Fig. 11. Simulated Sy characteristics of the antenna for
different values of d.

Figure 12 shows the main radiation beams of the
array at 0° of scanning for different values of d. It can
be seen for d=6 mm, the array has good efficiency,
sufficienct gain level and compact size which is suitable
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for cellular phased array applications. As illustrated,
the array has 11.2, 12.2, and 12.7 dB gains with -0.54,
-0.67, and -0.84 values of total efficiency for d=5 mm,
d=6 mm, and d=7 mm, respectively. Based on the
obtained results, in order to have high-gain, high-
efficiency beams of antenna array with wide scanning
function (0 to 75 degree), the distance between elements
(d) must be calculated near A/2 of the operation
frequency (d=6 mm).

Tot. Effic.; -0.54 dB  Tot. Effic.: -0.67 dB  Tot. Effic.j -0.84 dB

-28.8 dB 11.2 -27.8 dB 12.2 .27.3 dB 12.7
(@) (b) (©

Fig. 12. 3D beams (at 0°) of the array for different
values of d: (a) d=5 mm, (b) d=6 mm, and (c) d=7 mm.

Figure 13 (a) illustrates a system architecture in
which the proposed linear phased array antenna can be
used for 5G applications. For operations using time
division duplex, the feed network can be implemented
using low loss phase shifters (such as HMC933LP4E
[17]) for beam steering). One of the important issues to
achieve a functional array antenna is the feed network.

Bias

Y

| Feed Network
i
Input

(a)

#Antennas

#Phase
Shifters

(b)

Fig. 13. (a) Phased array architecture for the proposed
design, and (b) typical 1:8 feed network.

In the proposed design, a 1x8 uniform linear array
antennas could be used and each radiating element with
equal magnitude must be excited. There are various
techniques of feed network design for this purpose:
parallel [Fig. 13 (b)], series, and etc. The power dividers
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(such as Wilkinson) divide the power to equally 1:N
and also unequally by changing the input and output
[9]. It should be noted the usage of the feed network
could has influence on the antenna parameters in
terms of directivity, mutual coupling, gain and etc.
Additionally, the mutual coupling in combination with
the feed network causes notable changes in the excitation
currents. So, the losses of the antenna performance in
the vicinity of feeding network and active elements
should be considered.

IV. APPLICATION OF THE LINEAR
ARRAY FOR 5G HANDHELD DEVICES

Figure 14 depicts the configuration of the 5G
mobile-phone antenna. It consists of eight 22-GHz TSA
elements used to form a linear phased array in the edge
region (top-side) on a mobile phone PCB. Another set
of the designed array could be used in two sets of
phased arrays in the top and bottom portion of the
mobile phone PCB [18].

@
e R RaReRe ety

(b) (©)

Fig. 14. Phased array 5G antenna configuration: (a) side
view, (b) top layer, and (c) bottom layer (GND).



The simulated S-parameters (Si11 to Ss1) of the
designed 5G mobile-phone antenna are shown in Fig. 15.
The antenna operates at the central frequency of 22 GHz
(2 GHz bandwidth). It can be seen that the highest
mutual-coupling characteristic between the elements is
less than -12 dB which is sufficient for typical phased
array applications.

a

o o

w o
-

S-Parameter [dB]
X
o

)
o o
W ¢ o

22

£l
=

20 21 22 23 24
Frequency [GHz]

Fig. 15. Simulated S-parameters of the proposed 5G
mobile-phone antenna.

Fig. 16. 3D Radiation beams with directivity values at:
(a) 0°, (b) 15°, (c) 30°, (d) 45°, (e) 60°, and (f) 75°.

The beam steering characteristic of the antenna
with directivity values at different scanning angles
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(0° to 75°) are shown in Fig. 16. The analysis and
performance of the antenna beams are obtained by
using CST Microwave Studio®. The shape and direction
of the array beams are determined by relative phases
amplitudes applied to each radiating element as below:

w=2x(d/A)sing, (8)
where d is the distance between the radiation elements
and 6 is the angle of incidence.

As seen, the proposed antenna has a sufficient
beam-steering function in the scanning range of 0 to 75
degree. It should be noted that for plus-minus (&)
scanning angles, the beam-steering characteristic of the
antenna are almost the same. Figure 17 () illustrates
the simulated realized gains of the proposed 5G mobile-
phone antenna at different angles. From the beam
steering characteristic, it can be observed that the antenna
has sufficient gains at different scanning angles. For the
scanning range of 0 to 75 degree, the antenna gains are
almost constant and more than 10 dB.

Figure 17 (b) describes the fundamental radiation
properties of the antenna beams for the scanning range
of 0 to 70 degree. As seen, in the scanning angle of
0-60 degree, the antenna has more than -0.1 dB -0.5 dB
radiation and total efficiencies, respectively. It is noted
that the antenna has high efficiencies for different
scanning angles. Furthermore, when the scanning angle
of the radiation beam is <+60°, the proposed antenna
has more than 11 dBi directivity.

Realized Gain [dB]

= %----a--"‘& e -14%
¢=>>' 80 "'-*---*;____@:;_*,123
g —% - Directivity 0.2
= =B~ Radiation Efficiency §
Ll =&~ Total Efficiency a
0 20 40 60
Angle [deq]
(b)

Fig. 17. (a) Realized gains and (b) radiation properties
of the antenna at different scanning angles.
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The radiation performances of the proposed 5G
mobile-phone antenna with different lengths of the
PCB ground-plane have been investigated in Fig. 18.
As illustrated, the size of PCB ground plane does not
have significant impact on the radiation properties of
the antenna in terms of gain and total efficiency.

275 ~—d—12.7
Total Efficiency= -0.69

(a)

12.5

Total Efficiency= -0.65

(c)
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Figure 20 shows the 3D radiation beams of the
antenna patterns in the vicinity of user’s hand for
different scanning angles at different positions. As
illustrated, the antenna has a good beam steering function
with acceptable gain levels at different scanning angles.

In addition, the Sn, characteristics of the designed
5G mobile-phone antenna in the presence of the user’s
hand is illustrated in Fig. 21. As can be observed, the
antenna has good impedance matching with less than
0.4 GHz frequency-shifting in the operation band of the
designed array in free space.

Fig. 18. Radiation characteristics of the 5G mobile-
phone antenna (at 0°) for different length of the ground
plane: (a) full, (b) half, and (c) without PCB-GND.

The handsets for mobile communication systems
are practically operated in the vicinity of a human body.
Especially, the user’s hand is one of the parts that touch
the mobile handsets most frequently [19-20]. In general,
the user’s hand has a negative impact on the antenna
performance in terms of efficiency, gain, impedance-
matching etc. Changing its position can increase/
decrease the amount of the losses. The impact of user-
hand on the performance of the proposed phased array
TSA has been studied and Fig. 19 illustrates different
placement of the antenna in the presence of the user’s
hand.

(b)

Fig. 19. Different placement of the antenna in the
vicinity of user’s hand: (a) bottom and (b) top positions.

Table 2 summarizes the effect of user’s hand on the
properties of the proposed phased array TSA. The total
losses of antenna parameters in terms of realized gain,
radiation efficiency, and total efficiency are about 3 dB,

Fig. 20. Radiation beams at different scanning angles
for: (a) bottom position and (b) top position.

15%, and 25%, respectively.

Table 2: Total losses of the antenna parameters

Antenna Parameters | Position (a) Position (b)
Radiation efficiency 10~25% 10~20%
Total efficiency 20~35% 15~35%
Realized gain 0.5~2.5dB 1~2 dB

0
E‘ S =—%
=, 10+ —3,
b _ 333
2 20 —s,,
E - s55
S 30t s
© 66
o —_—
A -40}
wn . . . Sge
18 20 22 24 26

Frequency [GHz]

Fig. 21. Snn characteristics of the antenna in the
presence of the user-hand (S11 to S88).



The proposed antenna’s specification absorption
rate (SAR) is studied in Fig. 22. SAR is the measurement
of the energy has absorbed by the human body during
transmit the radio frequency electromagnetic field. The
human body absorbed the energy that’s mean we will
lose some energy the second problem that’s mean will
affect the human body badly [21-24]. The SAR is
described by the following equation:

2
oMEOL o ©)

p(r)

As illustrated in Fig. 22, the antenna has sufficient
SAR values. It should be noted the distance between 5G
antenna PCB and human-hand in z-axis is less than
10 mm. As can be seen, due to close distance of the
designed phased array with the head in top location,

there is a difference between the SAR values of the top
and bottom locations which it was predictable.

SAR:I

(b)

Fig. 22. Analysis specific absorption rates of the
proposed 5G antenna at 22 GHz: (a) top location and
(b) bottom location.

Figure 23 depicts the 3D-directional radiation
beams of the proposed 5G phased array antenna in the
presence of the human-hand (top location) at different
scanning angles. As seen, the antenna has good beam-
steering characteristics with good gain values at different

angles.
dBi

£

D R
-30 9.6~13

Fig. 23. Radiation beams of the 5G antenna at different
angle in the presence of the human-head.

V. PLANAR PHASED ARRAY TSA DESIGN
FOR 5G CHANNEL MEASUREMENTS
Figure 24 displays the 3D view of the planar

phased array TSA. 64-elements of 22 GHz TSAs with
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hockey-stick balun Feeds have been used to form the
proposed planar array design. On the other hand, the
proposed planar array have been designed using eight
rows of the proposed linear phased array described in
Section Ill. The designed planar phased array antenna
has a compact size of WxxLx.

Fig. 24. 3D view of the designed 8x8 planar phased
array TSA.

The proposed planar phased array antenna is
operating in the same operation band of the single
element TSA (frequency range from 21 to 23 GHz). It
has compact-size, high-gain, sufficient-efficiency and
beam-steering properties. The designed planar array
could be used for 5G base station or channel
measurement applications [25].

The 3D directional radiation beams of the proposed
antenna with directivity values at different angles are
shown in Fig. 25. It can be seen that the antenna has
a good beam steering characteristic with high-level
realized gains. The planar phased array design has more
than 21 dB realized gain when its beam is tilted to 0
degree.

_%1 Sdai% 19~21.5

Fig. 25. 3D beams of the proposed phased array at
different angles.
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V1. CONCLUSION

Low-profile TSA arrays for 5G channel
measurement applications are designed and investigated
in this study. The antenna elements are designed to
work at 22 GHz which is one of the candidate bands for
the future communication systems and have a 2 GHz
bandwidth. Eight TSA elements formed a linear phased
array in the top portion of the mobile-phone PCB. For
the deigned 5G mobile-phone antenna, fundamental
radiation properties and also user’s hand and head
impact are studied. The designed array features high-
gain/high-efficiency, compact-size good and beam-
steering characteristic. In addition, using 8x8 elements
of the single element 22 GHz TSA, a planar phased
array with high-gain property is designed and its
characteristics are investigated. Based on the obtained
result, the TSA element, its linear and planar arrays are
promising for 5G applications.
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Abstract — In this paper, a miniaturized, dual channel
Multiple Input Multiple Output (MIMO) antenna array
is presented for Ultra Wideband applications. The array
configuration is well suited for 3-D system-in-package
applications. MIMO antennas are reported in two different
configurations, i.e., back-to-back and orthogonal/corner.
The array is designed on an FR-4 substrate of thickness
1 mm and compact dimensions of 40 mm x 35 mm. An
Interdigital FSS based decoupling structure is analyzed
and deployed to reduce mutual coupling between array
ports. Simulated and measured results show that an
isolation better than 20 dB is achieved over most of the
band. More importantly, other performance criteria such
as envelope correlation coefficient, total active reflection
coefficient, channel capacity loss and gain also indicate
that the proposed array is a potential candidate for UWB-
MIMO applications.

Index Terms — Frequency Selective Surfaces (FSS),
microstrip antennas, Multiple-Input Multiple-Output
(MIMO), mutual coupling, Ultra Wideband (UWB)
antennas.

I. INTRODUCTION

Any radio system that has a bandwidth more than 25
percent of its central frequency or a bandwidth larger than
500 MHz may be referred to as an Ultra Wideband (UWB)
system. U.S. Federal Communications Commission
(FCC) has allocated a bandwidth of 7.5 GHz, ranging
from 3.1-10.6 GHz, for the UWB applications [1]. In
general, UWB antennas are employed due to compact
size and ease of integration in compact devices. In
MIMO arrays, multiple antennas are deployed at both
transmitter and receiver sides. MIMO antennas are
important for increasing channel capacity and link
reliability [2]. As compact antenna arrays are needed in
modern smart miniaturized gadgets, MIMO elements
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have to be placed in close proximity to one another.
However, mutual coupling increases when MIMO
antenna elements are placed close to each other. For
MIMO arrays, mutual coupling is undesirable as it
distorts the radiation patterns of individual antenna
elements and decreases overall diversity gain of the
MIMO array. In general, to obtain full advantages of a
MIMO array, mutual coupling has to be suppressed
effectively. Various techniques have been proposed in
the existing literature to achieve isolation among antenna
ports ina MIMO array. These techniques include but are
not limited to Defected Ground Structure (DGS) [3-4],
neutralization technique [5], Electronic Band Gap (EBG)
structures [6], Frequency Selective Surfaces (FSS) [10]
and parasitic elements [7]. These decoupling techniques
are reported for planar antennas.

MIMO designs can be broadly characterized as
planar [8] and non-planar arrangements [9-10]. In
planar arrangements, multiple antennas are placed in a
single plane. Generally, for planar arrangements, ground
plane is shared by the MIMO elements. Planar MIMO
configurations may be suitable when there is no limitation
on horizontal size. Non-planar MIMO configurations
are well-suited when there are constraints on placing
antennas horizontally. More importantly, non-planar
arrangements are well suited for around-corner mounting
or 3-D system-in-package applications [1]. However, it
may not be possible to provide a shared ground plane to
corner-mounted or 3-D MIMO antenna arrangements,
especially when multiple configurations are required.

As shown in Fig. 1, in this work, a dual port/channel,
UWB-MIMO antenna is reported for orthogonal and
back-to-back configurations. The antennas are fabricated
on 40 mm x 35 mm FR-4 substrate. A 20 mm thick
polystyrene block with relative permittivity of 2.6 and
dielectric loss tangent, tand of 3 x 107 supports the
antennas for both configurations.

1054-4887 © ACES
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Fig. 1. Fabricated MIMO configurations: (a) back-to-
back, and (b) orthogonal.

Rest of this paper is organized as follows: Section
Il details the antenna element and MIMO array
configurations. In Section IlI, simulated and measured
performance parameters are discussed, and finally Section
IV concludes the paper.

I1. DESIGN LAYOUT

The simulated design layout is shown in Figs. 2 (a)
and 2 (b). The design has radiating element on one side
of the substrate while ground plane and decoupling
structure are placed on flip side of the substrate. A T-
shaped slot is etched at center of radiating element for
enhanced impedance match on higher frequencies. The
radiating element is beveled near the feed for an overall
impedance match. Moreover, the proposed MIMO
design has a defected ground structure (DGS) for
improved impedance match and isolation characteristics,
especially at higher frequencies. The isolation structure
is a grid-like Interdigital FSS, formed by an arrangement
of strips.

The proposed antenna geometry is shown in Fig. 2
(a). The antenna is fabricated on an FR-4 substrate with
thickness of 1 mm and compact dimensions of 40 mm x
35 mm. The design is matched to a 50-Q feed line with
a length of 14 mm and width 2 mm. The radiating element
employs beveling and slot etching for bandwidth
enhancement. Moreover, chamfering small squares in
top of radiating patch gives impedance match on middle
frequency band.

The decoupling structure along with defected ground
plane is shown in Fig. 2 (b). The ground plane has an L-
type slot etched in the top edge for enhanced impedance
match and improved isolation among antenna ports,
especially on higher band frequencies. The stepped profile
of ground plane helps improve the overall impedance
match.

A pair of Interdigital FSSs are placed as decoupling
structures above the ground plane, on either side of the
radiation element. This Interdigital FSS is an arrangement
of horizontal and vertical strips. In the existing literature,
different metamaterial and FSS based structures are
reported[1, 8, 10] as decoupling structures. This Interdigital
FSS arrangement prevents propagation of surface waves,
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which otherwise cause coupling in both antennas. In
the proposed design, position, thickness and gaps of
Interdigital FSSs are optimized for better isolation and
impedance match characteristics.

40

v
Interdigital FSS

Fig. 2. UWB-MIMO array - all dimensions are in mm:
(a) front view and (b) back view.

I11. SIMULATED AND MEASURED
PERFORMANCE CRITERIA

A. Return loss

To investigate return loss performance, the proposed
MIMO antenna is simulated in the proposed dual
configurations, both with and without the decoupling
structure. The return loss of single antenna element
and the proposed MIMO system in both configurations
are presented in Fig. 3. As illustrated in Fig. 3, this
MIMO antenna system exhibits good impedance match,
with and without the decoupling structure in both
configurations.

| ——sim Sqq
j; - - -meas 544

Return Loss [dB]
N
=]

-
@
I

=
=]

9 10 11
Freq [GHz]

(@)

204



205

-----sim S, without decoupling -~ sim 8,, without decoupling

—sim S, with decoupling 1 —sim S,, with decoupling

| ——meas S, with decoupling 504 ~~-meas $,4 with decoupling
[

[
S o

Return Loss [dB]
w -
? o

[
2

-
T

6 7 8 9 6 7 8 9 10 11
Freq [GHZ] Freq [GHZ]
(b) (€)
----- sim 8,, without decoupling ----sim Sy, without decoupling

1 ——sim S, with decoupling
---meas S,, with decoupling

—sim Sy, with decoupling
---meas S,, with decoupling

W a0 O
S e © &

Return Loss [dB]

N
2

=
=

4 5 6 7 8B 9

10 M 34 5 6 7 8 9 10 1
Freq [GHZ] Freq [GHZ]
(d) (e)

Fig. 3. Return loss: (a) single antenna element, (b), (d)
back-to-back, and (d), (e) orthogonal.

B. Isolation characteristics

Interdigital FSS are etched on rear side of each
antenna element to not only suppress the undesired
coupling but also improve the impedance match. The
analysis and optimization of these structures is performed
by using a full-wave Finite Element Method (FEM)
based electromagnetic solver (Ansys HFSS®). To analyze
and optimize transmission loss of the proposed FSS
structures, FEM based wave guide excitation method is
employed as shown in Fig. 4 (a). A pair of perfect E and
perfect H boundaries are assigned to confine analysis to
area that contains FSS. Moreover, two wave ports are
modelled at distances of 1/4 from the surface to evaluate
the transmittance in the confined region [10]. The proposed
FSSs are optimized to achieve overall transmission loss
over UWB band, in particular, at higher frequencies as
shown in Fig. 4 (b). The simulated and measured results
are shown in Fig. 4 (c) and Fig. 4 (d) for both configurations.
In general, the decoupling is more than 20 dB over most
of the frequency band. In particular, the decoupling is
more than 30 dB over higher band frequencies.
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Fig. 4. Transmission loss and isolation: (a) FSS simulation
setup, (b) transmission loss, (c) back-to-back, and (d)
orthogonal.

C. Induced current suppression

Surface current density plots are shown in Fig. 5. In
obtaining the surface current density plot, one antenna
is excited and the other is matched terminated. When
the proposed MIMO design is simulated without the
decoupling structure, undesired surface currents are
induced on antenna feedline and radiating element
causing significant mutual coupling. However, these
surface currents are suppressed effectively by employing
the Interdigital FSS

[

| —
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]
(o _ F N ‘

Fig. 5. Surface current distribution at 5 GHz.

D. MIMO performance criteria

TARC (Total Active Reflection Coefficient), ECC
(Envelope Correlation Coefficient), CCL (Channel
Capacity Loss) and overall gain of the proposed
MIMO system are computed to analyze the diversity
performance of the proposed design. For acceptable
MIMO performance, it is desirable to have TARC < 0 dB,
ECC < -3 dB and CCL < 0.5 bits/sec/Hz. The proposed
design exhibits TARC<-8dB, ECC <-40dB and CCL <0.45
in both configurations as shown in Fig. 6 [1, 10].
Moreover, both the configurations achieve at least 3 dB
gain enhancement in most of the UWB band. However,
the Interdigital FSS slightly reduces the gain in the
middle frequency band. This loss may be attributed to
transmission loss.
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Fig. 6. MIMO performance criteria: (a) TARC, (b) ECC,
(c) CCL, and (d) Gain.

BILAL, KHALIL, SALEEM, TAHIR, SHAFIQUE: AN INTERDIGITAL FSS BASED DUAL CHANNEL UWB-MIMO ANTENNA ARRAY

E. Radiation patterns
The simulated E-plane radiation patterns at 3 GHz

and 10 GHz, for both orthogonal and back-to-back
configurations, are shown in Fig. 7. The results indicate
some degree of pattern distortion which is not uncommon
for non-planar antenna configurations, as also reported
in the existing literature [4, 10].
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Fig. 7. Radiation patterns: (a) E-field at 3 GHz back-to-
back, (b) H-field at 3 GHz back-to-back, (c) E-field at
3 GHz orthogonal, (d) H-field at 3 GHz orthogonal, (e)
E-field at 10 GHz back-to-back, (f) H-field at 10 GHz
back-to-back, (g) E-field at 10 GHz orthogonal, and (h)
H-field at 10 GHz orthogonal.

IV. CONCLUSION

In this paper, a dual element MIMO antenna array
is proposed for UWB communication. Two different
configurations, i.e., back-to-back and orthogonal provide
employability in 3-D system-in-package application.
The proposed design achieves significant isolation
among MIMO ports while also maintaining ECC, TARC,
channel capacity loss and gain within the acceptable
limits. For the proposed design, simulated and measured
results are in good agreement. More importantly,
miniaturized dimensions, performance parameters and
ease of integration suggest suitability of the proposed
array for 3-D system-in-package UWB-MIMO applications.
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Abstract — A planar differential-fed antenna with dual
band-notched characteristics is presented for ultra-
wideband (UWB) applications. The proposed antenna
mainly consists of two V-shaped radiating patches placed
face to face and an octagonal slot ground plane. To
avoid the potential electromagnetic interference from
narrowband services, V-shaped slots embedded in the
radiating patches are adopted to reject 5.5 GHz WLAN
band, while T-shaped stubs connected with the radiating
patches are introduced to filter 8 GHz ITU band. A
prototype of the proposed antenna is fabricated and
tested. Measured results demonstrate that the obtained
impedance bandwidth is from 2.82 to more than 11 GHz,
along with two notched bands of 4.83-6.12 GHz and
7.86-8.57 GHz. In addition, the proposed antenna exhibits
good radiation patterns and stable gain.

Index Terms — Differential-fed, notched band, T-shaped
stub, UWB antenna, V-shaped slot.

I. TRODUCTION

With the allocation of 3.1-10.6 GHz band for
ultra-wideband (UWB) applications by the Federal
Communications Commission (FCC), ultra-wideband
wireless communication technology has attracted
increasing attention due to the inherent features such as
high data rate, wide bandwidth, low power consumption
and low cost. As an important component of the UWB
wireless communication systems, various UWB antennas
with good performances have been developed [1-9]. In
practical applications, existing narrowband services like
5.15-5.825 GHz WLAN and 8.025-8.4 GHz ITU may
cause electromagnetic interference with the UWB band.
To reduce interference, bandstop filters are often utilized
to realize the desired notched band. However, it is
inevitable to increase the complexity and the size of
communication systems. Therefore, UWB antennas with
band-notched characteristics are desirable [10-18]. In
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the design of UWB antenna [19], by applying an
electromagnetic band-gap (EBG) structure, a notched
band around 5.5 GHz is obtained to filter the 5.5 GHz
WLAN band. In [20], a Koch fractal slot is used to yield
a notched band covering from 4.65 to 6.40 GHz to reject
the 5.5 GHz WLAN.

Recently, with the widespread application of
differential signal operation in the radio frequency
systems, the conventional single-ended antenna is not
suitable for the differential circuits because it cannot be
integrated with the differential circuit. Generally, baluns
are needed to transform differential signals into single-
ended signals between the differential circuits and the
conventional antennas, which would cause additional
losses and decrease the impedance matching bandwidth.
Hence, differential-fed antennas excited by two signals
with out of phase but equal amplitude are particularly
significant, due to the fact that they can be directly
integrated with differential circuits and no baluns are
needed. In the design of [21], a differential-fed microstrip
antenna is presented for UWB applications. Nevertheless,
the proposed antenna does not have band-notched
characteristics. In [22], a differential-fed magneto-electric
dipole antenna is reported, but the antenna is not a planar
structure. A differential UWB patch antenna with band-
notched characteristics is developed in [23]. However,
the rejected band only covers 5.2-6.0 GHz, and it cannot
cover the 8 GHz ITU band.

In this paper, a planar differential-fed antenna with
dual band-notched characteristics is proposed for UWB
applications. This antenna, with a simple structure, is
composed of two V-shaped radiating patches placed face
to face and an octagonal slot ground plane. To diminish
potential electromagnetic interference, V-shaped slots
and T-shaped stubs are employed to achieve dual
notched bands to filter 5.5 GHz WLAN and 8 GHz ITU,
respectively. Details of the antenna design and the
measured results are presented and discussed.
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I1. ANTENNA DESIGN
As is generally known, standard two-port s-parameter
matrix is shown in (1):

Sstd — |:Sll S12 :| . (1)
SZl S22

For the convenience in analyzing differential
signals, a form of mixed-mode s-parameter matrix S™
is developed in [24], which apply to describe the
transmission characteristic of four-port differential
microwave circuits.

Usually, a differential-fed antenna can be regarded
as a differential two-port network. And the mixed-mode
s-parameter matrix can be simplified as (2):

S mm _ |:de Sdcj| . (2)
S S

Each of the mixed-mode s-parameter terms is as
follows:

cc

Sy =%(s11 ~S, =S, +S,): @)
S, =%(Sn +5,-5,,—S5): (4)
S, =%(s11 ~S,+5,—5,) (%)
S.. :%(slﬁs12 +5,,+5,) (6)

Sqa: Differential-mode s-parameters;
Sde: Common-mode to differential-mode;
Scq: Differential-mode to common-mode;

Scc: Common-mode s-parameters.
Thus, the differential reflection coefficient of the

proposed antenna can be calculated as below:
rodd _ de _ (Sll - Slz ;Sn + Szz) ) (7)
Figure 1 shows various planar antenna structures
involved in the design evolution process, and the
corresponding simulated reflection coefficients for each
antenna are depicted in Fig. 2. Note that, antennas involved
in Fig. 1 are all designed on 1 mm-thick FR-4 epoxy
substrates with a relative permittivity of 4.4 and loss
tangent of 0.02. Each antenna is a double-layer metallic
structure. The V-shaped radiating patches are printed on
the top layer of the substrate, compared with the ground
plane with an octagonal slot etched on the bottom layer.
In the beginning, the antenna (Ant. 1) is two UWB
V-shaped monopoles placed face to face. This simple
design can obtain a wide frequency band ranging from
2.97 to more than 11 GHz. The feeding lines are tapered
from 1.9 to 0.7 mm to reach good impedance matching.
For the purpose of minimizing the electromagnetic
interference from narrowband communication systems
of WLAN (5.15-5.825 GHz) and ITU (8.025-8.4 GHz),
two different approaches are applied to realize filtering
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behavior. In Ant. 2, V-shaped slot structures are etched
on the radiating patches of Ant. 1 to achieve a notched
band for rejecting 5.5 GHz WLAN. And the corresponding
reflection coefficient of Ant. 2 is plotted in Fig. 2.
This notched band can be controlled by adjusting the
dimension of the V-shaped slots because the length of
each slot is approximately equal to half of one guided
wavelength 14 at 5.6 GHz. The guided wavelength Aq is
defined as:

c
A =——» (8)
97 \/a
where c is the free-space speed of light, f is the center
frequency of notched band, and e is the effective
relative permittivity of the substrate. Based on the Ant.
2, two T-shaped stubs are introduced to obtain the other
notched band around 8.25 GHz to filter 8 GHz ITU.
Notably, the length of the T-shaped stub determines the
center frequency of the notched band. The final antenna
(Ant. 3) proposed in this design is obtained as shown in

\T//

Fig. 1. Geometry of various antennas involved in the
design evolution process.

Reflection coefficient (dB)

Frequency (GHz)

Fig. 2. Simulated reflection coefficients of various
antennas involved.

To further investigate the dual band-notched
working mechanism of the proposed antenna, the surface
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current distributions of the whole antenna at frequencies
of 5.6 and 8.25 GHz are presented in Fig. 3. It is clear
that the surface current distributions mainly concentrate
along the edges of the V-shaped slots at 5.6 GHz in Fig.
3 (a), whereas a large surface current density is observed
along the T-shaped stubs at 8.25 GHz in Fig. 3 (b). The
results from figures indicate that the V-shaped slots and
T-shaped stubs work as resonators at rejected frequencies.
This leads to serious impedance mismatching of the
proposed antenna at 5.6 and 8.25 GHz. Thereby, the
antenna cannot radiate electromagnetic energy outside in
the notched bands.

Jsurf[a_per_m]

4. 0000e+002
| 3.71%3e+002
3. 4286e+002

3. 1429e+002
2.8571e+002
2.5714%e+002
2.2857e+002
- 2.0080e+802
1. 7143e+0602
1.4286e+002
1.1429e+002

8.5714e+001
5.7143e+001
2.8571e+001
0. Badde +000

Fig. 3. Surface current distributions of proposed antenna
at (a) 5.6 GHz and (b) 8.25 GHz.

The geometry of the proposed antenna (Ant. 3) with
the detailed design parameters is illustrated in Fig. 4. The
antenna consists of two parts: two V-shaped monopoles
placed face to face and a square ground plane with an
octagonal slot. A V-shaped slot and a T-shaped stub are
embedded in each monopole. The simulation and analysis
for the proposed antenna are performed using the
electromagnetic simulator ANSYS HFSS. The optimized
dimensions of the antenna are listed in Table 1.

B Top layer

Bottom layer

Fig. 4. Geometry of the proposed antenna with the
detailed design parameters.
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Table 1: Optimized parameters of the proposed antenna

Parameters W Wy Wi
Values (mm) 42.0 7.0 3.5
Parameters Wi W g
Values (mm) 1.9 1.4 0.8
Parameters W, Ly |51
Values (mm) 4.0 8.0 1.4
Parameters W, L, t
Values (mm) 3.5 6.7 0.2
Parameters d> W; Ls
Values (mm) 0.8 3.0 3.3
Parameters t3 0

Values (mm) 0.3 55 deg

I11. RESULTS AND DISCUSION

Based on the optimized dimensions indicated in
Table 1, a prototype of the proposed antenna is fabricated
and tested to verify the operation performance. The
photograph of the fabricated antenna is given in Fig. 5.
The impedance bandwidth is measured by using a
WILTRON 37269A vector network analyzer. Figure 6
shows the simulated and measured reflection coefficients
of the proposed antenna. It is found that the antenna
has a wide bandwidth from 2.82 to more than 11 GHz,
along with two notched bands of 4.83-6.12 GHz and
7.86-8.57 GHz. There is a good agreement between the
simulated and measured results. The discrepancy at high
frequencies may be attributed to the fabrication errors.

Figure 7 exhibits the measured and simulated far-
field normalized radiation patterns for frequencies at 4,
7 and 9 GHz, respectively. From the figure, we can
conclude that the proposed antenna features good quasi-
omnidirectional radiation patterns in the H-plane and
dipole-like radiation patterns in the E-plane. Meanwhile,
the proposed antenna also achieves relatively low cross
polarization. The simulated and measured gains of the
antenna are shown in Fig. 8. It can be seen that the
measured gain is flat in all operating bands, and it
declines rapidly in the notched bands.

Fig. 5. Photograph of the fabricated antenna.
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Fig. 6. Simulated and measured reflection coefficients of
the proposed antenna.
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Fig. 7. Simulated and measured radiation patterns of the
proposed antenna at (a) 4 GHz, (b) 7 GHz, and (c) 9 GHz.
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Fig. 8. Simulated and measured gains of the proposed
antenna.

1V. CONCLUSION

A planar differential-fed ultra-wideband antenna
with dual band-notched characteristics is proposed in
this paper. To generate filtering behavior, the V-shaped
slots and the T-shaped stubs are introduced in the antenna
design. The obtained two notched bands of 4.83-6.12 GHz
and 7.86-8.57 GHz can cover the 5.5 GHz WLAN and
8 GHz ITU bands. The antenna prototype has been
designed, fabricated and tested. Measured results show
reasonable agreement with simulated results, validating
our design concept. Moreover, the proposed antenna
features good radiation patterns, relatively low cross
polarization and stable gain, which indicates it can be a
good candidate for the UWB communication systems.
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Abstract — For the design and optimization of radome-
enclosed antenna arrays, a fast numerical optimization
algorithm is proposed to compensate the distortion error
of radome-enclosed antenna arrays by correcting
amplitude and phase of the excitations. Higher-order
method of moments (MoM) is used to extract the eigen
solution for each antenna element. In combination with
the particle swarm optimization (PSO) algorithm, the
antenna radiation characteristics can be quickly obtained
by updating feeds, which avoid the repeated solution of
the MoM matrix equation in the optimization process.
Meanwhile, in the process of the eigen solution
extraction, the use of the parallel technique significantly
accelerates the solving of matrix equation. Finally, a
radome-enclosed antenna array with 247,438 unknowns
was optimized as an example, and the numerical results
demonstrate effectiveness of the method.

Index Terms — Parallel algorithms, particle swarm
optimization, radome-enclosed antenna array, the eigen
solution.

I. INTRODUCTION

Due to good protectiveness and penetrability of
electromagnetic wave, radome-enclosed antennas are
widely used in many fields, such as aviation, ship-borne
radars and base-station antennas. However, there exists
distortion of radiation patterns of antennas when
electromagnetic wave gets through the radome,
producing error relative to the sighting axis (called as
bore sight error (BSE)) [1]. Meanwhile the radiating
wave of an antenna can be absorbed and reflected by the
radome, which changes the energy distribution of the
antenna in free space and destroy its electrical properties.
Aiming at BSE and pattern aberrance, a lot of methods
have been used to regulate patterns in the design, such as
processing antennas, grinding the radome, and adjusting
the downtilt. The fundamental method remains making
rational optimization and adjustment of the antenna
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characteristics at the initial stage of the design. The
mainly used approach is to optimize and adjust physical
properties like materials, sizes and so on, to get the
desired results [2, 3]. However, the sizes and materials
of most radome-enclosed antennas are relatively fixed
due to its practical purposes. Therefore, an alternative
optimization method, optimizing amplitude and phase of
feeds, gradually becomes popular [4]. With antenna
structures and materials becoming more and more
complex, it is very difficult for commercial software to
compute and analyze antennas. Although fast methods
such as fast multipole method (FMM) can be used, the
computing time may be extremely long. It is well known
that optimization algorithms need plenty of iterations, in
which FMM needs repeated solution of matrix equations
due to its iterative nature, and thus the use of FMM may
take a very long time and is hard to optimize large
radome-enclosed antennas.

To solve the problem, this paper adopts the eigen
solution extraction technique, utilizing method of
moments (MoM) to extract the eigen solution for each
antenna array element and computing radiation patterns
of the antenna array by using linear combination of the
eigen solution. The LU (lower/upper) decomposition
based direct solver is used to solve MoM matrix
equations. The matrix needs to be factorized only once,
and is reused to extract the eigen solution. Through rapid
combination of the eigen solution, new radiation patterns
of the antenna array is obtained. The proposed method
solves the problem that the time is too long for each
round of optimization and greatly enhances optimizing
efficiency.

MoM is a numerically accurate method for analysis
of electromagnetic field [5]. However, given a large
dense matrix generated by MoM, electrically large
problems can hardly be computed. To reduce the number
of unknowns and matrix size, higher-order polynomial
basis functions are employed in MoM, and moreover, the
parallel computing technique is utilized to further
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improve the method. In the previous works, the method
was used to accurately simulate large electromagnetic
models [6-8].

Comparing to traditional optimizing methods, the
particle swarm optimization (PSO) algorithm is widely
used in the antenna design as a new evolutionary
algorithm [10]. It’s a kind of bionic algorithms and
originates from the research of the predation of birds,
with characteristics of easy implementation, high
precision and fast convergence. Its main idea is to use the
sharing of individual information in the population and
then make the whole population orderly movement to
find the optimal solution. The inertia weight factor e in
this algorithm has the feature of controlling searching
ability. The larger w is, the stronger the global searching
ability is. The small @ is, the stronger the local searching
ability is [9]. Based on this feature, references [11, 12]
propose a self-adaptive PSO algorithm to overcome the
defect that the PSO algorithm is easy to fall into local
optimum.

This paper presents a method of using the eigen
solution extraction technique to accelerate optimization,
adopts self-adaption PSO and parallel higher-order
MoM to optimize the performance of radome-enclosed
antennas. This method realizes efficient optimization by
using the eigen solution extraction technique to avoid
repeated solution of MoM matrix equations, obtaining
accurate results compared with the traditional optimized
patterns. The effectiveness of the proposed method is
verified by using the Tianhe-2 supercomputer to
optimize a radome-enclosed antenna array with 247,438
unknowns.

I1. ANALYSIS OF THE OPTIMIZATION
METHOD FOR COMPENSATING RADOME

A. Influence of radome on the electrical performance
of antennas

The influence of radome on the system of radome-
enclosed antennas can be divided into two categories: the
first-order influence and the second-order influence. The
first-order influence factors include the uneven insert
transmission coefficient, the field strength transmission
coefficient and the surface wave generated by the
incident wave on the surface of radome. These changes
mainly affect the variation of antenna pattern, and lead
to the reduction of maximum gain, the null depth of
difference beam increase, the side lobe level rise, the
main beam deformation and so on. The main cause of the
second-order influence is the second-reflected wave and
the reflection wave generated by the radome wall. This
mainly results in the generation of BSE and the change
of VSWR.

There are two main factors caused the error of
radome-enclosed antenna systems. On the one hand, it is
due to the shape of radome, the material (such as
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dielectric constant, conductivity), and the relative
position of radome and antenna. On the other hand, it is
caused by the non-uniformity of the feed’s phase and
amplitude, which is the object of main analysis in the
design of radome-enclosed antennas. It is assumed
that radome-enclosed antennas have N performance
parameters to optimize. The n-th can be expressed as
follow:

F =F(,E6,f) n=12..N, (D)
where S is radome material and structural parameters, in
most cases, it has been determined in practical design. E
is excitation parameters of array antenna. § €0 is
antenna pointing and @=[6min, Omax]. f €I is the working
frequency.

When 6, f and S are determined, it can be optimized
by E that further enhances the performance of radome-
enclosed antennas. Such problems can be summarized in
the following form:

min Z = i F(E)e

i=1

Subjectto A <F(E)<B, i=12,...,N, (2)

E=[ee, ...e,T

where A;, B are the upper and lower limits of the range
of performance parameter Fi. ey represents the amplitude
and phase characteristics of each feed. w; is the weight
factor that can eliminate radome affect by selecting
appropriate value.

In this paper, a linear decreasing inertia weight PSO
algorithm, which is proposed by Eberhart [13], is used to
optimize the radome-enclosed antennas. This method not
only has the advantages of standard PSO algorithm with
easy realization, high accuracy, fast convergence
properties and other characteristics, but also overcome
the problems of premature convergence and slow
convergence rate in the later period of the optimization.
Meanwhile it makes good effect on the multidimensional
discrete problem such as antenna design.

B. Extracting the eigen solution by MoM
The MoM matrix equation can be written as follows:

Zn le Zln V1
an an Znn Vn

For the antenna radiation problem, the excitation V;
on the right side of the matrix equation is the ith feed.
When all the units are fed, radiation characteristics of the
antenna can be quickly obtained after solving the current
coefficient | in the (3). Since the matrix equation is a
linear equation, the excitation vector on the right side of
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the equation can be divided into the superposition of n
units:

Zn Z12 Zln
aoE 2]+ ]+ )
an Zn2 Znn (4)
\A 0 0
0 Vv, 0
= et ,
0 0 \Y

where 1; is the current coefficient corresponding to the i-
th unit feed in (4). Then it can be written as a matrix
equation when an arbitrary unit is excited, the form is as
follows:

Zn le Zln 0
ST E A A
an Zn2 Znn O

In (5), if Vi=1, the eigen solution T, of the ith unit

can be obtained:
-1

Zu le Zln 0
[r.]: Z:21 Z:22 Z:Zn ) 1 (6)
an Zn2 Znn 0

Since the matrix equation is linear, the solution of
MoM with any excitation can be obtained by the linear
combination of the eigen solution as long as the eigen
solution for each unit is obtained. It can be seen that the
impedance matrix is constant when the eigen solution is
solved in (6), that is to say, it only needs to solve the
inverse matrix at once. Accordingly, the calculation of
the eigen solution does not significantly increase the
computation. For any combination of feed (V1, V>, ...,
V), the corresponding MoM solution is as follow:

=[] Q

The extraction of the eigen solution brings great
convenience for optimizing of the feed. The optimize
algorithm only need to update the feed (71, V2, ..., Vh)
and to quickly combine the response of this feed, and
then the radiation characteristics of the antenna with this
feed can be calculated.

I11. INTRODUCTION OF THE COMPUTING
PLATFORM

The computing platform used in this paper is

Tianhe-2 supercomputer at the National Super Computer

Center in Guangzhou, which was ranked No. 1 among the

World’s TOP500 Supercomputers with 33.86 PFlop/s

ACES JOURNAL, Vol. 32, No.3, March 2017

Linpack performance. It has 16,000 nodes, each of which
contains two 12-core Xeon E5 CPU and 64 GB memory.
In the following section, 20 nodes with 480 cores are
used.

IV. OPTIMIZATION EXAMPLE AND
ANALYSIS

The reliability and accuracy of the higher-order
MoM has been verified in the literature [6-8, 14], and
the literature [2, 3] has verified the feasibility of the PSO
algorithm to optimize the two-dimensional radome-
enclosed antennas.

To illustrate the validity of the proposed method, a
radome-enclosed antenna array is optimized, as shown in
Fig. 1. The height of the radome is 1500 mm, the bottom
radius is 450 mm, and the thickness is 32.275 mm. The
dielectric constant of the radome is 2.4, and the loss
tangent is 0.015. The microstrip antenna array has 10x10
elements and works at 3.0 GHz. The distance between
neighboring elements along x direction and y direction
are 0.46 A and 0.65 4, respectively, as shown in Fig. 1 (b).
Each microstrip element consists of a pair of patches
with the sizes of 0.33 1x0.14 1x0.02 2, as shown in Fig.
1 (c). Parallel higher-order MoM running on 480 CPU
cores is used to simulate the model, which generates
247,438 unknowns.




(©)

Fig. 1. Radome-enclosed microstrip antenna array: (a)
the whole model, (b) the 10x10 microstrip antenna array,
and (c) the microstrip element.

The excitation of the antenna array is in the form
of =30 dB Taylor distribution with a phase shift that

makes the mainlobe point to the direction of ¢ =0" and

0=20", as listed in Table 1. Figure 2 (a) shows the
three-dimensional (3D) difference-beam patterns of the
radome-enclosed antenna array before optimization and
Fig. 3 shows the patterns in the mainlobe cut plane. It can
be seen that, the maximum gain of the radome-enclosed
antenna array before optimization is 16.63 dB and the
null depth of difference beam is 15.205 dB, which
deteriorates compared with the pattern of the original
antenna array without the radome.

Then the influence of the radome on the pattern is
compensated through optimizing the excitation amplitude
and phase. The optimized design specifications are as
follows: the maximum gain is greater than 17 dB, and the
null depth of difference beam is larger than 20 dB. Set
the particle number to 5, the iterations number to 1000,
ciand c; to 2.0, and the weight factor range to [0.4, 0.8].
The optimized excitation is also listed in Table 1. The
pattern after optimization is shown in Fig. 2 (b) and Fig.
3. It is obvious that, the maximum gain of the radome-
enclosed antenna array after optimization is 17.66 dB
and the null depth of difference beam is 21.76 dB, which
meet the design requirements. The computation time is
given in Table 2, and the matrix equation solving
procedure involves the matrix factorization and the
extraction of the eigen solution. During extracting the
eigen solution for each array element, the factored matrix
is reused and thus the method significantly saves time
compared with iterative based methods, such as FMM.
When the eigen solution is obtained, the PSO algorithm
is carried out on an ordinary desktop computer, because
it needs much fewer computational resources than the
matrix equation solving procedure.

Besides null depth of difference beam,
electromagnetic parameters of antennas, such as front-
to-back ratio and the average sidelobe level, can also be
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optimized by using the proposed method.
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Fig. 2. 3D difference-beam patterns of the radome-
enclosed antenna array: (a) before and (b) after
optimization.
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—— Original antenna without radome
—— Before optimization
—— After optimization

) 1 ) \

a0 -30 -20 -10 0 10 20 30 40

Angle/degree
(b)

Fig. 3. Difference-beam patterns in the mainlobe cut
plane before and after optimization: (a) angle range
[-180°, 180°] and (b) angle range [-40°, 40°].

Table 1: Excitations of the radome-enclosed antenna
array before and after optimization

Initial Initial Optimized | Optimized
No. | Amplitude Phase Amplitude Phase
V) ) V) )
1 0.08936 0 0.06507 | -79.97183
2 0.13349 0 0.26866 5.31126
3 0.20333 0 0.22841 3.54343
4 0.26381 0 0.04087 18.5360
5 0.29892 180 0.38811 | -8.33680
6 0.29892 180 0.38811 | 171.66319
7 0.26381 180 0.04087 |-161.46396
8 0.20333 180 0.22841 |-176.45657
94 | 0.26381 |[-161.68642| 0.34793 | 179.92870
95 | 0.29892 |-161.68642| 0.37986 |-146.17421
96 | 0.29892 | 18.31366 | 0.37986 | 33.82578
97 | 0.26381 | 18.31369 | 0.34793 | -0.07131
98 | 0.20333 | 18.31369 | 0.21166 | 24.92824
99 | 0.13349 | 18.31369 | 0.33065 7.35495
100 | 0.08936 | 18.31369 | 0.07010 | 11.13298

Table 2: Time for optimization of the radome-enclosed
antenna array

Matrix |Matrix Equation| Optimization Total (s)
Filling (s)| Solving (s) Iteration (s)
756.8 7619.2 4988.0 13,363.9

V. CONCLUSION
In this paper, a new method, which is based on the
eigen solution extraction technique and combined with
the adaptive PSO and the parallel higher-order MoM, is
proposed to solve the optimization problem of large-
scale radome-enclosed antennas. Compared with the
traditional radome-enclosed antenna optimization
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method, the proposed method gives a new way to
optimize radome-enclosed antennas. By using the eigen
solution extraction technique, a large number of repeated
computations are avoided in the process of optimization,
which greatly accelerates the optimization. Moreover,
the parallel higher-order MoM ensures that this method
is capable of accurately solving electrically large
problems and the adaptive PSO algorithm eliminates the
problem of premature convergence in the optimization
process. Numerical results demonstrate that the method
is suitable for large-scale radome-enclosed antenna
optimization problems and it provides a new research
idea for the optimization of airborne antennas.
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Abstract — A combined 2-D interpolation method is
proposed for the efficient electromagnetic scattering
analysis of precipitation particles over a broad frequency
and angular band. This method combines the cubic
spline interpolation method and the Steor-Bulirsch
model. The cubic spline interpolation method is applied
to model the induced current over wide angular band.
The Steor-Bulirsch model is applied to accelerate
calculation over wide frequency band. In order to
efficiently compute electromagnetic scattering, sparse-
matrix/canonical grid method (SM/CG) is applied to
accelerate the matrix vector multiplication in EFIE.
Therefore, the calculation time of frequency and angular
sweeps become shorter. Numerical results demonstrate
that this combined method is efficient for wide-band
scattering calculation of precipitation particles with high
accuracy.

Index Terms — Electromagnetic scattering, frequency-
angle domain interpolation, precipitation particles,
sparse-matrix/canonical grid method.

1. INTRODUCTION
In recent years, for environmental applications in
remote sensing, the research on characterization of the
electromagnetic wave interaction with complex rainfall
particles has become more and more important [1-4].
Several analytical methods based on wave theory, such
as quasi-crystalline approximation, are frequently used
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[5]. However, these approaches are not able to capture
the essential physics of many real world problems [6].
Alternatively numerical technologies can be used to
deal with scattering of complex rainfall particles, for
instance, the method of moment (MoM) [7]. While
the MoM can provide accurate solution of complex
media scattering [8-9], the main disadvantages of MoM
are significant calculation time and large memory
requirements for the storage of impedance matrix. In
order to alleviate these bottlenecks, a series of accelerate
methods are proposed, such as fast multiple method
(FMM) [10], as well as sparse-matrix/canonical grid
(SM/CG) [11] method, which is proposed as an efficient
method for calculating the scattering from three-
dimensional dense media [12-13].

The radar cross section (RCS) contains both
frequency and angle information simultaneously. In
many practical applications, it is desirable to predict
the monostatic RCS of a target in both the frequency
domain and spatial domain simultaneously. Although
the computational complexity and memory requirement
can be reduced by the SM/CG method, we still have to
repeat the calculations at each frequency or angle of
interest to obtain the RCS over a wide frequency-angle
band. In order to alleviate this difficulty, many
interpolation methods have been proposed and applied
for acceleration, such as the asymptotic waveform
evaluation (AWE) [14] method and the model-based
parameter estimation (MBPE) [15] method. However,

1054-4887 © ACES
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there are difficulties in implementing these methods. For
the widely used AWE [16], sometimes it is difficult to
obtain the derivatives of the impedance matrix and the
induced current vector. Singularity problem is the main
weakness of the MBPE method [15] as it needs matrix
inversion to get the coefficients of the substitute model.

In this paper, we investigate a novel adaptive
frequency-angle domain interpolation method based on
Stoer-Bulirsch model [17-19] and cubic spline algorithm
[20], combined with SM/CG method for fast analysis of
precipitation particles scattering over broad frequency-
angle band. In frequency domain, two approximate
rational function models are required in Stoer-Bulirsch
algorithm for each iterative step. Both models could be
constructed by using functions with the same set of
samples. With the increase of samples, the difference
between the two models will decrease. Therefore, when
the termination criterion is achieved, both of approximate
models could be used as the interpolation model for final
results. In angle domain, cubic Hermite interpolation
formulation is the basic model of cubic spline (CS)
method, which utilizes the information of C1-continuous
to evaluate the first derivative of the incident current
vector instead of solving the large linear equations.
Compared to traditional extrapolation or interpolation
methods, such as AWE and MBPE, this novel method
needs no matrix inversion and avoids calculating
derivatives. This advantage and SM/CG combined
together virtually yield an extremely efficient technique
that seems something of a novelty compared to both
AWE and MBPE method.

This paper is structured as follows. In Section 11 we
describe the EFIE formulation and the SM/CG method.
Section 1l describes the basic theory of the novel
combined 2-D adaptive interpolation method based on
cubic spline interpolation method in angle domain and
Stoer-Bulirsch model in frequency domain with coarse-
to-fine hierarchy. Numerical results which demonstrate
the accuracy and efficiency of the proposed method are
given in Section IV. Conclusions and comments are
provided in Section V.

Il. EFIE FORMULATION AND SM/CG
METHOD

When a finite body of arbitrary shape, with
permittivity (r) and conductivity o(r), is exposed in
free space to a plane electromagnetic wave, the induced
current could be accounted for by replacing the body
with an equivalent free-space current density Jeq, Which
can be written as:

Jeq=[a(r)+jw(g(r)—go)]E(r):r(r)E(r). (1)
The conduction current is the first term of (1),
whereas the second term represents the polarization
current. g is the free-space permittivity and E(r) is the
total electric field inside the body. According to
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reference [9], the scattered field ES at an arbitrary point
inside the body can be expressed as:

s VS (e vy Jalr)
E*(r)= pvjvJeq(r)G(r,r)dV —3;‘780, )
where " denotes a source point, and I' denotes a field
point:
= : . = VV :
G(r,r):—ja),u{l+k—2}//(r,r), ©)

0

v/(r,r'):w. (4)

47z|r—r'|
In (4), ko=(pog0)?and po is the permeability of free
space. The symbol pv in (2) represents the principal

value of the integral. The sum of the incident electric
field E' and the scattering field E* can be written as:

E(r)=E'(r)+E*(r). (5)
By substituting (2) into (5), the integral equation for
E(r) can be demonstrated as:

{1+Lr)} E(r)-pv] z(r) E(r')-(=3(r,r')dV' =E'(r),

3jwe,
(6)

where E(r) is the known incident electric field, and E(r)
is the unknown total electric field in (6). By using
moment methods, (6) could be transformed into a matrix

equation [9]:
e]] |LE]

[GXX] |:ny:| [GXZ]
[e.]e, ][] [E]--|[B]] ™
[sz] |:Gzy:| [Gzz] [EZ] [E;:|
In the following, we rewrite (7), let G denote the
coefficient matrix in Equation (7), E={En}, and b={E'n}
for simplicity. Then, the matrix Equation (7) can be
symbolically rewritten as:
GE =b. (8)
To employ sparse-matrix/canonical grid method
(SM/CG) to accelerate the matrix vector multiplication,
the whole structure is enclosed in a rectangular region at
first and then we recursively subdivides it into small
rectangular grids. The impedance matrix G is decomposed
into the sum of a sparse matrix G®* denoting the strong
neighborhood interactions, which can be computed
directly by MoM and a dense matrix G, denoting the
weak far interactions:
G=G"+G" 9)
The majority of computation of an iterative method
is to perform the matrix-vector multiplication between
GY and E. We translate the original basis functions
on the triangular elements to the rectangular grids in
SM/CG. After we put Taylor expansion of the Green’s
functions [9] in here that the matrix G is further written
as:
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[6"]->[er] 10)

i
where K is the total number of terms of the expansion.
Each term in the series corresponds to a Taylor series
expansion term [11-12]. If the expansion order of Taylor
series is selected too small, the uncertainty of calculation
accuracy will be caused. However, when the expansion
order is chosen too large, it will lead to a large
consumption of computing resources, as well as
calculation time. Through numerical experiments, the
Taylor expansion order is chosen to be 2 in our
experiment, as this choice is a tradeoff between accuracy
and efficiency. Finally, the matrix-vector in SM/CG will
be efficiently done using O(NlogN) FFT-based methods,
could be represented:

[GW]E :Z[Tti][Gi][Tsi]E' (11)

Each term in the summation consists of a pre-
multiplication of the current vector with a block-
diagonal matrix [Tsi] followed by a multiplication with
a block-Toeplitz matrix [Gi] and a post-multiplication
with another block-diagonal matrix [Ts].

I1l. TWO DIMENSIONAL ADAPTIVE
COMBINED INTERPOLATION
TECHNIQUE IN FREQUENCY-ANGLE
DOMAIN

In wide frequency-angle band scattering analysis of
precipitation particles, repeated solution of (8) is required
at each incident direction and frequency. In order to
improve efficiency, in this section, a novel combined
2-D adaptive interpolation technique is proposed to
accelerate  precipitation particles electromagnetic
properties calculation. This adaptive strategy with the
idea of coarse-to-fine hierarchy which considered as
an iterative process is proposed to generate a set of
nonuniform sampling nodes. There are two basic
problems that need to be emphasized in the approach.
One is how to keep the iterative process going on and
the other is when to stop the process.

Both of problems are controlled by error.
Correspondingly, there are two types of error that need
to be defined. The error for judging whether or not more
samples are required is called convergence error (CE),
and the error used to locate the next possible sample
is called maximum error (ME), which ensures a
successively adaptive process. A good definition of CE
leads to high precision and a good definition of ME leads
to few samples.

A. Cubic spline method in angle domain

In angular domain, two interpolation models are
applied, while one is linear interpolation model and the
other is cubic spline interpolation model. The number of
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sampling nodes will be enough when linear model and
cubic spline model obtain almost the same result. As a
result, CE is defined as a tolerance between the two
different models. The whole sampling process will end
off until the error between the two models is smaller than
CE.

Assuming that the sampling nodes in angular
domain are go, @1, ... , @n Which divide the whole range
into several intervals. Within each interval such as [¢i-1,
il, 1(p) could be expanded as a third-order polynomial
on ¢. According to Hermite interpolation theory [20],
the interpolation formula of I(p) can be described as:

_(o-9 Y [h +2(¢-¢i.1)]](¢i_l)

(o) 3
-0 YV [h+2(p -
+((0 ¢|-1) [?3 (90. (0):'|((,0i) (12)
2 2

(o co.)h‘gco ¢..1)|.(¢i_1)+(¢ co..lgl.z(q) co.)r(%),
where ¢; is the sampling point and hi=gi-gi.1. Obviously,
I(pi) and I'(p;) are needed in order to estimate the value
of I(p) in the angle range [¢i.1, pi]. Suppose the number
of sampling points to be n, then n times of solution is
needed to obtain the value of I(gi) (i=1,2,...,n), when
another n times of solution is also required to get
corresponding derivative value I'(¢i) (i=1,2,...,n).
Therefore, the times of solution of Equation (8) is 2n
[20]. It is thus a waste of time to compute the first
derivative of induced current vector of each sampling
node.

Cubic-spline interpolation method applies another
way to obtain the first derivative of each sampling node
instead of solving the linear Equation (8) repeatedly
[20]. This method just needs to compute the first
derivative of go and ¢, by (1), which has been proved to
be unnecessary. We can put them into zero under the
natural boundary condition [20]. The first derivative of
other sampling points are then given by:

2 2 () &=Al'(n)
w2 4 II((Pz) & (13)
un—l 2 ﬂ‘n—l I ((pn—z) gn—Z
Mo 2 | ‘((on—i) gn—l_:un—lll(q)n)
where
h, h
ﬂ, — i+1 , — i 1
I hi + hi+1 Iu‘ hi + hi+1
and
(o ., )—1(p I(o)=1I(0
g, -3 1 (¢|+1) ((pl)-i-il ((”l) - (¢|-1):|_
i+1 i

Due to the large time consumed in calculating the
derivative, the cubic-spline interpolation approach is
able to reduce a great deal of cost in angular domain.



B. Store-Bulirsch algorithm in frequency domain

In frequency domain, the interpolation function is
described in the form of a fractional polynomial function
with numerator of order N and denominator of order D
for the frequency f by:

N
a,+y.af"
n=1
1+b f+b,f?+... o s (4
2 1+ b, f
d=1

a,+af+a,fi+..

S(f)=

For given orders of N and D, the coefficients a, and
ba can be determined from k=N+D+1 samples of S(f)
by solving a set of linear systems. The Store-Bulirsch
algorithm does not require the inversion of matrix to get
the coefficients of the rational function. The main idea
of the algorithm is given as follows:

Suppose that there are a group of samples (fi, S(fi)),
i=1,...,k available for obtaining a rational function
interpolation of function value S(f) at any f € (f,f.),
whereas the explicit expression of rational function is
unknown. The recursive process of Store-Bulirsch
algorithm starts with the initial condition:

R, =S(f)i=1....k, (15)
which constructs the first column of the triangle table.
Starting from the second column, all elements are
obtained using a recursive formula associated with two
or three elements in the preceding columns.

Store-Bulirsch algorithm provides two ‘triangle
rules’:

(f-1)R +(fj+k_f)Rj,k—1

R = j j+Lk-1 , 16
j.k fj+k _ fl- ( )
and
f..-f
R\ = e I 17
MO ff a7)
Rj+1,k—l Rj,k—l
and one ‘rhombus rule’:
ik T fi
Rix =Rjaxat - o (18)
i + j+k
Rj+1,k—1 - Rj+1,k—2 Rj,k—l - Rj+1,k—2

Based on these recursive rules, SB algorithm is
organized as follow.

Let the whole frequency band to be defined from f;
to f,. The results recursively calculated by formula (16),
(17), (18) are Sa(f), Sa(f), and S3(f) respectively. A testing
point within the frequency band of interest is f; and a
sample is f.. The true value from electromagnetic
simulation or from experiment is denoted as EM(fs). In
the interpolation process, a rational interpolation is
implemented by using a distinct combination of the
above three recursive rules. Pair one ((16) and (17)) and
pair two ((16) and (18)) are alternately utilized to find
the point at which the maximum sampling error occur,
then add this sample into the sample group, until three
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recursive formulas, i.e., (16), (17) and (18), are
sufficiently close to each other. In this paper, Equation
(16) is used for interpolating frequency response at any
given frequency f for final results. Specific algorithm
steps are as follows.

Step 1: Set fu=f; and fs,=f,, and compute EM(fs1)
and EM(fs).

Step 2: Choose Equations (16) and (17) as the
recursive formula and find the point at which the
maximum sampling error occur, say at point fs, such
that,

|Sl(fs3)_82(f53)|:miax|sl(fti)_sz(fti)|' (19)

Step 3: Compute EM(fs3). If a given convergence
error (CE) is larger than the sampling error in step 2, that

is |S,(f,3)—S,(f;)| <CE, then the process switches to

step 6 for termination. Otherwise, add the sample {fs,
EM(fs3) } into the sample group and goes to next step for
finding next samples.

Step 4: Change the recursive formula into (16) and
(18), compare the sampling value at all testing points
and find the point at which the maximum sampling error
occurs, say at point fss, such that,

|Sl(fs4)_83(fs4)|:miax|51(fti)_83(fti)|' (20)

Step 5: Compute EM(fw), if |S,(f,,)—S;(f,,)|<CE,

it means that the samples obtained are enough for the
sampling for rule (16). Then the process goes to step 6.
Otherwise, add the point {fs, EM(fs4)} into the sample
group and go back to step 2 to find next samples.

Step 6: Suppose sufficient samples have been
obtained for sampling. Saving the sample group {(fs,
EM(fs)), i=1,...,N}, which is the only required knowledge
for rational function interpolation, and N is the number
of samples in the last step.

C. Two-dimensional combined adaptive interpolation
technique

For a desired frequency domain and angular
domain, Fig. 1 shows the adaptive process for 2-D
combined interpolation technique in details. The coarse-
to-fine hierarchy strategy is applied to carry out 2-D
adaptive sampling. Compared to 1-D adaptive strategy
which is applied to decide the sampling node, 2-D
adaptive strategy is used to select the “sampling line”.
The dashed in Fig. 1 is the “sampling line” in adaptive
sampling process, which divides the whole surface into
many lattices. Specifically speaking, ME which defined
by the difference between linear model and cubic spline
model is applied to decide the location of “good
sampling line” in angular domain, while Store-Bulirsch
algorithm is utilized to obtain the location of “good
sampling line” in frequency domain. As same as 1-D
method, the process will end when there is no “sampling
line” needed. When the value of CE is set appropriately,
the meshing lines could avoid losing performance and
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accuracy.

It is assumed that the whole surface is defined by
[f1, fn] * [@1, @m]. A testing point within the range of
interest is (fu, pr) and a sampling point is (fs1, ¢s2). The
incident current vector for (f, ¢) is I(f, ¢) and the
electromagnetic properties from EM simulation is
denoted as rcs(f, ¢).

Step 1: Initialize four sampling points, (f1, ¢1), (f1,
on), (fm, @1) and (fm, @n). Then acquire 1 (1, ¢1), 1 (f1, on),
I (fm, (01) and I (fm, (l)n)

Step 2: Assume there are mxn samples on the whole
surface, and the number of rows is m and the number of
columns is n. Applying linear interpolation method to
obtain the approximate surface rcs_al(f, ¢) and applying
cubic spline interpolation method to obtain the
approximate surface rcs_a2(f, ¢).

Step 3: For each interval [¢sj, ¢si+1] (j=1,2,...,n), find
the “sampling line” at which the ME occurs, say, at ¢y,
such that,

max Z|rcs_a1( fo,0;)—rCs_a2(fy, o, )|, 05 <P <0y
si

Step 4: If a given error tolerance, denoted as CE(gp),
is larger than the ME in step 3, that means the samples
obtained are enough; otherwise, adding the “sample
line” of | (f, ¢sj) into the sample collection.

Step 5: For each interval [fs, fsi+] (i=1,2,...,m),
Applying Store-Bulirsch algorithm to obtain the
“sampling line” at which the ME occurs.

Step 6: If a given error tolerance, denoted as CE(f),
is larger than the ME in step 5, that means the samples
obtained are enough; otherwise, adding the “sample
line” of | (fsi, @) into the sample collection.

Step 7: If each interval [gsj, ¢s+1] satisfies the
condition mentioned in step 4 and each interval [fs;, fsi+1]
satisfies the condition mentioned in step 6, the whole
process terminates.

NN
N VN R

Fig. 1. Process of two dimensional frequency-angle
adaptive combined sampling.
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IV. NUMERICAL RESULTS

In this section, two numerical results are presented
to demonstrate the efficiency of the proposed two-
dimensional combined adaptive interpolation technique
(SB-CS) method for fast calculation of wideband
electromagnetic scattering of precipitation particles.
In the implementation of the SB-CS method, we use
GPBIi-CG [21] algorithm to solve linear systems arising
from electromagnetic wave scattering problems. In the
simulation, 6 and ¢ mean pitch angle and azimuth angle,
respectively. Both experiments are conducted on an Intel
Core i7 with 8 GB local memory and run at 3.6 GHz in
single precision. The iteration process is terminated
when the 2-norm residual error is reduced to 105, and
the limit of the maximum number of iterations is set
as 10000. Two examples are applied to illustrate the
performance of SB-CS method as follows.

Case 1. 1000 spherical particles of arbitrary radius
with random position

In the first simulation, scattering properties of 1000
spherical particles under random distribution in the
space of 0.3*0.3*0.3m? are researched. Particle parameter
for simulation in this part is set as follows: the rain group
is constituted by 1000 homogeneous spheres with random
diameters range from 0.1 to 4mm, with 35308 unknowns.

The complex refractive index m varies from 4+0.04i
to 3.5245+0.08755i, when testing frequency band is
from 1 GHz to 20 GHz. The direction of incident wave

is fixed at 6 = 0", while ¢ is from 0" to 180"

Case Il. 500 precipitation particles with random
position under certain axis ratio distribution [22]

In actual rainfall, the shape of precipitation particles
is closely related to the size of water drops. In general,
raindrop can be seen as sphere when volume is small.
With increasing of raindrop size, the profile of
precipitation particle is more close to the ellipsoid shape.
This relationship has been studied by several researchers,
and results of relevant research could be found in [22-
24]. In this section, 500 precipitation particles under
Keenan model [22] in the space of 0.5%0.5*0.5m? are
investigated. Particle parameter for simulation in this
part is set as follows: minor axis of the ellipsoidal
particles is varied from 0.1 to 4mm. The number of
unknowns is 27498 and the complex refractive index
m varies from 4+0.04i to 3.3495+0.105i. The testing
frequency band is from 8 GHz to 12 GHz. The direction

of incident wave is fixed at at 6 = 0°, while ¢ is from

0" to 180'.

Both the directly calculated and the interpolated
results are presented in Figs. 2-3, while the relative
error of SB-CS method for two examples has also
been quantitative evaluated, shown in Fig. 4. These
examples demonstrate that the SB-CS method is able to



approximate the 3-D RCS precisely. As shown in Fig. 2,
the real curve is obtained by using original SM/CG
method with the interval of 100 MHz, which needs
34571 exact calculated sampling points. With the SB-
CS technique, the sampling nodes reduce to 2267. For
the second example depicted in Fig. 3, the standard
sampling interval changes to 20 MHz. The total number
of exact calculated nodes is 36381, when the proposed
method also needs only 2070 sampling points to obtain
the approximate simulation curve.

=100
5 =120
4]
= 140 v
-160 |
1507 R
100~ ) o8 —=""15 =
& e L X100
Angle(degree) Frequency(Hz)
=80+
=100~
S
“
= 140, v t
-160._ ﬂ
150 =
100 - oS z
2 G5 05 : x 100
Angle(degree) Frequency(Hz)

Fig. 2. 3-D RCS of 1000 spherical precipitation particles
simultaneous versus frequency and angle. (a) SM/CG
repeated solution, and (b) SB-CS method.
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Fig. 3. 3-D RCS of 500 precipitation particles under
Keenan model simultaneous versus frequency and angle.
(a) SM/CG repeated solution, and (b) SB-CS method.
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Fig. 4. The relative error of SB-CS method for two
examples. (a) 1000 spherical precipitation particles, and
(b) 500 precipitation particles under Keenan model.

Since a good interpolation method depends not
only on its agreement performance, but also on its
computational cost, Table 1 compares the number of
calculated nodes, number of iterations and solution time
between the traditional SM/CG method and the SB-CS
method. Compared with the direct SM/CG method, it
could be seen that the SB-CS method decreases the
number of calculated nodes by a factor of 15.25 and
17.58 on both examples. Similar improvements could
also be found in number of iterations, while solution
time compression ratio is 14.68 and 17.06 for these two
examples. AWE method is also applied on these two
cases, corresponding solution time compression ratio is
11.25 and 13.93. In this paper, the order of AWE is 6
and 4, which means numerator is a sixth-order polynomial
and denominator is a fourth-order polynomial. As the
sampling points are selected adaptively across the broad
frequency and angular band of interest, efficiency of
SB-CS is better than AWE in some extent. Since the
proposed method can determine the number and the
location of sampling points automatically, more sampling
nodes are required when the real curve is complex, as
the simple curve needs less number of samples. These
results demonstrate the effectiveness and flexibility of
SB-CS method applying for wideband electromagnetic
scattering calculation of precipitation particles in
frequency-angle domain.
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Table 1: Comparison of the cost and performance between
direct SM/CG and SB-CS method

Object Case | Case Il

Number of Unknowns 35308 27498
Calculated SM/CG 34571 36381
nodes AWE 3015 2558
SB-CS 2267 2070

Number of SM/CG 187715 217284
iterations AWE 16224 15099
SB-CS 12167 12262

Solution SM/CG 30187 38873
time (min) AWE 2683 2791
SB-CS 2056 2278

V. CONCLUSIONS AND COMMENTS

In this paper, a novel two dimensional adaptive
combined interpolation algorithm based on cubic spline
technique and the Stoer-Bulirsch model is proposed
for fast wideband electromagnetic computation of
precipitation particles in frequency-angle domain. Using
the proposed method, the frequency-angle domain
response could be modeled by the adaptive sampling
strategy to generate new sampling points automatically
in both frequency and angle domain with quite less

number of sampling points than traditional direct solvers.

Compared to traditional AWE technique, this novel
method needs no matrix inversion and avoids calculating
derivatives, thus the derived fitting model could be
applicable in an almost unlimited frequency and angle
band. Numerical results indicate that this combined
interpolation strategy performs well in terms of both
simulation time and computation accuracy.
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Abstract — In this paper, we propose a numerical study
for the design of Quarter-Wave Plate (QWP) and Half-
Wave Plate (HWP) all-dielectric metasurfaces of relative
permittivity 10.2, loss tangent 0.003 and thickness 5.12 mm.
The devices based on Elliptic Dielectric Resonators
(EDRs) may operate in the microwave band 20-30 GHz.
First, we have studied the variation of the metasurface
transmission, under x- and y-polarizations of the incident
electric fields, when we vary the resonator ellipticity t in
the range 1:1.94. Next, we have optimized the resonator
orientation (the rotation angle 6 is situated in the range
0:45°) to improve further the moduli of transmission
coefficients. Finally, from these previous parametric
studies, we have designed QWP and HWP metasurfaces
with the selected ellipticities 11=1.4 and 1,=1.6. For
example, we have obtained for ellipticity t; that the
metasurface may acts as HWP device at frequencies
26.08 GHz and 28.03 GHz with bandwidths 175 MHz
and 75 MHz, respectively and as QWP device at
29.02 GHz with a bandwidth of 150 MHz. In addition,
the transmission bandwidths of HWP metasurface was
increased from 75 to 225 MHz when we vary the rotation
angle of the EDR from 6=0° to 10°.

Index Terms — All-dielectric, dielectric resonator, half-
wave plat, metasurface, quarter-wave plate, transmission
coefficient.

I. INTRODUCTION
Control of the propagation of electromagnetic
waves is an exciting topic in applied electromagnetics,
and the complete control is still a challenge. Recently,
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metasurfaces have emerged as effective means for
controlling the amplitude, phase and polarization of
electromagnetic waves, see e.g. [1].

Metasurfaces [2-3], which are the 2-D version of
metamaterials [4-7], are artificial structures designed by
arranging a set of scattering elements in a regular pattern
throughout a two-dimensional surface. These scattering
elements can alter the propagation properties of incident
electromagnetic waves, equipping metasurfaces with
desirable functionalities and permitting the realization of
innovative microwave devices such as cloaks, lens,
absorbers, and polarizers [1].

Contrary to metasurfaces designed with conducting
elements, characterized by high metallic losses especially
in optical range, all-dielectric metasurfaces have emerged
as a potential alternative for designing new microwave
and optical devices with novel performances, due to their
inherent advantages notably low-losses, high-refractive-
index material, high overall efficiency and especially the
possibility of realizing new functionalities by controlling
both electric and magnetic resonances through optimization
of the dielectric resonators’ shape and spacing [8]-[12].

The majority of designed all-dielectric metasurfaces
use dielectric resonators due to their particularity to
excite both electric and magnetic resonant modes and to
obtain miniaturized structures by using high dielectric
constant materials. In addition to the possibility of
using various canonical shapes such as spheres, cubes,
cylindrical/elliptical disks and rods offering more
flexibility in the design process.

In this paper, employing the Ansys-HFSS software
package, we have investigated numerically the design of

1054-4887 © ACES
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QWP and HWP all-dielectric metasurfaces based on
Elliptic Dielectric Resonators (EDRS), operating in the
microwave band 20-30 GHz. We have first studied the
effects of the EDR ellipticity and orientation on the
transmission through the determination of both x- and y-
polarized transmission coefficients (moduli and phases).
Then, selecting proper frequency sub-bands, with the
moduli being equal, and the phase shift between x- and
y-transmission coefficients being close to +90° and
+180°, we have designed Quarter-Wave Plate (QWP)
and Half-Wave Plate (HWP) metasurfaces. Next, we have
presented examples of metasurfaces having particular
values of the EDR ellipticity and orientation. Finally, we
have analyzed the resonances of the proposed QWP and
HWP metasurfaces based on the electric field distribution
at their resonating frequencies.

Il. METASURFACE DESIGN

Employing the ANSYS-HFSS software package we
have designed the proposed all-dielectric metasurface
for operation in the frequency range 20-30 GHz.
The structure is composed of an infinite 2D-array of
connected dielectric resonators (Rogers R0O3210) of
relative permittivity 10.2, loss tangent 0.003 and thickness
5.12 mm (Fig. 1 (a)).

The used resonator is characterized by an elliptic
shape of minor axis “a” along the x-direction, major axis
“b” along the y-direction, and an ellipticity factor t = b/a.
The unit cell (Fig. 1 (b)) considered in the simulations is
a box of longitudinal dimension Lz = 160 mm along the
z-direction (Lz > 1), and transverse dimensions Lx and
Ly along the x- and y-directions, respectively (Lx < A and
Ly <), with A being the free-space wavelength associated
with the upper frequency of the band 20-30 GHz
(A=10 mm). The connection (along the x-direction)
between resonators were ensured with dielectric strips
of thickness 5.12 mm, length Lc=(Lx/2)-a and width
W,=0.5 mm.

YAHYAOUL ET AL.: DESIGN OF ALL-DIELECTRIC HALF-WAVE AND QUARTER-WAVE PLATE MICROWAVE METASURFACES

©

Fig. 1. Sketch of the proposed all-dielectric metasurface:
(a) 2D connected EDR array with x- and z-polarizations
of the electric field, (b) HFSS-model for the unit cell, and
(c) definition of the rotation angle 6.

The influence of the ellipticity of the resonator was
studied by varying only the major radius b, without
changing the cell size; to this end t is assumed to be
in the range 1:1.94. The minor radius was kept constant
(a=2.5mm (A/4)). The orientation of the resonator was
studied by modifying the angle 6 (0 < 6 < 45°) between
the EDR major axis and y-direction (see Fig. 1 (c)).

I11. RESULTS AND DISCUSSIONS

In order to design QWP and HWP all-dielectric
metasurfaces, we have analyzed their transmission
properties when excited under normal incidence waves
having orthogonal polarizations parallel to the x- and y-
axis. From moduli and phases of incident and transmitted
t t

electric fields, we have defined T,, = % and Tyy, = %
X y

as the transmission moduli of the x- and y-polarization,
respectively, where EL is the x-polarized incident electric
field, EL is the x-polarized transmitted electric field,

E;, is the y-polarized incident electric field, and Ej
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y-polarized transmitted electric field. Ag = ¢ - ¢y is the
phase difference between x- and y-polarizations. Then,
the moduli Txx and Tyy vary from 0 to 1, and the phase
difference from -360° to +360°.

In the design process, we have first fixed the
thickness of the resonator to be 5.12 mm, and its minor
radius to be 2.5 mm. Then, we have determined the values
of resonator ellipticity t resulting in high transmission
moduli and phase shift around £90° for the QWP and
+180° for the HWP metasurfaces. Next, we have selected
two ellipticity values (t1 = 1.4 and 12 = 1.6), and we have
studied the effect of the rotation angle 6 on the
metasurface transmission in order to improve further the
obtained transmission moduli and phases. Finally, we
have represented the transmission coefficients and
determined the bandwidth obtained with the optimized
structures, over the frequency band 20-30 GHz.

For illustration of achieved results, we have selected
two configurations; the first shows the possibility to
design a unique metasurface with both QWP and HWP
effects, and the second illustrates the possibility to
improve a QWP or HWP metasurface transmission by
adjusting the orientation of the resonators.

A. Effect of the EDR ellipticity

In this section, we have investigated the effect of the
resonator ellipticity on the metasurface transmission. We
have first simulated the variation of the transmission
coefficients Txx and Ty, (moduli and phases) when the
ellipticity tis varied from 1 to 1.94. Then, we have
deduced the moduli ratio in logarithm scale and the phase
shift Ag. Finally, we have filtered these values to keep
only high and equal transmission moduli (0.7 < Txx<1
and 0.7<Tyy<1) and phase shifts A¢ close to +90° and
+180° for both QWP and HWP behaviors, respectively.

In Fig. 2, we have presented the effect of the
resonator ellipticity on the metasurface transmission in
colored maps. From these values, we have deduced (see
Fig. 2 (b)), the logarithm of ratio between the moduli (log
(Txx/Tyy)) and the phase difference A¢, then filtered
values of the moduli corresponding to 0.7 < Tyx< 1 and
0.7 <Ty<1, and phases corresponding to A¢ = £90°+5°
and A¢=x180+5°. In fact, the QWP and HWP
metasurfaces are obtained when the moduli are equal
(Txx = Tyy) and the phase shift is A¢g =+90° for QWP and
A¢=+£180° for HWP.

The highest values of the moduli Tx and Tyy are
given with red color in Fig. 2 (a), and the equality
between them (Txx = Tyy) is represented with green color
(log (Tx/Tyy) close to 0) in Fig. 2 (b) (left graph), while
high and equal moduli are given in the right graph of Fig.
2 (b).

For the phase, Fig. 2 (a) gives all phases ¢ and ¢,
the left graph of Fig. 2 (b) gives all values of the phase
difference A¢, whereas right graph of Fig. 2 (b) gives the

ACES JOURNAL, Vol. 32, No.3, March 2017

filtered values close to +90° and +180°.

In the two graphs of Fig. 2 (b) related to filtered
moduli and phases, each couple (f, t) which has a color
in both figures is a possible solution for the design of
QWP or HWP metasurface.
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Fig. 2. Effect of the resonator ellipticity on the all-
dielectric metasurface transmission: (a) moduli and phases
of the x- and the y-polarized transmission coefficients;

(b) all and filtered values of both moduli ratio and phase
difference.

B. Effect of the EDR orientation

After establishing the color map (Fig. 2) illustrating
the best ellipticity values giving high transmission, we
have investigated the possibility to improve further the
metasurface transmission by optimizing the resonator
orientation, and rotating it in the x-y plane around z-axis.
To conduct this parametric study, we have selected from
the previous study (Fig. 2) two resonators of ellipticities
11:=1.4 and t,=1.6 showing high transmission levels.

Again, for each resonator, we have first simulated
the variation of the transmission coefficients Txx and Tyy
(moduli and phases) when its rotation angle 6 is varied
from 0° to 45° with a step of 5°. Then, we have deduced
the moduli ratio in logarithm scale and the phase shift



A¢ . Finally, we have filtered these values to keep only
high and equal transmission moduli (0.7 < Tx < 1 and
0.7 < Tyy < 1) and phase shifts A¢gclose to £90° and
+180° for both QWP and HWP behaviors, respectively.

In Figs. 3 (a) and 4 (a), we have presented moduli
and phases of the x- and the y-polarized transmission
coefficients, in the frequency range 20-30 GHz, for
different rotation angles 6. The equality between the
moduli Txx and Tyy, and the phase shift A¢ variation with
the EDR orientation are given in Fig. 3 (b) and Fig. 4 (b),
as well as the filtered values corresponding to high and
equal moduli, and particular values of the phase shift
corresponding to A¢g=+180° or Ag = £90°.

The right graphs of Fig. 3 (b) and Fig. 4 (b) give the
useful parameters for the design of QWP and HWP
metasurfaces with EDRs. Each couple (f, 0) represented
with a color in both right graphs of Fig. 3 (b) or Fig.
4 (b), is a possible solution for the design of QWP or
HWP metasurface with resonators of ellipticity 1.4 or
1.6, respectively.
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Fig. 3. Effect of the rotation angle of a resonator of
ellipticity t:=1.4 on the all-dielectric metasurface
transmission: (a) the moduli and phases of the x- and the
y-polarized transmission coefficients; (b) all and filtered
values of both moduli ratio and phase difference.
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Fig. 4. Effect of the rotation angle of a resonator of
ellipticity t:=1.6 on the all-dielectric metasurface
transmission: (a) the moduli and phases of the x- and the
y-polarized transmission coefficients; (b) all and filtered
values of both moduli ratio and phase difference.
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We conclude from the color distribution in Fig. 3 (b)
and Fig. 4 (b), that we have more possibility to design
QWP or HWP metasurface with EDR ellipticity 1.6 than
1.4 since we have more superposition between filtered
values of moduli and phases in Fig. 4 (b) (t2=1.6) than in
Fig. 3 (b) (r1=1.4). In fact, each superposition between
filtered values of moduli and phases means that we have
the possibility to design QWP or HWP metasurfaces
with high transmission (0.7 < Txx<1and 0.7 < Tyy < 1)
and phase shifts A¢ close to £90° or £180°.

C. Application: QWP and HWP metasurfaces

Table 1 summarizes the main obtained results in
sections A and B, for the design of all-dielectric QWP
and HWP metasurfaces based on EDRs. For each
resonator of ellipticity t (t1=1.4 or 1,=1.6), we have
presented different orientations (angles 0) (in column 2)
giving QWP or/and HWP behaviors. In columns 3 and 4,
we have indicated respectively, the central frequency fo
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and the bandwidth BW of the frequency sub-band in
which the designed metasurfaces may operate.

Table 1: Main QWP and HWP metasurfaces properties
deduced from Figs. 3 (b) and 4 (b)

Ellipticity, |[Rotation| Central |Bandwidth, [QWP |HWP
T Angle, |Frequency,| BW (MHz)
0(°) | Fo(GH2)
0 27.98 75 N
c 26.25 150 N
27.98 75 N
10 26.16 225 N
28.01 75 N
_ 26.08 175 V
w4 | 95 2803 75 N
29.02 150 N
20 26.05 150 N
28.06 75 N
25 25.93 125 N
30 25.91 75 N
0 26.13 325 N
29.60 - \
26.13 325 N
5 29.12 - N
29.60 50 N
26.15 350 v
1,=1.6 10 g?; - j
29.58 75 \
25.22 50 j
26.06 175
15 5910 - N
29.51 75 \
20 25.07 - N

The main conclusion from Table 1 is that, for a fixed
ellipticity, the metasurface behavior depends on the
resonator orientation. For example, the bandwidth may
be improved by varying the rotation angle 6, in addition
to the possibility of realizing both QWP and HWP with
a unique metasurface for certain orientations.

We remark also that ellipticity t1 is more adequate
for the realization of HWP metasurfaces (6=0, 5, 10, 15,
20, 25 and 30°), whereas ellipticity 12 is more adequate
for realization of both QWP and HWP metasurfaces
(6=0, 5, 10 and 15°).

In Fig. 5, we have illustrated the dual-effect (QWP
and HWP) by giving the variation, over the range
20-30 GHz, of moduli ratio (in log scale) and phase
shift A¢g for two metasurfaces based on EDRs of fixed
orientation (6=15°) and ellipticity’s 1 and t2, respectively.

In Fig. 5 and Fig. 6, the yellow and blue strips
correspond to sub-bands with QWP and HWP behaviors,
respectively. Therefore, we can note that the metasurface
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based on EDRs of ellipticity t1 may acts as HWP device
at frequencies 26.08 GHz and 28.03 GHz with bandwidths
175 MHz and 75 MHz, respectively and as QWP device
at 29.02 GHz with a bandwidth of 150 MHz. Whereas
for ellipticity T2, we have obtained the HWP behavior at
frequencies 25.22 GHz and 26.06 GHz with bandwidths
50 MHz and 175 MHz, respectively and the QWP behavior
at 29.51 GHz with a bandwidth of 75 MHz.
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Fig. 5. Variation, over the frequency band 20-30 GHz, of
the x- and y-polarized moduli ratio and phase shift for an
all-dielectric metasurface based on EDRs of rotation
angle 6=15° and ellipticity: (a) 11=1.4; (b) t.=1.6.



The effect of EDR orientation on the metasurface
transmission is shown in Fig. 6. We note from Fig. 6 (a)
that the transmission bandwidths are 75, 150 and 225 MHz
for rotation angles 6=0°, 5° and 10°, respectively, which
means that the bandwidth of the HWP metasurface
designed with ellipticity t; was ameliorated by simple
optimization of the angle 6. Similarly, for the QWP
metasurface designed with ellipticity t, (Fig. 6 (b)), the
transmission bandwidth was increased by varying the
resonator orientation.

3 :
4
g 27
=
Z 0 e
= —
o -2 5
10"
4 I i | I | I - I I
20 21 22 23 24 25 26 27 28 29 30
f(GHz)
300 . T ! - ;
200
>
< 100
>
S 0
_Ié‘
<]-1DD m
-200 5
—1r
200 I i L ! L i

20 21 22 23 24 25 26 27 28 29 30
f(GHz)

@)

2

log(TxxTyy)

0 21 22 23 24 25 26 27 28 29 30
f(GHz)

-300 || — 306 ~
400 I ! ; ‘ ] | ; I I
20 21 22 23 24 25 2% 27 28 29 30
f(GHz)
(b)

Fig. 6. Variation, over the frequency band 20-30 GHz, of
the x- and y-polarized moduli ratio and phase shift for an
all-dielectric metasurfaces based on EDRs of rotation
angles 6=0°, 5° and 10°, and ellipticity: (a) t1=1.4; (b)
17,=1.6.
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The electric field distributions in the yz-plane at the
middle of the resonator (cut plane (x=0) of both QWP
and HWP all-dielectric metasurfaces (excided with the
y-polarization) based on EDRs of ellipticity t;=1.4 and
for different orientations are given in Figs. 7 and 8,
respectively. For each device (QWP or HWP), the
structure was selected to resonate at the same frequency
with two different rotation angles ©6; permitting the
analysis of the effect of the EDR orientation on the
electric field distribution.

Vo T s M2y ae

2 |
Sy &0
o, USRS AT 1
s 5.0

5 LS S ey

Fig. 7. Electric-field distribution on the yz-plane at
the middle (cut plane x=0) of the unit cell for a
QWP-metasurface based on EDRs of ellipticity t1=1.4
and rotation angle 6, resonating around the frequency
f=29 GHz: (a) 6 = 0°; (b) 6 = 15°.

Fig. 8. Electric-field distribution on the yz-plane at
the middle (cut plane x=0) of the unit cell for a
HWP-Metasurface based on EDRs of ellipticity 11=1.4
and rotation angle 0, resonating around the frequency
f=26.15 GHz: (a) 6 = 0°; (b) 6 = 10°.

Analysis of Figs. 7 and 8 reveals that rotation of the
resonator about the z-axis within it, which in turns may
reduce the resonance strength of the structure excited
with-y-polarization. This result may be explained by the
decrease of the exciting the y-electric field component
with the rotation of the resonator. However, we note a
slight improvement of the useful bandwidth for both
QWP and HWP devices.

IV. CONCLUSION
In this work, we have investigated numerically the
design of QWP and HWP all-dielectric metasurfaces
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based on EDRs operating in the microwave frequency
band 20-30 GHz. We have investigated first the effect of
the EDR ellipticity on the metasurfaces transmission;
then we aimed at improving the resulting transmission
by rotation of the resonator about its z-axis. It is found
that by optimizing the rotation angle we can improve the
bandwidth of both QWP and HWP metasurfaces in
addition to the possibility of realizing a unique device
with both QWP and HWP behaviors at some selected
frequencies.
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Abstract — A novel differential narrow-band band-pass
filter design method is presented based on the parallel
coupled line and the open stub. Based on the
transmission line model, the proposed differential band-
pass filter is analyzed by using even- and odd-mode
analytical method. The central resonant frequency of the
proposed differential filter is given. The relations between
the filtering performance and the impedance parameters
are discussed. A compact differential band-pass filter is
designed based on the resonant conditions. The common
mode signal is well suppressed. The differential band-
pass filter is simulated, fabricated and measured. The
measured results and the simulated results are basically
consistent.

Index Terms— Differential band-pass filter, even- and
odd-mode analysis, microwave components, open stub,
parallel coupled line.

I. INTRODUCTION

Due to its insensitivity to fabrication tolerance and
simple synthesis procedures, the parallel coupled line
structure is finding wide use in many band-pass filters [1,
2]. The differential filters can suppress the crosstalk,
environmental noise, and interference between different
elements, so they are widely used in microwave systems.
Wang proposed an ultra-wideband differential band-pass
filter based on a self-coupled ring resonator. The
differential-mode circuit is composed of the meandered
fully coupled parallel microstrip lines and short end fully
coupled parallel microstrip lines in shunt [3]. Wang
proposed a differential broadband filter, which is
composed of four quarter-wavelength coupled lines and
four quarter-wavelength microstrip lines [4]. By adding
the quarter-wavelength microstrip lines, the filtering
response has been improved. A differential narrow-band
band-pass filter with the input and output capacitive
feedings is presented. It is composed of the open end
fully coupling parallel microstrip lines and short end
fully coupling parallel microstrip lines in shunt [5]. Li
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presented a differential wide-band band-pass filter
composed of a coupled fully wavelength loop [6].

The differential parallel coupled line filters which
are the simple structures suffer from spurious responses
at the multiples of operating frequency. To eliminate the
spurious responses, especially for the second spurious
responses, some methods have been proposed. Zhou
proposed a novel differential band-pass filter based on
the cascaded parallel coupled lines [7]. The spurious
response at 2f, moves to higher frequency. Based on

the modified coupled feed lines and the coupled line
stubs/the coupled line stub loaded resonators, the
wideband balanced filters with high selectivity and
common mode (CM) suppression are proposed and
designed [8].The spurious response at 2f, is suppressed.

In this paper, a differential narrow-band band-pass
filter is proposed. The proposed differential band-pass
filter is composed of the parallel coupled line and the
open stub. Based on odd-even mode analytical method,
the differential mode (DM) equivalent circuit is analyzed
and discussed. The relations between the filtering
response and the filter’s parameters are discussed. The
harmonic frequencies at the multiples of operating
frequency are suppressed. At the same time, the common
mode interference is well restrained. Comparing the
simulation result with experimental result, it is found that
they are basically consistent.

I1. DIFFERENTIAL FILTER DESIGN

The schematic of the proposed differential parallel
coupled line band-pass filter is shown in Fig. 1 (a). The
proposed differential band-pass filter is composed of the
parallel coupled line and the open stub. The filter’s DM
and CM equivalent circuits are derived in Figs. 1 (b) and
(e), respectively. The filter’s DM equivalent circuit is
symmetric, so it can be studied through even- and odd-
mode analytical method. Figures 1 (c) and (d) are the
even mode half equivalent circuit and the odd mode half
equivalent circuit of the filter’s DM equivalent circuit.

1054-4887 © ACES



The electric lengths of the proposed differential band-
pass filter are a1, a2 and as. The characteristic impedance
of the open stub is Z;. The odd mode impedance and the
even mode impedance of the parallel coupled lines are
Z, and Z, respectively.

R .

—— =< =<

L

71, as 7y, a3
[ | | [
Ze, 2 Zo, g X
@ { | Q @ { © | © { | Q@
Zey a1 Zo» @1 X
+= = = =
(b) (c) (d) (e)

Fig. 1. Proposed differential band-pass filter. (a) Circuit,
(b) DM circuit, (c) the even mode half equivalent circuit,
(d) the odd mode half equivalent circuit, and (¢) CM
circuit.

A. Filter design equation

For simplicity, it is assumed that the even mode
propagation is equal to the odd mode propagation
(6,=6,=0,). Itis also assumed that the electric lengths

are a, =6 ,a, = 26,a, = 26 . The form of the even mode

half equivalent circuit is the same as the odd mode half
equivalent circuit, so the even mode input impedance
expression is the same as the odd mode input impedance
expression. The even (or odd) mode input impedance can

be calculated by the formula (1). By enforcing Z. 0 =%

the solutions of tan@ for the corresponding resonant
frequencies can be obtained by using formula (2). The
corresponding resonant frequencies include the central
resonant frequency (¢,), the even mode resonant
frequency (6,) and the odd mode resonant frequency
(6,). In order to realize the miniaturization of the filter,

the smaller solution of tan@ can be calculated by using
formula (3):

_jZ,tanO[Z, tan" 0 (4Z, +2Z,)tan’ 0+ Z,]
") (22, +3Z,)tan* 6 (62, + 42, )tan* 0 + Z,
(2Z,+3Z,)tan* 0—(6Z, +4Z,)tan’ 6+ 2, =0, (2)

(1)

3Z +2Z —.J9Z2 +10Z.Z, + Z2
tanH:J e ! \/ 2 T ©)

2Z,+3Z,
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Based on the impedance characteristics of the
microstrip line, it is assumed that the range of the
normalized Z; is from 1.6 to 1.8. It is also assumed that
the range of & is from 13.5° to 22.5°. Figure 2 shows
the variation of the normalized Ze) against different
normalized Zy and 6,. When Z; is fixed, Ze) will decrease
with the increase of 8. When @ is fixed, Zee) will
increase with the increase of Z;. Since Z. is more than Z,,
6, <6, <0, is obtained. If 9,, g, and 6, are chosen,
the impedance parameters can be obtained in Fig. 2. It is
possible to realize the proposed band-pass filter based on
the angle parameters and the impedance parameters.

5

—6— 135°
4s5H ——1a4°
—%— 15.3°
4 ——162°
——17.1°
asH 18°
—v— 18.9°
of] K108
—A—20.7°
s —— 21.6°
N‘a’ 2.5H —G— 25°

1 "
AR

Fig. 2. Variation of the normalized Z. (or Z,) against
different normalized Z; and 6.

B. Performance of the proposed differential filter

In order to study the DM filtering response of the
proposed differential band-pass filter, the following three
conditions are analyzed and discussed. The proposed
differential band-pass filter against different Z; is
analyzed when 6, =18°, 6, =17.1° and 6, =18.9° are

fixed. Table 1 gives three groups of the proposed
differential band-pass filter’s normalized impedance
parameters when 6, =18°, 6, =17.1° and ¢, =18.9°

are assumed. Based on the parameters in Table 1, the DM

S-parameters of the proposed differential band-pass

filter can be calculated by using formula (4) and (5) [9]:
z.Z. -1

Slldd = SZde = (Z- _I:el)IEOZ_ +1) ) (4)
Z  —Z
SZldd = Slde = W . 5)

The calculated DM S-parameters of the proposed
differential band-pass filter with different Z; are shown
in Fig. 3. With the decrease of Z;, the DM filtering
response has been improved in the pass-band. The DM
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performance will become worse in the pass-band when
Z; decreases to a certain value.

Table 1: The differential band-pass filters’ normalized
impedance parameters (6, =18°,6, =17.1°, 0, =18.9%)

Z; Ze Z,
Filter 1 1.1 1.30 0.93
Filter 2 1.3 1.53 1.10
Filter 3 1.5 1.77 1.27

sdd1 1 (dB)

40 b

-25

e Z=14

Z=13 50
-30 -
- —=-2Z=15
-35 -80
0.2 03 0.4 0.5 08 0.2 03 04 0.5 06
6 (rad) 0 (rad)
@ ®)

Fig. 3. Variation of (a) Sga11 and (b) Saa21 against different
Z;.

At the same time, the proposed differential band-
pass filter against different 6, —6, is analyzed when Z;
and g, are fixed. Table 2 gives the angle parameters and
the normalized impedance parameters of the proposed
differential band-pass filter. Figure 4 shows the
calculated DM S-parameters of the proposed differential
band-pass filter with different 6, -6, , 0.9°, 1.8° and
3.6° respectively. When Z; and 6, are fixed, the DM
performance of the proposed differential band-pass filter
is improved with the increase of &, —6,. Similarly, the
DM performance will be worse when 6, —6, increases
to a certain value. When Z; and ¢, are fixed, the location
of the transmission zero remains the same.

When (6, -6,)/6, (fractional bandwidth) and Z;
are fixed, the DM performance of the proposed
differential band-pass filter against different 6, is

discussed. Table 3 gives the angle parameters and the
normalized impedance parameters. Figure 5 shows the
calculated DM S-parameters of the proposed differential
band-pass filter against different g, . The calculated DM

S-parameters of the proposed differential band-pass
filter with different g, are shown in Fig. 5. The DM

performance of the proposed differential band-pass filter
is improved with the increase of 6, . As before, the DM

performance of the proposed differential band-pass filter
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becomes worse when 6, reaches to a certain value. The

location of the transmission zero moves to low frequency
with the increase of 4, .

Table 2: The differential band-pass filters’ angle parameters
and normalized impedance parameters (Z, =1.3, 9, =18°)

0, (deg) | 9, (deg) Ze Z
Filter 4 | 17.55 18.45 1.41 1.20
Filter2 | 17.1 18.9 1.53 1.10
Filter5 | 16.2 19.8 1.81 0.93

Sy 90)
8,0 (98)

N =4 g0
-100 | 6,-8,=18

— — — 0-0=36"
o e

-120
0 05 1
6 (rad)
(b)

Fig. 4. Variation of (a) Sui1 and (b) Sago1 against
different 6, -6, .

When (6, -6,)/6, (fractional bandwidth) and Z;
are fixed, the DM performance of the proposed
differential band-pass filter against different 6, is

discussed. Table 3 gives the angle parameters and the
normalized impedance parameters. Figure 5 shows the
calculated DM S-parameters of the proposed differential
band-pass filter against different ¢, . The calculated DM
S-parameters of the proposed differential band-pass
filter with different g, are shown in Fig. 5. The DM
performance of the proposed differential band-pass filter
is improved with the increase of g, . As before, the DM
performance of the proposed differential band-pass filter
becomes worse when g, reaches to a certain value. The
location of the transmission zero moves to low frequency
with the increase of g, .

Table 3: The differential band-pass filters’ normalized
impedance parameters and angle parameters (Z, =1.3,

(6,-6,)/6,=0.1)

0, (deg) | 6, (deg) | 6, (deg) | Z. | Z,
Filter 6 16 15.2 16.8 | 2.17 | 1.62
Filter 2 18 171 189 | 153 1.10
Filter 7 20 19 21 [ 1.08]0.74
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IH1. SIMULATION AND MEASUREMENT

To verify the design theory, a differential band-pass
filter is designed based on the angle parameters and the
normalized impedance parameters of Filter 2 in Table 1.
Figure 6 (a) shows the proposed differential band-pass
filter’s configuration. The open stubs are bent for filter’s
size reduction. The substrate with a relative dielectric
constant of 2.2, thickness of 0.508 mm and loss tangent
of 0.0009 is used. Based on the parameters in Table 1,
the initial physical sizes of the proposed differential
band-pass filters are obtained by ADS LineCalc tool.
Considering the bends and open ends, the final physical
sizes of Filter 2 are a=t=1 mm, b=10 mm, ¢c=2 mm,
d=8 mm, g=0.4 mm, w=1.55 mm. A differential band-pass
filter is fabricated based on Rogers RT/duroid 5880 (tm)
and shown in Fig. 6 (b).

Fig. 6. (a) Configuration and (b) photograph of the
proposed differential band-pass filter.

DM and CM S-parameters are simulated by HFSS
14.0 and measured by Agilent Technologies’ 5230 A
vector network analyzer, which are shown in Fig. 7.
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The measured results of Filter 2 in Fig. 7 show that the
differential mode filtering performance is good. 3 dB
bandwidth is 0.25 GHz which is from 1.04 GHz to
1.29 GHz. There are five transmission zeros, which are
located at 0, 1.72 GHz, 3.45 GHz, 4.35 GHz and 6.25 GHz.
A wide stop-band and good selectivity are obtained
through the transmission zeros. The common mode
suppression is good out of band. The simulated and
measured results show a good agreement and validate
the proposed theory. The tiny difference between the
simulated results and the test results is due to the
unexpected tolerance of fabrication, the substrate
dielectric loss, and SMA connectors. The frequency
differences between the calculated results and the
measured results are derived from the effect of the
open ends and the bends. The central frequency of the
differential band-pass filter can be adjusted by the
electric length 4. 3 dB bandwidth can be adjusted through
the gap width g.

g2 g.
(-] (]
225 2
E E
g g
s -30 s

35

40

45

50 K

0o 2 4 &8 0 2 4

Frequency (GHz) Frequency (GHz)
(a) (b)

Fig. 7. Simulated and measured results of Filter 2: (a)
DM response and (b) CM response (the solid line is the
measured results, and the dotted line is the simulated
results).

Table 4 shows the comparisons with the proposed
differential parallel coupled line band-pass filter. As can
be seenin Table 4, the size of the filter in Ref. [3] is small,
but the harmonic suppression needs to be improved. In
Ref. [4] and Ref. [5], the sizes of the filters are larger and
the harmonic suppression also needs to be improved. The
harmonic suppression of the filter in Ref. [7] is better,
but the size of the filter is larger. In this paper, the
proposed differential parallel coupled line filter has both
good harmonic suppression and small size, which can
realize the miniaturized wide-stop-band differential
band-pass filter design. In addition, the structure of the
proposed differential parallel coupled line band-pass
filter is simple, so it is convenient for theoretical
calculation and filter design.
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Table 4: Comparisons with the proposed differential
parallel coupled line band-pass filter

The First | Transmission |Out-band| Size
Spurious Zeros Rejection (492)
Response (GHz) (dB)
[3] 2.5f, 2 >10 |0.0300
[4] 2.3f, 2 >10 |0.4998
Filter 1
in [5] 2.1f, 3 >18 |0.1681
[71 > 2.7f, 5 >20 |0.2000
This > 6f, 5 >11 (00139
work

1V. CONCLUSION

A differential band-pass filter based on the parallel
coupled lines and the open stubs is proposed. The
transmission line model of the differential band-pass
filter is given. The design equations are obtained through
even and odd analytical method. The relations between
the parameters of the proposed differential filter and
the filtering response are analyzed and discussed. The
differential band-pass filter is designed, simulated,
fabricated and measured. Comparing the simulation
result with experimental result, it was found that they
were basically consistent, which verifies the design
theory. The proposed differential band-pass filter exhibits
good DM performance and good CM suppression. Both
the structure and the design process of the proposed
differential filter are simple, so it can be widely used in
microwave circuits.

ACKNOWLEDGMENT

This work was supported by National Natural
Science Foundation of China under Grant 61501100,
61403068, 61601105, Research Fund for Higher School
Science and Technology in Hebei Province under Grant
QN20132014, the Fundamental Research Funds for
the Central Universities under Grant N142303003,
N110323006 and the Open Project of the State Key
Laboratory of Millimeter Waves under Grant K201705.

REFERENCES

[1] Y. Li, H. C. Yang, Y. W. Wang, and S. Q. Xiao,
“Ultra-wideband band-pass filter based on parallel-
coupled microstrip lines and defected ground
structure,” ACES Journal, vol. 28, no. 1, pp. 21-26,
Jan. 2013.

[2] W.J.Feng, M. L. Hong, and W. Q. Che, “Narrow-
band band-pass filters with improved upper stop-
band using open/shorted coupled lines,” ACES
Journal, vol. 31, no. 2, pp. 152-158, Feb. 2016.

[3] H. Wang, Y. Q. Yang, W. Kang, W. Wu, K. W.
Tam, and S. K. Ho, “Compact ultra-wideband
differential band-pass filter using self-coupled ring
resonator,” Electronics Letters, vol. 49, no. 18, pp.

ACES JOURNAL, Vol. 32, No.3, March 2017

1156-1157, Aug. 2013.

[4] X.H.Wang, S. Hu, and Q. Y. Cao, “Differential
broadband filter based on microstrip coupled line
structures,” Electronics Letters, vol. 50, no. 15, pp.
1069-1070, July 2014.

[5] H.Wang, K. W. Tam, W. W. Choi, W. Y. Zhuang,
S. K. Ho, W. Kang, and W. Wu, “Analysis of
coupled cross-shaped resonator and its application
to differential band-pass filters design,” IEEE
Transactions on Microwave Theory and Techniques,
vol. 62, no. 12, pp. 2942-2953, Dec. 2014.

[6] L.Li,J.Bao,J.J. Du,andY. M. Wang, “Compact
differential wideband band-pass filters with wide
common-mode suppression,” IEEE Microwave
and Wireless Components Letters, vol. 24, no. 3,
pp. 164-166, Mar. 2014.

[71 J. G. Zhou, Y. C. Chiang, and W. Q. Che,
“Compact wideband balanced band-pass filter with
high common-mode suppression based on cascade
parallel coupled lines,” IET Microwaves, Antennas
and Propagation, vol. 8, no. 8, pp. 564-570, Aug.
2014.

[8] Q. X. Chu and L. L. Qiu, “Wideband balanced
filters with high selectivity and common-mode
suppression,” IEEE Transactions on Microwave
Theory and Techniques, vol. 63, no. 10, pp. 3462-
3468, Oct. 2015.

[9] J.S. Hong and M. J. Lancaster, Microstrip Filters
for RF/Microwave Applications. New York: Wiley,
2001.

Dong-Sheng LA was born in Hebei,
P. R. China. He has received his
Masters degrees from Xinjiang
Astronomical Observatory, Chinese
~ Academy of Sciences in 2008, and

.\/ F! his Ph.D. degrees from Beijing
‘ . University of Posts and Telecomm-

N 4 unications in 2011. He is currently a
Lecturer in the School of Computer Science and
Engineering, Northeastern University in P. R. China. His
recent research interests include passive RF components,
patch antennas and electromagnetic compatibility. He
has authored or coauthored over 20 journal and conference

papers.

Shou-Qing JIA was born in Henan,
China, in 1981. He received his
M.Sc. degree and Ph.D. in Electro-
magnetic Field and Microwave
Technology both from Peking
University, respectively in 2007 and
2013. He is currently working at the
School of Computer Science and

~ .
o s -

d b



LA, JIA, CHENG, MA: COMPACT DIFFERENTIAL PARALLEL COUPLED LINE BAND-PASS FILTER WITH OPEN STUB

Engineering, Northeastern University in P. R. China. His
research interests include computational electromagnetic
and Radar signal processing.

Long CHENG received his B.S.
degree in Automatic Control from
Qingdao University of Science and
Technology, Qingdao, China, in 2008,
the M.S. degree in Pattern Recog-
nition and Intelligent System from
Northeastern University, Shenyang,
China, in 2010. He received Ph.D.
degree in Pattern Recognition and Intelligent System
from Northeastern University, Shenyang, China, in 2013.
Now, he is an Assistant Professor in Northeastern
University. His research interests include wireless sensor
networks and distributed system.

Xue-Lian MA was born in Liaoning,
China, in 1981. She received her
Ph.D. in Radio Physics at Peking
University. She is currently a
Lecturer in the School of Computer
Science and Engineering, North-
eastern University in China. Her
recent research interests include

fiber communication, wireless optical communication
and atmospheric optics.

242



243

ACES JOURNAL, Vol. 32, No.3, March 2017

A Compact Dual-band Planar 4-Way Power Divider

Ahmad Mahan!, Seyed Hassan Sedighy ?*, and Mohammad Khalaj-Amirhosseini !

! Department of Electrical Engineering
Iran University of Science and Technology, Tehran, Iran
ahmad_mahan@elec.iust.ac.ir, khalaja@iust.ac.ir

2School of New Technologies
Iran University of Science and Technology, Tehran, Iran
sedighy@iust.ac.ir

Abstract — In this paper, an optimized approach based
on T-shaped step impedance transmission line is proposed
to design a compact dual band 4-way planar power
divider. In the proposed structure, the 100 Q quarter
wavelength transmission lines are equaled by the T-
shaped step impedance transmission lines (SITLs) which
achieve the design equations with two freedom degrees.
Then, the invasive weed optimization is used to find the
optimized design parameters. Three power dividers with
different operation frequencies ratio are designed and
simulated to show the method ability. Finally, one 4-way
planar power divider is fabricated and measured to verify
the ability and power of the proposed approach which
shows 53% compactness and proper specifications in
both the operation frequencies.

Index Terms — Compact, dual band, planar, power
divider.

I. INTRODUCTION

Power dividers are key passive components in
microwave and millimeter-wave systems. The Wilkinson
power divider, branch line and rate race are some
examples of these passive devices [1]. These power
dividers have narrow bandwidth and occupy large sizes,
which limit their application and flexibility in the
microwave circuits. Due to the dual band requirement in
wireless communication systems, some techniques have
been used to achieve the dual band attribute in these
power dividers scheme such as non-uniform transmission
lines, using non-uniform transmission lines, stubs and
reactive components [2-5]. The 4-way power divider
which is a useful component in RF applications have
been considered in the literature. A 4-way Wilkinson
power divider with band passes filtering response has
been proposed in [6]. Very recently, a compact four-way
dual-band microstrip power divider has been proposed in
[7] by using RLC lumped elements which can limit the
fabrication process and increase the cost. In this paper, a

Submitted On: May 8, 2016
Accepted On: October 31, 2016

planar compact dual band 4-way power divider is
proposed. This divider is based on the planar single band
divider scheme proposed in [8] composed of four 100 Q
quarter wavelength transmission lines where its output
ports are connected by 70.711 Q resistors to enhance the
output isolations. To achieve the compact and dual band
specifications in this divider, the quarter wavelength
transmission line segments are replaced by T-shaped
step impedance transmission lines (SITLs). Using step
impedance transmission line technique is a well-known
approach to compact the microwave circuits as discussed
in [9-11]. The proposed T-shaped SITL is composed of
a stepped transmission line with an open stub in the
middle which increases the freedom degrees in the
design process. The T-shaped SITLs have been used
previously to achieve dual band applications in some RF
devices such as [12-13]. Here, a symmetric simple T-
shaped SITL is used to achieve dual band and compact
specifications in a planar divider. For this purpose, the
equality between 100 Q quarter wavelength transmission
lines and T-shaped SITLs achieves the complex design
equations. Then, a stochastic invasive weed optimization
algorithm (IWQ) [14-18] is used to find the best answer
of the design equations, which is the desired dual band
and compact planar 4-way divider. This optimization has
been applied previously to compact the microwave
devices such as filters [19-20], also. Three different
planar compact power dividers are designed with
different arbitrary operation frequencies to verify the
proposed design approach. Finally, one of these cases is
fabricated and measured which works at f;=450 MHz
and f,=2.835 GHz with 56 mmx56 mm dimensions

(0.51h,, x0.51n,, where A, is the guided wavelength

at the center frequency between f; and f,) which shows
53% compactness compared with one composed of two
sections transmission line topology in [21]. The mean
value of the insertion losses and isolation at both
operation frequencies are better than 6.5 dB and 15 dB,
respectively. These good specifications are comparable

1054-4887 © ACES
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with the proposed divider in [7] but without lumped
element usage limitations. The simplicity, arbitrary ratio
of two operation frequencies, high enough port isolation
and low insertion loss verify the ability of the proposed
divider compared with the references.

Il. THEORY AND DESIGN

A. Design equation

A planar 4-way power divider has been introduced
in [1] which is composed of four equal 100 Q transmission
lines. The output ports are connected by 70.711 Q
resistors to enhance the output isolations. The main part
of this structure is the quarter wavelength transmission
lines which limit the device operation bandwidth and
occupies a large area.

To achieve a compact and dual band structure, T-
shaped step impedance transmission lines (SITL) are
used instead of these quarter wavelength transmission
lines as shown in Fig. 1. The T-shaped SITL is composed
of three different transmission line segmentswithzZ ,, Z,

and Z, characteristic impedances and 4,, 6, and 6,

electrical lengths, respectively as shown in Fig. 1.
These T-shaped SITLs and quarter wavelength 100 Q
transmission line should have equal properties at two
different frequencies, fi and f,. For this purpose, the
ABCD matrices of these structures should be equaled at
these two frequencies as:

[0 j100 cos(8")  jz,sin(6")
1 =.1 . f f
— 0 —sin(6," cos(é,"
| 1700 le @) @)
[ cos(8))  jz,singH)] [ 1 0 1)

.1
jzisin(ezfi) cos(6,") ) J?tan(gsf') 1"

2 L 3

cos(6,")

[ cos())  jz,sin@)]| [ jz,sin(g")

jzisin(e;) cos(@!) |” jzisin(afn) cos(6")
2

1

where fi denotes f; and ;‘2. The middle stub (Z,, 6,) is

considered as loaded shunt impedance which is located
between two transmission line segments.

Notice that the effect of discontinuities has been
ignored in this relation for simplicity. Since the T-shaped
SITL is considered as symmetric, reciprocal and lossless
circuit, only two independent equations are achieved at
each frequency from (1). The electrical lengths of T-
shaped SITL segments are related to their physical length
by:

elfi 2

237
lg

|2 )

where igf' is the guided wavelength at f;. If the ratio of
two operation frequencies are considered as K, then,

f, =Kf, Ay = %ﬂgﬁ 91%3 = Kglflzs @)
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In other words, to design a dual band divider, we have
four independent equations with six unknown variables,
Z,, Z,, Z,, 6, 6, and 4,. After some complex

algebraic calculations, these equations can be expressed
as:

(cosz(el" )—sin®(@" ))(0032(6’2“ ) —sin’ (6" )

2 2
_(lsin(zaﬁ )Sin(29;i)j Lt
2 2,7,

tan(6,") P o (4)
+[ 27 j(ZZ(ZSm (6)-1)sin(26,"))
+sin(26," )(i—zzsin2 (0,)') -2, cos’ (6, )j =0,

sin(26,’ )(z2 cos®(6") - (i—f)sinz (CX )j +
Z,5in(26,) (2c05(6) 1) —(m”;iﬂ)}
Z?sin?(6,") cos® (6, ) + 27 sin’ (6, ) cos® (6,")
X\ ZZ, . . =100.
+%sm(201f' )sin(26,")
®)

It can be seen that there are two freedom degrees in these
equation systems. An optimization algorithm is used to
solve this nonlinear equation system in the next section.

1009, 90

© I

Fig. 1. (a) Structure of proposed planar dual band 4-way
power divider, and (b) equivalent circuit of quarter
wavelength transmission line with T-shaped SITL.

ZZ' e2 Z2’ 62

B. Optimization

The invasive weed optimization (IWO) algorithm is
composed of the natural inspired behaviours of invasive
weeds such as seeding, growth, and competitive exclusion
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to reach the rich soil area. This optimization process is
initialized by random spatial dispersion of the seed
population, Pma. After seeds growth to weeds, their
fitness are calculated based on the predefined cost
function. Then each weed reproduces some new seeds
between S . and S__ corresponding to its relative

fitness in the weed population. This distribution is
performed by a normal distribution with variable
variance versus the iterations around the corresponding
weed as:
(iter, ,, —iter)’
Oiter :+(Qnitial ~ Ofinal )+6final' (6)
(iter, )

where iter and itermax are the current and maximum
iteration numbers, respectively. Therefore, the dispersion
variance is decreased from o, Vvalue to oy, Wwhich

leads the seeds to focus around the optimum answer. All
of the new grown seeds and old weeds compete with
each other to eliminate the week members when the
population is reached to the maximum allowable
members, Pmax. This process continues through the
iterations to achieve the best cost function value and the
global optimum problem response, consequently. This
optimization method has been verified to be effective in
converging to an optimal solution by employing basic
properties such as seeding, growth, and competition in a
weed colony. The main advantage of the IWO algorithm
is its independency from the initial conditions [14].

In this problem, the optimal goal is solving (4) and
(5) as well as decreasing the total circuit length to
achieve a compact dual band 4-way divider which can be
formulated as:

& =€} +€, +0.01xe} +001xe] +W6,,  (7)
where &, ., =2(6,+46,) is the total electrical length of the

T-shaped SITL, and e,, and e,, are the differences

between two sides of (4) at f, and f,, respectively. In a
same way, e, and ey, are the differences between two
sides of (5) at f, and f,, respectively. This cost function
should be minimized to achieve the best solution for (4)
and (5) as well as compactness. Notice these errors are
multiplied by 0.01 to achieve balanced values compared
with e,, and e,, . Since there is a trade-off between the

equations satisfactions (e,; and ey ) and compactness
(6., ), W is considered as a weighting factor in (7) for

their importance balancing. In other words, W should be
chosen as high as that (4) and (5) are satisfied at both
frequencies, properly. The simulation results shown that
0.25 is a good value for this coefficient.

The optimization algorithm tries to minimize this
error function by proper choosing of design variables,
Z,, Z,, Z,, 6,6, and @,. The optimization

parameters are tabulated in Table 1.
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Table 1: IWO optimization parameters

Parameters Description Range
Z,,,(Q) Impedance 10Q~170Q
6,55 (deg) Electrical length 1°~30°
N Initial population 200
P ax Maximum population 200
S Minimum seed 2
S Maximum seed 10
Ol Initial impedance variance 75
- Initial elect'rical lengths 30
variance
O fina Final variance 0.5
Iteration Repeat operations 1000

I11. SIMULATION AND MEASUREMENT
RESULTS

A. Different cases

To validate the proposed design process, three
power dividers with different K are designed as tabulated
in Table 2. Also, the design parameters are reported in
this table. As it can be seen, the T-shaped SITs in these
three cases are compact rather than the uniform quarter
wavelength transmission lines. The compactness reported
in the table is achieved by comparison of each case with
two sections transmission line topology, one works at the
first operation frequency, f;=450 MHz and the other one
works at the second one, f,. Notice that this technique
can be used to achieve dual band operation in Wilkinson
power dividers as reported in [21]. All electrical lengths
reported in the table are computed respect to f1=450 MHz,
also. Figure 2 depicts the error functions versus the
iterations for Case A, B and C which prove the
convergence of the algorithm in different cases. Notice
that the stepwise behavior depicted in Fig. 2 is due to go
out of the algorithm from the local minimums and
converge to the global minimum response.

0.4 . . .
—-——k=6.3
0.35} ——6.7
0.3} smmmnm k:73
0.25F
-
2 02}
= L]
w e
0.15; s
I: mwws
0.1"1_‘ Semmmmm
e, Ternan,.,
005} Tl L
0 r r r r
0 200 400 600 800 1000
Iteration

Fig. 2. The error function versus iterations in Case A.



Table 2. Characteristic impedances and electrical length
of three T-shaped SITLs cases

Case A B c
K=6.3 K=6.7 K=7.3
Z,(Q) 169.6 169.6 87.7
Z,(Q) 148.3 162.0 169.9
Z,(®) 132.7 101.9 157.8
6 (deg) 135 11.1 7.2
6!+ (deg) 19.2 20.2 24.4
6!+ (deg) 29.37 32.4 44.8
o (deg) 65.4 62.6 63.2
Compactness 52.97% 54.75% 54.55%
Error 0.048 0.045 0.058

Figure 3 shows the simulation results of three 4-way
power dividers. Theses dividers are implemented on
ROA4003 substrate with ¢, =355 and 0.762 mm thickness.

As it can be seen, all of these three cases are works at
fi=450 MHz, properly as it expected from the design
process. The simulation results depict a very small
deviation in the second operation frequencies, f, and
small change in K, consequently. Notice that all
simulations are performed by using Advance Design
System Software, ADS 2011. These results verify that
ignoring the step discontinuities which was not considered
in the design equations, are not affected the design
process, significantly.
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Fig. 3. The simulation results of |S11| and |S12| in three
design cases.
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B. Fabrication and measurement

To validate the design process, one of the proposed
cases, the Case A is fabricated on RO4003 substrate with
0.762 mm thickness as shown in Fig. 4. The meander line
technique is used in this 4-way power divider to achieve
more compactness. Also, the 402 surface mounted resistors
are used to achieve the designed isolation between the
output ports. The total length of this fabricated divider is
56 mmx56 mm dimensions (0.511,, x0.51% , A, = the

guided wavelength at the center frequency between f;
and f») which shows 53% compactness compared with
the one proposed in [21]. Notice that the meander line
contribution in the power divider length reduction is
about 5%.

Fig. 4. The fabricated 4-way compact dual-band planar
power divider (case A with K=6.3).

The simulation and measurement results of the
proposed divider are depicted in Fig. 5. Notice that the
small differences between simulation and measurement
results are due to the fabrication process limitation. The
mean value of the insertion losses and isolation at both
operation frequencies are better than 6.3 dB and 15 dB,
respectively. Therefore, this compact dual band power
divider has a small insertion loss, good matching, and
isolation performances at the desired dual bands. These
good specifications verify the capability and ability of
the proposed method.
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Fig. 5. Simulation and measurement results of |S11], |S12],
ISzzl and |Sz3|.

1V. CONCLUSION

An optimized approach has been proposed to design
a 4-way planar compact dual band power divider. In this
approach, the 100 Q quarter wavelength transmission
lines have been replaced by the T-shaped SITLs. The
invasive weed optimization has been used to find the
optimized design parameters of the divider. Three power
dividers with different frequencies ratio were designed
and simulated to verify the idea. Finally, one of these
dividers has been fabricated and measured which
showed 53% compactness and proper specifications in
both the operation frequencies.

REFERENCES

[1] D. M. Pozar, Microwave Engineering. 3rd ed.,
New York: J. Wiley & Sons, 2005.

[2] D. Hawatmeh, K. Al Shamaileh, and N. Dib,
“Design and analysis of multi-frequency unequal-
split Wilkinson power divider using non-uniform
transmission lines,” ACES, vol. 27, no. 3, 2012.

[3] K.-K. M. Cheng and F.-L. Wong, “A new
Wilkinson power divider design for dual band
application,” IEEE Microw. and Wireless Compon-
ents Letters, vol. 17, no. 9, pp. 664-666, September
2007.

[4] Y. Wu, Y. Liu, Y. Zhang, J. Gao, and H. Zhou,
“Dual band unequal Wilkinson power divider
without reactive components,” IEEE Trans.
Microwave Theory Tech. MTT, vol. 57, no. 1,
January 2009.

[5] X. Wang, |. Sakagami, K. Takahashi, and S.
Okamura, “Generalized dual-band Wilkinson power
divider with parallel L, C, and R components,”
IEEE Trans. Microwave Theory and Tech. MTT,
vol. 60, no. 4, April 2012.

[6] F.-J. Chen,etal., “A four-way microstrip filtering
power divider with frequency-dependent couplings,”
Microwave Theory and Techniques, IEEE Trans-
actions on, vol. 63, no. 10, pp. 3494-3504, 2015.

ACES JOURNAL, Vol. 32, No.3, March 2017

[7] T. Zhang, et al., “A compact four-way dual-band
power divider using lumped elements,” Microwave
and Wireless Components Letters, IEEE, vol. 25,
no. 2, pp. 94-96, 2015.

[81 A. A M. Saleh, “Planar electrically symmetric n-
way hybrid power dividers/combiners,” IEE Trans-
actions on Microwave Theory and Techniques
MTT, vol. 28, pp. 555-563, 1980.

[91 S. H. Sedighy and M. Khalaj-Amirhosseini,
“Compact Wilkinson power divider using stepped
impedance transmission lines,” Journal of Electro-
magnetic Waves and Applications, vol. 25, iss. 13,
pp. 1773-1782, 2011.

[10] S. Sunand L. Zhu, “Compact dual-band microstrip
bandpass filter without external feeds,” Microwave
and Wireless Components Letters, IEEE, vol. 15,
no. 10, pp. 644-646, 2005.

[11] Q.-X. Chu and F.-C. Chen, “A compact dual-band
bandpass filter using meandering stepped
impedance resonators,” Microwave and Wireless
Components Letters, IEEE, vol. 18, no. 5, pp. 320-
322, 2008.

[12] C. Quendo, E. Rius, and C. Person, “Narrow
bandpass filters using dual-behavior resonators
based on stepped-impedance stubs and different-
length stubs,” Microwave Theory and Techniques,
IEEE Transactions on, vol. 52, no. 3, pp. 1034-
1044, 2004.

[13] M. D. C. Velazquez-Ahumada, et al., “Application
of stub loaded folded stepped impedance
resonators to dual band filters,” Progress in
Electromagnetics Research, vol. 102, pp. 107-124,
2010.

[14] A.R. Mehrabian and C. Lucas, “A novel numerical
optimization algorithm inspired from weed
colonization,” Ecological Informatics, vol. 1, iss.
4, pp. 355-366, December 2006.

[15] Y. Li, et al., “Synthesis of conical conformal array
antenna using invasive weed optimization
method,” Applied Computational Electromag-
netics Society Journal, vol. 28, no. 11, 2013.

[16] B. Bahreini, A. Mallahzadeh, and M. Soleimani,
“Design of a meander-shaped MIMO antenna
using IWO algorithm for wireless applications,”
Applied Computational Electromagnetics Society
Journal, vol. 25, no. 7, pp. 631-638, 2010.

[17] A. R. Mallahzadeh and P. Taghikhani, “Cosecant
squared pattern synthesis for reflector antenna
using a stochastic method,” Applied Computa-
tional Electromagnetics Society Journal, vol. 26,
no. 10, 2011.

[18] S.H. Sedighy, et al., “Optimization of printed Yagi
antenna using invasive weed optimization (IWO),”
IEEE Antennas and Wireless Propagation Letters,
vol. 9, pp. 1275-1278, 2010.



MAHAN, SEDIGHY, KHALAJ-AMIRHOSSEINI: A COMPACT DUAL-BAND PLANAR 4-WAY POWER DIVIDER

[19]

[20]

[21]

M. Hayati, M. Amiri, and S. H. Sedighy, “Design
of compact and wideband suppression low pass
elliptic filter by n-segment step impedance
transmission line,” Applied Computational Electro-
magnetics Society Journal, vol. 30, iss. 5, pp. 510-
518, May 2015.

H. Khakzad and S. H. Sedighy, “Design of
compact SITLs low pass filter by using invasive
weed optimization (IWO) technique,” Applied
Computational Electromagnetics Society Journal,
vol. 25, no. 3, March 2013.

N. Gao, G. Wu, and Q. Tang, “Design of a novel
compact dual-band Wilkinson power divider with
wide frequency ratio,” IEEE Microwave and
Wireless Components Letters, vol. 24, no. 2, pp.
81-83, 2014.

Ahmad Mahan was born in Qom,
Iran, 1993. He received his B.Sc.
in Electrical Engineering from Iran
University of Science and Tech-
nology (IUST), in 2015. He is
working toward the M.Sc. degree

_.}\'\

}\‘\\ ",“, in Electrical Engineering at 1UST.
\' |

His research interests is broadband

power amplifiers.

Seyed Hassan Sedighy was born
in Qaen, South Khorasan, Iran, in
1983. He received his B.Sc., M.Sc.
and Ph.D. degrees all in Electrical
Engineering from Iran University of
Science and Technology (IUST), in
2006, 2008 and 2013, respectively.
From December 2011 to July 2012,
he was with the University of California, Irvine as a
Visiting Scholar. He joined the School of New
Technologies at IUST, as an Assistant Professor in 2013.

Mohammad Khalaj Amirhosseini
was born in Tehran, Iran in 1969. He
received his B.Sc, M.Sc. and Ph.D.
degrees from Iran University of
Science and Technology (IUST) in
1992, 1994 and 1998 respectively,
all in Electrical Engineering. He is
currently an Associate Professor at
College of Electrical Engineering of IUST. His scientific
fields of interest are electromagnetic direct and inverse
problems including microwaves, antennas and electro-
magnetic compatibility.

248



249

ACES JOURNAL, Vol. 32, No.3, March 2017

Compact Bandpass Filter with Sharp Out-of-band Rejection and its
Application

Lixue Zhou'?, YingZeng Yin?!, Wei Hu!, and Xi Yang?!

! National Key Laboratory of Science and Technology on Antennas and Microwaves
Xidian University, Xi’an 710071, P. R. China

2Microwave Engineering of Department
Xi’an Electronic Engineering Research Institute, Xi’an 710100, P. R. China
Vesslan_zhou@163.com, yyzeng@mail.xidian.edu.cn, mwhuwei@163.com, yangxi@mail.xidian.edu.cn

Abstract — A novel compact bandpass filter considered
as the harmonic suppression circuit is designed in this
paper. Because of the application of a T-shaped structure,
the filter is improved in performance and reduced in
size. Two transmission zeros at passband edge can be
conveniently adjusted by changing the length of the open
stubs located at the center of the T-shaped structure. Two
filters with different open-stub structures are designed.
Good agreement between the simulation and the
measurement is acquired, which verifies the theoretical
predictions. Benefiting from this feature, an active
frequency multiplier with the proposed filter as the
output matching network is designed. When input signal
is set to be 6 dBm, output power of the second harmonic
varies from 6 to 8 dBm with 20 dBc suppression for the
first, third and fourth harmonics.

Index Terms — Harmonic suppression, multiplier, output
power, passband, T-shaped structure, transmission zero.

L. INTRODUCTION

As one of the most important microwave component,
filters with high performance and compact size are
highly desirable in wideband microwave circuit.
Structures of ring resonators, short/open stubs, multiple-
mode resonators and so on [1-9] have been utilized to
design the wideband bandpass filter in the past few years.
In [1-3], traditional coupled lines are considered as the
key substitute for the wideband filter of compact size and
simple structure. However, due to the limit of process
technique, it is difficult to realize small size of gap and
line width. To tackle the problem of process, low-pass
and high-pass filters are connected serially to achieve
the wideband system [4-5]. Unfortunately, this kind
of structure will lead to the increase of volume. In
[6-7], kinds of patterns are etched on the ground plane
of substrate to reach the wideband performance.
Unfortunately, disadvantages of package, integration and
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electromagnetic leakage are inevitable. In [8-9], a novel
concept of signal interaction is adopted to design the
wideband filters by introducing two parallel transmission
paths. In order to realize sharp-rejection bandpass filters,
it is the most effective to create two transmission zeros
at either side of the passband. In [10-12], quarter/half
wavelength open stubs connected to the center of the
resonator are proposed to realize transmission zeros
located at lower or upper stopband. In summary, the
performance of bandpass filter has been improved.
However, the application of the proposed filter in
microwave circuit is rarely involved.

In this paper, a novel structure with its series
quarter-wavelength line replaced with an equivalent T-
shaped structure is presented, as shown in Fig. 1. The
new transmission zero can be controlled exactly by
adjusting the length of the open-circuited stub. Two
different wideband filters are designed and fabricated for
demonstration. In addition, the filter size is reduced for
use of the T-shaped structure. Two transmission zeros
located at each side of the passband can be observed
in simulation and measurement results. Besides, to
demonstrate its advantage in engineering application, an
active frequency multiplier based on the proposed filter
is designed. And tunable transmission zeros produced by
the filter can be employed to suppress the first, third and
fourth harmonics

II. ANALYSIS OF THE WIDEBAND
BANDPASS FILTER

Figure 1 (a) shows the conventional bandstop filter
with two open stubs (Zg) connected by the quarter-
wavelength (Z) line. A passband can be realized between
fo (the central frequency of the bandstop filter) and 3fo.
But, the filter has spurious passband at 4f, and several
cascaded open stubs are needed to realize good
impendence match. By replacing the quarter-wave length
line with a T-structure, a novel bandpass filter is proposed
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in this paper, as shown in Fig. 1 (b).

Al4,0 A14,0
A4
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1
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Fig. 1. (a) Conventional filter circuit and (b) novel
bandpass filter circuit.

As shown in Fig. 1 (b), one open stub of Z,, 6 and
another stub of Z,, 6. are adopted to produce two
transmission zeros which can be utilized not only to
suppress unwanted harmonics, but also to adjust the
bandwidth of the filter. And the filter is much more
compact due to the small size of T-shaped structure over
the quarter-wavelength line. In Fig. 1 (b), Z1, Z», 61 and
6, represent the characteristic impedances, the electrical
lengths of the series and shunt sections of the T-shaped
structure respectively. ABCD matrix is used to obtain
design equations and prove equivalence between T-
shaped structure and a quarter-wavelength line. The
ABCD matrix of a microstrip line with electrical length

o is:
A B [ cos@o jZsinoo] )
C D| |jYsindo coséo |

The ABCD matrix of the T-shaped structure can be
written as MyxMyxM;:

[ coser/2  jZisin61/2] )
L jYsinGi/2  cosen/2 |
1 0
M2=| - 3)
jYatang2 1

In the work here, the T-shaped model is equivalent
to the quarter-wavelength line (9,=90°at fo,), and we thus

have:
SR
. D, v o

From (1)-(3), Z1, Z> can be found based on Egs. (5)
and (6):
Z =Z/tané, )
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Z xtan 62
it ®)
When 6,=90°, the open stub looks like an impedance
inverter, and if it is terminated in an impedance Zy on
one port, the impedance Z._seen at the other port can be
calculated by Eq. (7). As is known, Zy here is infinite, so
its impedance at another port is zero which makes the
symmetrical part of the filter shorted. In this case, the
transmission zero fg, that makes 6,=90° appears and can
be acquired by Eq. (8):
Z, =K?/2,, )
f,, 1 f,=90°/0,. (8)
In order to achieve a compact equivalent T-shape
model, 8: should be less than 45°. And, the transmission
zero fgy created by the stub 8, can be adjusted easily, with
Z1, Zy, fo and 6; fixed. Relation curve of fp/fo and 6;
(0° < 8, < 360°) is shown in Fig. 2. With the increase of
6y, fooffo becomes less and less. When 6,=90°, the novel
created transmission zero of fo, and foare coincident.

500,

3 4 5

2
faalfo
Fig. 2. Relationship between transmission zero fo; and 0.

In order to validate above design ideas, a bandpass
circuit with Zo = Z = 50Q, fo = 3 GHz and 6, = 90° are
simulated with Advanced Design System (ADS). Here
we choose 61 = 26.5°, two different ,, saying, 23° and
35° are chosen to indicate the transmission zero produced
by open-ended stub can be adjusted. From (4), it is easy
to get Z; = 100Q. From (5), the corresponding Z; in two
cases of 6, are found to be 28Q and 46.6Q, respectively.
In addition, transmission zeros for two different &
can be calculated by (8). fo = 11.7 GHz and 7.7 GHz
respectively. Figure 3 shows the simulated results for
two cases with different impedance values. Comparing
the simulated and the calculated results, we may see
that when 6, < 30°, a wideband bandpass filter can be
implemented between fo and 3f,, while the created
transmission zero fo, can be used to suppress the fourth
harmonic, thus resulting in wider upper stopband for the
bandpass filter; when 30° < 8, < 90°, a narrowband
bandpass filter between fy and fy, is achieved, and the
transmission zero fy, can be used to improve the rejection
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performance. It is true that a transmission fo, zero can be
also located below f,, when 6, > 90°. However, the
passband performance is dissatisfactory. In this way, two
different bandpass filters with an adjustable bandwidth
can be realized by controlling the location of the
transmission zero fy, created by the open stub (62). In
addition, the filter size is much reduced by the introduced
T-shaped lines.
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Fig. 3. Simulated results for two different fo, Zo = 50 ohm,
fo =3 GHz, 6, = 90°, 61 = 26.5°, Z; = 100Q2.

II1. TWO WIDEBAND BANDPASS FILTERS
In this work, the quarter-wavelength line of the
conventional bandstop filter is replaced with proposed T-
shaped structure. For demonstrating the design strategies
discussed in Section 2, two different wideband bandpass
filters are designed. Here we choose 6, < 30° for filter A
and 6, > 30° for filter B to realize wide passband. The
two filters are all simulated with Ansoft HFSS and
constructed into the Rogers4350B substrate with &= 3.66
and h=0.508 mm. Figure 4 illustrates the simulation model
of bandpass filters. For filter A, Zo= 50Q, fo= 3.2 GHz,
6o = 90°, Z = 50Q, 61 = 27°, 6, = 24°, Z; = 30Q,
and fp = 4fy = 12.8 GHz. To obtain better passband
characteristics, the optimized impedance Z, = 80Q. For
filter B, Zo = 50Q, fo = 3.2 GHz, 6, = 90°, Z = 50Q,
61=15°, 6,=40°,Z1=100Q, fp, = 7.9 GHz, and Z,= 120Q.
The simulated and measurement performances of
the two filters are shown in Fig. 5, good agreement can
be observed between the results. For filter A, the central
frequency is 6.07 GHz with two transmission zeros at fo
and 3fy at either side of the passband. The transmission
zero fy, created by the open stub () is located at around
12.8 GHz to suppress the fourth harmonic 4fo and a wider
upper stopband is thus realized by this simple and
effective method. In addition, in the whole passhand
there are two poles with return loss below 20 dB, as can
be seen in Fig. 5 (a). From Fig. 5 (b), the bandpass filter
B covers the band of 4.6-7.1 GHz, the transmission zero
fo2 is located at around 7.9 GHz, three transmission poles
are observed with return loss below 20 dB in the whole
passband. The comparisons of measured results for
several wideband filters [16, 17] are shown in Table 1.
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Lo o
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L] as]

Fig. 4. The configuration of proposed filters: filter A
(Lo=14.8 mm, Ly =9.0 mm, L, = 3.88 mm, Wo = 0.77 mm,
W1 =0.37 mm, W, = 0.36 mm), and filters B (Lo = 14.8 mm,
L1 =4.99 mm, L, =6.08 mm, Wo =1.94 mm, W;=0.26 mm,
W> = 0.11 mm).
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Fig. 5. (a) The simulated and measured results of filters
A, and (b) The simulated and measured results of filters
B.
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Table 1: Comparisons with wideband filters

Different Filter A in Ref. Ref.
Structures This Paper [16] [17]
fo 6.07 GHz | 1.54 GHz | 6.8 GHz
C'r‘z(L;:t)S'ze 0.54x0.37 |0.05%0.21 | 0.17x0.32
0
(Faode-T38) / faas 9% 23% 13%

Transmission
poles
Second harmony
suppression

3 3 3

20 dB 30dB 20 dB




IV. THE APPLICATION OF THE NOVEL
FILTER

As analyzed in the Section 3, the novel filter can be
used to suppress the undesired harmonics of fo, 3fy and
4fy, but keeping the harmonic of 2f,. And according to
the given center frequency fo, one is able to calculate the
physical size of the filter based on (4) and (5). Besides,
to make the filter more compact, a T-shaped structure
with an open-circuited stub is employed to replace the
conventional quarter-wavelength line. Thus, due to the
advantages presented above, it is extremely useful in RF
circuit design [13-15]. In this paper, an active frequency
doubler is designed by incorporating the proposed filter
in the output matching network, as shown in Fig. 6. A
quarter-wavelength line at the center frequency fo is
adopted to bias the gate of FET, while a quarter-
wavelength line at the second harmonic 2f, is employed
to bias the drain of FET. Properly adjusting the location
of three transmission zeros at fo, 3fo and 4fp as shown in
Fig. 5, the output harmonics except 2fo will be suppressed
greatly. And, it behaves as a 50Q line at the second
harmonic 2f, and also plays an important role in
matching output circuit of the multiplier. So, when
determining the size of the filter, harmonic suppression
and port reflection coefficient should be considered
simultaneously.

In fact, the designed filter can be considered as a
50Q transmission line at the second harmonic 2f; for its
excellent matching that has been proved in Section 3.
Thus, as shown in Fig. 6, a novel output matching
network in which the proposed filter is introduced is
designed. And, due to the compact feature of the filter,
the size of multiplier is reduced further.

|
VQD i L!}'W” ommt t
: utpu
c Ea— 1]
05 mm (e =
Input in \ ‘05mm S
T _. LpWg | LisWis
5mm = vl ____ T~ - =)
e T = Output matching network _’ I I
[N e Let Wip
Input matching network 1.0 1
Li, Wr,

Fig. 6. The circuit of the frequency doubler (Lg=6.9 mm;
Wy=0.2 mm; Lg=3.3 mm; Wg=0.2 mm,; Ls; =15.6 mm;
Ls»=1.69 mm; Ls3=9.9 mm; Ws1=2.0 mm; W5, =0.2 mm;
We3=0.2 mm; L13=9.0 mm; L1=21.5 mm; W3;=0.2 mm;
W12=0.25 mm; Ly; =9.25 mm; L,=1.81 mm; Lt3=2.85 mm;
Wi =0.83 mm; Wr, =0.15 mm; Ws3 = 0.46 mm).

A Hetero-Junction FET NE3210S01 whose model
can be found on official website is adopted for the design
of the multiplier simulated by the Agilent’s Advanced
Design System (ADS). The gate voltage is set to -0.25 V
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to reach the nonlinear field of the FET and drain voltage
is fixed to be 2 V. The PCB with 14 internal ports
inserted is optimized in ADS software, and then the
external power, DC blocking capacitor, FET and so on is
connected to be ports. Finally, a 14 ports block diagram
based on S parameters of PCB is simulated to test the
performance of multiplier.

For demonstrating the introduced technique and
validating the simulation result, an active multiplier of
4.5~5.5 GHz implemented on Rogers 4350B substrate
with & =3.66 and h = 0.508 mm is designed. It can be
seen in Fig. 7 that input return loss is below 20 dB for
simulation and 10 dB for measurement, while the output
return loss below 10 dB both for simulation and
measurement in the whole band. Figure 8 tells that
under 6 dBm input power, the output power of second
harmonic variates from 6 to 8 dBm, and the elimination
for first harmonic, third harmonic and forth harmonic is
lower than 20 dBc. To indicate the relationship between
the input power and output power of second harmonic
more clearly, Fig. 9 is introduced. Besides, the total
length of output matching network is 15 mm, while the
circuit without novel filter reaches 21 mm. And, nearly
no suppression for the harmonic is produced. Finally,
picture of the fabrication circuit is shown in Fig. 10.
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Fig. 7. (a) The simulated and measured results of S11, and
(b) the simulated and measured results of S,.
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Fig. 10. The photograph of the designed multiplier.

V. CONCLUSION

In this work, two kinds of novel bandpass filters are
proposed and demonstrated. What’s more, the designed
filter is applied to form an active multiplier. The highlight
of the design is to replace the quarter-wavelength line of
bandstop filter with a T-shaped open stub structure. One
advantage is the size reduction of the structure; another
is the flexible adjustability of transmission zero created
by the open stub and thus easy bandwidth control of the
passhand. In addition, the transmission zero created by
the central open stub of the T-shaped lines can be used
to suppress the harmonic or improve the roll-off skirt
selectivity; high out-of-band rejection can thus be
realized. Two novel compact wideband bandpass filters
are modeled and simulated for demonstration, good
agreement can be observed between the simulation and
theoretical analysis, indicating the validity of the proposed
design strategies. With those good performances, a kind
of active frequency doubler is designed based on the
novel filter. In on hand, the size of output matching
network is reduced; on the other hand, the output
undesired harmonics is suppressed greatly.
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Abstract — A robust, fast and simple scheme for
calculation of potential integrals that encountered
singular terms in time domain integral equation (TDIE)
for planar PEC scatterers in free space is presented. In
this method singular terms of the potential integrals, like
other terms, calculated numerically by selecting some
points in the source and observation patches in TD-MoM
solver. In fact this method cancelled dealing with the
singularity of self-terms.

The numerical integration of the potential integrals
is almost two times faster than other methods that
extracted or cancelled singularity of self-terms. Numerical
results illustrate the accuracy and simulation time of the
proposed technique.

Index Terms — Potential integral, singularity, time
domain and numerical integration.

I. INTRODUCTION

Perfect electric conductor (PEC) surfaces in
electromagnetic structures are used in many applications
such as electromagnetic interference (EMI), electronic
packaging, radar cross section, and antenna design
[1, 2]. Numerical techniques for the prediction of
electromagnetic fields scattered by complex objects,
directly operating in time domain (TD), have recently
received considerable attention [3].

Time domain analysis of PEC surfaces is required
due to using narrow band exciting pulse to obtain the
transient response in initial moments in some cases.
Numerically solutions for this analysis are usually based
on surface integral equation (IE) formulations [4]. To
solve the time-domain integral equations, method of
moments (MoM) [5] is selected as the most common
numerical method. In the MoM solution, the induced
electric and magnetic currents are unknowns, and the
surface of the scatterers or targets is usually subdivided
into small planar patches of a simple shape [6]. These
unknown currents approximated by the basis functions.
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Depending on the shape of patches, the suitable basis
function is selected.

In the process of MoM, we deal with evaluation of
double integrals with singular kernels of surface integral
equation (IEs) [6]. These singular kernels related to the
potential integrals in the I1Es of electromagnetics need to
be evaluated analytically or numerically. Singularities
occur when testing and source subdomains coincide in
the kernels of self-terms in the MoM procedure [7].

Several singularity subtraction or cancellation
methods have been proposed. For example, analytic and
numerical integration are proposed by Gibson [1], a new
singularity subtraction integral formula [6], Duffy’s
transformation [8], Khayat-Wilton method [7], analytical
evaluation method [9], analytical computation of singular
part [10], an accurate method for the calculation of
singular integrals [11] and a proposed method in [12] for
the evaluation of singular integrals arising in method of
moments. Almost all the methods suffer from a few
disadvantages; for instance, Duffy’s transformation is
derived for functions having a point singularity of order
1/R so singularities of order V(1/R) appeared in integral
equations cannot be easily evaluated [13]. Also, Duffy’s
transformation does not work well for nearly singular
integrals occurring when an observation point is near
a source point [3]. For the method presented in [6], a
new subtraction method is introduced that covers both
triangular and rectangular basis functions but the
singularity subtraction is based on Taylor’s series at R=0
in which R is the distance between testing and source
subdomains. Therefore, it is valid only for sufficiently
small values of R and the accuracy of the computation is
deteriorated for large values of R [6]. In another research
[12], the kernels of integrals arising in method of
moments are categorized to regular, nearly singular,
weakly singular and strongly singular. For each of these
different types of integrals, a particular method is
presented leading to complicated calculation procedure.
Other mentioned methods also suffer from complexity
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analytical computation of singular terms in regard to the
other terms.

In this paper, we analyse the time-domain mixed
potential integral equation (TD-MPIE) of PEC surfaces
in free space with calculation of the potential integrals
by a simple method that does not deal with extracting or
cancelling the singularity of self-terms. In fact, a few
points are used for source and observation patches
resulting in the calculation of the potential integrals
numerically. The proposed method based on Makarov’s
work [14] is extended for multi-points in source and
observation patches in time domain. This method is
compared with analytic and numerical integration
proposed by Gibson [1] since the Gibson method has
used analytical singularity calculation regarding to the
other introduced methods. The Gibson method can be
applied to N-sided planar polygons of an arbitrary shape.
Also, its singularity computation is independent on the
type of integral equation formulation. Also the Gibson
method is accurate enough to compare with the other
methods.

1. FORMULATION
Let S denote the surface of a finite PEC in free space
illuminated by a transient electromagnetic pulse as shown
in Fig. 1. This pulse induces a surface current, J(r, t), on
S which then reradiates a scattered field.

Incident Pulse

(E") Scattered Field
(E¥)

Fig. 1. A PEC excited by incident electromagnetic field.

The boundary conditions require that the total
tangential electric field on PEC be zero or,
{E° + Ei}tan = 0. oy
The scattered fields radiated by the current J(r, t),
may be written in terms of the magnetic vector A(r, t)
and electric scalar potentials ®(r,t) as [15]:

ES=— E -V, 2)
where
_ Ja't=R/c) ;
A(r,t) = uf—MR ds’, 3)
and
qs(r t— R/C)
4
o= [H @
and R = |r —r'|. In Equations (1)-(4), u and € are the

permeability and permittivity of the surrounding medium,
c is the velocity of propagation of the electromagnetic
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wave, and r and r' are the arbitrarily located observation
point and source point on the scatterer, respectively.
Surface charge density g, in Equation (4) is related
to the surface divergence of J through the continuity
equation, so the scalar potential term can be given as:

1 t=R/cy . J@', 1)
_ ACRE ALY 5
— f fo D drds’. )

Using Equation (1) and Equation (2), the time
domain electric field integral equation (TD-EFIE) can be
obtained as follows:

0A(r,t) )
{ 3% +V<D(r,t)} = El ,(rt). (6)

For the numerical solution of Equation (6), we now
approximate the conducting surface by triangular patches
and employ the triangular current expansion on S by:

J@o = Z L(Of). ™

N is the number of non boundary edges. Note that a
boundary edge is an edge which is associated with only
one triangular patch. I, (t) represents a temporal basis
function and f, (1) is the vector basis function associated
with the kth edge. As in [16], the vector basis function is
defined as:

o(r,t) =

l
k+Pf reT;

fre() =4 24F , ®)

0 otherwise
where [, and A% are the length of the edge and the area
of the triangle T}, respectively and pif are the position

vectors referenced at the free vertex of T;F, as shown in

Fig. 2. The surface divergence is then given by:
Uk

—- T € T]:—
Ak

V) =4 ke pep ©
e

k
o . 0 otherwise
Using time domain MoM (TD-MoM) solver for the

TD-MPIE and Galerkin method, the spatial test functions
are the same as the expansion function f, (r). The inner
product is chosen as:
(a,b) = [a.bds. (10)
We divide the times axis into equal intervals of
segment At, and define t; = jAt. By applying the testing
procedure to Equation (6), and approximating the time
derivative by the forward-difference approximation, we
can rewrite Equation (6) as:

(FrA(r,4)) + (fr, (AOV (1, ;) =
(fro ADE (1, t)) + (f1. A(1,t;_1)) .
Next, using the wvector identity V,.(®A) =
A. V,® + & V. . A, and using the properties of the basis
function [16], we rewrite Equation (11) as:
(Fro AT, 1)) = (Vs. fr, QO D(1 t;)) =
(i QOE (r,t)) + {f1, A(T, t;_1)) .

11)

(12)



Thus, substituting Equation (3) and Equation (4)
into Equation (12) yields, after a few steps of algebra, the
foIIowmg set of Equatlons [15], given by:

Z Z&(4) + AtZZ k()

N
= Fu(t) + ) Zou(t11)
k=1

m=12,..N,

(13)

where ~
Z&.(t) = O}t + 0%, + O + O, (14)
Zoi(t) = Qe = Qe = Qe + Qs (15)

Pl i Pk
0xE = I (¢t ;l.j ds'}, (16
mk {k(R )}{ 2A+ Tki47TRrin£ S} ( )

tr* L1 ds’'
o A L()dr = "f —t,Qar
0Lt UO O e e
and
1At .

Faly) = 2205 B 5L G) g

+pi EN(ré,t)})
In Equation (16) and Equation (17), A; represents
the area of the triangle T,F, t3* = t; — REE/c, and R%
is the distance between the source and observatlon
patches.

Fig. 2. The spatial vector basis function.

To calculate the distance between the source and
observation patches, we consider special points in triangle
patches corresponding to the source and observation as
shown in Fig. 3 and Fig. 4, respectively. Actually, the
distance between source and observation patches is the
difference between two matrixes that the elements of
each one contain the position of selected points. To
clear the matter, if we select n points from p; to p, in
the source patch and m points from g, to g, in the
observation patch, the distance define as:

xpl xpz cos xp'ﬂ. qu xqz “oe xqm
= |Yp1 Yp2 . You| —|Yq1 Yq2 ... qul. (19)
Zp1 Zp2 . Zpn Zq1 Zq2 - Zgm
So we obtain:

1 A,w 1
Lmiz?;m(k)—ro(k)r 20
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A,, is the area of the triangle, F is the lowest common
multiple of the number of source and observation points,
and r and r, are the position of source and observation
points, respectively.

Fig. 3. Source patch barycenteric subdivision.

Fig. 4. Observation patch barycenteric subdivision.

IHl. NUMERICAL RESULTS
In this section, we present the numerical results of
applying the presented method on various structures.
Also, the results compared within the analytic and
numerical method presented by Gibson [1] that calculates
potential integrals with singular kernel of 1/R. All the
objects are illuminated by a Gaussian plane wave, given

by:

. 4 2
i —F. — ¢V
E'(r,t) = E, \/ETe , (21)
where
4
y=glet—cto—r-ay 22)
with  E, = 120ma,,a;, = —a,, T = 13.34ns, and
cty = 20 ns.

First, to choose optimum number of points in source
and observation patches, we consider a 1m x 1m square
plate, located in the xy plane and centered about the
origin. By changing the number of points, some that
cause stable response have been listed in Table 1. For
each case, the relative error, the exact value presented by
Gibson [1] is used, and the computation time have been
computed. We select 9 and 16 points for source and
observation patches, respectively.

As shown in Table 1, as the number of selection
points is greater, the relative error reduces but the
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computation time increases. So, this choice of numbers
is optimum. The following consideration has been done
based on 9 and 16 points for source and observation
patches, respectively.

The mentioned unit square PEC plate has been
subdivided into 44 triangular patches with 58 unknowns.
Figure 5 shows the space-time distribution of x-directed
current induced at center of the square using the proposed
solution and the results are compared with the Gibson
method [1]. The curves show the good agreement between
two methods. Also, the currents induced at the corners of
the square are depicted in Fig. 6.

Table 1: Computation time and relative error for different
source and observation points

No. of No. of Computation| Relative
Source Observation Time Error
Points Points (S) (%)
4 9 8.464983 0.0093
9 16 8.860424 0.0063
49 36 14.08472 0.0057

proposed method
— — Gibson [1]

J, (Amp/m)

Time (ns)

Fig. 5. The x-directed induced surface current density at
the center of the 1m x 1m square PEC plate.

I, (Amp/m)

. L . L .
20 30 40 50 60 70
Time (ns)

Fig. 6. The x-directed induced surface current density at
the corners of the 1m x 1m square PEC plate.

As a second example, the x-directed current density
at the center of an equilateral triangle by means of two

ACES JOURNAL, Vol. 32, No.3, March 2017

methods is shown in Fig. 7. The triangle is subdivided to
29 triangular patches with 35 unknowns. Figure 8 shows
the current density at two x-axis symmetric points A and
B in corners of the triangle.

In the third example, a unit circle that subdivided
to 94 triangular patches with 129 unknowns has been
considered. Figure 9 shows the x-component of the
induced current density at the center of this circle by
means of two methods. In Fig. 10, the x-directed induced
current density at two symmetry points on central cross
section of the circle is shown.

As the last consideration, we obtain the x-directed
induced surface current density at point (0,0,0) of a pie
shaped plate. The geometry consists of an equilateral
triangular plate 1 m on a side joined to a semicircular
disk with a 1 m diameter. The plate lies in the xy plane
with the "center" of the disk located at the origin. The
triangular portion is divided into 23 triangles. Also,
the disk portion is divided into 16 triangular patches
resulting in a total of 39 patches with 74 unknowns.
Figure 11 shows the x-component of the induced current
density for both the proposed method and the Gibson
method [1].

T
0.12

0.1

0.08
0.06

0o k
/ 30 3 R

0.1
15 15.5 16

I, (Amp/m)

0 10 20 30 a0 50 60 70
Time (ns)

Fig. 7. The x-directed induced surface current density at
the center of a unique equilateral triangle.

Jx(/\mp/m)
I
|
|
|
|
|
|
|
|
i
\
L

04 L L L L L L
0 10 20 30 40 50 60 0

Time (ns)

Fig. 8. The current density at two x-axis symmetric
points A and B in the corners of the triangle.
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Fig. 9. The x-directed induced surface current density
at the center of a unit circle.

Time (ns)

Fig.10. The x-directed induced surface current density
at two symmetry points on central cross section of the
circle.

I, (Amp/m)

Time (ns)

Fig. 11. The x-directed induced surface current density
at the center of a pie shape.

Relative error between two implemented methods is
calculated and shown in Table 2. It is observed that the
relative error is smaller than 0.1 percent for all the cases,
that means the proposed method is sufficiently accurate.
To approve the outstanding property of the presented
method, the computation time is reported in Table 3.
Note that, the proposed method is about three times faster
than the other. The computer used in this comparison has
an Intel Core 2 CPU 2.13 GHz processor and 2 GB of
RAM.

, FIROUZEH, KARAMI: A ROBUST SCHEME FOR TD-MOM ANALYSIS OF PLANAR PEC OBJECTS

Table 2: Relative error between the Gibson Method [1]
and the proposed method (in percent)

Object Relative Error
Unit square 0.0063
Triangle 0.0021
Unit circle 0.0047
Pie shape 0.0263

Table 3: Comparison of the computation time between
two methods (time in seconds)

. Proposed The Gibson

Object Method Method [1]
Unit square 8.67100 33.30909
Triangle 3.92005 12.97828
Unit circle 38.67338 159.68715
Pie shape 6.85649 24.96783

IV. CONCLUSION

In this work, we presented a computationally
efficient method to obtain the solution to the potential
integrals of time domain integral equations for the PEC
surfaces in free space. This method by selecting some
points in the source and observation patches in the MoM
context, numerically calculate the potential integrals
and does not encounter the singularity of self-terms.
This method can be applied for the integral equation
formulation of scattering problems dealing with
singularity of 1/R. We used the proposed method for
triangular basis functions while this method can be used
for each arbitrary shapes of basis functions.

In addition, the proposed method can be used to
analyze planar PEC structures in multilayered media for
both frequency and time domains. It is expected that
results of these studies will be reported in the near future.
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Abstract — A method of a sensorless indirect rotor-field-
oriented control of a dual stator induction motor with
magnetic saturation is proposed in this paper. Magnetic
characteristics of the dual stator induction motor indicate a
nonlinear behavior. The computational electromagnetic d-
g model when the dual stator are fed by an independently
current-controlled pulse width modulation (PWM) two
identical three-phase voltage source inverters. By controlling
the machine’s phase currents, harmonic elimination and
torque ripple reduction techniques could be observed.
The unbalanced current sharing between the dual stator
winding sets is eliminated. High accuracy and performance
is obviously demonstrated by comparing experimental and
simulation results both in electromagnetic and dynamic
features.

Index Terms — Dual Stator Induction Machine (DSIM),
Field Oriented Control (F.0.C), magnetic saturation,
magnetizing inductance.

1. INTRODUCTION

Actually, electromagnetic simulators are essential
tools in the analysis and the design of large and complex
systems especially the industrial electrical drives. Cost,
reliability, robustness and maintenance free operation are
among the reasons these machines are replacing DC drive
systems. The last two decades have witnessed dramatic
improvements in both algorithms for computational
electromagnetics and computing hardware [1-3]. However,
when an ac machine is supplied from an inverter, the need
for a predefined number of phases on stator, such as three,
disappears and other phase numbers can be chosen. The
early interest in multiphase machines was caused by the
possibility of reducing the torque pulsations, minimizing
the magnetic flux harmonic, improved reliability and
reduction on the power ratings for the static converter [4-
5]. In particular, with loss of one or more of stator winding
excitation sets, a multi-phase induction machine can
continue to be operated with an asymmetrical winding
structure and unbalanced excitation [6-7]. By dividing the
required power between multiple phases, higher power
levels can be obtained and the limits of number of machine
phases have been removed when employing voltage source
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inverter [8-9]. The use of multi-phase machines permits to
take advantage of additional degrees of freedom but is
likely limited to specialized applications such as electric/
hybrid vehicles, aerospace applications, ship propulsion,
and high power application [10-11]. Such a machine,
addition to the power segmentation and redundancy it
carries, has the advantage of reducing the torque pulsations,
rotor losses and the reduction of harmonic current [12-13].
However, the introduction of magnetic nonlinearities in the
electrical equations operating has always been a topical
issue for polyphase machines. Indeed, taking into account
the saturation is not simply dictated by the desire to
improve the results, but it can sometimes be a necessity.

One of the most important parts in the modeling of DSIM
with closed magnetic circuit is magnetic characteristics of
motor. They are directly in correlation with electrical and
mechanical subsystems. Moreover, nonlinear behavior of
magnetic characteristics makes the nonlinear model and
more complex [14-15].

In order to achieve a mathematical model the leakage
mutual inductance effect is investigated. In this paper, a
nonlinear model including experimental characteristic is
proposed to attain transient magnetic characteristics. The
specific issue of current control is the problem of unbalanced
current sharing between the two three-phase winding sets,
due to the small system asymmetries that cannot be
eliminated, [16]. In this paper, a d-q model of the dual
stator induction machine (DSIM) is developed in a general
reference frame and the effect of mutual leakage inductance
and magnetic saturation are included. Subsequently, an
indirect rotor-field-oriented control for the DSIM is
presented and detailed with 0 and 30 electrical degrees shift
between the two three phase winding sets. Simulation results
are provided to demonstrate the validity of proposed control.

I1. COMPUTATIONAL ELECTROMAGNETIC
D-Q MODEL OF DSIM

A. Transient model

A common type of multiphase machine is the dual
stator induction machine (DSIM), where two sets of three-
phase windings, spatially phase shifted by 30 electrical
degrees, share a common stator magnetic core as shown in

1054-4887 © ACES
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Fig. 1.

Sal

Fig. 1. DSIM windings.

The voltage equations of the dual stator induction
machine using decomposition vector space are as follow.
For the stator circuit we can write:

. dA
Vst = Reidggy + % - Wa/lqsl
. Ay,
Vqsl =R dgs1 t d_(tls + Wy g
1 1)
Vis2 = Rgigep + % - WaquZ
. A
Vqsz = RS'IqSZ + d_c'ls + W, Ags,
And for the rotor circuit we have:
. dA
0 =Ry gy +—20— (W, — W) g,
dt , @)
C ddg
0= RI‘ .|qr + T + (Wa - W)/ldl‘

where w , is the speed of the reference frame.

Suchas |, isthe common mutual leakage inductance
between the two sets of stators windings, L, isthe mutual
inductance between stator and rotor, I ,l, are the stator
and rotor leakage inductance respectively, where

L =15 +1g, + Ly,

L =1 +L

Lr —rI +mL ©)
ps — 'sm m

M =L,

The writing matrix of flux is characterized by the
following relationship:

| L 0 Ly 0 M 0] ]
1 0 L 0 L, 0 M|ig
Ages |k 0 L 0 M O s @
A2 0 L, 0 L 0 Mg/
A 0 M 0 L 0 [i
2] 0O M 0 M 0 L ||
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B. Flux linkage determination

The magnetic characteristic data of the linear actuators
is obtained from experimental measurements. In order to
complete the actuator modeling, data should be employed
properly. The method consists to use the data of flux M is
to approximate M-x-i characteristics employing polynomial
functions. The main advantage of this method is significant
decrease in the calculations complexity. Nevertheless, the
relatively much increase of the error in the extrapolation is
the fundamental disadvantage. The current increase results
in decrease in the flux linkage increase rate, whereas in the
polynomial approximation, the estimated value of the flux
linkage out of the relevant range might get large values.
Since for the large values of ac current, there is restriction
in the characteristic measurement, this issue is regarded as
a significant disadvantage. By contrast, the actuator can
easily operate in high DC currents. On the other hand,
in the short-term over currents and transient situations,
the amount of winding current could be increased in
comparison with the nominal current. However, a proper
model must predict the behavior of the system with the
minimum error in different situations.

The magnetization curve shown in Fig. 2 was
approximated by a polynomial of order 7:

M = Ly = kyifh +Koid, +kgid), + Kgim +ksic, +Kgid, +K7im + kg

kg = 019303, ky = -1.4276;
kg = 4.3069; k; = -6.8637;
ks = 6.4026; kg = -3.8101
k; = 1.2896; kg = 0.51665;

Thus, the saturation effect is taken into account by the
expression of the static and dynamic magnetizing
inductances with respect to the magnetizing current. They
are evaluated from the open circuit d-axis magnetizing

curve A, = f(i,):
L, =" L,=—". )

r r r r r F
0.2 0.4 0.6 0.8 1 1.2 1.4 1.6 1.8
magnetizing current (A)

0.4 ; : ;
0

Fig. 2. Approximation of magnetizing curve.

I11. PROPOSED CONTROL STRATEGY

A. Derivation of indirect rotor-field oriented control of
DSIM
We can determine the reference torque to impose on



the motor and the speed reference from the electromagnetic
torque equation expressed in terms of Park’s components,
as shown in Fig. 3. If we impose the current we should
preserve the torque proportional to the quadrature current.
The resultant rotor flux A,, also known as the rotor-flux

linkages phasor, is assumed to be on the direct axis, which
corresponds with the reality, that the rotor flux linkages are
a single variable. Hence, aligning the d axis with the rotor
flux phasor yields such as:

ﬂ'dl’ = 2’: (6)
Jgr =0

The rotor currents in terms of the stator currents are
derived from (3) as:

— ﬂ“: -M (idsl + idsz)
- ™
. -M .
Iqr - L_r(lqsl + Iqsz)
Substituting for direct and quadrature rotor currents
from (9) into (2), the following are obtained:

lyr

.k K 1 * T dﬂ/
Igs1 * lds2 :Mﬂ'r + M dt
.k =3 L * 1
lgs1 Tlgs2 = n |r\/| Cem f ) (8)
p T
%:M%V+f)
Tr /1r gsl gs2
where
L
T = R_r7 9)

T, denotes the rotor time constant. Equation (9) resembles

the field equation in a separately excited DC machine,
whose time constant is usually on the order of seconds.

Similarly, the same substitution of the rotor currents
from (8) into the electromagnetic torque and stator flux
expressions such as:

* M« .« -
Cen =N, L—r/lr (|qsl o ), (10)

. . M
ﬂ'dsl = O-lLsIdsl +0; Lps'dsZ + L_/q“dr
r

ﬂqsl = O-lLqusl ) Lpslqsz (11)

Adsz =0 Lpsldsl +olglgsn + L_ﬂ“dr
r

ﬂ’qsz =0y Lpsiqsl +O—1Lsiq32
where
M 2 M2
oz} =1-— X (op) =1- .
L,L, Lps L,

By introducing stator flux expressions into voltage
expressions of the DSIM (1), the following are obtained:
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. diggy oolpTr .
Vdsl = Rsldsl+(o-1|-s “03 Lps)i'ws (O—lLs 7] ps)lqsl R M ng’r

# T2 |
M

IdZ ZLpsTr * %
dts Ws[(oll- =05 Lps)igs2 + M Wy A,

* qsl
Vqﬂ:R'qsﬁ(Uﬂ— ) ps) +Ws[( Ls-o, ps)ldsl+(
T

“ .
Vdsz = Ryigso +(01Ls -0y L

di M oyl
* qs2 * . 2-ps *
Vqs = Ryigs2 + (1L -o'ZLps)T"'Ws [(o-ll-s -0 L g )igs2 +[E+T]lr ]

Considering that the first parts of voltages expressions are
the linear parts and adding PI currents regulations to
achieve perfect decoupling:

didsl
dsil slasy + L dt
. Igs1
% sl T L—
gsl t , (12)
lgs2
VdS2| slgso + L n
i
gs2
gs2l s'gs2 +L t
where
L=ols-o5L . (13)

The first reason for introducing the current control is
the elimination of stator dynamics. Adding compensation
terms to make d-qg axes completely independent. So we
pose the following system which compensates the errors
producing during the operations of decoupling:

Vd*sl =Vysu —Vasic
Vqsl = Vqsll +Vqslc (14)
Vis2 =Vasar —Vasac

*

52 Vqszl Vquc

* 2 ps *
Vdslc =W (qusl LA — Wg)v J

Oolps |«
L|d51+ —+ ZI\/I j}L,J
. (15)

Visac = W:[L gs2 + pS 1L W*ﬂ*j

. T T i +i
A M+|V|rsuhbtld31

Idsz
L |_r
T M iy,

Fig. 3. Bloc of indirect rotor field-oriented.

qslc - Ws
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B. Synthesis of regulators

The control of the stator current is ensured by a Pl
regulator and the reference rotor flux is given by a
weakening-bloc which allows the working of the machine
beyond the nominal speed. The PI controller parameters
Kp and K; are determined by pole placement method

developed for the linear systems. The closed loop is given
in Fig. 4. The closed loop transfer function is given by:

s _ KiS+K,

idst 32+[R5+KpiJS +ﬁ
L

(16)

L
To get a well damped behavior, we use the poles placement
approach.
Let S=p;+]jp;, by identification, we obtain the
parameters values of Pl corrector based on p:
K, =2pL—R;
Ki =2p7L .
Same calculation procedure for the other currents g, igso

(17)

and igs, - The speed control is simplified by the following

diagram closed loop speed control is given in Fig. 5.

By applying the same procedure for calculating Pl
controller parameters stated above, we will have the
following parameters:

Kpw =2pyJd — K5
) . (18)
KiW = ZpWJ
- i
Idsl Ki 1 dsl
Kot LS +R,
Fig. 4. Closed loop stator current.
. 1 w
w — K+ >
moog JS +K;

Fig. 5. Closed loop speed control.

C. Implementation of indirect vector control scheme for
DSIM (IFOC)

Using the proposed control strategy, the IFOC of a
double stator induction motor drive supplied by two
CRPWM is shown in Fig. 6. This allows a simple extension
of the IFOC principle in that the rotor flux linkage is
maintained entirely in the d-axis, resulting in the g-axis
component of rotor flux being maintained at zero. This
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reduces the electromagnetic torque equation to the same
form as that of a dc machine or a rotor flux oriented three-
phase machine. Thus, the electromagnetic torque and the
rotor flux can be controlled independently, by controlling
the d and g components of stator current. For this purpose,
a vector control receives the speed and rotor flux requests
and generates the commanded values of torque and flux

producing components of stator current i, igsp and igst, igs2

respectively, which is processed through a proportional
integral (P1) controller. The outputs of the four currents
regulators, after an inverse Park transformation, are the
stator voltage reference components in stationary reference
frame to be applied to the PWM technique. For this purpose,
the two sets of double stator currents are independently
controlled and kept balanced for all possible operational
conditions.

) ”
] e

X 1 [ .
2 P PWM
IF.o.c|"s Jﬂ_,_; Signal
| i eneration
I B L R Gl R ot
W i .
s L)—{PI) ?’“ AERA]
1 W
.| Blocof
o, decouping

Bloc of
weakening

Fig. 6. Indirect rotor field-oriented control scheme for
DSIM drive.

IV. ELECTROMAGNETIC SIMULATION
AND EXPERIMENTAL RESULTS

A. Effect of flux linkage in DSIM

Though, the theory of main flux saturation is well
recognized, a short application on DSIM is added to verify
the validity impact of cross saturation in DSIM. Also, the
objective of this application is to initially show comparison
between models with cross magnetizing and without cross
saturation on the machine operating. For that purpose this
application treats the build-up of voltage and current during
the dual stator induction motor (DSIM). The stator of each
machine is rewound specifically for the task with two sets

of three phase windings (two stars), Spatial shifting 6 = 0°
between the two stars. The machine is star connected for
all tests. The saturation curve was measured with the
machine driven at synchronous speed. Figures 7, 8 and 9
simulates at no load the process of build-up of torque,
current and air speed respectively, under rated speed.
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Fig. 7. Comparison between measured transient torque and
simulated torque characteristics.
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Fig. 9. Comparison between measured and simulated rotor
transient rotor speed characteristics.

It is found that the time taken to reach the steady state
for accurate model is about to the same for experimental
results. Based on these results, we can conclude then, that
the starting torque developed by the machine where we
take into account main flux saturation is closer to the
measurement result that the linear regime.

We also note that at start-up, the rotor speed of the
DSIM, if taking into account the saturation with and
without cross saturation is closer to the rotor speed
measured than if ignored. We can confirm that the impact
of the saturation model is clearer in transient regime and
especially at start-up.

B. IRFOC control strategy of saturated DSIM

The IFOC control algorithm and precision of is
verified using the simulation. It was proven that it is
possible to achieve robust and reliable speed sensorless
control, with satisfactory performance characteristics.

Furthermore, a novel modulation technique allowed for the
improvement of control efficiency.

The proposed theoretical consideration of applying
known sensorless control principles to a DSIM are verified
using computational software. The simulation results
show the successful implementation of sensorless speed
estimation and decoupled vector control for DSIM.
Separate stages, with different sampling times, for current
and speed control are set in the simulation.

Speed estimation technique is verified using speed
closed control loop for the DSIM with IFOC principles
implemented. The flux was set to the nominal value, and
the machine was first accelerated to the reference speed of
300 rad/s, while the load torque was kept at zero.

In Fig. 10, DSIM actual and estimated speed is
presented, where the obvious transitions of torque and
speed can be noted. In addition, the estimated and actual
speed match almost perfectly providing the strong ground
for practical speed sensorless drive implementation. High
precision of speed estimation will ensure decoupled control
for IFOC strategy, aligning the synchronous rotating
reference frame to the desired position.

As shown in Fig. 10 (b), there seems to be no speed
change when a step load change is effected as the large
speed range selected for y-axes speed. When y-axis is
zoomed, there is a speed variation of 0.7 rad/s, as observed

in the extended view of speed.
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Fig. 10. (a) Electromagnetic torque and (b) rotor speed.

On the results shown in Fig. 11, one can see a high
performance stator current response obtained despite the
disturbance, and zoom to show the difference between the
shift0 and shift30. From these waveforms, it is obvious that
the ideal IRFOC is achieved in all working conditions.

4 1
< —ias1-shift 0° ~ —ias1-shift 0°
- 3 —ias1-shift 30°[0 T —ias1-shift 30°
= I5)
2 « 05
© 2 @
[
2 s
£1 g o0
B g
EO I 3
s | 5-0.5
S . I
=Y »
(2]
% 1 2 3 1o 0.72 0.73 0.74

Time (s) Time (s)

Fig. 11. Stator current per phase ‘a’ set ‘I’ for 0° and 30°
shift.
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The simulations were also carried out in order to verify
the performance of the proposed indirect FOC scheme. The
conventional method of field weakening (i.e., to vary the
rotor flux reference in proportional to inverse of the rotor
speed) was employed, and a step change of load torque 4
N.m at 1.0s was effected.

It is evident from the all pervious simulations results,
that there is a very close correlation between the reference
and simulated value of torque, current, speed and flux. It
can also be clearly adjudged that there is no current
unbalance between the two sets of stator windings. It is
worth mentioning here that, in all the simulation work, the
effect of mutual coupling g, has been included.

VI. CONCLUSION

In this paper, the vector control is introduced in order
to control the dual stator induction motor with maximum
power. It is based on a transient model with electromagnetic
saturation. It allows precise adjustment of the electromagnetic
torgue of the machine and can ensure torque at zero speed.
In this paper, we have presented the principle of the dual
stator induction motor field oriented control, fed by a
voltage inverter in the presence of a speed loop with a Pl
corrector. We can conclude that the field oriented control
has a good dynamic and static electromagnetic torque,
currents and flux results. We have proposed a simple
approach for indirect rotor-field-oriented-control for DSIM
drive fed by PWM two identical VSI and verified it by
simulations when the acquired waveforms show good
results. The effect of mutual leakage inductance between
the two stator winding sets has been included in the model.
For 30° shift, we concluded a reduction in torque ripples
and the rotor heating is also reduced due to reduction
in rotor currents. The comparison in experimental and
simulation fields demonstrates a proper accuracy for the
proposed dynamic modeling.
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Abstract — In this paper, we propose a hybrid inversion
approach to reconstruct the profile of arbitrary three-
dimensional (3-D) defect from magnetic flux leakage
(MFL) signals in pipeline inspection. The region of pipe
wall immediately around the defect is represented by
an array of partial cylinder cells, and a reduced forward
FE model is developed to predict MFL signals for any
given defect. The neural network (NN) method is used
at first to give a coarse prediction of the defect profile,
and the prediction is then utilized as one original
solution of the genetic algorithm (GA) to search for
the global optimum estimate of the defect profile. To
demonstrate the accuracy and efficiency of the proposed
inversion technique, we reconstruct defects from both
simulated and experimental MFL signals. In both cases,
reconstruction results indicate that the hybrid inversion
method is rather effective in view of both efficiency
and accuracy.

Index Terms — Defect reconstruction, genetic algorithm,
magnetic flux leakage, neural network, pipeline
inspection.

I. INTRODUCTION

Magnetic flux leakage (MFL) inspection is widely
used for detecting corrosion defects in pipelines for oil
and gas [1]. The inspection devices, referred as in-line-
inspection (ILI) tools, are designed for autonomous
operation in the pipeline. Once defects have been
identified, an equally important problem is the
assessment of the size or severity of the defect [2].

In the past, inverse MFL problems were solved
based on neural networks [3-5], gradient-based
optimization methods [6, 7], GA-based optimization
methods [8] and other methods [9, 10]. Neural networks
are advantageous in cases where rapid inversions are
required. However, their main drawback is that they
require a large database for training. The performance
of neural networks depends on the data used in training
and testing. When the test signal is no longer similar to
the training data, performance degrades. In contrast,
methods embedding the physical model into the MFL
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signal inversion process do not require a large database.
The physical model and the optimization procedure are
crucial for these inversion methods. On the issue of
convergence, gradient-based optimization often fails to
converge to the global optimum in the presence of
multiple local optima, since the optimization problem
for defect reconstruction from MFL signals is not a
unique solution one. The GA-based approach, on the
other hand, begins with a large set of initial search
points using well-defined probabilistic tools to guide a
search towards regions in the search space that are more
likely to contain the global optimum. The GA usually
begins with a randomly generated set of original
solutions, which may take a long time to converge to
the global optimum. Therefore, a suitable selection of
the initial search points is rather important for the GA-
based approach to improve the efficiency.

In this paper, we propose a hybrid method for 3-D
defect reconstruction from MFL signals in pipeline
inspection. We develop a reduced forward model of
pipe in MFL inspection, and combine NN to GA in
inversion process by applying the prediction result of
NN as one initial solution of GA. Results of defect
reconstruction show that the proposed method has
outstanding performance for both simulated and real
experimental MFL signals.

The organization of this paper is as follows. In
Section 11, we introduce the reduced forward FE models
of pipe and characterization of defect in MFL inspection.
In Section 111, we summarize the application of NN and
GA to 3-D defect inversion. Section IV gives experimental
results based on simulated and realistic experimental
MFL data, and Section V gives the conclusions.

I1. FORWARD MODEL OF MFL
INSPECTION

Figure 1 depicts the corresponding magnetic circuit
for an ILI tool for pipe inspection. Permanent magnets
magnetize the pipe wall to saturation or near saturation
flux density, typically in the axial direction. As shown,
the magnetic leakage fields from the pipe wall are
detected using uniformly-spaced Hall or coil sensors.

1054-4887 © ACES
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Fig. 1. Simplified magnetic circuit of an ILI tool.

A. Reduced forward model

Based on the magnetic circuit of the ILI tool, we
create a 90-degree forward FE model of MFL inspection
as shown in Fig. 2 (a), including pipe wall, steel,
permanent magnets, air and defect [11, 12]. Compared
with the complete 360-degree model, this model could
reduce much computation work. Then, a further reduced
forward model is proposed as shown in Fig. 2 (b). The
reduced forward model only consists of air, nonlinear
pipe material and permanent magnets embedded in the
pipe wall. The size and distance of permanent magnets
could be adjusted so that the simulated MFL signals
agree with the real signals.

(a) (b)

Fig. 2. (a) Basic 90-degree forward model. (b) Reduced
forward model.

For the basic forward model and the reduced
forward model, the related parameters together with
detailed explanations are presented in Table 1, and the
Characteristic curves of nonlinear magnetic materials
used in the forward model are presented in Fig. 3.

The results of simulation show that, the reduced
model only brings less than 5% error while taking one
fifth time as the basic model does. Figure 4 shows two
samples of MFL images of metal loss defects using the
reduced model.

25

Backing iron
nsH- = = =—5teel bruzhes |

——-Pipe wall

0 s 1 15 P 25
H (10 Adrm)

Fig. 3. Characteristic curves of nonlinear magnetic
materials used in the forward model.
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Table 1: Related parameters for the forward model

Parameter Value Unit
Pipe diameter 457 mm
Pipe thickness 14.3 mm
Permanent magnet width 80 mm
Permanent magnet height 30 mm
Brush width 80 mm
Brush height 50 mm
Back height 20 mm
Magnetic pole spacing 1000 mm
Relative permeability 1.26 -
Coercive force 836 KA/m
Lift off value 3 mm
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Fig. 4. Simulated MFL images for metal-loss defects
using the reduced forward model: (a) internal defect,
100.1 mmx14.3 mmx5.7 mm; (b) external defect,
42.9 mmx42.9 mmx8.6 mm.

B. Defect characterization

The forward computational problem consists of
using the reduced FE model to efficiently obtain the
magnetic flux field profile for any defect in the pipe.
The region of pipe wall immediately around the defect
constitutes the ‘region of interest” (ROI). To characterize
different defect shapes, the radial depth, the tangential
width and the axial length of ROI are divided into 7, 10
and 10 parts respectively. Consequently, the ROI could
be represented by an array of 7x10x10 partial cylinder
cells as illustrated in Fig. 5.

Fig. 5. Defect characterization with 7x10x10 basic
model for inversion.



The magnetic conductivity of each cell could be
made equal to that of air or iron, resulting in different
geometries of the defect. By doing this, any particular
defect in the whole defect area could be characterized
by a set of 100 depths: d,,d,,...,d,,,, Where di€{0,1,...,7}.

Thus, the value of a particular depth is encoded as a 3
bit binary string, and the parameter set for the whole
defect area can be represented by a 300 bit binary
string.

I11. INVERSION PROCEDURE USING
NN AND GA
In order to take full use of the advantages of both
the NN and the GA method, we propose a hybrid
method for the defect reconstruction from MFL signals,
i.e., to use the results of NN inversion as one initial
solution for the GA method.

A. NN prediction

As shown in Fig. 6, a feed-forward NN with a
single hidden layer is used to predict the defect profile
for the initial solution of GA. The input of the NN
consists of feature parameters of MFL signals scanned
over the test-pipe, and the output are the parameters of
defects corresponding to the MFL signals. The databases
of both MFL signals and corresponding defect parameters
are separated into training, validation and verification
sets.

Input

el ——
) wi
® . (|_331 w3 Qutput
X . X . (Z L Ax)
. . Wn
. # (Pn )

Fig. 6. The feed-forward NN used for prediction.

The training process starts with only one hidden
node, and for each training epoch a new node is created.
The new input-hidden connections receive random
weights and the rest of the weights are obtained by
solving (1) with the least square minimization based on
the singular value decomposition:

AW, + f,(AW,) W, = f,(B). 1)
where A and B represent the input and output training
data sets, f, and f, are nonlinear activation functions

for hidden and output nodes, [W, ] the “randomly-fixed”
input-hidden weights, and [W, ], [W,] the matrices

containing unknown weights, are the input-output and
the hidden-output inter-connection weights, respectively.

To generate the training data sets, the reduced
forward model shown in Fig. 2 (b) and the defect

CHEN: 3-D DEFECT PROFILE RECONSTRUCTION FROM MAGNETIC FLUX LEAKAGE

characterization shown in Fig. 5 were used to get
simulated MFL signals. Considering the object for NN
inversion result in this paper, only cuboid defects are
simulated. Therefore, the trained NN could only
provide a cuboid prediction for any arbitrary defect
profile as one initial solution.

B. GA inversion process

The flowchart of iterative inversion process using
GA for 3-D defect reconstruction is shown in Fig. 7.
The inverse problem is solved by minimizing an
objective function, representing the difference between
the forward model predicted and the realistic measured
MFL signal. When the difference is below a pre-set
threshold, the defect profile represents the desired
solution. The various issues related with the formulation
of the inversion process are described below.

Measured
MEFL Signal
Predicted

MFL Signal

Initial
Defect Profile Forward

"1 Model

Desired
Defect Profile

Update
Defect Profile

Fig. 7. lterative inversion flowchart for 3-D defect
reconstruction.

As all the three components (radial, tangential and
axial) of magnetic flux density carry the information of
defect profile, they are all chosen as input signals for
the inverse optimization procedure when simulated
MFL signals are used. However, only the axial
component is used when the inversion is conducted
based on realistic measured MFL data, because only the
axial component is detected by the ILI tool.

The minimization of an error between measured
and predicted MFL signals can be recast as maximizing
of the following fitness function:

1

T1CY BB | @

where N is the number of points taken on the signal and
C is constant. The global maximum value of F is 1,
corresponding to the case the predicted and measured
MFL signals are exactly the same. It should also be
noted that in case of the error reaching a local minimum
other than the global minimum of zero, the relative ratio
between the corresponding local and global maximums
of F is determined by the constant C.

As shown before, the results of NN inversion is
taken as one initial solution for the GA inversion
process. This will bring significant help in increasing
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both efficiency and possibility for the GA to reach the
global optimum solution, which will be presented in
Section IV. At the same time, 7 randomly generated
original solutions are also used. Furthermore, 2 special
300-bit binary strings, composed of only ‘0’ and only
‘1’ respectively, are added to the initial population for
GA in order to keep the diversity of population.

When the original solutions have been selected, a
fitness function is used as a measure of closeness of
each member in the population to the global optimum
solution. Subsequently, a new population is generated
by applying genetic operators including reproduction,
crossover and mutation on the previous population. The
selection mechanism for reproduction favors the highly
fit members, so that the members more close to the
global optimum are assigned higher probabilities for
producing children. Crossover operations ensure that
the new population inherits highly fit features, while
mutation may add previously unexplored features into
the new population. With this, the population drifts to a
global or near global solution after a few number of
generations in the iterative process.

IV. EXPERIMENTAL RESULTS
In this paper, reconstruction is implemented using
biased Roulette-Wheel algorithm with a two-point
crossover, and the mutation probability varies between
0.3 and 0.5. The iterative process is terminated when
the population of the GA has been updated for 200

()
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=
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0
10
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times, and at last smoothing is conducted to produce a
better defect profile.

Experiments of 3-D defect reconstruction are
conducted based on 3-D simulated MFL signals and
1-D measured MFL signals. An internal 100.1 mmx
14.3 mmx5.7 mm cuboid defect (Fig. 8 (a)), an external
42.9 mmx42.9 mmx8.6 mm cuboid defect (Fig. 9 (a)),
and an external 42.9 mmx7.15 mm globoid defect (Fig.
10 (a)) are simulated using the reduced forward model.
At the same time, the ILI tool is used to measure the
axial MFL signals of an 18-inch and 14.3 mm-thick
pipe, on which the same defects as the three simulated
ones have been artificially made.

The reconstruction is firstly conducted using
general GA with initial population composed of 10
randomly generated original solutions. Figure 8 (b),
Fig. 9 (b), and Fig. 10 (b) depict the final predicted
profiles of the three defects based on 3-D simulated
MFL signals. As comparison, Fig. 8 (c), Fig. 9 (c), and
Fig. 10 (c) show the predicted defect profiles based on
1-D measured MFL signals. It can be seen that the
predicted profiles using 3-D simulated MFL signals
match the real defects very well, while at the same time,
the inversion results using 1-D measured MFL signals
are not so good within a fixed number of iterations.
Possible reasons could be lack of enough information
carried by the radial and tangential components of
magnetic flux density together with error between
simulated and realistic MFL signals.
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Fig. 8. Reconstruction of internal cuboid defect, 100.1 mmx14.3 mmx5.7 mm: (a) real defect profile; (b), (c)
reconstructed defects based on 3-D simulated and 1-D measured signals, using general GA with randomly generated
initial population; (d) prediction result of NN inversion; (e), (f) reconstructed defects based on 3-D simulated and 1-
D measured signals, using GA with initial solution from NN inversion.
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Fig. 9. Reconstruction of external cuboid defect, 42.9 mmx42.9 mmx8.6 mm: (a) real defect profile; (b), (c)
reconstructed defects based on 3-D simulated and 1-D measured signals, using general GA with randomly generated
initial population; (d) prediction result of NN inversion; (e), (f) reconstructed defects based on 3-D simulated and 1-
D measured signals, using GA with initial solution from NN inversion.
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Fig. 10. Reconstruction of external globoid defect, 42.9 mmx7.15 mm: (a) real defect profile; (b), (c) reconstructed
defects based on 3-D simulated and 1-D measured signals, using general GA with randomly generated initial
population; (d) prediction result of NN inversion; (e), (f) reconstructed defects based on 3-D simulated and 1-D
measured signals, using GA with initial solution from NN inversion.

Then the reconstruction is conducted again using
the proposed hybrid inversion method, with the
prediction of NN as one original solution of the GA
inversion. The prediction results for the three defects
from NN are shown in Fig. 8 (d), Fig. 9 (d) and Fig. 10
(d). Figure 8 (e), Fig. 9 (e), and Fig. 10 (e) depict the
final predicted profiles of the three defects based on 3-
D simulated MFL signals. Similarly, Fig. 8 (f), Fig. 9
(), and Fig. 10 (f) show the predicted defect profiles
based on 1-D measured MFL signals. Compared with
former inversion results using general GA, reconstructed
defects match the real ones better when prediction
results of NN are used as the original solutions of the
GA in the hybrid inversion procedure. In fact, the
efficiency of defect reconstruction has been improved
significantly, and the accuracy of reconstruction has

increased within same time.

The reconstruction errors in different situations are
then calculated and summarized as Table 2. The larger
errors of reconstructed results using general GA with
randomly generated original solutions demonstrate that
the optimization fails to converge to the global minimum
solution within fixed number of iterations. When the
prediction of NN is used as original solution in the
hybrid inversion procedure, the iterative GA could
produce obviously better results of defect reconstruction.

To further testify the robustness of the proposed
hybrid inversion procedure, a randomly generated
internal defect as Fig. 11 (a) is simulated using the
reduced forward model to get corresponding 3-D
simulated MFL signals. The reconstructed defect profile
using the proposed hybrid inversion procedure, based
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on the basic 7x10x10 defect model shown in Fig. 5, is
shown in Fig. 11 (b). Then the hybrid inversion
procedure is conducted again, based on a refined
15%20x20 defect model, to get a new reconstructed
defect profile (Fig. 11 (c)). The results of reconstruction

Table 2: Reconstruction errors of different defects
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show that the proposed hybrid inversion procedure is
rather effective and robust even for randomly generated
defect profile. Furthermore, the accuracy of reconstruction
could get improved using a refined defect model
extended from the basic one shown in Fig. 5.

Defect/mm Simulated Signals Measured Signals
General GA Hybrid General GA Hybrid
Internal cuboid 100.1x14.3x5.7 0.12 0.05 0.21 0.14
External cuboid 42.9x42.9x8.6 0.13 0.05 0.22 0.15
External globoid 42.9x7.15 0.25 0.12 0.41 0.28
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Fig. 11. Reconstruction of randomly generated defect using proposed hybrid inversion method based on 3-D
simulated MFL signals: (a) real defect profile; (b) reconstructed defect using basic 7x10x10 defect model; (c)
reconstructed defect using refined 15x20x20 defect model.

V. CONCLUSION

In this paper, a hybrid inversion approach is
presented to reconstruct the 3-D defect profile from
MFL signals in pipeline inspection. The reduced FE
forward model of MFL inspection is developed, and the
defect area is represented by an array of 7x10x10
partial cylinder cells. The NN is used at first to get a
prediction of the defect, which is then utilized as one
original solution of the GA to search for the global
optimum estimate of the defect profile. Accuracy and
efficiency of the proposed hybrid inversion method is
demonstrated by the reconstruction results from both
simulated and experimental MFL signals. Comparison
between results from simulated and measured MFL
signals also show that all the three components, instead
of only the axial or radial component, of MFL signals
in pipeline inspection should be detected for better
reconstruction results. Furthermore, the accuracy of
reconstruction could get improved using a refined
defect model.

Future work will concentrate on optimizing the
forward model to reduce time consumption and refining
the defect model to increase accuracy of defect
prediction. Besides, more kinds of defect shape should
be covered in the experiment to test the proposed
inversion method.
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Abstract — In order to provide an effective detection
method for internal contact fault of gas insulated bus
(GIB), mechanical and magnetic field behaviors of GIB
plug-in connector under different assembly conditions
are analyzed by finite element (FEM) method in this
paper. Contact forces on individual contact spots are
obtained by mechanical field analysis then simulated by
imperfect contact bridge models during electromagnetic
field analysis. Magnetic field distributions around GIB
plug-in connector under the various contact statuses
(conductor insert depth and docking angle) are studied
through numerical modeling and field testing. Results
show that the mechanical contact parameters (contact
forces and radiuses) of individual contact fingers vary
from each other under the action of holding spring
deformation and conductor gravity, and the surrounding
magnetic field has strong relationship with the internal
mechanical contact status. The magnetic field strength
distributes uniformly around the GIB plug-in connector
under well assembly condition. However, the magnetic
field distorts since mechanical contact status is changed
by the contact degradation or contact failure.

Index Terms — Contact failure, finite element method,
gas insulated bus, magnetic field, plug-in connector.

L. INTRODUCTION

Gas insulate bus (GIB) equipment are of interest in
modern power transmission/distribution systems due to
their advantages of environmental friendliness, large
power transmission capacity, easy-maintenance and high
operation reliability [1]. Numerous of slidable plug-in
connectors are used as the main electrical loop
connections of GIB for absorbing misalignments during
manufactory/assembly process and mechanical/thermal
stress during operation process [2]. Dynamic contact
conditions exist between contact elements for slidable
design [3], additional power loss and electromagnetic
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force will act on plug-in connector due to the current
constriction effect, which makes GIB plug-in connector
become one of the feeblest components of equipment. If
the amount of contact degradation is beyond failure
threshold, contact overheating fault may happen and
internal flash over could be induced by poor contacts [4-
5]. The GIB must be disintegrated since internal fault
happens as gas pressure vessel (which is filled with
about 0.4Mpa SF6 gas), power supply recovery cycle is
considerable and really hard to avoid the greenhouse gas
leaking. As a consequence, the contact degradation and
overheating fault of the GIB plug-in connector are
serious threatening to the safe operation of equipment
and power systems.

Due to fearful damages by internal contact fault,
several countermeasures such as the electrical loop
resistance test [6-7], tank vibration monitoring [8-9],
partial discharge [10-11] and temperature monitoring
[12] have been investigated and applied to the GIB
equipment. Each of mentioned methods has its merits on
internal fault/overheating detection, however they are
less effective for early stages of contact fault. Lower
electrical loop resistance results do not necessarily reply
good contacts due to only the total electric loop
connection condition evaluated, and contact trouble on
single connector may be hidden. It’s hard to locate
acceleration/temperature sensors inside metal enclosure
due to the insulation/sealing design limits of gas
insulated equipment, besides, the relationships between
inner contact statuses and outer vibration/temperature
are not clear. The internal contact has already disabled
since detectable partial discharge happens, and there is
always not sufficient time for early warning. Magnetic
field behaviors can directly reflect early degradation
stages of contact failures [13-14], and magnetic field
detection method on bolt connections of GIB is studied
in [15] by attaching magnetic sensors inside metal tank.
However, few previous works has paid attention on the

1054-4887 © ACES



relationship between the surrounding magnetic field and
contact conditions of GIB plug-in connector.

The fact that assembly conditions of GIB plug-in
connector can be changed under cyclic thermal loadings
by operation current and environmental temperature has
been revealed in our previous study [16]. In order to
identify and evaluate the internal contact failure of GIB
equipment effectively, relationships between internal
contact status and magnetic field are obtained by three-
dimensional finite element modeling in this paper.
Physical structure of the GIB capsule is shown in Fig. 1.
The main electrical bus gets through both ends of disc-
type epoxy insulators which is fixed by slidable plug-in
connectors. Mechanical and electrical connection between
the socket and conductor plug are realized by series of
concentric-arranged spring-loaded contact components.
Magnetic fields strengths around plug-in connector (C1)
are measured by electromagnetic probes. Assumptions
about numerical model are as follows.

Electromagnetic field analysis is based on quasi-
static approximation with the AC operation current.

Partial tiny component geometry characteristics
could not obviously affect distributions of surrounding
magnetic field. Based on this concept, several external
insulation designing (champers on conductor surface)
and supporting/fixing parts (terminal bolts and locating
parts) are omitted to minimize computational effort.

Micro-rough features of both contact surfaces are
neglected, and the mechanical contact area is assumed
equal to electrical contact area with chemical stability of
SFe insulation gas.

The mechanical contact is rather a stable physical
condition comparing with surrounding electromagnetic
field, and it can be hypothesized that the weak coupling
relation exists between electromagnetic and mechanical
fields of GIB plug-in connector.

Tank

A-A,
1 section

Contact finger

e
Spring

Magnetic
field path  Base

Insulator A,

Fig. 1. Schematic structure of GIB capsule.

The research thought of this paper is organized as
follows: numerical calculation method is discussed in
Section 1. Mechanical contact parameters (contact force
and radius) of plug-in connector with various assembly
conditions are calculated by mechanical FEM analysis in
Section I11. Electromagnetic field analysis of the GIB
equipment using imperfect contact bridge model by the
A-¢ method is introduced in Section IV, and magnetic

GUAN, SHEN, ET AL.: INVESTIGATION ON MECHANICAL AND MAGNETIC FIELD BEHAVIORS OF GIB PLUG-IN CONNECTOR

field results are given in Section V. Finally, relationship
between the internal contact status and the surrounding
magnetic field are summarized in Section VI.

II. NUMERICAL CALCULATION METHOD

According with the positioning design (deviation of
conductor docking angle is limited) and the operation
condition (thermal expansion/shrink occurred along bus
line) of equipment, the contact status of GIB plug-in
connector can be divided into conductor insert depth and
docking angle. A sequential coupling method is adopted
to analyze the mechanical and electromagnetic field
behaviors under various contact conditions.

A. Mechanical contact parameters

Assembly structure of the GIB plug-in connector is
described in Fig. 2 and the assembly parameters are
listed on the bottom left of the figure. Conductor insert
depth on the contact failure point is defined as 18 mm.
Positioning design allows only radiation freedom of
contact fingers along the direction of contact force, and
the deviation of conductor docking angle is limited (less
than 2°). Assembly conditions of plug-in connector may
be changed by the cyclic thermal loading or short circuit
current impact during the service life. Besides, contact
forces can be reduced by service temperature, stress
relaxation and time [17]. Hence, the mechanical contact
statuses of the GIB plug-in connector under various
assembly conditions and degradation stages should be
accurately modeled for realizing the internal fault
identification through magnetic field distributions.

Connector
bagse

Holding
Contact' failure i, Contact finger

fan\ o / ndl-.l-c@
= T - T,
!'-'_ 2

]

|

AE/// AZ
Dy .

Locating lever

Fixing bolt
Assembly parameters
Insert depth: 35mm~14mm
Docking angle: -2°~2°
Spring radius:3 1mm/32mm

Equivalent contact Radius

R' = RR,
R1i:radius of finger terminal
R2:radius of conductor plug

Fig. 2. Assembly structure of GIB plug-in connector.

B. Numerical calculation process

A sequential coupling method is used to analysis the
magnetic field distributions around the GIB plug-in
connector with various contact status and the numerical
calculation flowchart is described in Fig. 3. Firstly, the
contact forces of plug-in connector are calculated by
mechanical field analysis. Magnetic field distributions
around the GIB plug-in connector is then obtained by

276



277

electromagnetic field analysis in which the electrical
contact between contact elements are simulated by the
imperfect bridge model using mechanical contact forces
from mechanical analysis as load inputs.

Imperfect

Initial Contact

contact bridge
Contact| | Mechanical field
update analysis EM model
No Electromagnetic
field analysis
Yes

Contact forces

Fig. 3. Flowchart of numerical calculation.

III. MECHANICAL CONTACT ANALYSIS
The mechanical contact of GIB plug-in connector
belongs to quasi-static process for the long degradation
time, and forces on per contact spots are constrained by
holding spring and conductor gravity.

A. Mechanical field modeling

Distribution of contact forces on individual contact
fingers under action of holding spring and conductor
gravity can be obtained from mechanical finite element
analysis by solving displacement equation. Governing
equation of static mechanical field is as follows:

(/1+G)?+GVZU+FX =0
X
oe )
(/1+G)5+GV V+F, =0, )
(/1+G)%+GV2W+ F =0

where 1 is lame constant, G is shear modulus and E is
Young’s modulus, u, v, w are displacement components
along space coordinate axis. Fy, Fy, F; are extern force
components along space coordinate axis.

The lame constant and the element displacement can
be described as follows:

E
=, @
(1+/ue)(1_2/ue)
e=6—u+@+%, 3)
x oy oz

where pe means the Poisson’s ratio.
Boundary conditions of mechanical field analysis
are listed as follows:
u=v=w=0l|. 4)
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Mechanical contact between contact fingers and
conductor plug are analyzed using augmented Lagrange
multiplier method [18]:

K+K Tl F-R
e SLES e

G 0|4 -0
where K is stiffness matrix of contact elements, K, is
penalty stiffness matrix between contact interfaces, G is
contact potential which is defined as the product of A and
go, I is vector matrix of contact gap, A is Lagrange
multiplier, F and R are external force and reactive force

(contact force) respectively.

Mechanical contact statuses of plug-in connector are
in balance with the elastic deformation of holding
springs and conductor gravity. Contact force acting on
per contact finger is reactive force of the contact finger
and the relationship between contact force and contact
radius can be described by the Hertz formula [19]:

a=(3F,R"/4E")"", (6)
where a is mechanical contact radius, Fj is contact force
on contact spot, R™ is equivalent radius (summarized on
the bottom right of Fig. 2), E” is equivalent Young’s
modulus of different contact materials:

1* _ l_ﬂezl +1_/ue22 ) (7)
E E, E,

Mechanical stress on different contact spots under
well assembly conditions (30 mm conductor insert
depth) and partial loosen contact (2 degrees of docking
angle deviation) are analyzed by mechanical FEM model
and results are illustrated in Fig. 4. The results show that
during well assembly condition, maximum mechanical
stress concretes on contact spots for the limited contact
area, and mechanical stresses on bottom contact fingers
are larger than the upper ones under action of conductor
gravity. Since the conductor docking angle deviates, the
mechanical stress on the bottom contact fingers could
increase up to 5.82 times higher than the one in well
assembly conditions, meanwhile mechanical stress on
the upper contact fingers reduced to zero, which means
that mechanical contact is lost on these spots and no
operation current could flow through.

Von-mises stress (Pa)
13568.7
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663E+07
884E+07
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Fig. 4. Mechanical stress distributions of GIB plug-in
connector under different contact conditions: (a) well
assembly, and (b) conductor docking angle deviation

(-2°).



Mechanical contact parameters of the GIB plug-in
connector under well assembly and conductor docking
angle deviation are presented in Fig. 5. Results show that
the contact forces and radiuses increase from upper
contact fingers to lower ones with the action of
conductor gravity, and mechanical contact distributes
nearly uniform among under well assembly condition.
However, since the conductor docking angle deviates,
mechanical contact varies obviously from each contact
finger, and several bottom contact spots even lose
mechanical contact (contact force reduce to 0) under
seriously distorts of holding springs.

—a=Force(N) 1

===Radius(mm) 1

Fig. 5. Mechanical contact forces and radiuses of GIB
plug-in connector: (a) well assembly, and (b) conductor
docking angle deviation (-2°).

B. Electrical contact parameters

Contact resistance of plug-in connector consists
only of the constriction resistance, and the relationship
between resistance and contact radius is described by the
Holm’s contact resistance theory:

R =p /28 (8)

where po is resistivity of contact elements and a is the
equivalent radius of individual contact spot.

IV. ELECTROMAGNETIC FIELD
ANALYSIS WITH POOR CONTACTS
Based on the results of mechanical contact force and

radius analysis of GIB plug-in connector mentioned
above, operation current flows among different contact
spots can be varied from each other for deviation of the
contact resistance, resulting no-uniform surrounding
magnetic field distributions. A finite element model
which considers the current constriction on contact spots
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with various mechanical contact statuses is built to
obtain current and electromagnetic field behaviors of
plug-in connector under different contact conditions.

A. Imperfect contact bridge model

Current conduction on contact interfaces is usually
simulated by contact bridge during numerical modeling
[20]. However several contact spot of plug-in connector
with the poor contact status are hard to geometrically
model in the electromagnetic field environment. To
overcome this shortage, an imperfect contact bridge
model is constructed in this paper by two parameters: the
equivalent contact bridge radius and the equivalent
resistivity. Mathematical expression of the imperfect
contact model is as follows:

a=a, a=0.1mm ©)
a=01 a<0lmm’
p = npsilver' (10)

The ratio  among different contact fingers has an
essential contribution to the current and magnetic field
distribution of GIB plug-in connector:

n=1 a=>0.1mm
n=01/a 0<a<0.1mm. (11)
n=o0 a=0mm

B. Electromagnetic field analysis

Electromagnetic field analysis of GIB equipment is
conducted by magnetic vector potential A and electric
scalar potential ¢ in this paper (A-¢ method). Maxwell’s
equations of the quasi-static electromagnetic field in
source current region (conductor, V), Eddy current region
(metal tank, V) and non-conductor region (SF¢ and air)
can be summarized as follows:

ViA=u(J.+]) inV
/'I( S e) - 1 , (12)

VZA = 1, inv,
VA =0 inSF, and Air, (13)

where u is magnetic permeability, the source current Js
and the Eddy current Je can be shown as:

J,=—oVo, J, =—G%A, (14)

=—
where ¢ is electrical conductivity.
Boundary conditions on the medium interface of

conductor and surrounding gas and the total numerical
solution region are described as follows:

A=A,
YV XAy -y = 1V X Ay Ny
n-(—jocA—evVep)=0

A, =0, (16)

where C; is the boundary of FEM solution region (air
boundary), S is the interface of conductor material and

onsS, (15)
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medium gas, w is the power angular frequency and ¢ is
the dielectric constant.

V. MAGNETIC FIELD RESULTS

Current and magnetic flux density distributions of
GIB equipment under two extreme contact conditions
(well assembling and partial loosen contact) under
8000A operation current are investigated by numerical
model in this paper. Model parameters are presented in
Table 1. The calculated and measured magnetic fluxes
around the plug-in connector are compared to each other
to verify the validity of numerical calculation model.

Table 1: Geometric parameters of GIB model
Tank material Aluminum alloy 6063-T6
Bus material Aluminum alloy 6063-T6
Finger material Copper alloy T2-Y
Spring material Beryllium bronze

Finger number 16

Insulator material Epoxy resin

Tank size ®248mm/d232mm
Bus size D85MmM/DE5mm
Span 672mm

Field path diameter 107mm

A. Current distributions

Operation currents flow through individual contact
finger of GIB plug-in connector under well assembly and
partial loosen contact (2 degrees conductor docking
angle deviation) are described in Fig. 6. It can be seen
from results that the current distributes approximately
uniformly among different contact spots under well
assembly condition, and maximum current deviation is
189A. However, since seriously contact failure happens,
operation currents flow through upper contact fingers
(loose contact) decrease to 0 A, whereas current on the
bottom contact finger increase up to 1271A.

—a—Current(A) 1

—=-Current(A) 1

Fig. 6. Current distributions of GIB plug-in connector: (a)
well assembly, and (b) conductor docking angle deviation.

B. Magnetic field distributions

The magnetic field distributions of plug-in connector
under well assembly (30 mm inserting depth) and partial
loosen contact (2 degrees docking deviation) conditions
are described in Fig. 7. It can be seen that magnetic flux
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around each contact finger distributes near uniformly
under the well assembly condition. However, when the
seriously contact degradation/failure happens, magnetic
flux is noticeable distorted and focused around the
bottom contact fingers. This is due to the operation
current on bottom contact fingers being larger than upper
ones with lower contact resistances, exciting larger
magnetic field strength round these contact fingers.

B (mT) B (mT)
I 6.75E-5 Il 6.11E-3
I 4.83E0 | I 6.19E0
[ 9.67E0 |/ I 1.24E1
[ 1.45E1 [ 1.85E1
[ 1.93E1 I 2.47E1
[ 2.42E1 [ 3.09E1
[ 12.90E1 [C13.71E1
[ 3.38E1 [ 4.33E1
I 4.03E1 Hl 5.15E1

Fig. 7. Magnetic flux density around connector: (a) well
assembly, and (b) conductor docking angle deviation.

C. Model verification

Magnetic flux densities around plug-in connector
are obtained by both field measurement and numerical
modeling. Results are described in Fig. 8. The maximum
magnetic flux is averaged for minimize uncontrollable
errors during the measuring probes attachment and
numerical solution region discretization. Calculated and
measured magnetic flux densities around the plug-in
connector presents close values since well assembled.
Bigger difference can be noticed since contact failure
happens with larger field distortions.

—e—Cauculated(mT)
-&=Measured(mT) 1

gy P
SRR S,
(SRR A S S
12 \".."' 6 12 "““" 6

Nl NG

Fig. 8. Magnetic flux around GIB plug-in connector: (a)
well assembly, and (b) conductor docking angle deviation.

VI. MAGNETIC FIELD UNDER VARIOUS
CONTACT STATUES

The magnetic field distributions around GIB plug-in
connector under various contact status are obtained by
mechanical-electromagnetic coupling FEM model built
in this paper. Operation current is set to 8000A as
mentioned before, and the internal contact conditions of
GIB plug-connector are constrained by two assembly

categories (conductor insert depth and docking angle).



A. Insufficient conductor inserts depth

Figure 9 shows surrounding magnetic field responses
under various conductor inserting depths with the same
docking angle (0°). Results indicate that the maximum
magnetic field strength differs from individual contact
fingers of plug-in connector under non-uniform exciting
currents. Deviations of magnetic field are not obvious
among contact fingers with sufficient conductor insert
depth (more than contact failure point). If conductor
inserting depth exceeds contact failure point, magnetic
field gathers around bottom contact fingers for larger
operation currents and lower contact forces. The
maximum deviation value of magnetic flux density are
increasing with conductor inserting depth decreasing,
deviation value is 2mT with the sufficient conductor
inserting depth, 5mT at the contact failure point, and
26mT since conductor and connector near separation.

14mm 18mm
50 36
40 34
=) g3
£ 30 £
& &30
20 28
10 26
0 100 200 300 0 100 200 300
Distance(mm) Distance(mm)
22mm 30mm
36 36
34 34
32 32
£ £
g 30 2 30
28 28
26 26
0 100 200 300 0 100 200 300

Distance(mm) Distance(mm)

Fig. 9. Magnetic flux strength around plug-in connector
under different conductor insert depths.

B. Conductor docking angle deviation (vertical)

Figure 10 shows surrounding magnetic field
responses under the various conductor docking angle
deviations (vertical direction along the conductor gravity)
with the same conductor insert depth (30 mm). Results
indicate that the maximum strength of magnetic field
differs from vertical contact fingers of plug-in connector
under non-uniform exciting currents. Deviations of
magnetic field are not obviously among different contact
fingers when docking angle less than 2°. If serious
conductor docking angular deviation happens, the
magnetic field distorts and gathers around contact fingers
with lower contact resistances and the larger operation
currents. Maximum deviation of magnetic flux density
increasing with larger conductor docking angle, and
magnetic field deviation value along the conductor
gravity (5mT at -0.4° and 30mT at -2°) are larger than
those opposite to conductor gravity (1.6mT at +0.4° and
24.5mT at +2°).
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Fig. 10. Magnetic flux around plug-in connector under
different vertical conductor docking angles.

C. Conductor docking angle deviation (horizontal)
Figure 11 shows surrounding magnetic field
responses under various conductor docking angle
deviations (horizontal direction perpendicular to conductor
gravity) with the same inserting depth (30 mm). Results
indicate that the maximum strength of magnetic field
differs from horizontal contact fingers of the plug-in
connector under the non-uniform exciting currents.
Deviations of magnetic field are not obvious among

different contact fingers when docking angle less than 2°.

If serious conductor docking angular deviation happens,
magnetic field distorts and gathers around left/right side
contact fingers with the lower contact resistances and
larger currents. Maximum deviation of magnetic flux
density increasing with larger conductor docking angles,
and the distributions of magnetic field are less influenced
by the conductor gravity due to the orthogonal direction.
Magnetic field deviation is 5mT at +0.4°and 30mT at +2°
where conductor is hindered by locating lever.

-0.4° 0.4°
36 36
34 34
=32 =32
2 £
Q30 2 30
28 28
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0 100 200 300 0 100 200 300

Distance(mm) Distance(mm)

Fig. 11. Magnetic flux around plug-in connector under
different horizontal conductor docking angles.
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D. Conductor docking angle deviation (arbitrary)
Conductor docking angle deviation 8 on arbitrary
direction y can be equivalent by the vector synthesis of
horizon direction (x) and vertical direction (y) as follow:
O/y =0cosy +0siny, 17)
where v is defined by the angle between direction of
conductor docking deviation and the horizon axis.
Figure 12 shows surrounding magnetic field
responses under the various conductor docking angle
deviations (arbitrary direction of 45°) with the same
inserting depth (30 mm). Results indicate that the
maximum strength of magnetic field around the contact
fingers is determined by gravity and the deviation angle
of plug-in connector, which could be decomposed into
the horizontal and the vertical direction. Deviations of
magnetic field are not obvious among different contact
fingers when docking angle is less than 2°. If serious
conductor docking angular deviation happens, the
magnetic field distorts and gathers around the contact

fingers with lower contact resistances and larger currents.

Maximum deviation of magnetic flux density increasing
with larger conductor docking angle, the deviation value
is 5mT at £0.4°docking angle and 25mT at +2°docking
angle where conductor is hindered by locating lever.

-0.4° 0.4°
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—~ ~ 40
= =
E30 g
=] ~m 30
20
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0 100 200 300 0 100 200 300
Distance (mm) Distance (mm)

Fig. 12. Magnetic flux around plug-in connector under
different 45° conductor docking angles.

VII. CONCLUSION

This work presents a mechanical-electromagnetic
coupled FEM model to investigate the magnetic field
behaviors of GIB plug-in connector under various
assembly conditions and contact failures. The most
notable conclusion obtained from this research is that the
distribution characteristics of magnetic field around
plug-in connector have strong correlation with internal
mechanical contact statuses. When assembly conditions
between the plug-in connector and conductor change,
mechanical contact parameters (forces and radiuses) of
different contact fingers deviate, resulting un-uniform

ACES JOURNAL, Vol. 32, No.3, March 2017

distributions of operation current then making magnetic
field distorts. The maximum field strength deviation
under well assembly condition is about 2mT, and up to
30mT when partial loose contact. According to the
analysis results under various contact status, it can be
deduced that the surrounding magnetic field can reflect
early hidden contact failures of GIB plug-in connector.
If significant field deviations occur, equipment is faulty
and appropriate action must be undertaken to avoid
internal contacts deterioration.
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