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Abstract — The passive intermodulation (PIM) has
gradually become a serious electromagnetic interference
in the high-power and high-sensitivity RF/microwave
communication system with the existence of the nonlinear
metal-to-metal (MM) contacts. This paper proposes a
finite difference time domain (FDTD) method for PIM
analysis of nonlinear MM contacts. There are two kinds
of models, the power series model and the equivalent
circuit model, to describe the nonlinear MM contacts.
Then the FDTD method is applied to analyze the
nonlinear models so that the nonlinear current through
the MM contact can be determined. For the microwave
transmission devices, the PIM power level can be
obtained by fast Fourier transform of the nonlinear
current. For the microwave radiation devices such as
antennas, the nonlinear currents are taken as a new
electromagnetic transmitting source, the far-field
scattering and PIM power level can be obtained by the
FDTD method. Finally, a comparison between the
simulation and experimental results is illustrated to
verify the validity of the proposed method.

Index Terms — Equivalent circuit model, metal-to-metal
contact, passive intermodulation, power level, power
series model, time domain finite difference method.

I. INTRODUCTION

With the development of higher power, wider band,
and higher receiving-sensitivity communication systems,
the passive intermodulation (PIM) has become a serious
problem that cannot be ignored because PIM noise
signals will fall into the receiving band [1]. The passive
intermodulation products (PIMP) are generated for the
inherent nonlinear 1-V response curve of passive devices.

Submitted On: June 14, 2016
Accepted On: September 1, 2018

When the nonlinear passive devices are excited by two-
or multi-carriers, many intermodulation distortion
signals are generated in the system. Basically there are
two types of passive nonlinearities in communication
system: contact nonlinearity and material nonlinearity
[2]. The existing researches showed the nonlinear metal-
to-metal (MM) contact is one of potential PIM sources
in passive devices. Up to now, two mathematical models
have been proposed to describe the nonlinear MM
contacts. One is the power series model applied to
represent the nonlinear 1-V response curve of the MM
contacts [3, 4]. The other is the equivalent circuit model
applied to reveal the PIM power level caused by
nonlinear MM contacts [5].

One of the difficulties when trying to locate PIM is
that the nonlinearity that gives rise to them does not
manifest itself at low input signal levels which is because
PIM levels are normally low and at low power levels the
PIMP may fall below the thermal noise level. Testing for
PIM signal, measuring them and also locating sources
can be a tough challenge for test equipment. So it’s a
more convenient and reasonable method to analyze and
predict the PIM power level through the mathematical
models to design the microwave devices and high
frequency circuits.

The PIM power level of the nonlinear MM contact
model is transformed into that of the nonlinear circuit.
The harmonic balance method [6], the finite difference
time domain (FDTD) method [7] and the large-signal-
small-signal analysis method [8] are adopted to solve the
nonlinear circuit. For instance, the advanced design
system (ADS) is the electronic design software to analyze
the 1-V response of nonlinear circuits using the harmonic
balance method [9]. The FDTD method, as a full wave

1054-4887 © ACES
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analysis, can analyze the current, voltage and electric
field strength of nonlinear devices. Since it is a time-
domain method, FDTD solutions can cover a wide
frequency range with a single simulation run. What’s
more, FDTD calculates the E and H fields everywhere
in the computational domain as they evolve in time. It
lends itself to providing animated displays of the
electromagnetic field movement through the model. The
FDTD method is suitable to analyze the field-circuit
coupling PIM problems with multiple carriers,
nonlinearity, and wide frequency band characteristics.
This paper proposes a PIM analysis method of MM
contacts based on the FDTD method. First, two nonlinear
MM contact models are discussed. Second, the FDTD
method for PIM analysis of nonlinear MM contacts is
developed based on the power series and equivalent
circuit models. Finally, two simulation examples are
illustrated to verify the validity of the proposed method.

I1. NONLINEAR MM CONTACT MODELS
Two mathematical models have been proposed to
describe the nonlinear 1-V characteristic of MM contacts.
And the proposed mathematical models contribute to the
calculation of PIM power level.

A. Power series model of nonlinear MM contacts
Assuming the microwave components with nonlinear
MM contacts are excited by two signals with frequencies
f, and f,, an expression for its input voltage can be
written as:
V,, =V, cos(2z fit)+V, cos(2z f,t), 1)
where V,, is the combined input signals, V, and V, are

the amplitudes of two signals.

The transfer function of nonlinear passive
components caused by MM contacts may be represented
by the polynomial series method [10] as follows.

K
I=>"aV), (2)
k=0

where | is the total nonlinear current, a, is the

coefficient which depends on the nonlinear properties of
components.

Substituting Eq. (1) into Eq. (2) and solving for all
intermodulation and harmonic components of nonlinear
current, we can get the spectrum of I. PIMP are generated
at frequencies described by the following equation [11]:

f =mf, +nf,, 3)
where m and n can be negative as well as positive
integers and the sum |m|+|n| defines the order of the

PIMP.

Once the 1-V response curve of passive components
with nonlinear MM contacts is measured, the spectrum
of nonlinear current is easily transformed by the fast
Fourier transformation (FFT). Then the PIM power level
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caused by nonlinear contacts can be calculated with the
power series model.

B. Equivalent circuit model of nonlinear MM
contacts

Due to the roughness of contact surfaces, the real
contact occurs only at some points and the real contact
area is much less than the nominal contact area. The MM
micro-contact is shown in Fig. 1 [12, 13]. Two main
regions including the contact and non-contact zones can
be clearly differentiated. To reveal the electrical circuit
characteristics of nonlinear MM contacts accurately,
Vicente and Hartnagel established the equivalent circuit
model [5].

Fig. 1. Micro-schematic diagram of MM contact.

There exist some resistances and capacitances to
describe the electrical characteristics of MM contact as
shown in Fig. 2.

a

Fig. 2. Equivalent circuit of MM contact.

The constriction resistance R, result from current
constriction effect, it includes Maxwell resistance R, and
Sharvin resistance R, . It can be calculated as follows:

p 4dp i
=f(Aln)—+—— 4
R= 1/ 0) 7+ @
where f(A/r,)=@1+0.83(A/r,))/(1+1.33(1/r)) s

interpolation function which revels the relationship
between R, and R, A iselectron free path for the contact

material, p is contact metal resistivity, R, =p/2r,
is Maxwell resistance, R, =4pA/(3A) is Sharvin
resistance. r, is the average radius of the asperity
contact circle, and A, is real area of contact. The metal



contact resistance R_, generates in contact zone because

the outer adsorbed film cracks under the action of contact
force. The formula for calculating the contact resistance
R, of asperity with a plurality of MM contact spots is as

follows:

P Mum
= f —
¢ 2n,uN, ( r ). ®)

a

where 1, is the equivalent MM contact circle radius
of a single asperity and N_ is the quantity of micro
asperities, f(r,, /T,) is a function of the contraction

scale considering the current constriction effect and it’s
expression is as follows:

f ey — 11 41581 ) 1 0.06322(Tmy2 4
ra ra ra
0.15261(™M.)3 | 0. 1999g(fme ) (6)
ra ra

The tunnel resistance R, and contact capacitance
C., produce in the zone that the adsorbed film does not

crack. The tunnel resistance is based on tunnel current.
The tunnel current density is nonlinear and voltage
dependent. That is [14]:

Ry = ,
Ady, @
[y, [ ey
e —Ar — S —Ar 5 s
Ju :W(@Je " _(900 +eV)e " ):

where, J,, isthe tunnel current density, A, isthe tunnel
area, ¢, is the work function of metal, s is the thickness

of barrier in the Fermi level, h is the Planck constant,
m is the mass of electron. The tunnel current is the
dominant nonlinear source in MM contact [15]. The
contact capacitance is C, = ,¢,A/A"/s, where ¢, is the

relative dielectric constant of the insulating film on the
metal, &, is the vacuum dielectric constant, A is the
nominal contact area and A" is the dimensionless ratio
of real contact area A, and nominal contact area A, .
The non-contact resistance R, and the non-contact
capacitance C,. exist in the non-contact zone. The non-
contact resistance is very large. The non-contact
capacitance is C, =z,(A,~A )/d, where d is the
distance of up and down non-contact area.

As shown in Fig. 1, in the contact zone, R, R, and
C, are parallel connection, and they are connected with
the constriction resistance R, in series. In the non-contact
zone, R, and C, are connected in parallel. The non-

contact resistance is very large, and the generation
mechanism includes the field emission and the gas
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breakdown etc. The non-contact resistance can be
regarded as an open circuit when analyzed. It can be seen
from Fig. 1 that the circuits in the contact and non-contact
zones are connected in parallel. Then, the equivalent
circuit model of MM contact can be established as shown
in Fig. 2, which can be used to describe the nonlinear I-
V response of MM contact.

I11. FDTD METHOD FOR PIM ANALYSIS
OF NONLINEAR MM CONTACT

A. FDTD method for PIM analysis of power series
model

The coaxial connector is as an example to illustrate
the FDTD method for simulating the PIM power level
of passive components. Coaxial connectors are one kind
of common microwave components frequently used in
communication system. Also they are the dominant
contributors to PIM distortion in high frequency networks.
Once the 1-V response of connectors is measured, the
PIM power level is conveniently calculated by FDTD
method without considering the shape of connectors and
PIM source location. When the PIM power level is
simulated by FDTD, the I-V relationship of connectors
can be taken as the I-V relationship of a lumped
component in the FDTD meshes.

The lumped element at the node (i, j, k+1/2) and at

time t= (n +1/2) At can be derived by the Maxwell’s
curl-H equation as follows [4]:

Y (T 1 ngos 1 At e
1L Jk+2) = BN T+ )+ (VxH), i,
0
®)
S AL g ke d)
EyAXAY 2

where At is the time step, ¢, is the permittivity in
vacuum.

The voltage V,'*** across the lumped element can be
derived from the electric field E, atthe node (i, j, k+1/2)
as follows:

VZ”L”“Z[L j,k+;j=f{Eﬁ“(i, j,k+%J+EZ”(i, j’k+m'

9)

Substituting Eq. (9) into Eq. (2), the current through

the component can be expressed in discrete form as
follows:

K
107Gk +2) = a, G Az(EN G, jk+ D)+
2 k:0 2
. (10)
Ez”(i,j,k+§)))k-

Substituting Eq. (10) into Eq. (8), we can obtain the
passive device’s FDTD iterative formula of electric field
at the node (i, j, k+1/2) as follows:

937
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n+1/2 _
i,jk+1/2

M (i, j,k+%)= E"(i, j,k+%)+§(vXH)z

a, (ZAz(E) (i, j,k+=
eoAxAyz ( (E;7@ j.k+ )+

1 ., . “
SE. <I.J,k+2»> .
(11)
Then the nonlinear current of passive device is
calculated as follows:

J=0cE 19
I =JAXAY'’ (12)
where J is the current density, o is the conductivity.
The obtained time domain current 1 is transformed
to frequency domain by FFT. Finally the PIM power
level with frequency of f is calculated as follows:
P =17Z, (13)

where |, is the current amplitude with frequency of f,

Z is the resultant impedance of lumped circuit.

B. FDTD method for PIM analysis of equivalent
circuit model

The FDTD iterative formula of each element in
equivalent circuit model should be derived firstly. Then
all FDTD iterative formulas of elements are combined
according to the topology of equivalent circuit. If the
lumped element is a constriction resistance or contact
resistance, the current through the liner resistance is:

Nt 1
y VTG k)
L2, jk+s)=——7—=, 14

where V, is the voltage across the lumped element, R is
the constriction resistance R, or contact resistance R .
The relationship between V, and the electric field
E, at the node (i, j, k+1/2) is as shown in Eq. (9).
Substituting Eqgs. (9) and (14) into Eqg. (8), we can
obtain the resistor’s FDTD iterative formula of electric
field at the node (i, j, k+1/2) as follows:
_ AtAz
2Reg,AXAy
—n B E;(, j. k+—)+
2Re,AXAY (15)
At/g,
AtAz
+—
2R, AXAY
If the lumped element is a contact capacitance

or non-contact capacitance, the current through the
capacitance is:

.. 1
EM, j,k+=) =
(| 2)

n+1/2
2 |ivik+y2 .

(VXH)

du
lo=C—, 16
a (16)

ACES JOURNAL, Vol. 33, No. 9, September 2018

where C is contact capacitance or non-contact
capacitance, U is the voltage across the capacitance.
The relationship between the | and E, at the node

(i, j, k+1/2) is:

L2 G, k+—)— (E””( b I<+—)—
A (17)
E; (i, j,k+§))-
Substituting Eq. (17) into Eq. (8), we can obtain the
capacity’s FDTD iterative formula of electric field at the
node (i, j, k+1/2) as follows:

.. 1 . 1
EM™, j,k+=)=E"(, j,k+=)+
I (y 2) (] 2)

At/ g e 18
TAOZ (VxH), i,j:,l{<2+1/2' (18)
1+

£,AXAY |

For the tunnel resistance, the relationship between
the voltage and electric field of tunnel resistance at the
node (i, j, k+1/2) is as shown in Eq. (9).

Substituting Egs. (7) and (9) into Eqg. (8), we can
obtain the tunnel resistance’s FDTD iterative formula of
electric field at the loaded node as follows:

.1 .1
EM™(, j,k+=)=E"(, jk+=
(8 +2) (! +2)+

n+1/2

k2 T (19)

A v,
80
n+lgs 5 1
@, j,k+ 2).

According to the above analysis of lumped elements,
we may calculate the circuit shown in Fig. 2 and obtain
the nonlinear current through the MM contact in Matlab
software [16].

When the equivalent circuit model reveals the I-V
relationship of nonlinear MM contacts in high frequency
circuit, the PIM power level can be calculated by Egs.
(12) and (13). However, like as wire mesh reflectors, the
PIM sources caused by nonlinear MM contacts can also
be modeled in equivalent circuit, and the PIM power
level transmitted by mesh reflectors can be simulated by
FDTD. Firstly, the nonlinear current through the MM
contacts is calculated by FDTD. Secondly, the calculated
nonlinear current is regarded as the excitation source to
simulate the PIM scattered field of the far field in FDTD
method. Finally, the PIM scattered field of the far field
is transformed to PIM power level of mesh reflectors by
Friis transmission equation.

IV. SIMULATION EXAMPLES AND
VERIFICATION
A. PIM simulation of power series model
The nonlinear |-V relationship of a passive device
may be described by power series. The nonlinear current
through the passive device is calculated by Eq. (11) and



(12). The PIM power level is determined by Eq. (13).

For instance, an N-type coaxial connector, as shown
in Fig. 3, is used to evaluate the 3rd-order PIM power
level by the proposed method and experimental test. The
Rosenberger IM-26P PIM analyzer is used to measure
the 3rd-order PIM power level of the coaxial connector
which is excited by two signals with the frequencies of
2.62GHz and 2.69GHz in a reflection configuration at
43dBm input power, as shown in Fig. 4. The measured
result is -99.8dBm.

Fig. 3. An N-type coaxial connector.

The nonlinear 1-V characteristic of the N-type coaxial
connector is measured and then expressed by a 3rd order
power series as follows:

| =-10.081v° —12.9439V? +5.4809V —9.4723x10™. (20)

Combining Egs. (11), (12), (13) and (20), the PIM
power levels of the coaxial connector calculated by the
proposed FDTD method are illustrated in Fig. 5. The
3rd-order PIM power level is -103.2 dBm. The error of
the 3rd-order PIM power level is 3.4 dB compared with
the test result, which sufficiently shows the accuracy of
the proposed FDTD method. It can be concluded that
the FDTD method for PIM analysis of MM contacts
can address the field-circuit coupling electromagnetism
simulation problem, which offers a solution for the PIM
analysis of mesh reflectors as described below.

Fig. 4. A measuring system composed of a PIM analyzer,
a computer and device under test.
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B. PIM analysis of MM contacts in mesh reflectors

The mesh reflector is made of three wires of
tungsten (twisted together) with an individual core
diameter of 15 microns. The overcoat covering each
micro-wire is made of gold (thickness of 0.25 micron)
lying over an intermediate layer of nickel (thickness of
0.2 micron). These loose MM contact points of mesh
reflectors belonging to contact nonlinearities are
important PIM sources. The dimension of the wire mesh
sample measured is 1mx1m. The sample shown in Fig.
6 has a nominal tension of 300g/m. The frequencies of
the carriers are 2.16GHz and 2.21GHz with a power of
43dBm. The result of a PIM test in the radiated mode
indicates the seventh-order PIM value of the sample is
-139dBm.

-90

[

-100

-110

2.54x10° Hz
~103.2dBm

PIM power level [dBm]

3
Frequency [Hz] x 10°

Fig. 5. PIM power levels evaluated by the proposed
FDTD method.

» “\ o
0
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-
5 \
N
% 2N
{ I N N
; \ ) o v ¢ V|
IR S AR PR
| 9 l \ ', --\ b 4 ."\ b ‘\.-"
) 7O eI S PN

Fig. 6. Wire mesh sample.

There exists the gold-gold contact between two
wires. The Poisson’s ratio, elastic modulus, hardness,
and resistivity of gold are 0.42, 79GPa, 275MPa, and
2.4x107°Qm, respectively. The mean free path of electrons
is 38nm. The parameters of metal surface include the micro-
asperity density 7=7x10" / m?, the standard deviation of
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surface height o =5nm, the mean of asperity height
z=8nm, and the relative dielectric constant &, =3. As

shown in Fig. 7, the FEM model of wire mesh unit is
established in ANSYS software, and the contact force
and actual contact area can be obtained from the
simulation result. The parameters are used to calculate
R, R.. C., C,.,and R, in the equivalent circuit.

The contact force of single junction of wire mesh
is calculated by fractal mechanics [17]. The parameters
of circuit elements in the equivalent circuit model are
calculated according to the contact force and the material
parameters based on the expressions of each element in
the equivalent circuit shown in Fig. 2. For example, if the
contact force of two wire mesh is 510N, the nonlinear
current through the contact junction is calculated by the
FDTD method shown in Fig. 8.

Fig. 7. The FEM model of wire mesh unit.
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Fig. 8. Nonlinear current through the MM contact point.

Based on the nonlinear currents through contact
junction, the far-field PIM power level of wire mesh can
be simulated by the FDTD method. The analytical
procedure is as follows:

(1) Taking the nonlinear current as a new
electromagnetic wave source such as monopole antenna,
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the scattered field of the far field can be obtained by the
FDTD method.

(2) The calculated time-domain electric field
intensity is converted into the frequency-domain one by
FFT. In the form of absolute amplitude, the electric field
intensity E of the scattered field is 10IgE with a unit of
dBuV /m.

(3) The far-field scattered field is an electric field
E with a unit of &V /m, while the resulted analysis is
to obtain the PIM power level P, with a unit of mW.
The transformation relationship between E and P, is as
follows [18]:

10lgP. =20IgE—-20Ig f +1019G, —77.21,  (21)
where G, is the gain of antenna.

(4) Consider all contact junctions of wire mesh in
the most serious cases of the independent and phase
uncorrelated PIM source, the received PIM power with a
unit of dBm is:

P =10lg(R, + R, +---+Fy), (22)

where P, (i=12,---,N) is the PIM power level arising

from the ith contact point, N is the total number of
contact points in the wire mesh.

As shown in Fig. 6, the mesh reflector is composed
of many weaving units, one of which is shown in Fig.
7. Each weaving unit contains 18 contact junctions.
According to the direction of force acting on the contact
junction, the junctions are classified into two categories,
in plane and out of plane. The nonlinear current is
calculated through each contact junction. However, there
exist millions of contact junctions in mesh reflectors.
The computing scale is too huge to calculate. Because
the size of the weaving unit is far smaller than the
wavelength, the phase difference caused by the positions
of contact junctions can be ignored. Hence, the equivalent
current of monopole antenna is the sum of same category
contact junctions in the weaving unit. As shown in Fig.
9, the nonlinear currents existing in a weaving unit are
equivalent to two emitters.

Fig. 9. Two equivalent emitters.

We consider the symmetry of wire mesh and the
limitation of computing resources, we divide one quarter
of the whole wire mesh into 19 groups and there are 82
weaving units in each group.



According to the above analytical procedure, the
scattered field of the nonlinear current shown in Fig.
8 is obtained by Eq. (21), as shown in Fig. 10. The
corresponding 7th-order PIM power level is -346.50 dBm.
For the Imx1m wire mesh, the 7th-order PIM power
level is -130.77dBm by Eq. (22). The error is 5.9%
compared with the test result -139dBm, which sufficiently
validate the feasibility of the proposed approach.

-190r
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-200

E [dBuV/m]
N )
N = = (=]
o (4] o (3]

N
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o

N
@
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Fig. 10. Frequency-domain scattered field of the MM
contact junction.

V. CONCLUSION

(1) The nonlinear MM contact is described by
the power series model and equivalent circuit model
respectively. The FDTD iterative formulas of two
models are derived.

(2) The nonlinear current and PIM power level of
power series model are developed by the FDTD method.
The simulation and test results show the feasibility of the
FDTD method.

(3) The nonlinear MM contact of mesh reflector
is represented as the equivalent circuit model. The
nonlinear current and PIM power level of wire mesh
are solved by the FDTD method. The simulation result
indicates the effectiveness of the proposed FDTD
method which is suitable for solving the field-circuit
coupling PIM problem.
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Abstract — The performance of the parallel out-of-core
Higher-order Method of Moments (HoMoM) is analysed
in this paper. The 1/0 to hard disks significantly affects
the performance of the out-of-core algorithm. In order to
reduce the 1/0 time, solid state drives (SSD) with high
read and write speeds are utilized. The size of the in-core
buffer allocated to each process, IASIZE, is tuned to
achieve the optimum performance of the out-of-core
algorithm. Numerical results show that the out-of-core
algorithm using SSD exhibits better performance than
that using SAS hard drives. As a challenging application,
a slot array with 2068 elements is analysed using this
method.

Index Terms — HoMoM, out-of-core algorithm, SAS,
slot arra, SSD.

I. INTRODUCTION

The method of moments (MoM) is a numerically
accurate method for solving electromagnetic radiation
and scattering problems [1-3]. However, for large
complex objects, MoM needs a large amount of physical
memory to deal with the dense impedance matrix. The
matrix is usually too large to be stored in the main
memory (RAM) of the system. One choice is using fast
algorithms combined with iterative solvers, such as
the multilevel fast multipole algorithm (MLFMA) [4].
However, slow convergence or even divergence often
occurs when an object contains complex structures
or diverse materials specially dealing with radiation
problems. Other choice is using fast direct solver
incorporate compression [5] to reduce the amount of data
that has to be stored. However, the low rank property of
the matrix is indispensable in this method, so it will
expire most of time.

An alternative solution is developing an out-of-core
computation method using low-cost hard disks instead of
memory to store data and using a direct solver like LU
factorization for avoiding the slow convergence issue or
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the demand for low rank property of the matrix. The
out-of-core algorithm is designed according to the
multi-layered memory hierarchies of the computation
machines, which uses memory as in-core buffer and
hard disks to store large matrices. The major task of
developing an out-of-core algorithm is adding an
efficient hard-disk 1/O interface to an in-core algorithm,
including both matrix filling and matrix equation solving
procedures.

The state of the art high performance computing
(HPC) technique can be employed to further improve
the capability of the out-of-core algorithm. Due to the
overhead of hard-disk 1/O, the out-of-core algorithm
typically requires more simulation time than its in-core
counterpart. To reduce the /O time, the high-speed SSD
are utilized to accelerate the 1/0 [6, 7]. The radiation
of an airborne antenna array is simulated to test the
optimum IASIZE. Numerical results show that the
performance of the out-of-core algorithm is affected by
the value of IASIZE, the simulation time of the algorithm
using SSD is reduced compared with that using SAS
hard drives, and the developed parallel codes have
excellent stability.

1. HIGHER-ORDER METHOD OF
MOMENTS

A. Integral equations

The method is based on the solution of Surface
Integral Equations (SIEs) [8] in the frequency domain for
equivalent electric and magnetic currents over dielectric
boundary surfaces and electric currents over perfect
electric conductors (PECs). The integral equation employed
is the Poggio-Miller-Chang-Harrington-wWu (PMCHW)
formulation [9, 10], which is solved in frequency domain
for equivalent electric and magnetic currents over
dielectric boundary surfaces and electric currents over
perfect electric conductors (PECs). The set of integral
equations are solved by using MoM, specifically the
Galerkin’s method.

1054-4887 © ACES
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For the case when one of the two domains sharing
a common boundary surface is a PEC, the magnetic
currents are equal to zero at the boundary surface and
therefore, the PMCHW formulation degenerates into the
electric field integral equation (EFIE) [11].

B. Higher-order basis functions

Higher-order polynomials over bilinear quadrilateral
patches are used as basis functions over relatively large
subdomains [9],

a
Fi(p.s) = ——
| ap X ag |
or(p,s or(p,s
a, = (ps) , _or(p.s). @
op 0s

where, p and s are local coordinates, i and j are orders
of basis functions, and a,, and a are covariant unitary
vectors. The basis orders can be adapted to deal with
nonuniform patches; that is to say for each patch may

have completely different order in two directions. A
quadrilateral patch is illustrated in Fig. 1.

p's!, @)

r22

rZ 1

Fig. 1. Bilinear quadrilateral patch defined by four
vertices with the position vectors of ri1, 21, Fiz, .

The orders can be adjusted according to the electrical
size of the geometric element. The orders become higher
as the element size increases. The electrical size of the
geometric element can be as large as two wavelengths.
Typically, the number of unknowns for the HOBs is
reduced by a factor of 5-10 compared with that for
traditional piecewise basis functions, e.g., the RWG
basis functions [12], and thus the use of HOBs drastically
reduces the computational amount and memory
requirement. Note that the polynomials can also be
used as basis functions for wire structures. In this case,
truncated cones are used for geometric modeling.

For bilinear surfaces, the surface current is
decomposed into its p and s-components; p and s being
the two parametric coordinates of the unit quadrangle, p,
s e [-1, 1]. The approximation for the s-component of
the electric current is (analogous expressions hold for the
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p-component of the electric current and for the magnetic
current):

Np Cip Ein(p,S) +¢ip Ejp(p, )

I(b.s) N NG
(P:) ;‘ +j§2aij R (p.s) ©
-1<p<l -1<s<1, (4)

where Np and N; are the degrees of the approximations
along the coordinates, and ajj, ¢i1 and ciz are the unknown
coefficients.

Expression (3) stands for the representation of the
current in terms of edge basis functions E; (p, s) and
interior or patch basis functions Pj; (p, s) which can be
compactly expressed as:

By (p.8)= —— {p.N(S)’ Lo
la, xas| | p'N(-s), k=2
H,-(p,s)m“Tsalpisj(s), ()
p s
N(s):l_—s, Si(s): s_ -1 iis evenl )
2 s'—s iis odd

Edge basis functions Ej; and patch basis functions
Pjj are zero along the first edge (s=-1); being Ei1 and Pj
zero along the second edge (s=1). Thus, the continuity
equation can easily be imposed on a common edge.

Figure 2 shows the different polynomials orders
in use for the simulation of an microstrip antenna and
the orders range from 1 to 4. The orders of the basis
functions over the patches that close to the feed are
higher than those over other patches, because the current
distribution on these patches changes much faster than
that over other patches, as shown in the inserted figure
inside Fig. 2.

[=2]

- Substrate
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Basis order
S
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2 - 400H+H+ SICOIOH HOF + + B+ +HH 1DIBIDID
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Patch index

Fig. 2. Basis orders along p and s directions of each
quadrilateral patch of the microstrip antenna. The basis
orders are adaptive to the patch size along p and s local
coordinates.



I11. PARALLEL OUT-OF-CORE
ALGORITHM
The MoM is based on the solution of Surface Integral
Equations (SIEs) [8, 13], and the integral equations are
discretized into NxN dense matrix equations in a general
form of:

AX =B, (8)
where A is the complex dense matrix, X is the unknown
vector to be solved for, and B is the excitation vector.

The MoM is parallelized through partitioning the
large dense matrix into blocks, which are uniformly
distributed to Message Passing Interface (MPI) processes
in a block-cyclic manner. As an example, assume that
matrix A is divided into 6x6 matrix blocks, and distributed
it to six processes in the 2x3 process grid. Figure 3
presents the block-cyclic distribution methodology based
on ScaLAPACK math libraries. Two factors, process
grid and block size, significantly affects the performance
of the parallel algorithm. The reader is referred to [14]
for more detailed discussion of the theory.

0 1 201 2

? 11 | 12 14 | 15

121 22 24 | 25

0|31 32 34 | 35

1|41 | 42 44 | 45

? 51 | 52 54 | 55

161 |62 64 | 65
(a)

0 2 0 2
(0,0) | (0,1) (0,0) | (0,2)
1 3 1 3
(1,0) | (1,2) (1,0)| (1,2)
0 2 0 2
(0,0) | (0,2) (0,0) | (0,2)
1 3 1 3
(1,0) | (1,2) (1,0)| (1,2)
0 2 0 2
(0,0) | (0,2) (0,0) | (0,2)
1 3 1 3
(1,0) | (1,2) (1,0) | (1,2)

(b)

Fig. 3. Block-cyclic distribution scheme: (a) a matrix
consisting of 6x6 blocks; (b) rank and coordinates of
each process owning the corresponding blocks in (a).

The main idea of designing an out-of-core filling
algorithm is to modify the in-core filling algorithm
structure and fill a portion of the matrix at a time instead

of the whole matrix. The detail procedure is shown in Fig.

4. When performing an out-of-core LU factorization,

LIN, ZUO, ZHAO, ZHANG, WU: SSD ACCELERATED PARALLEL OUT-OF-CORE

each portion of the matrix is read into the RAM and the
LU decomposition is started. On completion, the result
of the LU factorization of this portion of the matrix
is written back to the hard disk (HD). The code then
proceeds with the next portion of the matrix until the
entire matrix is LU factored. The memory is used as
the in-core buffer for the out-of-core algorithm, and the
buffer size, IASIZE, determines the number of portions.
A larger value of IASIZE will lead to higher CPU usage,
and this will result in faster computation. However,
reading/writing a large file from/to the hard disk will
need more time if the memory is not properly allocated.
Therefore, the value of IASIZE is a critical factor for
obtaining optimum performance. In the following sections,
we investigate how the performance of a cluster is affected
by the choice of the IASIZE parameter.

CPU;| ‘ Computation ‘ H ‘ Computatio% ‘ H ‘ ‘
L1, L2 cache il\ L1, l#cache JNA[

L W
1 1l 1)

HD: [] A W -

-

I The control of CPU over RAM to read data from HD time

@ CPU computation [ The data-movement between RAM and HD

Fig. 4. The out-of-core algorithm.

The left-looking variant of LU factorization, which
requires less hard-disk 1/0 amount than the right-looking
variant, is used and the total amount of 1/O required is [2,
13]:

M—3{1+o(ﬁﬂ R +2M?2 {1+o(ﬁﬂw ()
2n, M M

where M is the order of the dense matrix, np is the matrix
block size, and R and W are the time required to read and
write one matrix element, respectively.

The read and write speeds of SAS and SSD that be
monitored by paramon software [15] are shown in Fig. 5
and Fig. 6. And the read and write speeds of SSD
are higher than those of ordinary hard drives, e.g., SAS.
Therefore, R and W in (9) can be reduced by using SSD.

Disk Read Disk Write 0.00 MB/s
0.01 MB/s 306.31 MB/s

NFS Sead NFS Recv

0.00 MB/s 0.00 MB/s

@
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Fig. 5. Write speeds of hard disk: (a) SAS and (b) SSD.
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Fig. 6. Read speeds of hard disk: (a) SAS and (b) SSD.

IV. NUMERICAL RESULTS

The computational platform used in this paper is a
HPC cluster with 64 computing nodes. Each computing
node has two 12-core Intel Xeon E5-2692v2 2.2 GHz
EMG64T processors (12x256 KB L2 Cache and 30 MB
L3 Cache), 64 GB RAM. Among these 64 computing
nodes, 32 computing nodes include SSD and each
computing node has two 400 GB Intel MLC SSD, and
the other 32 computing nodes include SAS hard disks
and each computing node has two 600 GB 10K rpm SAS
hard disks. The nodes are connected with Infiniband
switches.
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A. Correctness of the out-of-core algorithm

To validate the accuracy and efficiency of the
HoMoM, the monostatic analysis of the NASA almond
is considered. The parametric equations that define
the geometry of the NASA almond are well known
and available in the literature [16]. The Non-Uniform
Rationale B-Spline (NURBS) model is shown in Fig. 7.
The comparison between the computed result and the
measurement for 9.92 GHz is shown in Fig. 8. The results
agree with each other very well.

Fig. 7. NASA almond.
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Fig. 8. VV polarized monostatic RCS of NASA almond
at 9.92 GHz (0° starts from the x-axis in the xoy-plane).

B. IASIZE optimization

To find optimum IASIZE of the out-of-core
algorithm using SSD and SAS, we calculate the radiation
pattern of an airborne antenna array operating at 440
MHz as shown in Fig. 9. The antenna is a microstrip
patch antenna array with 333 units and the material
parameters of the substrate are &r = 4.2 and x4 = 1.0. The
dimensions of the airplane and the array are 54.0 mx53.8
mx10.5 mand 10.0 mx2.5 mx0.018 m, respectively. The
number of unknowns (NUN) of the airborne array is
308,371. In all the simulation, the number of computing
nodes used is 8, namely 192 CPU cores. The result is
given in Fig. 10.

The time using different IASIZE is listed in Table 1.
The measured wall time as a function of 1ASIZE is
plotted in Fig. 11 and Fig. 12. From comparison, we can



see that the total time and matrix solving time of the
out-of-core algorithm using SSD is evidently reduced
compared with that using SAS, and the optimum IASIZE
of the out-of-core algorithm using SSD and SAS are 3.0
GB and 2.3 GB, respectively.

Note that the optimum value of the IASIZE will vary
slightly for the same platform when using different basis
functions, or when running different projects with the
same basis function. Also, the optimum value of the
IASIZE may not be the same for different computational
platforms. It is always advisable for the user to choose
the proper IASIZE that 80%~90% of available memory
size to avoid using virtual memory of the computer.

(@)

Microstrip array

(b)

Fig. 9. Airborne array model: (a) the rectangular patch
antenna array with 37x9 elements, and (b) the antenna
array above an airplane.

Table 1: Wall times when using different IASIZE

1ASIZE Total Time(s) LU Time(s)
(GB) SSD SAS SSD SAS
2.0 31538 | 35360 | 25788 | 29528
2.1 30811 | 34194 | 25841 | 29086
2.2 30920 | 34047 | 25938 | 28960
2.3 31289 | 33524 | 26319 | 28488
2.4 31342 | 33846 | 26177 | 28806
2.5 30254 | 33961 | 26068 | 29705
2.6 30210 | 35717 | 25986 | 30803
2.7 30121 | 34507 | 25868 | 30228
2.8 30272 | 37172 | 26000 | 32715
2.9 30048 | 37123 | 25763 | 32460
3.0 30008 | 38894 | 25734 | 33062
3.1 30414 | 39344 | 26100 | 34177
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Fig. 10. 3D radiation pattern of the airborne antenna
array.
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Fig. 11. Wall time for matrix solving when using
different IASIZE.
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Fig. 12. Total wall time when using different IASIZE.

C. Performance comparison of SSD, SAS and RAM
In this section, we use the optimum IASIZE
obtained in previous section to ensure best performance.
We present one set of electromagnetic scattering results
for demonstrating the performance of the out-of-core
algorithm using SSD and SAS. The results of the in-core
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algorithm are also given for comparison. The airplane
model with dimensions of 11.6 mx7.0 mx2.93 m is shown
in Fig. 13. The range of simulation frequency is from
600 MHz to 2.3GHz and the corresponding numbers of
unknowns are given in Table 2, where the time for matrix
filling and matrix equation solving is listed. The results
in Fig. 14 illustrate that the out-of-core algorithm does
not result in loss of numerical accuracy of the MoM.

According to Table 2, the performance comparison
of the three solving approaches is evaluated and shown
in Fig. 15. For the process of matrix filling, it can be seen
that the in-core solver is the fastest, followed by the
out-of-core solver using SSD, and out-of-core solver
using SAS is the slowest. With the number of unknowns
increasing, the difference among three approaches is
more and more obvious. From the process of matrix
equation solving, it can be seen that the performance
of out-of-core algorithm using SSD is obviously better
than using SAS and very close to the in-core algorithm.
Because the matrix equation solving time is much longer
than the matrix filling time, it can be concluded that the
out-of-core algorithm using SSD achieves nearly the
same performance as the in-core algorithm.

Fig. 13. An airplane model.
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Fig. 14. Bistatic RCS of the airplane at 2 GHz: (a) xoy
plane and (b) xoz plane. The plane wave is incident along
—X axis.

Table 2: Simulation time for the airplane
Matrix Filling Matrix Equation
Time(s) Solving Time(s)

SSD | SAS |RAM | SSD | SAS |RAM
14482 | 4.07 | 4.06 | 3.66 | 7.80 | 7.88 | 7.45
18689 | 4.76 | 4.79 | 4.16 |13.27 | 13.90 | 12.75
23293 | 7.53 | 7.55 | 6.66 |20.88 |21.01 | 20.39
26943 |10.38 | 10.33 | 9.11 |29.50 |29.39 | 28.47
33415 |14.32 | 14.39 | 12.60 | 50.85 | 49.59 | 47.41
38964 | 22.14 | 22.08 |19.35 | 73.26 | 72.63 | 69.28
47411 |31.10 | 31.13 | 27.35 | 121.7 | 120 |114.7
53307 |32.63 |32.55 | 27.93 | 165.1 | 163.4 | 156.6
61515 |41.82 |42.09 | 35.57 | 262.0 | 258.1 | 251.8
67552 |46.35 |46.53 | 39.35 | 325.2 | 321.9 | 320.4
76459 |62.05 | 61.28 | 51.17 | 450.7 | 445.6 | 435.8
84059 |74.00 | 75.69 |62.88 | 610.8 | 651.3 | 575.7
93509 |95.82 | 105.2 | 79.08 | 828.5 | 861 |783.8
105905 | 114.1 | 126.1 | 94.89 | 1187 | 1243 | 1064
115934 | 157.2 | 171.6 | 116.4 | 1542 | 1703 | 1400
129012 | 202.6 | 221.6 | 146.3 | 2144 | 2548 | 1949
145483 | 209.7 | 229.7 | 175.8 | 3071 | 4042 | 2677
160770 | 380.1 |493.4 | 228.2 | 4119 | 4903 | 3615

NUN
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Fig. 15. Performance comparison of the out-of-core
algorithm using SSD and SAS and the in-core algorithm:
(a) matrix filling time, and (b) matrix equation solving
time.

D. Radiation calculation of a waveguide slot antenna

In order to validate the stability of the parallel out-
of-core algorithm and further confirm the acceleration
performance of SSD, the radiation problem of a
waveguide slot antenna operating at 35GHz as shown in
Fig. 16 is calculated. The antenna model is composed of
24 waveguide components with a total 2068 slots, for an
overall dimension of 66A by 17A. The total number of
unknowns for this antenna is 660,779, which requires
approximately 6.3 TB of storage to analyze the problem
using double precision arithmetic. The general computer
is unable to provide enough memory, so we use the
parallel out-of-core  MoM with higher-order basis
functions.

The computational parameters are listed in Table 3.
We can see that the required memory of this simulation
is about 6.3 TB and the provided memory of the CPUs is
2.0 TB, so the parallel out-of-core algorithm has broken
the limitation of the memory of the CPUs. Compared
with the out-of-core algorithm using SAS hard drives,
the acceleration percentage of the out-of-core algorithm
using SSD is about 18.66%. The overall speedup does

LIN, ZUO, ZHAO, ZHANG, WU: SSD ACCELERATED PARALLEL OUT-OF-CORE

not seem that good, but the hard disk only affects the
time of reading and writing files in the out-of-core
algorithm, so it is in line with expectations. Actually,
acceleration of 18.66% can also reduce a lot of
computing time for very large problem. The SSD is used
to accelerate out-of-core algorithm in here is mainly
want to reduce the performance loss that caused by
reading/writing hard disk compared with the in-core
algorithm. The result is given in Fig. 17. This simulation
demonstrates that the code is stable and can be used for
even more unknowns as long as sufficient hard disk is
available.

Fig. 16. Waveguide slot antenna model.

I'50'349

@

40

Out-of-core(SAS)
20 —— Out-of-core(SSD)

o

N
o

Gain(dB)

-40

-60

P S S S S S S S
0 30 60 90 120 150 180 210 240 270 300 330 360
Phi(deg)

(b)

Fig. 17. Radiation patterns of the waveguide slot antenna:
(a) 3D radiation pattern, and (b) xoy plane radiation
pattern.

949



950

Table 3: Computational parameters for the antenna

NUN Storage | Computational | Total Wall
(TB) Resources Time(s)
32 nodes with SSD | 387,319
660,779 | 6.354 -
32 nodes with SAS | 476,156

V. CONCLUSION

The performance of the parallel out-of-core MoM
is improved through SSD, and the sensitivity of the
speedup on IASIZE is much less with the SSD than with
the SAS disks. The proposed algorithm allows matrices
to be written to the hard disk and is no longer limited to
the size of the memory. The algorithm does not suffer
from slow-convergence issue, and thus it is suitable
for accurately modeling large electromagnetic problems
including complex structures and diverse materials.
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Abstract — Quantum inspired particle swarm optimization
(QPSO) is widely used global convergence algorithm for
complex design problems. But it may trap into local
optima due to premature convergence because of
insufficient diversity at the later stage of search process.
In this regard, to intensify the QPSO performance in
preventing premature convergence to local optima. This
work presents a novel QPSO approach using student t
probability distribution method with mutation operator
on particle with global best position. In addition, a new
dynamic control parameter is proposed to tradeoff between
the exploration and exploitation searches. The proposed
method will intensify the improvement in its convergence
behavior and solution quality. The proposed improve
QPSO called 1QPSO is tested on an electromagnetic
design problem namely, the TEAM workshop benchmark
problem 22. The experimental results showcase the merit
and efficiency of the proposed method.

Index Terms— Electromagnetic design, mutation, particle
swarm optimization, quantum mechanics.

I. INTRODUCTION
Most real-world problems in electrical engineering
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required optimization of multi objective functions
with different constraints. However, the deterministic
optimization techniques fail to find the global optimum
solutions of these types of problems. In last few years,
much efforts have been devoted to investigate and
developed new stochastic optimal methods such as,
genetic algorithm, differential evolution, tabu search
method, cross entropy, simulated annealing, ant colony
method and particle swarm optimization method etc.,
have all been successfully applied to electromagnetic
design problems. Some latest optimization techniques
for engineering application is reported in the following
paragraph.

An adaptive null-steering beamformer based on
Bat Algorithm (BA) for Uniform Linear Array (ULA)
antennas to suppress the interference was proposed in
[1]. In [2], for the design and optimization of radome-
enclosed antenna arrays, a fast-numerical optimization
technique is proposed to compensate the distortion
error of radome-enclosed antenna arrays by correcting
amplitude and phase of the excitations. A radiation
pattern synthesis of non-uniformly excited planar arrays
with the lowest relative side lobe level (SLL) was
presented in [3]. A time dependent discrete adjoint

1054-4887 © ACES
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method is applied on electromagnetic problems [4].
A hybrid approach by combining a genetic algorithm
(GA) with particle swarm optimization (PSO) is applied
to solve electromagnetic problems [5]. An opposition
based differential evolution algorithm is used for the
optimization of elliptical array antenna [6]. In [7], the
comparison of two well-known evolutionary algorithms
is presented for the optimization of ships degaussing coil
currents.

Though, there is no global optimal algorithm that
has been efficient for all engineering design problems.
Thus, there is a need to research and develop a global
optimization technique for the study of electromagnetic
design problems. In this regard, particle swarm
optimization method is worthy for further studies.

The particle swarm optimization is an addition to the
evolutionary algorithms. It was originated by Kennedy
and Eberhart in 1995 [8]. PSO is inspired from the social
behavior of bird flocking and school of fishes for
hunting their food. PSO is very simple in notion and
implementation but it traps into local minima when
solving complex optimization problems. This is due to
improper balance between exploration and exploitation
searches [9]. To address this deficiency in particle
swarm optimization, a quantum behaved particle swarm
optimization (QPSO) was proposed [10]. Nevertheless,
there are still some issues in QPSO that should be solved.

In this context, in this work an improved quantum
inspired particle swarm optimization method (IQPSO)
has proposed for the study of electromagnetic design
problems. In the proposed method, a new mutation
strategy with student t probability distribution method
is applied on the particle with global best position. In
addition, a new parameter updating formulae is proposed
to tradeoff between global and local searches.

1. QPSO METHOD
Particle Swarm Optimization (PSO) is a population
based stochastic process where individuals are referred
to as particles and the population as a swarm. Each
particle in a swarm represents a potential solution of the
optimization problem. As, the particles move towards
the global best point over the multi-dimensional region,
the position and velocity are updated according to its
own experience and that of its neighbor particles.
Consider a N dimensional design space. The velocity
and position of the N™ dimension of the i particle is
updated by using the following equations:
V" =wx V" +c, x randl’ x (pbest’ — X)+ 1)
¢, xrand 2] x (gbest" — X"),
Xin = Xin +Vin J (2)
where, V" =(V!,V?,......,V;") represents the velocity of
the particle i. X' = (X}, X/,....., X") is the position of the

i"" particle. pbest, = (pbest’, pbest’,......., pbest) is the
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personal best position having the best fitness value for
the i particle and gbest = (gbest', gbest?,........, gbest")

is the best position found by the entire population. ¢;
and c2 are the two acceleration coefficients, rand1} and
rand2] are the two uniform random numbers within the
interval [0,1].

The parameter w represents the inertia weight which
is used to balance the local and global searches [11].
The value of w is decreasing linearly according to the
following equation:

W=W, —tx (W, —W ) /T, ©))
where T represents the maximum number of iterations
and t is the current iteration.

QPSO was encouraged by analysis of the
convergence of the classic PSO and Quantum model.
However, unlike PSO, the position and velocity cannot
be determined simultaneously in quantum model
according to the uncertainty principle. In the quantum
time space context, the quantum state of a particle is
represented by a wave function ¥ (x,t) . It can be absorbed
from the probability of the individuals appearing in
position x from probability density function ¥'|(x,t)|2,
the form of which depends on the field where the particles
lie in.

Sun [10] employed Delta potential model with the
center on point p=(p,, Pyreeereen. . Pp) to constraint the

quantum particles in PSO in order that the particles
can converge to their local p without explosion. In delta
potential well, the wave function is given by:

# () ==ep(-p=x /L), @

N

and the probability density function is given by:
1
QM) =¥ ()" =cew-2lp-X /). ()
Applying Monte Carlo method, the position of the
particle can be measured as:
X['(t)=px0.5xLxIn(/u), (6)
where u is a random number with uniform distribution
within the range [0, 1] and parameter L as evaluated in
[8], is given by the following equation:
L(t+1) = 2 x|Mbest - X/'(t)], @)
where /3 is a contraction expansion coefficient to control

the convergence speed of the algorithm. Generally, it is
given by:
B =0.5+(1.0-0.5) x (Maxiter —t) / Maxiter .  (8)
The global point known as Mean best (Mbest) of the
swarm is defined as the mean of the personal best and
global best positions of all particles, and is given by:

M
Mbest = % > pbest + gbest” 9)
n=1

where M is the size of the population.



Moreover, for the particles to converge to the
global best position, the coordinates of each particle are
determined by:

p = @ x pbest + (1—¢) x gbest", (10)
where ¢ is a uniform random number within the interval
[0, 1].

Thus, the particles will be updated according to the
following equation:

X[ (t+1) = pa x|Mbest— X/ () xIn@/u),  (11)

11l. PROPOSED IQPSO METHOD

To further intensify the QPSO performance in terms
of solution quality and convergence speed different
approaches such as Gaussian, exponential, Cauchy, beta
and other probability distributions methods are used to
produced random numbers and improve the position
update equation of QPSO. In this work, following the
same line of study, new outcomes are presented for
the mutation operator in QPSO by using the student
t probability distribution method. As, the mutation
phenomena have been brought from the evolutionary
methods to maintain the diversity. This is because at
the early stage of evolution process the diversity of the
population is high but later on it reduces quickly. One
of the main reason is the improper balance between
the local and global searches. Thus, to maintain a good
balance between exploration and exploitation searches
and to keep the diversity of the population high a new
method of mutation is proposed in this work as follows.

A. Mutation strategy
In order to intensify the global searching capability
of the proposed IQPSO method, some mutation operation
is added to the particle with global best position as
follows:
Gbest = mut(gbest) , (12)

where mut is obtained by the selection of a best fittest
value of gbest particle with student t random function.

The Gbest is the new global best particle that will
further take part in the optimization process to jump from
local and achieve a global optimal solution.

The new global best particle Gbest will combine
with the mutation operator using a modification of
parameters c; and ¢, of Equation (10) with modifications
given by the following equation:

st, x pbest; + st, x Gbest"
p =
2
where st; and st; are the two random numbers generated
with student t probability distribution method.

The generation of random numbers with student
t probability distribution function provides a good
cooperation between the probability of having a large
number of small amplitude around the current point and
a small probability holding higher amplitude that will

, (13)

REHMAN, TU, REHMAN, KHAN, YANG: DESIGN OPTIMIZATION OF ELECTROMAGNETIC DEVICES

help the particles to escape from local optimum and
accomplish the global optimum solution.

B. Updating parameter formulae
Moreover, the contraction expansion coefficient S

is the only control parameter for QPSO and is used to
tune the algorithm. The g plays an important role to

control the convergence behavior of the algorithm.
Therefore, different researchers have proposed different
strategies to bring a good balance between exploration
and exploitation searches to adjust the S parameter [12].

The most common value of £ is to initially set to 1 and
reduced linearly to 0.5. Also, S playsa vital role to keep

balance between the local and global searches of the
algorithm. However, improper adjustment of £ will

make the local and global searches disturb, as a result the
algorithm trapped into local minima. Thus, to address
this kind of issues, a proper adjustment of the value of
£ is important so that to jump the algorithm from local

optima and achieve a global optimum solution. Thus, in
this work, a new dynamic control parameter is proposed
that will keep balance between the exploration and
exploitation searches and will avoid the algorithm to
trap into local minima. The proposed dynamic control
parameter is given as:

M. —
B =0.5-cos(rand / 2)(—=—) , (14)

iter
where rand is a uniform random number within range
[0,1], Mitr is the maximum number of iteration and t

is the current iteration.

Consequently, on the bases of cosine function
values the coefficient expansion [ parameter also

varies to guarantee a tradeoff between the exploration
and exploitation searches.

IV. NUMERICAL APPLICATION
To evaluate the performance of the proposed QPSO
method for electromagnetic problems. It is used to solve
a well-known benchmark TEAM workshop Problem 22
as stated in [13]-[18]. The TEAM workshop problem
is a SMES (superconducting magnetic energy storage
system) design optimization as shown in Fig. 1. The
system consists of two concentric coils carrying current
in the opposite directions. The inner main solenoid and
the outer shielding solenoid that is used to minimize
the stray field. The optimal design of SMES is to achieve
a desired stored energy with minimal stray field.
Therefore, the design should fulfil:
(1) The energy stored in the device should be 180
MJ;
(2) The generated magnetic field inside the
solenoids must not violate certain physical condition to
ensure the superconductivity;
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(3) The mean stray field at 22 measurement points
along line A and line B at distance of 10 m should be as
small as possible.

To guarantee the superconductivity of the
superconductors, the constraint equation between the
current density of the two solenoids and magnetic flux
density should fulfil:

J, £(-6.4[(B,),| +5)(A/mm?*)  (i=12), (15)
where Jjand Bmax are the current density and maximal
magnetic flux density in the i coil.

In the three-parameter optimization problem of
SMES design, the inner solenoid is fixed atr, =2m,

h/2=0.8m, d, =0.27m. The dimensions of the

outer solenoid are optimized following the constraints
as:  26m<r, <3.4m, 0.204m < h, /2 <1.1m,

0.Im<d, <0.4m. Furthermore, the current densities

for the two coils are set to be 22.5 A/mm? in opposite
directions. Also, for the convenience of numerical

implementation, (15) can be simplified to |B, | < 4.92T.

Under such simplification, the optimization problem is
expressed as:

B2 |Energy -E
+

stray

ref

min f = subject to

2
norm ref

B, | <4.92T (16)

where Eref =180MJ, B =3x10°T, Energy is the
energy stored in SMES device, Bmax is the maximum
magnetic flux density, B2 is evaluated at 22

stray
equidistance points along line A and line B as shown
in Fig. 1, using the following equation:

22
Bsztray = ZBsztray,i / 22 . (17)
i=1

In this case study, the performance parameter as
required by Equations (16) and (17) are determined using
two-dimensional finite element analysis.

For performance comparison, this case study is
solved using the proposed IQPSO method, original QPSO
[10], GQPSO [19] and MQPSO [20]. The optimal results
of different stochastic approaches for 10 random runs are
tabulated in Table 1.

The numerical results in Table 1 and statistical
analysis as shown in Fig. 2, demonstrating the superiority
of the proposed 1QPSO method on other well-designed
stochastic approaches. The convergence plot of Fig. 2,
also illustrates that the convergence performance of
the proposed IQPSO is faster than other tested optimal
methods and the proposed IQPSO converges quickly at
the initial iterations of the evolution process. Furthermore,
it can jump from the local minima to further discover the
search space.

ACES JOURNAL, Vol. 33, No. 9, September 2018

Line A

(0,10)

*_
|
|
|
|
'
gaur

——IQPSO

Best Objective Function value

0.1400 1
=~ MQPSO i
0.1200+ —=-GQPSO
—+— QPSO
0.1000+
0.0800+

500 1000 1500
Times of Evaluation

Fig. 2. Convergence comparison of different stochastic
methods on Team problem 22.

Table 1: Performance comparison of different stochastic
methods on Team workshop problem 22

. Cost  |[Function
Optimizer| T, h,/2 d, Function| Calls
GQPSO |3.1723|0.2319 | 0.3892 | 0.1222 | 2000
QPSO |3.0786 |0.2414|0.3795| 0.1077 | 2000
MQPSO |3.1198 | 0.3008 | 0.3079 | 0.0903 | 2000
IQPSO |3.1407 | 0.3149 | 0.2886 | 0.0796 | 2000

Thus, one can analyze from these numerical
outcomes, that the performance of proposed 1QPSO is
extensively better than other tested stochastic approaches
in terms of both solution quality and convergence speed
(number of iterations).

V. CONCLUSION
In this paper, a new approach of mutation using
student t probability distribution function and updated
parameter control formulae is proposed to intensify
the performance of QPSO algorithm. The new method



has been validated by using an electromagnetic design
problem. The experimental outcomes on the case study
demonstrates that the proposed method has high global
searching capability and used less number of iterations
for convergence as compared to other tested optimal
methods. Consequently, it showcases the merit and high
applicability of the proposed IQPSO method. Moreover,
for future work it should be investigated to find other
optimal methods for the study of electromagnetic design
problems and the proposed method will be applied on
other engineering electromagnetic problems.
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Abstract — This paper presents a reliable and efficient
analytical model to calculate the shielding effectiveness
(SE) of a rectangular enclosure with wire penetration
under plane wave illumination over frequency range of 0
to 2.5GHz. The wire is equivalent to monopole antenna,
and the four-element lumped-parameter equivalent circuit
for monopole antenna is established to represent the
coupling process between electric field and the wire.
Based on dynamic Green function, the approximate
solution of the electric field distribution in the enclosure
excited by the internal wire is derived, and Bethe's theory
is used to calculate the approximate solution of the electric
field distribution in the enclosure excited by the aperture
when the aperture size is not negligible. Several cases are
presented to verify the validity of the model. The effects
of the length of the wire inside and outside the enclosure,
wire penetration and observation point position as well
as incident direction of plane wave on the SE are discussed
in detail. Simulation result of the proposed model are in
good agreement with that of the transmission line matrix
(TLM) method.

Index Terms — Equivalent dipole, rectangular enclosure,
shielding effectiveness, wire penetration.

I. INTRODUCTION

Shielding is one of the most important technologies
in electromagnetic compatibility, which is widely
used to protect electronic equipment from external
electromagnetic radiation interference [1]. There is great
interest in determination of shielding performance of
the metallic enclosure, which is quantified by shielding
effectiveness (SE). In real devices, there always exist
aperture and wire penetration on the shielding enclosure
to meet with internal electronic equipment power supply,
data transmission and other practical needs. The external
wire will induce external electromagnetic energy, and
couple to the enclosure through internal wire. Meanwhile,
when the size of the wire-penetrated aperture is big enough,
aperture will also be an important electromagnetic
coupling path and cannot be ignored. These two coupling
paths will greatly reduce the shielding performance of
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the shielding enclosure [2]. For these reasons, the study
of the coupling effect of the enclosure with wire
penetration becomes necessary in the shielding enclosure
design.

The SE can be directly measured by the experiment
[3, 4]. However, the experiment method is inefficient
and expensive, which limits its applicability. Generally,
numerical methods [5-7] and analytical formulations [8]
are main ways to calculate SE. Numerical methods are
suitable for calculating the SE of complex structures.
Compared to numerical methods, analytical formulations
require far less computational cost and are more suitable
for regularity research. Zheng et al. applied Norton’s
equivalence theorem to study the electromagnetic
coupling of an incident plane wave through a wire-
penetrated electrically small aperture in an infinite
conducting screen [9]. A transmission line model of the
structure composed by a semi-infinite metallic screen
with wire penetration on the ground plane was derived
based on the scattering parameter by Daniele et al.
[10]. Thomas et al. proposed a very efficient model to
compute the coupling of external electromagnetic fields
to the contents of an enclosure via wire penetrations
using multiple-mode transmission line theory. The
simulation results indicated a good consistency with the
experimental data [11-13]. In this model, the wire was
connected to enclosure through BNC connectors, and
therefore the coupling effect of the wire-penetrated
aperture was not taken into account. But in some
applications, wires of the electronic device inside an
enclosure will pass through the enclosure directly
through aperture without connectors. Leone and Monich
provided inductive coupling model and resonant dipole-
antenna model to study the radiation of the enclosure by
both wire and aperture [14]. Lertsirimit et al. developed
an efficient hybrid method for analyzing the coupling
to printed circuit board inside an enclosure via wire
penetration using a combination of transmission-line
analysis and full-wave solver [15]. Li solved the similar
problem by a hybrid numerical analysis method of
the partial element equivalent circuit (PEEC) and the
method of moment (MoM), and the results of the hybrid
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method were in good agreement with those of test [16].

In this paper, a reliable and efficient analytical
model is developed to calculate the SE of rectangular
enclosure with wire penetration under plane wave
illumination. The coupling of external electromagnetic
fields to an enclosure via both wire and wire-penetrated
aperture is considered. The SE at any point within
enclosure can be calculated efficiently and reliably.
Simulation results of the presented model are in good
agreement with that of the CST software over a wide
frequency range (0~2.5GHz), which verifies the validity
of the model. The effects of the length of the wire inside
and outside the enclosure, wire penetration and observation
point position as well as incident direction of plane wave
on the SE are discussed in detail based on the model.

I1. ANALYTICAL MODEL

The physical structure of a metallic rectangular
enclosure with a z-direction wire penetration is depicted
in Fig. 1. The dimensions of the rectangular enclosure
are Xe X Ye X Ze. The whole wire can be divided into two
segments, named wire A and wire B. The length of the
wire A outside the enclosure is I and the length of the
wire B inside the enclosure is lg. The radius of the wire
and aperture are ry and ra. The penetration point of the
wire is located at W(Xa, Ya, 0), and the central position of
the internal wire is located at S(Xa, Ya, 18/2). The monitor
point is located at P(Xp, Yp, Zp) Within the enclosure.

R

0 1/2lg Zp e 1z
Fig. 1. Geometry of an enclosure with a wire penetration.

The enclosure is irradiated by an oblique plane wave
with arbitrary incidence and polarization direction, as
shown in Fig. 2. The electric field strength components
of the plane wave can be described as:

E, = E,sinasin g +cosa cospsin &, 1)
E, =E,cosarcos 9, )
E, = E, cosasingsin 3—sina cos g, 3)

where Ep is the electric field amplitude, ¢ is azimuth
angle, 4 is elevation angle and « is polarization angle.
The related H-field can be calculated by:
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H=1kxE, @)
n
where k is the wave vector direction vector, and 7 is the
characteristic impedance of the medium.
y

A

Incident |
plane

(a) Wave vector
Incident
plane ™

Vertically E

polarized K
component N

r.
K
(out)

Horizontally polarized
component

(b) Polarization

Fig. 2. Definition of the plane wave.

A. Analytical model of wire

Assuming that the wire-penetrated aperture is small
enough and can be ignored, the external wire is the main
way to couple the electromagnetic energy. The coupling
of electromagnetic energy to the enclosure is achieved
by the internal wire. In order to calculate the induced
energy of the external wire, we consider the wire as
monopole antenna. For a dipole or monopole antenna,
it can be modelled as an equivalent circuit containing
frequency dependent lumped elements over a wide
frequency range [17]. The geometry and the four-element
circuit model of a dipole antenna are shown in Fig. 3.
The length and the diameter of the dipole antenna are 2h
and 2r respectively. The equivalent circuit consists of the
capacitance Co in series with a frequency dependent
resistance called radiation resistance which is formed
from a parallel connection circuit of C1, Ry and Li. The
equivalent impedance of the circuit is expressed as:

2, (io)- jo(1/C))

o, JoICR) LG -




L

A
—| |—
2r

Fig. 3. The equivalent circuit model of a dipole antenna.

The values of Ry, Co, Cy, and L; up to the full-wave
resonant frequency are given by [12]:

R ~[578.626]In(h/r)-[1675.1817] Q. (6)
C, ~[31.85]h/(In(h/r)-[0.6943]) pF.  (7)
C, ~[9.433]h/(In(h/r)—[2.458]) pF . (®)
L, ~h([119.58]In(h/r)-[147.07]) nH. ©)

where the contents in the square brackets represent
empirical values.
The effective length of dipole antenna is given by
[11]:
h(jo)=ha (e’ +2jos,-o"), (10)
where wn = 2zfn, fn is expressed as:
f, ~([7.609]In(h/r)+[9257])/h MHz,  (11)
the damping frequency o is expressed as:

h
o, zﬁ rads/s, (12)

where |he|max is:
|he| . ~h([0.7063]In(h/r)+[0.1387]). (13)

For a monopole above ground the self-impedance
and effective length is exactly half of that given by (5)
and (13) where h is the monopole length [11]. So the self-
impedance Za and Zg of the wire A and B are half of that
obtained by substituting la, Iz and rq into formula (5)-(9),
and the effective length hae of the wire A is half of that
obtained by substituting la and rq into formula (10)-(13).
Finally, the source current of the wire can be approximately
expressed as [11]:
_Eh.(jo)
S 2,42,
When the length of the internal wire is less than the
wavelength, we neglect the influence of the current
distribution of wire B and the complex coupling process
between the aperture and the wire, the wire B is
approximately equivalent to a z-direction electric dipole
inside the enclosure with dipole effective length hge and
current source |s at the central position of the internal

(14)
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wire. The electric field E in a rectangle enclosure
contributed by the electric current distributions J inside
the enclosure can be represented as [18]

E(r )_—Ja)yome (r,r)3(r')dv’, (15)

where o is the permeablllty of the medium, G is the
dyadic Green’s function, and V is the volume which
sources occupy.

The electric field components at point P(Xp, Yp, Zp),
which are excited by the z-direction equivalent electric
dipole located at the central position of the internal wire
S(Xa, Ya, l8/2), are given by [19]:

Esz (Xp, Yo Z, ) — —€om&on Ja)zuo(hBe s)

2k%(%,Y,)
o & | Ty cosk, (2,415 /2-2,)
Z‘);{ Ko SIN (K122 ) .+ (16)

I cosk_ (z -1, /2—28)}
+
Ko SIN (K Z,)

mn~e

—Eom€on ja),uo (hBe s)

2k (x,Ye)

l5/2)

© = | sink,, (z -7,-
ZZ{ sm(kmnze) (17
zp—|B/2)}
Iy /2)

D )

m=0n=0 Sm( mn “e
ze—zp—IBIZ)}

F:nnsgn(zp—l /2)sink (ze
! sin(KynZ)

mn~e

—EomEon JOMy (Mg, 1)
2k*(x.Y,)

ESX(Xp'yD’Zp):

7,500 (2, —1s /2)sink, (

sin (KpnZ, )
where

Ko = k2= (M7 /%)~ (N7 1 y,)? (19)

[( ﬂ/xe)2+(n7z/ye)z}sin(mﬂxa/xe)
» (20)

(n;;ya/ye)sm(mﬂx /X )sm(nﬂyp/ye)

r. :(n;r/ y. )sin(mzx, /%, )sin(nzy,/ y,)

_ , (21)
-sin(mzx, / x, )cos(nzy, / y,)

I, =(mz/x,)sin(mzx, /%, )sin(nzy,/y,)

, (22)

.cos(m;zxp / Xe)sin(nﬂyp / ye)

where sgn( ) represents sign function. eom and o, are
Neumann factors which can be expressed as:
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2, m=0
1 =
g =i =0 (24)
2, nx0
The electric field and SE at observation point are:
Ep =(E,)* +(E,)* +(E.) (25)

SE,, =-2010g,,|E,, / Eo|. (26)

ps

B. Analytical model of wire-penetrated aperture

When the size of the wire-penetrated aperture is big
enough, the leakage electric field from wire-penetrated
aperture cannot be ignored and need to be considered.
Here we ignore the complex coupling relations between
the wire and aperture, and the total electric field at point
P(Xp, Yp, Zp) inside the enclosure is expressed as:

E =E,+E,, (27)

where Epa is the leakage electric field from wire-
penetrated aperture without wire, as shown in Fig. 4.

Incident
plane wave
O y Incident
X plane wave
Incident o —-) v
plane wave X
y
X i
0 Z

Fig. 4. The coupling of electric fields to the enclosure via
both wire and wire-penetrated aperture.

We apply Bethe’s theory and replace the aperture
with electric and magnetic dipoles located on both sides
of the perfectly electric conducting surface which fill the
aperture [20]. The electric dipole p and magnetic dipoles
m are outside the completely closed enclosure, while the
mirrored dipoles m' and p' are inside the enclosure, as
shown in Fig. 5.

The electric dipole is normal to the plane of the
aperture, and the magnetic dipoles are parallel to the
plane of the aperture. Dipole strengths are given by [19]:

p=p=a.sEy2, (28)
m=m’=—amstcX)?—astcy§/, (29)

where & is the dielectric constant. Esc and Hsc are the
short circuited electric field and magnetic field at the
perfectly electric conducting surface in the absence of
the aperture, which are two times of the electric field and
magnetic field of the incident plane wave. For a circular
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aperture with radius of r,, the magnetic polarizabilities
amx, amy and electric polarizabilities e are given by:
a,=2r13, (30)
ot =t =4r°13.(31)

z

0 d

Fig. 5. Enclosure with equivalent dipole located at both
sides of the wire-penetrated aperture.

The electric field components at point P(Xp, Yp, Zp),
which are excited by the z-direction electric dipole inside
a completely closed enclosure located at the center point
of the wire-penetrated aperture W(Xa, Ya, 0), are [19]:

—EomEon 101 (JOOP')
EEZ(XP’yp’ZP>= : Iiz(x ;)

© T cos(kmn(zp _Ze))v (32)
'm:On:OTMW
By (%5507, ) = _gomgok"zj(% ()pr !
» o Sin(kmn(ze—zp))’ (33)
R (34)

w0 Sin(kmn(ze_zp)).
.m:On:O sin(Ky,z, )
The electric field components excited by the x-
direction magnetic dipole are given by [21, 22]:
) — EOmSOn ja)ll'lom,)(

mez(xp’yp’zp Xy

., (35)
533 r. cos(ky(z,-2,))
o ke sin(kyaZe)
mey(xp, yp’zp):%z,uomx
. (36)

. m=0n=0 Siﬂ (kmn Ze )



mex(xp,yp,zp):o, (37)
where
oo nﬂsm(mﬁxajcos(nzzya]
: . (39
[ (5
-sin
F"MNX—sm[ J (n”yaj
(39)

. {mﬁxpj {nﬂy j
-sin cos
Xe Ye

Similarly, we can easily calculate the value of Eny,
Emyy and Emyx due to the y-direction magnetic dipole.

The total leakage electric field components from the
aperture and wire at observation point P(Xp, Yp, Zp) can be
obtained by:
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The total electric field and SE at P(xp, Yy, Zp) are:
E, :\/(Etx)z +(Ey)’ +(E,)*, (43)
SE, =—20log,|E, / E,| - (44)

1Hl. EXAMPLE AND ANALYSIS

In this section, the simulation results of the proposed
model are compared with the results of the CST software
based on transmission line matrix (TLM) method
covering frequency range 0~2.5GHz. In TLM simulation,
the material of the rectangle enclosure is aluminum with
conductivity of 3.56 x 107 S/m, and the dimension of the
enclosure are Xe X Ye X Ze =300mm x 260mm x 120mm.
The wire is good conductor with a radius of 4mm.
Boundary conditions are set to absorbing boundary. We
set the plane wave as the excitation source and electric
field probes to calculate the electric field within the
enclosure. Automatic meshing is adopted, and the
accuracy is set to -80dB. Six cases are considered to

Ey = Eyo + Ey + Ep + Enps (40)  Verify the validity of the model, with various external
and internal wire length, penetration point position,
By =By +Ey +Eny + By, (41)  observation point position, incident direction of the
E,=E,+E, +E +E,, (42) plane wave and aperture radius listed in Table 1.
Table 1: Specific parameter settings
External and Internal Aperture Wire Penetration Observation Point Elevation
Case Wire Length (mm) Radius (mm) | Point Position (mm) Positions (mm) Angle (°)
(Ia, I8) la (Xa Ya) (Xp, Yo, Zp) J
1 (80, 50) 4.1 (150, 100) (150, 215, 60) 90
2 (80, 50) 4.1 (225, 140) (65, 90, 70) 90
3 (60/100, 50) 4.1 (150, 100) (150, 215, 60) 90
4 (80, 10/30) 4.1 (150, 100) (150, 215, 60) 90
5 (80, 50) 4.1 (150, 100) (150, 215, 60) 20/45
6 (80, 50) 30 (150, 100) (150, 215, 60) 90

Cases 1-5 are designed to study the coupling of
electromagnetic field to the enclosure achieved by wire.
We set the radius of the wire-penetrated aperture to
4.1mm, which is small enough to ignore the leakage
electric field from aperture. Case 6 is designed to study
the coupling of electromagnetic field to the enclosure
obtained by both wire and aperture.

For case 1, the length of the external wire A and
internal wire B are 80mm and 50mm respectively. The
plane wave travels uniformly along the negative direction
of the y-axis, with azimuth angle ¢=90°, elevation angle
9 =90°, and polarization angle a=0°. The electric field is
parallel to the external wire which is the worst case for
shielding according to the formula (14). The simulation
results of the proposed model and TLM method are
shown in Fig. 6. The results obtained from the two
methods are nearly the same, except discrepancies at low
frequency. This may be due to the neglect of the current
distribution of the internal wire and the complex

coupling process between the aperture and the wire in the
model. SE results of the enclosure with aperture radius
of 4.1mm and without wire are also shown in Fig. 6.
Comparing the results under two conditions, we can see
that the coupled electric field from the wire will lead
to a significant reduction in SE of the enclosure, for
example the reduction is 40dB at 500MHz. The leakage
electric field from aperture is very few, which prove that
we can just ignore it.

For case 2, penetration point and observation point
position have changed compared to case 1. The simulation
results of the proposed model and TLM method are
shown in Fig. 7. The comparison between two methods
demonstrates that the proposed method is applicable and
effective. Compared with the results of case 1 and case
2, it can be found that the change of penetration point
and observation point position has a little influence on
the amplitude of the SE, but some higher order resonant
modes will occur.
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Fig. 7. SE result of case 2.

For case 3, the trend of SE along with change of the
length of the external wire is analyzed. Here we select
the model of case 1, and the lengths of the external wire
are 60mm and 100mm respectively. From the simulation
results shown in Fig. 8 and Fig. 9, we can see that the

proposed model and TLM method are in good agreement.

Combined with the results of case 1, we can find that
as the external wire length decreases, the SE of the
enclosure increases continuously within 1GHz. But at
frequencies higher than about 1.25GHz, the SE of the
enclosure gradually decreases with the decrease of
external wire length, as shown in Fig. 10.

80 T
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'''' —==Qur Model
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[ ]
=}

0 0.5 1 1.5 2 2.5
Frequency(Hz) x%10°

Fig. 8. SE result of case 3 (Ia=60mm).
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Fig. 10. SE results of the enclosure with different
external wire length.

For case 4, the trend of SE along with change of the
length of the internal wire is discussed. The enclosure
model in case 1 is selected, the lengths of the internal
wire are 10mm and 30mm respectively. The simulation
results of the proposed model and TLM method are
shown in Fig. 11 and Fig. 12. Simulation results show a
good consistency between the two methods. Combined
with the results of case 1, we can conclude that as the
internal wire length decreases, the SE of the enclosure
will increase continuously, as shown in Fig. 13. In
comparison with case 3, we can find that the influence of
the internal wire on SE is larger than that of external
wire.
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Fig. 11. SE result of case 4 (21g=10mm).
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Fig. 12. SE result of case 4 (21s=30mm).
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Fig. 13. SE results of the enclosure with different internal
wire length.

For case 5, the influence of elevation angle on SE
under vertical polarization is discussed. The model of
case 1 is selected, here we set the elevation angles to 20
and 45 degrees. The simulation results shown in Fig. 14
and Fig. 15 show that the SE derived from the proposed
model are basically consistent with that of TLM method,
and as the elevation angle decreases, the SE of the
enclosure will increase continuously. The worst case for
shielding is when electric field parallel to the external
wire, as shown in Fig. 16.
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60 | ===Qur Model

40

20

Shielding Effectiveness(dB)
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Fig. 14. SE result of case 5 (Elevation angle is 20°).
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Fig. 16. SE results of the enclosure with different
elevation angle.
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Fig. 17. Comparison of the SE results of the enclosure
with both wire and aperture and with aperture only.

For case 6, the effect of aperture is taken into
account. When the size of the aperture is big enough,
the coupling of external electromagnetic fields to the
enclosure via both wire and aperture need to be
considered. Here we select the model of case 1. The
radius of the circular aperture is r,=30mm. From the
simulation results of the proposed model and TLM
method shown in Fig. 17, we can see that the two
methods also have a good agreement and wire-
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penetration significantly reduces the SE of the enclosure,
especially at low frequency. In such a case, the SE of the
enclosure with wire and aperture is reduced by about
10dB-20dB compared with the SE of the enclosure with
aperture only at frequencies below 1.25GHz.

IV. CONCLUSION

In order to study the shielding performance of a
metallic rectangular enclosure with wire penetration,
we present a novel analytical model in this paper. The
couplings of external electromagnetic fields to the
enclosure via both wire and aperture are analyzed using
monopole antenna equivalent circuit modeling and
Bethe's theory. Various parameters such as the length
of the wire inside and outside the enclosure, wire
penetration and observation point position as well as
incident direction of plane wave are taken into account.
By this model, the SE of the enclosure with wire
penetration under plane wave illumination can be
calculated quickly and accurately over a wide frequency
range (0~2.5G). Several cases have been presented to
demonstrate the validity and accuracy of the model. The
overall simulation results of the model match well with
those of CST simulation software using TLM method,
expect discrepancies existing at low frequency. The
analysis shows that (1) the wire penetration will greatly
reduce the SE of the enclosure; (2) both the length of the
wire inside and outside the enclosure will affect the SE
of the enclosure, but the influence of the internal wire on
SE is larger than that of external wire. The SE decreases
with the increase of the length of internal wire; (3) the
condition where electric field is parallel to the external
wire is the worst case for shielding. Compared with TLM
method and other numerical algorithms, the proposed
method has higher computation speed and higher
computational efficiency, and therefore has its values on
shielding enclosure design.
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Abstract — Robustness evaluation is a critical part to
verify the applicability of wireless implantable devices.
In this work, we present a semi-anatomical ellipsoid
head model to evaluate the robustness of a split ring
resonator inspired antenna system toward variable
implant location, tissue layer thicknesses, and antenna
orientation with respect to the human head. The system
consists of a passive wearable part placed on the scalp
and a cortical implant that carries a passive UHF RFID
microsystem. According to our results, the antenna
system is robust toward variability: it enables the remote
powering of a —18 dBm RFID microsystem at distance
between 0.5 and 1.1 meter at various locations and
orientations with respect to the head and for skull
thickness up to 1 cm.

Index Terms — Antennas, brain modelling, implantable
biomedical devices, RFID, robustness.

I. INTRODUCTION

With more than 86 billion neurons and other
supportive glial cells constituting the cerebrum, the
brainstem and the cerebellum, the human brain forms
the central nervous system that regulates all our daily
physiological activities. Thus, any injury to the brain
usually leads to serious deterioration of physical and
mental capacity. In the pursue toward better life quality
for those suffering from debilitating neurological
conditions, researchers have recently found wireless
brain care based on implantable sensors and stimulators
a compelling approach to achieve a long term intracranial
physiological monitoring, prosthesis controlling and
treatment for neurological disorders [1-3].

Among the wireless modalities for the data transfer,
modulated backscattering or RFID-inspired approaches
are compelling as they offer low-power data
communications that is pertinent to battery-free implants
[4-6]. To establish effective far field communications
with a cortical backscattering implant, we have recently
proposed a spatially distributed split-ring resonator
inspired antenna system composed of a small, thin and
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flexible implantable part that couples to a head-worn part
acting as a performance booster [7]. Human body is an
extremely complex operation environment for antennas,
and thus computational electromagnetics and appropriate
human body models are indispensable in the assessment
of the electromagnetic performance of implantable and
wearable antennas. In the aforementioned work, due to
the difficulty of building a multiple-layer head phantom
in practice, we used a simple homogenous block model
to conduct the first feasibility evaluation of our antenna
system and obtained a good agreement between the
simulation and experimental results. That model included
an average estimation for the dielectric properties of the
human head, but due to its simplified geometry, it cannot
be used to predict the impact of variation of the tissue
layer thickness or radiation properties of the antenna
system at different locations on the head or when its
orientation with respect to the head changes. In practice,
these are all crucial aspects, as the location of the implant
varies according to the application and its exact
orientation is hard to control during surgery. Thus, the
antenna system must be robust toward these factors. It
must also remain functional under anatomical variability
since the tissue layer thicknesses are different for different
individuals. Consequently, computational modelling of
the human head with more details is pertinent to verify
the applicability of the antenna system.

Currently, high-resolution medical imaging based
computational models offer the most detailed structural
information for computational modelling. However,
for this reason they are not only computationally heavy,
but reflect the anatomical details of a certain scanned
individual with no possibility for adjusting the tissue
layer thickness to assess the impact of anatomical
variability. To overcome these limitations and to achieve
holistic robustness evaluation of our system, we present
modelling results obtained from a semi-anatomical
human head model, which we have built by integrating a
seven-layer ellipsoid with the anatomical head model of
an adult male. Meanwhile, various electromagnetic CAD
tools based on various numerical methods are available

1054-4887 © ACES



to provide extremely good accuracy [8]. In this journal,
we chose Ansys HFSS 17.0 to conduct the simulation
and analysis.

Il. SIMULATION SETUP

A. Antenna system

The antenna system is based on the split ring
resonator structure with an implantable and wearable
parts. Figure 1 shows the antenna structure and its
geometrical dimensions. The implant part provides the
self complex-conjugate matching with the IC that is
connected to feed point in Fig. 1. The fully passive
wearable part is for antenna gain improvement [7]. The
cross-sectional view in Fig. 2 shows its implementation
in intracranial environment. We assume the implant to
be affixed to the dura, which is a tough fibrous membrane
that forms the sack enclosing the subarachnoid space
(SAS) and that wearable part is concentrically placed on
the scalp. We use 35 pm thick copper as the conductor
for the antenna system and the substrates for the wearable
and implant parts are 2 mm thick EPDM (Ethylene-
Propylene-Diene-Monomer) (¢=1.26, tand=0.007 at 915
MHz) and 50 pum thick flexible polyethylene (&=2.25,
tand=0.001 at 915 MHz), respectively. The coating
material for the implant part is 1 mm thick silicone
(e=2.2, tand=0.007 at 915 MHz). The RFID microchip
in the simulation is modelled by the parallel connection
of the resistance and capacitance of 2.85 kQ and 0.91 pF,
respectively [9].
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(D), radiation efficiency (er), power transfer efficiency
(z), and the equivalent isotropically radiated power
limitation (EIRP). The power transfer efficiency defined
in (2) measures the portion of the power delivered from
the antenna to the IC relative to the maximum power
available from the antenna. It is given by:
4Re(Z)Re(Z,) @
|ZA+Zcl?

where Za and Zc are the antenna and IC impedances,
respectively. In other words, 0 < 7 < 1 quantifies the
goodness of the complex conjugate impedance matching
between the antenna and the IC.

Among all the five variables shown in (1), except for
Pico and EIRP, which are fixed by the IC design and the
regional wireless communication regulatory committee,
other parameters can be optimized to maximize diag.
Therefore, in this work we will focus on the analysis of
D, er and  in the semi-anatomical human head model.

C. Semi-anatomical head model

We built the semi-anatomical human head model
by integrating a seven-layer ellipsoid with the ANSYS
anatomical human head model. The seven layers of the
ellipsoid were constructed as ellipsoid shells with an
adjustable thicknesses representing skin, fat, muscle,
skull, dura, CSF (cerebrospinal fluid) and brain (grey
matter). To model the relative permittivity and the
electromagnetic energy dissipation in the biological
matter, we used the four-term Cole-Cole relaxation
model introduced in [10]. The loss model accounts for

| |<e4 >< both loss sources: polarizability and ohmic loss due to
: € conduction current. All the model parameters are available
' & b c d in [11] and Table 1 lists the dielectric properties of each
X <71 <> tissue type at 950 MHz.
Feed Table 1: Dielectric properties of human tissues at 950 MHz
: Tissue & o (S/m)
Implant Part Wearable Part Skin 41.405 0.867
Geometrical parameter (mm) a b c d e Fat (nOt infiltrated) 5.462 0.051
86 57 208 126 1.0 Muscle 55.032 0.943
Skull (cancellous) 20.788 0.340
Fig. 1. Antenna system with its geometrical dimensions. Dura 44,426 0.961
CSF 68.638 2.413
B. Antenna performance indicators Brain (grey matter) 52.725 0.942

In the antenna development for passive RFID
tags, the attainable read range (dwg) between the tag
and the off-body reader is one of the most important
performance indicators. Friis’ transmission equation can
be used to estimate dg as:

4 = A |De,zEIRP 1)
“ x| Pu

where the dg is in inverse proportion to RFID IC wake-
up power (Pico) and proportional to antenna directivity

Figure 2 illustrates the semi-anatomical head model
and six different placements of the antenna system in four
different regions: the frontal anterior (FA), frontal posterior
(FP) with upper and lower positions, parietal anterior
(PA) with upper and lower positons and parietal posterior
(PP). At each location, we defined the nominal antenna
orientation such that a line drawn through the middle of
the split gap in the wearable part intersects the minor axis
of the ellipsoid pointing along the person’s height.
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Wearable Part —_ /
Skin (2mm) i

Fat (2mm)
Skull (5.2-8.5mm)
Dura (0.5mm)
CSF (4.9-7.9mm)

Implant Part

Brain

Fig. 2. Semi-anatomical human head model with the
layered ellipsoid.

The thicknesses of skin, fat, and muscle tissue layers
are almost independent of the positions on the head and
thus we set a fixed value of 2 mm for each layer in this
model [12]. The thickness of dura layer also varies over
small range from 0.3 mm to 0.8 mm [13] and therefore
we fixed the thickness of this layer to 0.5 mm. However,
the thicknesses of the skull and the cerebrospinal fluid
(CSF) layers vary greatly depending on the location.
Hence, we measured these values over several cross-
sectional slices of the anatomical head model to obtain
averaged values. The thinner regions of the skull tend to
coincide with wider SAS. Moreover, since we consider
affixing the implant to the dura, the range for the skull
thickness we present in Fig. 2 is the mean minimum
thickness over the cross-sections, whereas the CSF layer
thickness is the mean maximum SAS width. This
selection was made, because we consider its benefit
for both safety and wireless performance to maximize/
minimize the distance between the implant and the
cortex/wearable part.

Table 2 lists the thickness of each tissue layer within
the four regions we have considered in our model. In
order to model the antenna at a specific region, we have
assigned the corresponding layer thicknesses over the
whole ellipsoid. However, since the separation between
the implant and wearable part (and the material
composition at this location) is dominant for the system’s
performance, we expect the thickness variations at other
regions to have comparatively negligible impact on it.

Table 2: Tissue thickness in different location [mm]

~osition | FP PA PP
Tissue
Skin 2 2 2 2
Fat 2 2 2 2
Muscle 2 2 2 2
Skull 5.2 4.0 3.9 8.5
Dura 0.5 0.5 0.5 0.5
CSF 6.1 7.2 7.9 4.9

ACES JOURNAL, Vol. 33, No. 9, September 2018

I11. RESULTS AND DISCUSSION

ANSYS HFSS uses the finite element method
(FEM) to generate the electromagnetic field solutions.
To obtain a high-level accuracy, the mesh size needs to
be small enough. HFSS uses iterative process to refine
the mesh by minimizing the change in the solution
between consecutive iterations. In HFSS, the default
parameter to evaluate the convergence of the solution of
a problem with a single excitation port is the S-parameter
magnitude. Typically, it converges before the far field
parameters. Therefore, in this work, we monitored the
expression cache of z, D and e in each iteration to ensure
the accuracy and reliability of the results. In the last
iteration of the mesh refinement, all these parameters
were changing less than 0.07%.

For comparison, we also modelled the antenna
system in a seven-layer block phantom with a surface
area of 30x30 cm?. The layer thicknesses in the block
phantom were identical to those in semi-anatomical
model. Here the brain layer thickness was set to 7.5 cm
so that the total thickness of the block was 25.2 cm. In
our previous work, we have shown thorough experiments
in liquid phantom [7] that the antenna system is robust
toward moderately large rotational and translational
misalignments between the wearable and implant parts
[7] and thus we omit this analysis here.

A. Impact of antenna location

To facilitate the implementation of the wearable part
on the curved surface of the ellipsoid, we flattened the
contact surface between the two locally. However, since
the curvature radius is large in comparison with the size
of the wearable part, we expect this to introduce minimal
impact on the results. In order to evaluate the impact of
the antenna location on its electromagnetic performance
judiciously, we first set the thickness for each layer of
the head model to the values from the FP position. In this
way, we can isolate the impact of the location (different
curvature radii and impact of the anatomical part of
the model) from the impact of variable tissue layer
thicknesses. For comparison, we performed the same
simulation in the layered block model with identical
layer thicknesses.

Figure 3 shows the simulated power transfer
efficiency with different implant locations. The results
verify that the implant position has negligible impact on
7. This is because only the dielectric properties of tissue
types closest to the antenna are determinant for its
impedance. For the same reason, the result from the
block phantom, shown with the black dashed line, also
matches closely with those from the semi-anatomical
model. This implies that the simple block phantom
model is adequate for initial antenna impedance tuning.

Figure 4 shows the antenna radiation efficiency with
different implant locations. The location causes a clear
level shift in the radiation efficiency, but does not change



its peak frequency. Generally, the highest efficiency
occurs in PP region, with the peak value of 0.60% at
925 MHz. The lowest efficiency occurs in the FP region
at the lower location with its maximum value of 0.38%.
The result from the block phantom model lies close to
the mean value of those from the semi-anatomical
model, but there is a difference in the frequency of the
peak value, which shifts to 880 MHz in the block model.
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Fig. 3. Simulated power transfer efficiency in the semi-
anatomical head model and the block phantom model.
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Fig. 4. Simulated antenna radiation efficiency in the
semi-anatomical head model and the block phantom
model.

As shown in Fig. 5, the antenna directivity varies
up to 1.5 dB between the different implant locations. In
comparison, the block phantom model underestimates it
over the whole frequency range. Overall, we conclude
that although 1.5 dB maximum variation in D between
the six locations is clearly noticeable, it is relatively
smaller than that observed in the radiation efficiency
(Fig. 4).

Figure 6 shows the attainable read range computed
from Equation (1) with the simulated quantities from the
six locations and the block phantom. The peak value of
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Orag varies from 0.9 mto 1.1 m around the frequency 930
MHz. Here the peak value of the result from the block
phantom is close to the minimum of those from the semi-
anatomical model.

In general, the implant location has relatively larger
influence on D and e and very little impact on =
Nonetheless, the antenna shows robustness toward the
location in the semi-anatomical model: the peak value of
attainable read range varies only +10 cm around 1 meter
with no shift in the center frequency of the peak value.

5.5 T T T T
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Fig. 5. Simulated antenna directivity in the semi-
anatomical head model and the block phantom model.
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Fig. 6. Simulated maximum attainable read range in the
semi-anatomical head model and the block phantom
model.

B. Impact of antenna orientation

Due to the structure limitation of the block phantom
model, it cannot be expected to predict the correct
relationship between the antenna orientation and its
electromagnetic performance. This information is
valuable for evaluating the antenna feasibility in the real
implementation where the orientation of the implant part
is difficult to control. Therefore, we modelled the antenna
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system in the semi-anatomical model at the previously
discussed six locations with a clockwise rotation around
the x-axis with a step of 20 degrees at the frequency of
950 MHz. According to the simulated results shown
in Fig. 7, the rotation of the antenna introduces a
periodically varying fluctuating response in e, and D
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versus the rotation angle, but overall the magnitude of
the fluctuation remains below 10 %. Consequently, the
attainable read range remains between 0.9 meter and 1.2
meters implying that the impact of the rotation is similar
in magnitude as the impact of the location discussed
above.
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Fig. 7. Simulated results at six implant locations in the antenna rotation test.

C. Impact of variable CSF and skull thickness

To assess the impact of anatomical variability, we
changed the thickness of the two most variable tissue
layers; skull and CSF stepwise over intervals that cover
the ranges shown in Fig. 2 and discussed in Section I1.C.
First, we set all the layer thickness to the values from the
PA lower location (see Table Il1) and then increased the
thickness of the skull from 3 mm to 13 mm with a step
of 2 mm. According to the results shown in Fig. 8, D, e
and dig decrease notably with the increase in the skull
thickness. When the thickness is above 1 cm, the attainable
read range drops below 0.5 m. The reason behind this is
that the increase in the separation between the implant
and wearable part weakens the electromagnetic coupling
between the two.
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Fig. 8. Simulated results with the continuous change in
the thickness of skull layer.

A similar test was conducted for the CSF layer

by changing its thickness from 2.5 mm to 12.5 mm with
a step of 2 mm while the other layer thicknesses
were fixed. Figure 9 presents the simulated results. The
decreasing trend in D with increasing layer thickness is
similar to that observed in the case of the skull. However,
overall the change is smaller. Likewise, the change in e,
versus the layer thickness shows similar character as in
the case of skull thickness. However, here the separation
(and therefore the coupling) between the implant and
wearable parts remains constant and correspondingly
the change in e is smaller and contributed to the increase
in the amount of the high-conductivity CSF in the
proximity of the antenna which increases the ohmic
loss. Overall, the attainable read range remained at
approximately 1 meter as the CSF layer thickness reached
12.5 mm.
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Fig. 9. Simulated results with the continuous change in
the thickness of CSF layer.



V1. CONCLUSION

We evaluated the robustness of a spatially
distributed implantable antenna system carrying an
RFID microsystem toward several sources of variability
that are likely to occur in practice. To achieve this, we
used a semi-anatomical human head model based on a
layered ellipsoid to mimic the human head environment
with freely adjustable tissue layer thickness. The antenna
system provided approximately consistent performance
at six different locations covering most of antenna
placements on the head and insensitivity toward antenna
orientation with respect to the head. Moreover, the
attainable read range of the implanted RFID remained
above 0.5 m with the thickness of the skull reaching 1
cm. These results ensure the feasibility of our antenna
system as a wireless platform in brain care applications
further.

Our ongoing and future work focuses on integrating
physiological sensors into the evaluated antenna system
and development of a wearable part that provides
circular polarization.
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Abstract — Leaky coaxial cable (LCX) not only widely
applies to the wireless communication systems, but also
used as a LCX sensor for the intrusion detection
systems (IDS). For evaluating the usability of the
specialized LCX, the electrical parameters and the
radiation pattern of the LCX sensor are measured.
Moreover, in order to achieve the multiple targets
localization, the novel location algorithm is proposed
for the IDS based on the specialized LCX sensor in
the VHF band. In this paper, the multiple targets are
identified precisely by the synchronous subtraction, the
time-domain digital pulse compression and the window
function. By emitting a chirp signal into the LCX
sensor, the echo signal containing the targets’ response
is received by the signal receiver (Rx). Then the pulse
accumulation can be used for decreasing the noise
signal in the digital signal processor (DSP), and the
peak characteristics of the targets’ echo signal are
improved by the pulse compression and the Kaiser
window function. Finally, by calculating the delay
time of the echo signal after using the synchronous
subtraction, the targets locations are obtained. The results
show that transmission attenuation of the specialized
LCX is 0.75 dB/100m and its coupling Loss is 71.63dB,
and Sy is -39.9dB when the central frequency is 100MHz.
The range resolution of the intruder detection system
based on LCX sensor is as small as 3.32m and the
positioning accuracy is less than 0.8m, which realizes the
multiple targets detection and good localization results.

Index Terms — Aperture and pulse compressing,
electromagnetic sensor, multiple targets.

L. INTRODUCTION
Leaky coaxial cable(LCX) is similar to the coaxial
cable except the slotted apertures on its outer conductor.

Submitted On: May 31, 2018
Accepted On: September 9, 2018

Hence the LCX can achieve the wave radiation through
the outer conductor by the aperture antenna theory [1].
Since the LCX has two functions that of the signal
transmission and the electromagnetic wave radiation,
the LCX has been applied in the perimeter intruder
detection system (IDS), train communication and the
MIMO application [2,3,4]. A LCX sensor consisting
of two LCXs can be used in IDS, and these two
specialized LCX are placed parallel. One LCX emits
the detection signal, and the other LCX receives the
echo signal, so the two LCXs form a detection area in
space. By distinguishing the change of the echo signal,
it will achieve the purpose of the target localization.

In practice, the modern IDS have higher
requirements for the effective distance, the range
resolution, the accuracy of measurement and the
electronic countermeasures. Meanwhile, little attention
has been devoted to the multiple targets localization,
and most of IDS based on LCX sensor [5,6] cannot
provide the good positioning accuracy and the range
resolution.

In this paper, an IDS based on the LCX sensor for
multiple targets localization is realized by introducing
the synchronous subtraction, the pulse compression [7]
and the window function. When the targets enter the
LCX sensor detection area, the echo signal is subtracted
synchronously, then the process of pulse compression
and the Kaiser window function make the subtraction
results in a good performance, which provide the good
peak characteristics. In addition, the pulse accumulation
can be used for decreasing the noise signal, which can
improve the anti-interference ability and flexibility.
Compared with the common IDS based on LCX sensor,
the proposed signal processing algorithm has the
advantages of the smaller range resolution and the
higher positioning accuracy.

1054-4887 © ACES
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1. DESIGN OF INTRUDER DETECTION
SYSTEM BASED ON LCX SENSOR

A. Location method

The structure of the LCX is different from that of
the conventional coaxial cable. As shown in Fig. 1, the
LCX consisted of the inner conductor, the insulation
medium, the outer conductor and the sheath from inside
to outside in sequence. The outer conductor is engraved
with periodic slots. The coupling loss, the frequency
band and the transmission attenuation are its important
electrical performance indexes [8,9]. Table 1 shows the
detail information of the LCX.

Sheath

Outer Conductor
Dielectric 4

Conductor

Fig. 1. Configuration of the leaky coaxial cable.

Table 1: The detail information of the LCX

Aperture LCX
Patch 1 meter | Diameter of 17.8 mm
P inner conductor
Thickness of
Angle 45 deg outer conductor 0.1 mm
. Diameter of the
\Nwm 3 mm insulation 42 mm
medium
Length Thickness of
| 130 mm Sheath 8 mm

LCX sensor is composed of two identical LCX. As
shown in Fig. 2, a chirp signal is transmitted from the
signal source (Tx) once the IDS begin to work. When
several targets step into the detection field which is
established by the LCX sensor, the field will be
disturbed and the target can be located by identifying
the small disturbance.

[ DDS || Multiplier >S50 Y

Filter i)

— Coaxial Cable; i+

Sgr(n) .
LCX Sensor
S { " [putse compression| Spe(N) [Window] [Threshord
Substaction h(n) Function | | detection
Sno(n) DSP

Fig. 2. IDS based on leaky coaxial cable sensor.
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The chirp signal is defined in Fig. 3. The pulse
width tz=100ns, the pulse cycle Tg =10us, the start
frequency fa =80MHz, the stop frequency f, =120MHz,
the bandwidth B= f, — fa, 71 and 7, are the delay time of
echo signal that are reflected by the targets.

L 1 A S

Txi:‘ ‘ h

Rx \T;rﬁi*h []

Fig. 3. Frequency and magnitude characteristics of the
chirp.

The chirp signal can be written as:
t—t, /2
ty /2
where A is the amplitude of the emitted chirp signal,

Rect is a rectangular function, K=B/tg.

When there are N targets entering the detection
area at the same time, there will be N echo signals
received by the Rx. In this case, these signals will be
mixed after the reflections of those N targets. Assuming
the delay time of the i-th echo signal is z; when chirp
signal passes the i-th target. The mixed echo signal can
be expressed as:

t-t;/2-1

e (1) = 2_{A - rect( T

-cos[2z fy(t—7,) + 7K (t—7,)°T}

where A; is the amplitude of the i-th echo signal and A;
is related to coupling loss and transmission attenuation
[9,10]. The delay time 7;=2R /¢, where R is the distance
from signal generator to the target, velocity of signal
c=c,/Jue =0.887-c,, where co is the velocity of
electromagnetic in free space [11]. And signal transmitted
slower in the LCX because of ¢, >1.

s, (t) = A-rect( yeos(2z f t+zKt?), (1)

)
: )

B. Pulse compression and windows function

Multiple targets are usually difficult to be identified
precisely. To improve the positioning accuracy and the
range resolution, it needs to do further approach of the
echo signal. Therefore, the pulse compression need to
be taken into consideration. On one hand, the pulse
compression approach improves the average power of
the detection signal by using a wide pulse width, so that
it ensures the sufficient distance, On the other hand, the
pulse compression improves the performance of the range
resolution by using a narrow pulse width. Therefore, it
is a good solution to solve the contradictions between
the long detection distance and precise range resolution.



As Fig. 2 shown, assuming the chirp signal [12] is
St(t), the echo signal is Sg(t), then by the matching filter
theory [13], the unit impulse response of the filter h(n)
can be calculated by:

h(n)=S,"(N-n-1). (3)

The echo signal Sg(n) is stored as Sno(n) in the

DSP when there are no targets in the detection area.

The output signal Spc(n) is the convolution of the

subtraction signal S(n) and the unit impulse response
h(n), which can be written as:

S,c (M) =SM*h() = Y s -K), ()

where S(n)= Sgr(n)-Sno(n). The amplitude of Spc(n)’s
peaks suggest the size of the targets, the number of
the Spc(n)’s peaks suggest the number of the targets,
and the delay time tr of the Spc(n)’s peaks provide the
information of the targets’ positions. Besides, the
windows function can be used for optimizing the peak
characteristics, which is benefit to judge the targets by
considering the threshold for warning alarm.

According to Equation (2), the digital pulse
compression process in time-domain is the linear
convolution operation of the echo signal Sg (n) and the
unit impulse response h(n). When the chirp signal Sr(n)
is emitted to detect the target and returns, the echo
signal Sgr(n) corresponds to a certain distance range.
Therefore, the output signal Spc(n) is related to an
intrusion location when the echo signal Sg (n) passes
through the matched filter, then the position is got by
calculating the delay time from the output signal Spc(n).

I11. MULTIPLE TARGETS LOCALIZATION
WITH THE PROPOSED METHOD

A. Leaky coaxial cable sensor

As shown in Fig. 1, LCX consists of inner
conductor, insulation medium, outer conductor, and the
sheath. The inner conductor is a cylinder made of copper,
and the diameter of the inner conductor is 17.3 mm.
The diameter of insulation medium is 43 mm, the degree
of foamed PE dielectric is 76%, the dielectric constant
is 1.247 and dielectric loss angle tangent is 1.7e-5. The
outer conductor is defined as a PEC in the simulation
software. In addition, some apertures are on the outer
conductor, whose width w = 4 mm, P = 1000 mm and
angle a = 45deg, the length of the aperture | = 120 mm.
Table 2 illustrates the experimental and simulation
results of LCX.

In Table 2, it can be seen that the LCX have a
good match with the input port and the terminal port.
The low transmission attenuation guarantees a long
detection range, meanwhile, the coupling loss meets the
requirement of the electromagnetic wave radiation. The

GUAN, LU, CHEN, HE: MULTIPLE HUMAN TARGETS DETECTION AND LOCALIZATION

average Sii is -39.9dB in the simulation result, which
illustrates the low reflection coefficient, therefore the
leaky coaxial cable is well matched.

Table 2: Experimental and simulation results of the
LCX (100 MHz)

Test Item Simulation | Experiment
Characteristic impedance 51.3Q 49.6Q
Transmission attenuation | 0.78dB/100m | 0.75 dB/100m

Coupling loss 66dB 71.63dB
Su 39.9dB /

When the IDS works in the VHF band, the human
target has the best response to the detection signal
[13], which can avoid the false alarm caused by the
small animal targets. Meanwhile, the relatively small
transmission attenuation provides longer detection
range. The radiation characteristics of the LCX are
shown in Fig. 4.
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(a) 2-D Radiation pattern

(b) Radiation characteristic in 3-D pattern

Fig. 4. Radiation patters of the LCX in 2-D and 3-D.

The radiation pattern shows that the LCX sensor
has a steady radiation electric field on its axis direction.
Compared with the traditional antenna, radiation pattern
of the LCX has no main lobe with high radiation ratio
and the front-to-rear ratio in Fig. 4, but LCX has an
annular main lobe which is called the maximum
radiation direction. In this case, the echo signal is
possible and easy to be reflected directly by the targets
and be transmitted to the Rx. In other words, when
the target enters the detection area and disturbs the
electromagnetic field, then the parameters of the
original environment change, and the change suggests
the position information.
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B. The IDS based on LCX sensor

The multiple targets intrusion experiments were
carried out as shown in Fig. 5 (a). Two stationary
targets, namely No.1 target and No.2 target, stand in the
axial of LCX sensor with the appointed distance, and
there is no Doppler frequency shift and relative motion
between the Rx and the targets. Figure 5 (b) is the
illustration of the IDS, which consists mainly of Tx, Rx,
LCX sensor and DSP.

No.1 Target

No.2 Target

l.Oln

() The multiple targets intrusion experiment
LCX Sensor |

T\

e

Oscilloscope

R A

(b) The IDS based on LCX »

Fig. 5. Multiple targets localization.

After the chirp signal emits (the pulse period tg =
100ns, the pulse cycle T=2us, the start frequency
f=80MHz, the stop frequency f,=120MHz), the echo
signal is obtained and shown in Fig. 6.

0 2500

0.13+

5000
No intruder,

0.00

-0.13

0.131

Amplitude

0.00

-0.13

Fig. 6. The echo signal with and without human.

Where n is the sample sequence of the digital
echo signal. Obviously, the response of the target
information is mixed with the strong background noise.

ACES JOURNAL, Vol. 33, No. 9, September 2018

As Fig. 7 shown, there is almost no difference between
the system response and echo signal because the
response of the target is too weak to distinguish from
the system response, and the intruder information
cannot be observed directly on those echo signals.

Response of | ‘ & a@« ﬁj ﬁj Load
T ﬂ“

Target Terminal

+ ¥ e
System Response/~""_

I ]
Echo Signal T

Fig. 7. Signal transmission characteristics.

In the experiments, those five different positions,
namely 20m-30m, 10m-30m, 10m-50m, 10m-70m and
10m-90m are conducted respectively. When subtracting
the echo signal without people from the normal echo
signal with the two people echo signal synchronously
after both echo signal is passing through the Rx, then
the subtraction signal is obtained in Fig. 8, where there
are two targets exist in the subtraction signal.

The pulse accumulation is a radar signal processing
method, which can greatly reduce the noise of echo
signal and improve the signal noise rate (SNR).
Therefore, after the low-pass filter (LPF) and pulse
accumulation, as shown in Fig. 8, it is easy to identify
two targets by calculating the peaks of the five echo
signals mentioned above. According to the radar
principle, the range resolution of the IDS based on
LCX sensor is ¢ -t, = 13.3m generally, while the range

resolution can reach c/2-B = 3.32m after the pulse
compression. Therefore, the echo signal will be aliasing
and unable to identify multiple targets without the
pulse compression when the distance between multiple
targets is less than 13.3 meters. However, the multiple
targets can be identified easily after the pulse
compression as long as the distance between multiple
targets is more than 3.32 m in theory.
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Fig. 8. Pulse compressing approach in 5 cases.
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Fig. 9. The 20m-30m case after the pulse compression
and the Kaiser window function.

However, the echo signal of two targets is
indistinguishable in the 20m-30m case, which suggests
a worse range resolution. In Fig. 9, it is easy to notice
two peaks obviously by introducing the Kaiser window
function after the pulse compression signal for further
improvement in 20m-30m case.

Finally, a six-targets experiment is analyzed. The
positions of the multiple targets are 10m, 20m, 30m,
50m, 70m and 90m along the axis of the LCX sensor.
As Fig. 10 shown, the digital signal processing result of
the six targets is obtained by the method including the
subtraction synchronously, the pulse compression and
the window function processing. Moreover, this method
can achieve the high detection rate by identifying
multiple targets. Setting the proper alarm threshold can
improve the detection probability and reduce the failed
detection rate.

0.8+ : :

®04A ‘ M | i i I
5
= | ,,,,,, Alarm
= oo -SRI Ul
E 77777 i - 7777 T SO T L
Alarm
M
0.4
5000 6000 7000 8000 9000 10000

n
Fig. 10 Multiple targets detection result

The method can achieve high detection rate by
identifying multiple targets. Setting the proper alarm
threshold can improve the detection probability and
reduce the failed detection rate and false alarm rate. The
distance between the target and the transmitter can be
calculated by the delay time of the chirp signal and the
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echo signal. Table 3 is the detail information of the
multiple targets localization result. For example, the
IDS recognized the sample sequence n=5348 when
the target is at the 10m (measured position), in this
case, the delay time 7z can be calculated by n, and the
corresponding 7 is 75.98ns. Then the calculated position
can be obtained by:

R=79887G _15 19 (m). )

Table 3: The comparison of measured and calculated

result of targets position
Sequence Delay Measured | Calculated

n Time 7, Position Position
5348 75.98 ns 10m 10.11m
5718 149.72ns 20m 19.92 m
6093 221.17 ns 30m 29.43 m
6849 378.45 ns 50m 50.36 m
7609 523.42 ns 70m 69.65 m
8363 682.51 ns 90m 90.80 m

According to the difference between the measured
positions and calculated positions, the new method
reduces the range resolution and realizes the multiple
targets localization of the IDS based on LCX sensor,
and the positioning accuracy is about 0.8 m. Therefore,
the pulse compression of the echo signal and the
window function are introduced to optimize its peak
characteristics of the targets, which proves to be an
effective method for the multiple targets identification
and localization.

V1. CONCLUSION

For perimeter intruder detection system based on
the specialized LCX sensor, a new method consists of
the digital pulse compression and the window function
for improving peak characteristics of the target is
proposed in this paper. The position of target can
be determined by calculating the delay time after
the subtraction synchronously, the low pass filtering
processing, the pulse compression and the window
function processing. The method mentioned above
improves the range resolution and positioning accuracy.
The multiple targets localization is achieved with the
chirp signal (frequency range: 80MHz~120MHz). The
range resolution is 3.32m, and the positioning accuracy
is below 0.8m. The remote distance target localization
and the environmental adaptability will be the next
research work.
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Abstract — A broadband, airfoil-integrated, VHF antenna
is introduced for conformal load-bearing structures
(CLAS) applications. A two-layer antenna is developed
and the effects of integration with a composite sandwich
structure are investigated. A prototype structure is
fabricated that exceeds an octave of measured impedance
bandwidth and simulated gain and pattern bandwidth.
Envelope correlation coefficient (ECC) and simulated
radiation patterns are used to gauge feasibility of the
structure for use in a MIMO application on a twin-tail
drone.

Index Terms — CLAS, multifunctional structure, structural
antenna.

I. INTRODUCTION

While the use of unmanned air vehicles (UAV)
has traditionally been restricted to military operations, a
number of private sector firms have recently announced
plans to provide some type of commercial service that
involves the use of a UAV. Applications such as package
delivery and providing internet access in remote areas
have been proposed. Although the concept of operations
and type of service being provided may vary, one
requirement common to all applications is the need
for wireless communication systems and antennas on-
board the aircraft. One specific application that has
drawn significant interest is Cognitive Radio [1-2]
communication where spectrum allocated for other
applications but not in use at a particular instant can be
used by another communication system. For example,
consider television broadcast channels. If some of the
channels are not used, some time-opportunistic sensing
and leveraging could allow communication services
through those channels. Sensing and reuse is the key, and
thus broadband antennas or reconfigurable antennas will
play a significant role.

The focus of the present paper is VHF
communication, namely 90 MHz and higher. The goal
is to obtain as much bandwidth as possible without
sacrificing pattern and gain. Traditional broadband
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antenna solutions such as resistively matched antennas
can provide broad bandwidths but suffer from very
low gain [3]. Recent works on broadband matching of
electrically small antennas using active circuits include
the application of non-Foster active circuits [4-9]. The
possibility of using non-Foster circuits to increase the
bandwidths of a dipole [4], a monopole [5], a dipole [6],
a loop and a broadband planar dipole [7] and a VHF
monopole [8] antenna were studied. Although these
methods provide useful performance improvements they
are typically geared towards receiving application.
Furthermore, they are complicated, and costly.

Given that many modern small and mid-sized UAVs
are either fully or partially made of dielectric materials
such as fiberglass or Kevlar composites, a new class of
antennas that are integral to the mechanical structure of
the UAV can be realized to provide superior performance
characteristics. Such dual purpose structures have
been termed generally as multi-function structures, and
more specifically as Conformal Load-bearing Antenna
Structures (CLAS) [10-13]. The key tenet of the CLAS
concept is that a much larger antenna volume can be
obtained by leveraging the outer surface area and
structure of an air vehicle to implement large antennas or
arrays, ultimately leading to increased effective aperture.
Thus, from an RF perspective, this approach enables
more efficient and broadband antennas. From an aircraft
perspective, CLAS technology has minimal impact on
vehicle weight and no impact on aerodynamic drag,
unlike externally mounted blade antennas and pods that
protrude into the airstream. However, CLAS design is
a multi-disciplinary undertaking that must consider the
desired RF performance, mechanical loading requirements,
and properties of structural composite materials.
Typically, a subcomponent of the UAV, such as the
fuselage or a wing, is selected to be designed as a multi-
function structure. To enable operation as an antenna,
conductors of the proper thickness must be included with
the composite structural materials, and such conductors
need to be deposited or bonded to all other materials
comprising the structure in a manner that does not
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degrade mechanical performance.

As mentioned, the focus of this paper is to design and
develop a broadband CLAS VHF antenna structure. The
preliminary feasibility study of a VHF antenna for airfoil
integration was presented in our conference paper [14]
which included the design using copper foil and foam and
parametric simulations of the antenna using FEKO. The
work presented in this paper goes far beyond that. The
objectives are to investigate if a broadband VHF CLAS
assembly can be designed with significant bandwidth and
nearly omni-directional pattern looking downward, study
the effect of structural materials on bandwidth through
Characteristic Mode Analysis, and validate simulated
results through measurement of prototype structures.
Finally, also investigate the potential for such CLAS
components to be used in a MIMO configuration on a
twin-tail UAV by computing the correlation coefficients
and the patterns.

I1. ANTENNA CONFIGURATION

As mentioned, the original geometry can be found in
our previous paper [14]. The idea is to integrate the
antenna into a composite airfoil such as shown in Fig. 1,
and a cross-sectional schematic of the initial integration
concept can be seen in Fig. 2. As seen, the antenna
consists of two traces, Antenna Trace 1 and Antenna
Trace 2, that are included at the interfaces of two of
the four layers of dielectric materials making up the
structure. Antenna Trace 1 is inserted between the lower
skin and the first foam layer. Antenna Trace 2 is inserted
between the two foam layers in the core of the structure.
The Lower and Upper skins are made from dielectric
materials commonly used in the fabrication of composite
aircraft structures, e.qg., fiberglass. In a practical specimen
the antenna will be excited using a coaxial cable. For
simplicity, the illustration in Fig. 2 shows a sinusoidal
excitation as the feed. The separation between the Lower
and Upper skins and the thicknesses of the different
layers of dielectric materials are variables and depend on
both the expected mechanical load and the desired
antenna performance.

Antenna .
Location

Dielectric
Skin
Fig. 1. Airfoil geometry and antenna location.

Initially the antenna design started without the
presence of any dielectric materials to understand the
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dependency of the antenna performance on conductive
material design variables. Subsequently the dielectric
materials were added on and adjustments for tuning
were made. The design started with two rectangular
conducting traces. The size of the larger conducting trace,
e.g., Antenna Trace 1 is ultimately constrained by the
size of the air foil, with more space being available
span-wise than chord-wise, and a limit of 76 cm by 62
cm was considered. The thickness of conductive material
considered was127 um. The initial length of the smaller
conducting trace, e.g., Antenna Trace 2 was determined
by assuming that the antenna is a quarter wave monopole
sized to operate at the center of the band of interest (150
MHz). Thus the initial length was determined to be 50
cm; however, the structural composite materials into
which the antenna will eventually be placed have a
dielectric loading effect. To compensate for this, the
initial length for the small rectangle was shortened to 40
cm, which corresponds to an operational frequency of
187.5 MHz in free space.

Antenna design was targeted towards obtaining as
much bandwidth as possible within these and other
dimensional constraints. The height between Antenna
Traces 1 and 2 was varied and many other parameters
were varied to arrive at an optimum design. These studies
were conducted using FEKO. The design progress
summary is illustrated in Fig. 3. It was found that a
spacing of 3.5 cm resulted in good return loss bandwidth.
Detail descriptions on the design evolution are available
in [14]. Several key adjustments were made to the initial
starting design, namely: (1) Two stubs and a slot were
added to Antenna Trace 1, and (2) Antenna Trace 2 was
moved slightly towards the slot from the outer edge to
create an overhang.

The overhang feature was introduced to improve
the impedance match by creating and controlling the
equivalent shunt capacitance resulting from Antenna
Trace 2. Table 1 shows the final dimensions.

This antenna serves as the baseline antenna for this
paper and will provide a basis for comparison during the
process of converting the initial concept into a CLAS
design. Table 2 lists the antennas that will be discussed
and gives a brief description of each. Antenna C indicates
the design when integrated within composite materials
(details given in Section Il1. B), while Antennas D and E
each represent pairs of antennas for MIMO operation
(details given in Section Il1. E).

,—ﬁUppersk'\n

! 1
| Foam Layer2 !
| AntennaTrace 2 |
L

N !

| Antenna Trace 1 feed Foam Layer 1 : .
*emwer skin

Fig. 2. Antenna and materials layout, cross-sectional
view.




Table 1: Dimensions of the proposed antenna
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Table 2: List of antennas

Parameter cm Parameter cm Name Description
W 62 g 12 Antenna A Copper sheet and air
L 76 h 8 Antenna B Expanded metal and foam
c 40 1 14 Antenna C Composite sandwich
d 22 w 6 Antenna D Dual parallel tail
e 3.5 i 8 Antenna E Dual canted tail
S 58

Stub ;Q Slot jgf

Design evolution of Antenna Trace1

Design evolution of Antenna Trace2

Fig. 3. Antenna design evolution.

I11. RESULTS

A. Antenna A — No dielectric materials
Simulation results (bandwidth and pattern)

Simulated Si1 results of Antenna A, with dimensions
noted in Table 1, are shown in Fig. 4. As the plot shows,
the Si1 is below -10 dB from approximately 96 MHz to
241 MHz. Thus a 2.5:1 bandwidth is achieved.

S11

100 150 200 250
Frequency (MHz)

Fig. 4. Simulated Si1 for Antenna A.

Figure 5 shows simulated radiation patterns for the
three principal planes at 97 MHz and 240 MHz. The
patterns are consistent over much of the frequency band
with some distortion present at the upper end. It should
be noted that although the 6=90 degree pattern at 240
MHz shows a null along what would be the azimuth for
an aircraft, there are still lobes directed both above and

below this plane. Thus, it is reasonable to expect that RF
systems utilizing the antenna would continue to function
across the band, albeit with some degradation at the
higher frequencies.

Characteristic mode understanding

To understand the return loss bandwidth of the
antenna from a Characteristic Mode (CM) theory point
of view, CM simulations were conducted using FEKO.
The objective was to determine the different modes
that may have resulted from the antenna of Fig. 3 and
their role in determining the overall antenna operating
bandwidth.

CM analysis has been applied by other researchers
to understand antenna modes, modal significance, and
bandwidths from a CM point of view [15-17].

CM theory was introduced in the late 1960's by
Garbacz who proposed that characteristic currents could
be determined through analysis of the scattering matrix
[18]. These characteristic currents are real surface currents
on a conducting body that depend only on the geometry
of the body and are independent of any external
excitation. Later, Harrington and Mautz expanded upon
the theory by proposing that the impedance matrix could
also be used for this purpose [19, 20] through solution of
the weighted eigenvalue equation:

(X175 = 2[Ry, @)
where R and X represent the real and imaginary part of
the impedance matrix of the conducting body, A,, are the
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eigenvalues, and ]_r{ are the characteristic currents.

97 MHz 240 MHz

0548 05ap

30 -30 30

-30

-60 R \ 60 -60 60
-90

12 [ A20 12 [ 120

-150 : 150
180 180

-150 150

180

270 270

Fig. 5. Radiation patterns at ¢ =0, @ = 90, and 6 = 90
planes.

In general, the magnitude of the eigenvalue, |1,,], is
a figure of merit that indicates how well a given mode
radiates. Modes for which |A,| is small are the most
effective radiators, while large values of |4, indicate
that a mode is a poor radiator [21]. Resonance is
indicated when the value of A, is zero.

One use of the eigenvalue is to calculate the so-
called modal significance, as given by (2):

1

ms = |55 @
Modal significance is essentially an alternative
representation for eigenvalues and it represents the
normalized amplitudes of the eigencurrents [22]. In (2)
it is easily observed that modal significance takes on a
value of one in the case of resonance (A= 0), and goes to
zero for large values of A, [23]. A useful application of
modal significance is to determine which characteristic
modes are significant in terms of contributing to radiated

power. A mode is considered significant when MS > 1

V2
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while the case of MS <i indicates a non-significant

J2
mode [24].

A modal significance plot computed using FEKO
for Antenna A is shown in Fig. 6. The dashed line in the
figure indicates a modal significance of 0.7; thus it is
easily seen that modes 1, 2, and 4 are significant while
mode 3 is non-resonant and does not contribute to radiated
power over the frequency band of interest. Furthermore,
considering the modal half-power bandwidth, defined as:

BW,, = i} 3)
£

where f,, and f; are the upper and lower frequencies at
which MS = 0.7, £, is the resonant frequency (MS = 1),
and the subscript n denotes the n'" mode, the bandwidth
of mode 2 is found to be 51%, mode 4 has a bandwidth
of 29%, and mode 1 has a bandwidth of 19%. One
interesting aspect of the modal significance plot is that
there are no significant modes between about 115 and
150 MHz (Fig. 6); yet the S11 plot shown in Fig. 4 shows
the match is good over this frequency band. It would
initially seem that there should be another dominant
mode over this frequency range. The concept of modal
interaction described in [17] can be used to explain
this discrepancy which states that modal interactions
between the modes essentially create a matching circuit
that provides a good S11 match even in the absence of
MS>0.7.

1}
e 08
[ =
(=S I AR N 1 A0 SN N .
=
£ 06}
=3
UJ :
o .
g 041 —Mode 1
= Mode 2
o2k N et Mode 3
“ —Mode 4
o ‘ ‘ -—-MS=7
100 150 200 250

Frequency {(MHz)
Fig. 6. Modal significance for Antenna A.

The current distribution on the antenna was also
studied using FEKO. Figure 7 shows the current
distribution at three different points within the frequency
band over which Si1 is below -10 dB. It is apparent that
the stubs become more active and the current is more
concentrated toward the edges of Antenna Trace 1 at
higher frequencies.
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Fig. 7. Current distribution for a) 96 MHz, b) 142 MHz,
and c¢) 238 MHz.

Experimental results

A prototype of Antenna A was fabricated using the
dimensions detailed in Table 1. The antenna traces were
precision cut from a roll of copper sheeting with a width
of 91 cm (3 ft) and a thickness of 127 um (5 mil) to
enable a continuous conductive surface. Two 3.5 cm
thick pieces of Rohacell foam were cut from a large
block to serve as a spacer between the traces. An L-
shaped piece of polyethylene was attached to the sides of
the foam sheets with plastic screws to add mechanical
stiffness. The antenna traces were then positioned with
proper orientation to each other on opposite sides of the
foam spacer and secured in place with masking tape. A
photo of the prototype with the slotted trace visible is
shown in Fig. 8 (a).

Lﬂ:“-}_‘; £F bﬁ
(@) (b)

Fig. 8. (2) Antenna A, (b) Antenna B with insets showing
feed board and nature of mesh, and (c) Antenna C.

Antenna Trace 2 -~

FeedCable

RF Balun

PCB

Antenna Trace 1 /7]

Fig. 9. Cross sectional view of feed showing the
orientation of the balun PCB.
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At the feed point, a section of foam was removed
between the traces, and a PCB containing an RF balun
from RF Micro Devices (part no. RFXF9503) was
positioned between the upper and lower traces. The PCB,
which is shown on the upper right of Fig. 8 (b), had a 50
ohm microstrip line at the input and two traces on the
output side to attach wires for connection to the antenna
traces. A coaxial cable was soldered directly to the PCB
input, and the other end of the cable was terminated
with an SMA connector. The PCB is 3.5 cm wide, and is
installed vertically between the two copper layers to
minimize wire lead length. Wires with a diameter of
0.9 mm were soldered to each PCB output terminal, and
the wires were in turn soldered to the copper sheets at
the feed point. Figure 9 is an illustration of the feed
assembly.

Upon completing assembly of the antenna, Si1
measurements were taken. Given the VHF operating
range of the antenna, the measurement was made in
a large aircraft hangar with a ceiling height of
approximately 80 feet. The antenna was placed on top
of two large foam blocks at a height of approximately
1.5 m above the floor and secured with tape. An Agilent
E5071CVNA was placed on a cart and positioned next
to the foam blocks with the connection between the VNA
cable and antenna feed cable secured to the top of the
foam block with tape.

Simulated and measured Siidata are compared in
Fig. 10. In terms of bandwidth within Si1; below -10 dB
the two results are in good agreement. The measured
S11 is below -10 dB from 93 MHz to 230 MHz, for a
bandwidth ratio of 2.47:1. This agrees well with the
simulated -10 dB bandwidth of 96 to 241MHz (2.5:1
ratio). The main discrepancy is at the upper end of the
frequency band. This could be due to a slight difference
in the feed between the model and the prototype antenna.
A larger diameter wire (5 mm) was used in the simulation
than was available when the prototype was constructed,
and the smaller 0.9 mm wire and thin PCB trace used to
feed the prototype could have caused this reduction in
the bandwidth.

511 (dB)

a5 — Simulation Antenna A

Experimental Antenna A Copper Sheet

Experimental Antenna B Copper Mesh

100 150 200
Frequency (MHz)

Fig. 10. Comparison of simulated and measured Si; of

prototype antennas.
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To move toward a more structural version of the
antenna, Antenna B was constructed using expanded
metal instead of the solid copper sheets. Solid copper
cannot be used in structural composite applications
because it is difficult to bond to a component, and, even
if this were possible, it would represent a significant
parasitic weight increase for the structure. Expanded
metal is commonly used on composite aircraft for
lightning strike protection, and it is essentially a metallic
mesh that is produced by interweaving small diameter
wires or stamping a mesh pattern from a solid conductive
sheet. The porous nature of the mesh allows structural
epoxy to flow through and bond the mesh to the surface
of a composite part during curing. From a mechanical
perspective, the mesh is easier to conform to complex
shapes and contributes less parasitic weight than a solid
sheet. A mesh material from Astroseal Products Mfg.
Corp. having grid dimensions of 1 mm by 1.6 mm and a
thickness of 130um was used for the prototype antenna.
Fig. 8 (b) shows Antenna B with Antenna Trace 1
visible. The nature of the mesh material can be seen in
the close-up on the upper left, which shows the area
around the feed. The S11 measurement was repeated, and
the results are shown by the blue line in Fig. 10. It was
found that Antenna B had a slightly higher bandwidth
ratio (2.5:1) than Antenna A (2.47:1). This came about
because Antenna A was inadvertently fabricated with 5
mm less vertical spacing between the upper and lower
traces.

B. Structural integration effects
Simulation results (bandwidth and pattern)

As seen in Fig. 2, the proposed antenna would have
to be integrated within a structural sandwich containing
various dielectric materials. The effects of such
integration were studied through simulations in FEKO.
Initially the configuration shown in Fig. 11 was
simulated. As seen, Antenna Trace 1 is in direct contact
with the Lower skin. Antenna Trace 2 is much farther
away from the Upper skin. The thickness of the Lower
and Upper skins was 5 mm. Although it is recognized
that some additional supporting mechanical structure
would be required, this was not included in the initial
simulations. It was also assumed that the airfoil would
have a significant through-thickness dimension because
only a large airfoil would be able to accommodate the
1.16 m by 0.62 m antenna.

Ny Lower skin

Fig. 11. Addition of dielectric sheets to represent a
composite sandwich structure (Antenna C).
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Fig. 12. Simulated Si1 of antenna in the presence of
dielectric skins. Cases with and without foam are shown.

Fig. 13. Smith charts showing simulated data for: (a)
baseline antenna (no dielectric), (b) fiberglass skin, no
foam buffer, and (c) fiberglass with 5mm foam buffer.



The dielectric skin layers were modeled as 1.5 m
by 1 m fiberglass composite sheets with &, =4.0 and

tans =0.01. The foam was modeled as air because & =
1.08 is typical for foam used in structural composites.
Simulated Siiresults for this pseudo-structural antenna
are shown in Fig. 12 (black trace). Comparing that with
the Si1 response of the baseline antenna in free space
without any dielectric (red trace), it is obvious that the
presence of the dielectric skin materials has significantly
degraded the antenna performance. To examine the
variability in dielectric constant and its effect on antenna
performance, a second simulation was performed by
replacing the fiberglass skins with cyanate-ester/quartz
(& =3.25,tan5=0.006). Interestingly, the results were
the same as for fiberglass, suggesting that the problem

was with the integration scheme itself as opposed to
arising from material properties.

—25mm

: : |——5mm

=30k : : 7.5 mm
: C|——10mm

100 150 200 250
Frequency (MHz)

Fig. 14. Effect of foam buffer thickness on Sy1.

The integration concept was reconsidered, and it
was noted that the only major difference between the
structural and non-structural antenna was that the lower
dielectric sheet was in direct contact with the slotted
conductive trace in the structural version. The dielectric
sheet was moved down 5 mm (see Fig. 11) in the FEKO
model to determine if the mere presence of dielectric
material near the feed and slot area was affecting the
input impedance of the antenna. This 5 mm of separation
could be achieved in a composite structure by adding an
additional foam layer between the lower sheet and the
slotted trace.

As indicated by the blue line on the Si; plot of Fig.
12, a significant portion of the previously observed
bandwidth was recovered through the inclusion of the
foam buffer. The bandwidth ratio for the structural
antenna is 2.26:1 with the reduction occurring at the high
end of the operational band. It was also noted that the
beginning of the operating band shifted downward
slightly from 96 to 93 MHz.

Figure 13 shows the structural interaction discussed
above on a Smith chart. Fig. 13 (a) is the baseline
antenna in air, and Fig. 13 (b) shows the deleterious
effect of the dielectric skin being in direct contact with

ZEPPETTELLA, ALI: CONFORMAL LOAD-BEARING ANTENNA STRUCTURE

Antenna Trace 1. The Smith chart of Fig. 13 (c) shows
that the inclusion of the foam buffer results in much
improved performance that is similar to that observed for
the baseline antenna.

The effect of the foam buffer thickness on Si1 was
investigated through additional simulations, and the
resulting data are shown in Fig. 14. It was determined
that a foam thickness greater than 5 mm resulted in
slightly more bandwidth, while a thickness under 5 mm
resulted in less bandwidth. The buffer thickness was
ultimately left at 5 mm because it provided a slightly
better match over most of the band and facilitated
structural fabrication by making the antenna less
intrusive into the structure. Simulated radiation pattern
plots are shown in Fig. 15. Table 3 shows the peak gain
at discrete points in the operating band for each of the
dielectric materials that were studied.

95 MHz

0548

208 MHz

0548

-30 30 30

-30

270

Fig. 15. Radiation patterns at ¢ =0, ¢ = 90, and 6 = 90
planes.

Table 3: Comparison of simulated peak gain for different
composite materials (dBi)

Dielectric 100 MHz | 150 MHz | 200 MHz
None 2.2 2.7 2.7
Cyanate-Ester 24 27 27
Quartz ) ) '
Fiberglass 2.3 2.6 2.4
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From a comparison of Fig. 15 and Fig. 5, it is evident
that the patterns in each of the principal planes at the
lower end of the band are similar. Comparing the
patterns at the upper end of the band in Fig. 15 to those
in Fig. 5, it is seen that there is close agreement in the
0 = 90 degree plane, but some variation is found in the
other planes. This is because the upper end of the band
is 221 MHz in Fig. 15, whereas it is 240 MHz in Fig. 5.

Characteristic mode understanding

The CM analysis was repeated for the antenna
integrated with the structural skin and in the presence of
the foam. FEKO simulation results generated the modal
significance plot shown in Fig. 16. In general, these
results agree with the results seen in Fig. 6 for the
non-structural antenna. However, two differences are
noted. First, for the structural antenna with the skins and
foam, all of the frequencies of the resonant modes have
shifted lower. Second, modes 1, 2, and 4 have somewhat
narrow bandwidths. Table 4 compares modal bandwidths
calculatedfor Antennas A and C.

1 .
8 08 ......
c
S | A it
&2
E 06 B T T
=)
w :
= L. .:
é 04 ; —Mode 1
: ——Mode 2
Q2 N Mode 3
: ——Mode 4
0 : : -—-MS=7
100 150 200 250

Frequency (MHz)
Fig. 16. Modal significance for structural antenna.

Table 4: Comparison of modal bandwidth for Antenna A
and Antenna C

Mode Bandwidth (MHz) Bandwidth (MHz)
(Antenna A) (Antenna C)
1 214 18.3
2 106.7 80.8
4 59.5 50.8

Experimental results of structurally integrated antenna

Upon completing the analysis of structural
integration effects, Antenna C was constructed (see Fig.
8 (c)) using 2 mm thick fiberglass sheets instead of the 5
mm thick fiberglass and cyanate-ester quartz sheets used
in the simulations. The thinner sheets were already on-
hand, and this change saved the cost of purchasing
commercial composite sheets or the supplies needed to
manufacture custom composite panels, not to mention
the labor cost and time associated with manufacturing.
The expected impact of the thinner material was that
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measured performance would be slightly better than for
the thicker dielectric used in simulations. The measured
S11 versus frequency for this antenna are shown in
Fig. 12 using the magenta line. As seen, the operating
bandwidth within -10 dB Si; is from 89 to 221 MHz. As
expected, the measured performance of Antenna C was
better than the simulation results (2.48:1 bandwidth ratio
vs. 2.26:1), but it is evident in Fig. 10 that Antenna C has
less bandwidth than Antenna B - which agrees with what
was observed in simulations.

C. MIMO application

A common vehicle configuration for UAVs is the
inverted V tail, in which the conventional horizontal and
vertical stabilizers are replaced by two airfoils that are
oriented downward at an angle from the horizontal. Such
a structure could be used to implement a structural VHF
antenna to enable an airborne MIMO capability. MIMO
has been suggested as a means of increasing throughput
for communications links [25-27] and improving radar
performance [28].

To investigate the feasibility of this concept, two
vertically oriented structural antennas (Antenna C) were
used to approximate an aircraft having two parallel tails.
This physical configuration is designated as Antenna D
in Table 2. Because independent antennas are required
for MIMO applications, the envelope correlation
coefficient (ECC) was used to characterize the relative
independence of the antennas. The ECC study was
conducted by first using FEKO to calculate the S-
parameters with the antennas being separated by distances
of 1 m, 1.25 m, and 1.5 m. The resulting data was post-
processed using MATLAB to calculate ECC for each
case. Simulations indicated that the efficiency of the
antenna is on the order of 98%, so accurate results for
ECC can be expected through the use of S parameters as
given by (4) [29]

ECC
_ S11S12 + 531522/° )
(1 = 18111 + 15211 @ = 1S211* +15121%)
0.06
—1.0m
0.05 KL L™ 1.25m
fl—15m
004 .......................................
]
0.02
0.01p -}
0 rd Sy i
90 120 150 180 210
Frequency (MHz)

Fig. 17. ECC for vertical tails separated horizontally by
1.0,1.25,and 1.5 m.



Figure 17 shows plots of ECC versus frequency for
each separation distance over the band of interest. The
data indicate that not only is ECC low for all separation
distances, the case of 1 m separation results in the lowest
overall ECC across the band. This result is encouraging
because a 1 m separation distance is a reasonable value
for tail separation on a twin tail UAV.

Fig. 18. FEKO model of an inverted V-tail UAV
configuration.

90 120 150 180 210
Frequency (MHz)

Fig. 19. ECC for the inverted V tail model.

Given the encouraging ECC results obtained with
the parallel tail configuration, another study was
conducted with the antennas canted at a 52 degree
angle from the horizontal to represent antennas being
integrated with inverted V tails. This configuration is
designated as Antenna E, and is shown as a FEKO model
in Fig. 18. The model also includes a section of fuselage
with a radius of 69 cm and length of 110 cm. It was
assumed that the fuselage is a cyanate-ester quartz
composite with a thickness of 5 mm. The forward and aft
sections of the fuselage are closed out with a 5 mm thick
composite panel representing a bulkhead, although we
note that the aft section would be partially open to
accommodate a propeller shaft. The tails themselves are
represented as Antenna C of Fig. 11 having the same
dimensions with the exception that the spacing between
the dielectric sheets was reduced to 10 cm.
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The previously described process was used to
calculate ECC based on (4) for the inverted V tail model,
and the results are shown in Fig. 19. A comparison
of Figs. 19 and 17, shows that the inverted V tail
configuration achieves a lower ECC than was realized
with any of the parallel tail configurations previously
studied.

95 MHz

905 4p
80

208 MHz
905 4B 50

Fig. 20. Simulated radiation patterns for aircraft azimuth,
pitch, and roll planes.

Simulated radiation patterns for the inverted V tail
concept are shown in Fig. 20. The simulations were
conducted with one antenna excited and the other
terminated with a 50 ohm load. The patterns of each
antenna were found to be nearly identical except for
the orientation in the roll plane being canted at +/- 52
degrees as would be expected because this is the
orientation of the antenna structure. The plots at the low
end of the band in Fig. 20 show good symmetry with
slightly more gain in the forward direction than aft (Fig.
20). At the upper end of the band in Figs. 20 (d-f), the
patterns become more directional with energy being
directed forward and outboard. While the null directed
to the aft at the upper end of the frequency band could
be undesirable in some applications, the independent
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patterns combined with low ECC value across the band
indicate the use of tail-integrated antennas for a MIMO
is feasible.

1V. CONCLUSION

The study, design, and fabrication of a broadband
VHF antenna for integration into a composite airfoil are
presented. It is demonstrated that a broadband antenna
operating from 89-221 MHz can be incorporated into
composite structures. Simulation and experimental
results clearly show that such antennas can be built
using structural composite materials, such as cyanate-
ester/quartz, Rohacell foam and conductive mesh with
appropriate thicknesses commensurate with the frequency
band of operation. The need for a foam buffer layer in
between the antenna trace and the dielectric skin is
demonstrated and the thickness of such a layer is
optimized through simulations. Characteristic Mode
(CM) analyses are performed to further understand and
elucidate the bandwidth of the antenna as function of
its modes and modal significance. The CM analyses was
conducted in two ways with the first being a single sweep
from 80 to 235 MHz, and the second being a segmented
approach consisting of three separate simulations over
subsets of the operational band. The latter approach was
adopted because FEKO indicated that tracking errors
occurred during the single sweep analysis. The details on
the CM simulations of the antenna are available in [30].

The CM analyses for most of the antennas clearly
delineate the individual modes and the modal interactions
by means of which the antenna achieves broadband
performance. The CM simulations also demonstrate the
effects of the composite material loading on antenna
operating frequency and bandwidth. Multiple antenna
prototypes were built and tested. The final one was a
sandwich structure consisting of cyanate-ester/quartz
skins, Rohacell foam, and copper mesh. Experimental
results on this antenna demonstrate antenna bandwidth
from 89-221 MHz. Simulated radiation patterns show
good coverage with a gain between 2 and 3 dBi across
the band. The proposed sandwich structure antenna was
also studied for possible MIMO application under an
inverted V tail UAV configuration. The two antennas in
that configuration clearly show excellent performance
based on their ECC and simulated radiation patterns.
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Abstract — A wideband dual-polarized Vivaldi antenna
covering 1.85-18.3 GHz band with enhanced gain is
presented in this letter. The proposed antenna consists
of two Vivaldi antenna elements (VAES), which are
designed based on the conventional Vivaldi antenna.
Dual-slot structure is employed to improve the gain of
the conventional Vivaldi antenna. As a result, spherical-
like waves across the slot aperture of the conventional
Vivaldi antenna can be transformed to be plane-like
waves and thus gain enhancement can be achieved. In
order to extend lower frequency limit of the VAE,
elliptical slots are adopted. The proposed dual-polarized
Vivaldi antenna is obtained by combining two VAEs
in a cross-shaped form. The prototype is simulated,
fabricated, and measured. A good agreement between
EM simulated and measured results evidently validates
the proposed antenna.

Index Terms — Dual-polarized Vivaldi antenna, enhanced
radiation characteristics, wideband.

I. INTRODUCTION

Vivaldi antenna has been widely used in the
wideband communication system owing to the features
of planar structure, low profile, ease of fabrication and
compatibility with backend circuits since its appearance
in 1979 [1]. Moreover, modern antenna measurement
systems such as material testing systems or near-field
antenna measurement systems require antennas with the
capability of dual-polarization. In recent years, dual-
polarized Vivaldi antenna has attracted considerable
interests.

A common way to design dual-polarized Vivaldi
antennas is to place two Vivaldi antenna elements (VAES)
orthogonally along the edge. Wideband dual-polarized
antenna arrays based on this placement method are
presented in [2-5]. However, for single dual-polarized
antenna, this placement method causes displacement
of the phase center between two VAEs. In [6], a dual-
polarized cross-shaped Vivaldi antenna covering 0.7
to 7.3 GHz is presented, which obtains good cross-
polarization isolation.
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Accepted On: September 9, 2018

One of the challenges in designing the Vivaldi
antenna is to improve the gain. In [7-10], corrugated
ripples are used to reduce the current distribution along
the antenna edge to achieve gain enhancement. In [11],
a dual-polarized cross-shaped Vivaldi embedded in a
dielectric is presented, which obtains a maximum gain
value of 10.5 dBi.

In this letter, a wideband dual-polarized Vivaldi
antenna covering 1.85-18.3 GHz band for the antenna
measurement system is presented. Two VAEs are placed
in a cross-shaped form to achieve dual-polarization. The
VAE is modified from the conventional Vivaldi antenna
by introducing dual-slot structure, which can improve
the gain without increasing size of the antenna. Elliptical
slots are adopted to extend lower frequency limit of the
Vivaldi antenna and the radiation characteristics at lower
frequencies are improved. The proposed dual-polarized
Vivaldi antenna is simulated, fabricated, and measured.
The measured results show that the proposed antenna
features wideband, high gain and good cross-polarization
isolation performance.

I1. ANTENNA DESIGN

Figure 1 illustrates evolution process of the VAE.
Three antennas denoted as Ant I, Ant 1l and Ant 111 are
designed on the Rogers RO4350 substrate with relative
permittivity & = 3.66. The radiation surfaces are printed
on the top side of the substrate and feedlines are printed
on the other side of the substrate. Three antennas have
the same size of 145 mm x 58 mm x 0.5 mm. Simulated
S11 and boresight (Phi = 0°, Theta = 90°) gain of Ant I,
Ant Il and Ant Il are shown in Fig. 2. The simulated
results are obtained by using High Frequency Structure
Simulation (HFSS) software with Finite Element Method
(FEM).

Ant | is a conventional Vivaldi antenna, whose
lower frequency is set as 2.6 GHz. It is known that lower
frequency of a Vivaldi antenna is related to the aperture
width, which is denoted as W, in Fig. 1. The reason for
setting an initial frequency higher than the required
lower frequency (1.85 GHz) is to maintain a relatively
compact size before the optimization. The aperture width

1054-4887 © ACES



Wi is set to be 58 mm based on analysis in [12]. Tapered
transmission lines are used to feed the antenna to
improve impedance matching. Exponential curves ye
and yc, of Ant | are described by the equations as follows:

y,, =0.000012546°** 406  0<x<L,, 1)
y,, =—0.00001254¢"> 06  0<x<L,. (2

Wi

Ant IIT

Ant II

A4
N Top Layer [l Bottom Layer Substrate

Fig. 1. Evolution process of VAE.
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Fig. 2. Simulated S;1 and boresight (Phi = 0°, Theta =
90°) gain of Ant I, Ant Il and Ant I1I.

It can be seen from Fig. 2 that -10 dB impedance
bandwidth of Ant | can cover 2.6-18.3 GHz band with
maximum boresight gain of 6.7 dBi. To improve boresight
gain without introducing a dimensional increase, dual-
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slot structure is used to design Ant Il as shown in Fig. 1.
Four exponential curves denoted as Va1, Ydz, Yas and Yaa
can be described by the equations as follows:

y,, =0.000007837** +105  0<x<L,,  (3)
y,, =—0.000007837e*** ~105  0<x<L,, (4)
Y,; =-0.000043246°** 195  0<x<L,,  (5)
Y., =0.00004324¢° —95  0<x<L,  (6)

Accordingly, the feedline is changed to a T-shaped
network. In contrast to traditional Vivaldi antenna, dual-
slot structure can generate two columns of in-phase
waves with equal amplitudes, which are mutually coupled
across the aperture.
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Fig. 3. Simulated electric field distributions of Ant | and
Ant Il at 10 GHz.

Shown in Fig. 3 are simulated electric field
distributions of Ant | and Ant Il at 10 GHz. It can be
observed that compared with spherical-like waves across
the slot aperture of Ant I, waves generated by dual-slot
structure are plane-like waves, which can produce high
boresight gain. However, the aperture size of each slot in
Ant Il is actually reduced compared with Ant | and the
lower frequency of VAE is increased as shown in Fig. 2.
In order to solve this problem to meet the required lower
frequency, elliptical slots are etched in Ant 11l as shown
in Fig. 1. Simulated surface current flow of Ant Il and
Ant 11l at 1.85 GHz is shown in Fig. 4 to illustrate the
operating characteristics of the elliptical slots at lower
frequencies. It can be seen that the effective length of
the surface current path is visibly lengthened with the
utilization of elliptical slots and new resonant mode can
be introduced to enhance the radiation characteristics at
lower frequencies. It can be observed from Fig. 2 that
-10 dB impedance bandwidth of Ant Il can cover 1.85

GHz to 18.3 GHz. Thus, Ant 11 is chosen as the final VAE.
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Fig. 4. Simulated surface current flow of Ant Il and Ant
Il at 1.85 GHz.

I11. SIMULATION AND TEST OF ANTENNA

HFSS with FEM is used to simulate and optimize
the proposed VAE. The numerical analysis procedure is
demonstrated as follows. In this paper the parameters
under study include the total length of radiation slot line
L, the length of middle structure Lz and the location
of elliptical slot Le. The results are obtained when one
single parameter is changed and other parameters are
constant.

A. The influence of Lz on the performance of VAE

The effect of varying the total length of radiation
slot line L, on Si1 of VAE is shown in Fig. 5. It can be
seen that with increasing Lz from 112 mm to 132 mm,
S11 curves in low frequency bands have larger changes
and stop-bands occur around 2.6 GHz. And with
decreasing L, from 112 mm to 102 mm, Si; curves
also cannot fully cover 1.85-18.3 GHz. Therefore, the
optimal value L, = 112 mm is obtained.

S (dB)

11

- =L =102 mm

------- L,= 107 mm
-50 4 —L:= 112 mm
—-=L,= 122 mm
= =« L =132 mm
60 L ————— r ‘ r . . .
2 4 6 8 10 12 14 16 18

Frequency (GHz)

Fig. 5. Simulated S1; of VAE under different values of
Lo.

B. The influence of L3 on the performance of VAE
The initial value of length L3 is set based on the
design rule:

L, > max{0.52,,, 240} » (")

where Amin and Amax Stand for the minimum and maximum
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wavelengths in the operation band [13]. The length L3
has direct influence on the coupling effect between
waves generated by dual-slot structure. Thus the length
Ls has significant effect on the bandwidth of VAE.
Figure 6 shows simulated Si; of VAE under different
values of Ls. It can be seen that when Lz is equal to 62
mm or 72 mm, lower frequency of VAE cannot cover
1.85 GHz. And a stop-band occurs around 4 GHz when
Ls is increased. Hence, the length L3 is set to be 82 mm.

=20 i i v i

304 1 *? '

5, (dB)

I e —
= =L, ~62Zmm l

e L= 72mm

504 =1L, =82mm '

==L =92mm I

= L, =102mm

-60 T T T T T T

2 4 6 8 10 12 14 16 18
Frequency (GHz)

Fig. 6. Simulated S1; of VAE under different values of
Ls.

C. The influence of L. on the performance of VAE

The major axis and minor axis of the elliptical slot
are 25 mmand 5 mm. This paper is focused on the location
of elliptical slot, which has direct influence on the
surface current distribution. Figure 7 shows simulated
S11 of VAE under different values of Le. As depicted in
Fig. 7, a stop-band is presented around 3 GHz when L is
equal to 52 mm or 47 mm, and as L. arrives at 62 mm
and 57 mm, two stop-bands are presented around 5 GHz
and 9 GHz. To obtain good performance from 1.85 GHz
to 18.3 GHz, the position of elliptical slot L. is optimized
to be 57 mm.

=304

S, (dB)

= =L =67mm
e L =62 mm
-404 ——1L =57 mm
— —J’.( =32 mm |
.- J’,E 47 mm
=50 T T T
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Frequency (GHz)

Fig. 7. Simulated S1; of VAE under different values of L..



D. Configuration of dual-polarized Vivaldi antenna

By combining two VAES in a cross-shaped form, the
proposed dual-polarized Vivaldi antenna is obtained.
Figure 8 (a) shows the implementation details of proposed
dual-polarized Vivaldi antenna. Two complementary
cuboid slots are cut in substrates of VAEs for mounting
the VAEs orthogonally. The lengths of two cuboid slots
are 133.9 mm and 11.1 mm and the widths of two cuboid
slots are 0.5 mm.

b)

Fig. 8. (a) Implementation details and (b) photograph of
the proposed cross-shaped dual-polarized Vivaldi antenna.

In order to avoid feedlines overlapping, feedlines of
two VAEs are staggered to each other and that means
line L7 is shortened while Lio is lengthened to keep the
total length of feedline unchanged. Thus, the phase
center of VAE can remain the same. The stagger distance
between two feedlines is optimized to be 2 mm. As shown
in Fig. 8 (a), two semicircle slots are etched in radiation
surfaces of VAEs to avoid galvanic contact between
feedlines and radiation surfaces. Besides, mounting holes
are cut in substrates for RF connectors. The optimized
dimensions of the VAE are given as follows (all in mm):
L1 =145 1,=112,L3=82, L4 =32, Ls = 16, Ls = 19.91,
L7=12,Lg=8.3, Ly =1.86, L1o = 19.72, L11 = 8.58, L. =
57, Wy =58, W, = 19, W5 = 18.5, W, = 1.18, W5 = 0.36,
Ws = 0.2, W7 = 0.32, Ws = 0.16, Wg = 0.2, D1 = 16, Dz =
6.1. A prototype of the proposed dual-polarized Vivaldi
antenna is fabricated as shown in Fig. 8 (b).

E. Test of antenna
Simulated and measured S-parameters are shown in
Fig. 9. The measurement is performed on an Agilent
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8720ES network analyzer. It can be seen that the
proposed dual-polarized Vivaldi antenna can cover
1.85-18.3 GHz band with S;; better than -10 dB. The
measured isolation level between two VAEs across
operation band is better than -25 dB. The discrepancies
between simulated and measured results may be caused
by fabrication errors, the variation of material properties
and extra loss of the RF connectors.

S-parameters (dB)

S-paremeters (dB)

-60

2 HE 5 100 1z 14 16 I8
Frequency (GHz)

(b)

Fig. 9. (a) Simulated and (b) measured S-parameters of
the proposed antenna.

Figure 10 presents measured normalized radiation
patterns of the proposed antenna prototype at 1.85 GHz,
6 GHz, 13 GHz and 18 GHz. The patterns are presented
in xoy and xoz planes with the same coordinate system
shown in Fig. 8 and each plane contains both polarization
components (co-polarization and cross-polarization).
The results are obtained when one VAE is excited and
the other one is terminated to a 50Q load. It can be seen
that radiation patterns of VAE | in xoy plane are similar
to radiation patterns of VAE Il in xoz plane due to the
orthogonal orientation of two VAEs.

Figure 11 presents simulated and measured boresight
gain of the proposed antenna. The results are obtained
when one VAE is excited and the other one is terminated
to a 50Q load. It can be seen that gain values at lower
frequencies are higher than 4 dBi and peak gain values

of VAE | and VAE Il are as highas 11.3 dBiand 11.18 dBi.

Figure 12 presents measured cross-polarization isolation
as a function of frequency in the boresight direction. It can
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be seen that cross-polarization isolation of the proposed
antenna is better than 16.5 dB across 1.85-18.3 GHz
band, which means that the power ratio of radiated cross-
polarized components to the co-polarized components is
less than 2.2%. Table 1 shows comparisons between this
work and previous research. The proposed antenna
obtains good gain performance with compact aperture
width in the operation band.
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Fig. 11. Simulated and measured boresight gain of the
proposed antenna.
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Fig. 12. Measured cross-polarization isolation in the
boresight direction of the proposed antenna.

Table 1: Comparisons between this work and previous
research

0dB

-10dB

-20 dB

-30dB

-20dB

=10 dB 4

0dB

180

—— VAE I co-polarization
— = VAE I cross-polarization
st VAE 11 co-polarization
~ = VAE Il cross-polarization

(d)

Fractional | Aperture | Aperture Gain
Ref. | Bandwidth | Width Width/ (dBi)
(GHz) (mm) Amax

6 0.7-7.3 220 0.51 3.8-11.2

8 1.4-12 110 0.51 4-11.3

9 0.8-3.8 150 0.4 2.4-8.1
ThiS |1 85183 | 58 036 |4.06-113
work

Note: Amax Stands for maximum wavelength in the
operation band.

IV. CONCLUSION
A wideband dual-polarized Vivaldi antenna covering

Fig. 10. Measured normalized radiation patterns of the
proposed antenna in xoy and xoz planes at: (a) 1.85 GHz,
(b) 6 GHz, (c) 13 GHz, and (d) 18 GHz.

1.85-18.3 GHz band is presented in this letter. The
proposed antenna consists of two VAEs, which are placed
in a cross-shaped form to achieve dual-polarization.



Dual-slot structure is utilized and optimized to enhance
radiation characteristics. Elliptical slots are used to
extend lower frequency limit and enhance the radiation
characteristics at lower frequencies. A prototype of the
proposed dual-polarized Vivaldi antenna is fabricated
and measured. Measured results agree well with simulated
ones and the proposed antenna is qualified to be used in
modern antenna measurement systems.
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Abstract — In this work, enhancement of the radiation
performances of horn antennas are worked out within
their operation bandwidth by placing the miniaturized
Frequency Selective Surface (FSS)s perpendicularly into
the inner part of their flares. Here each FSS consists of
only a single miniaturized double-sided inverted T-
shaped square unit cell designed on the low-cost FR4
with relative permittivity 4.4, loss tangent 0.0035 and
thickness 1.58 mm in 3D CST environment so that it is
able to focus the propagating electromagnetic waves to
increase the directivity properties like a dielectric lens,
while keeping the mismatching characteristics with less
size and low manufacturing cost compared to its counter
parts. Herein an exponentially tapered TEM horn with
the operation bandwidth of 5-13 GHz is taken as an
example horn antenna for measurements. From the
measured results of the prototyped module, it can be
observed that the proposed module keep mismatching
characteristics of the horn antenna, meanwhile the gain
and beam widths are enhanced to amplify the signal in
the operation band without any increase in the total
volume of the module or making the design bulky. Thus,
it is expected that this methodology can be implemented
to horn antennas effectively reducing volume and cost of
communication systems.

Index Terms — Enhancement, FSS, gain, horn antenna,
TEM horn, UWB.

I. INTRODUCTION

Frequency Selective Surfaces (FSSs are typically
designed on planar periodic arrays of metal patches or
slots with filtering characteristics of electromagnetic
waves aimed at certain frequencies that could be tuned
with change at the geometrical parameters of the unit
element and dielectric shape [1-5]. In fact, because of this
band stop feature, FSSs become very important and widely
used for antennas and radars’ cross-section reduction in
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modern military platforms such as ships, aircrafts, and
missiles. Communication systems in these platforms are
always enclosed with FSSs. As electronic devices can be
destroyed by strong electromagnetic interference (EMI),
the anti-interference capability of communication systems
in these platforms is urgently required. Thus, these make
it required to design antenna and FSS as an integrated
module called the filtering antenna with the typical
works [3-5]. In the recent work [5], a Modified Double
Square Loop (MDSL) unit element is designed to build
a dual-band FSSs to be placed perpendicularly the
aperture of a horn antenna as a band-stop prefilter for
mobile communication (GSM) frequency bands operating
at 900 and 1800 MHz simultaneously. Also FSS design
can be used for absorbers by coatings their surfaces to
selectively allow certain frequencies to pass through [6-
7]. Aim of this work is to design miniaturized FSSs
for enhancement of gain and beamwidths of the horn
antennas by inserting perpendicularly into the bottom
of their apertures while keeping their mismatching
characteristics in their operation bandwidths. For this
purpose, double-sided inverted T-shaped square is
designed in 3D CST environment as a unit cell subject to
the 5-13 GHz bandwidth of the exponentially tapered
horn antenna available in our laboratory. Three unit cells
are found to be sufficient to be placed to the bottom of
its aperture for the enhancement of gain and beamwidth.
In the next section, design and fabrication of the FSS
loaded horn antenna will be given. Measurements will be
followed in the third section, and finally the paper ends
conclusion section.

1. DESIGN CONSIDERATIONS AND
SIMULATIONS

A. TEM horn antenna
An exponentially tapered TEM horn with the
operation bandwidth of 5-13 GHz is considered as a

1054-4887 © ACES
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prototype antenna for the gain and beamwidth
enhancement (Fig. 1). The geometrical dimensions of the
horn antenna are given in Table 1.

Fig. 1. 3-D view of an exponentially tapered TEM.

Table 1: Geometrical parameters of TEM horn antenna
in mm

Aperture Aperture Length
Il'gm Width Height
74 73.5 60

B. FSS unit element: Double-sided inverted T-shaped
square

Herein it is aimed to design FSSs for the horn
antennas functioning as a dielectric lens in the requested
frequency band so that they can be fixed in the inner
parts of their flares, simply using foams or the equivalent
materials with the unit relative dielectric constant. For
this mean, a double sided inverted T-shape square is
selected as a suitable geometry design to be prototyped
on low cost dielectric substrate FR4 (relative permittivity
4.4, loss tangent 0.0035, thickness 1.58 mm) given in
Fig. 2 and its design schematic in Fig. 3.

Design and optimization process of the FSS model
is carried out in CST environment with respect to the
design goals of enhanced horn antenna design so that the
unit element of FSS design would act as a band pass filter
with the requested operation band of 5-13 GHz and
increase the directive of the horn antenna. The simulated
scattering parameters of the optimized unit FSS design
are given in Fig. 4 alongside of its parametric values
in Table 2. As it can be seen from Table 2, the size of
designed FSS model is suitable to be used as FSS array
and can easily be fitted to the inner part of the horn
antenna. In Fig. 5 the antenna module itself is presented,
alongside of the antennas simulated return loss and gain
characteristics in Figs. 6-7, where Z and the gap are taken
as parameters, defined as the distances of the FSS unit
from the aperture and between its elements. The optimal
values for gap and Z are taken as 8 mm and 5 mm.
Furthermore, the surface current and H-field distributions
of the antenna are given, respectively in Figs. 8-9. As can
be observed from these figures, FSS unit causes the
current and H-field to be intensified in the inner part of
the flare as can be expected which result in enhancement
of the gain within the operation band. In the next section
of the work the experimental results of prototyped FSS
design will be given.
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@ (b)

Fig. 2. Double-sided inverted T-shaped square: (a) top
view, and (b) identical mirrored bottom view.

W,
-

Fig. 3. Design schematic of double-sided inverted T-
shaped square microstrip patch.

S Parameter dB

Frequency GHz

Fig. 4. Scattering characteristics of the FSS unit cell.

Table 2: Geometrical parameters of optimally designed
double-sided inverted T-shaped square unit cell in mm

W1 W> W3
8 0.2 52
L1 Lo L3
8 5.2 2.6

Fig. 5. Complete module.
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I11. MEASUREMENT
In this section the measurement results of the

-20

Frequency GHz
(b)

Fig. 7. Simulated: (@) maximum gain, and (b) Si11 with
respect to the FSS’s; gap Z=0.

prototype module are presented. The return loss,
transmission characteristic, maximum far field gain and
radiation pattern of the proposed module are measured
using two identical antennas in [8] as a reference
antenna, the measurement setup is presented in Fig. 10
and the measurement results are given in the Figs. 11-13.
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In Fig. 11, the measured return losses of the module 5 -
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are given. As seen from the Fig. 11, placing FSS unit into
the inner part of antenna aperture does not cause any
disruptive effect on the return loss performance of
the antenna in the operation band. Figures 12 and 13
present the measured transmission and radiation pattern
characteristics of antennas and modules at maximum

gain direction ¢$=90°, ©=90°, respectively. As it can be Fos o
seen from these characteristics, the proposed FSS unit ey 1
increases the gain in the desired bandwidth 6-13 GHz, a0t 1
while keeping the return loss characteristics. sl ]
-50 ! ! 1 1 1
2 4 6 8 10 12 14

-30 T

Frequency GHz

Fig. 11. Measured return loss characteristics.
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50 . . . . . .
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Fig. 10. Fabricated (a) unit double-sided inverted T- Frequency GHz
shaped square FSSs, (b) completed module, and (c)
measurement setup. Fig. 12. Measured transmission characteristics.
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Fig. 13. Measured radiation patterns of the horn and FSS loaded horn antenna.



In Fig. 13, the measured radiation patterns of the
antennas are presented. Furthermore the gains and 3 dB
beam widths are also given in Table 3, respectively.
From the characteristics in Figs. 13 (a)-(f), Tables 2 and
3, one can see the directivities of the horn are
significantly increased after the implementations of FSS
structures.

Table 3: Measured gain (dB) at $=90°, 6=90° and 3dB
beamwidth (degree) measurement results

Frequency | Gains at ¢=0=90° | 3dB Beamwidth
(GHz) No FSS FSS No FSS FSS
5 10.1 9.7 60 60
6 12.4 10.9 90 100
7 9.5 10.9 94 80
8 75 10.7 110 80
9 9.7 11.3 100 20
10 6.4 8.2 90 60
11 6.5 10.2 120 50
12 8.3 9.8 20 30
13 7.4 10.3 40 40

Table 4: Comparison of gain enhancements of typical
horn modules in the similar bandwidth

Gain Enhancement (dB)
Frequency | Dielectric Over Operation
(GHz) | Size (mm) Band (GHz)
51719 ]11]13
Here 5-13 8x8 0 /14134 |3
[9] 5-15 16x16 2 101]05[{02]1
[10] 1-15 60x100 | 4 [ 3| 5|0 |0

Table 5: Comparison of mismatching S11 (dB)s of
typical horn modules in the similar bandwidth

f Here [10]
No With [9] No With
CH?) | £ss | Fss Lens | Lens
5 13 1 | 12 | 10 | 15
7 17 20 8 14 | a7
9 16 16 | 20 | 26 | -15
11 13 13 | 17 9 9
13 12 16 | 25 | 17 7

Furthermore comparisons of the gain enhancements
and mismatching Si1 (dB)s among the typical macro -
designed horn modules loaded dielectric lens [9] or
dielectric [10] are given in Tabless 4 and 5, respectively.
From these tables, one can infer that our proposed horn
module using the miniaturized FSSs can work much
more effectively than the counterparts within the planned
operation bandwidth with low-cost and very small size
loading.

V1. CONCLUSION
In this work, design of miniaturized FSS are carried
out for gain enhancement of Horn Antennas to be placed

BELEN, GUNES, MAHOUTI, BELEN: UWB GAIN ENHANCEMENT OF HORN ANTENNAS

to the inner part of horns flares. As it can be seen from
the measurement results, the proposed module functions
similar performance with the traditionally dielectric lens
loaded horn antennas with less size and low manufacturing
cost. The prototyped module keeps mismatching
characteristics of the horn antennas, meanwhile the gain
and beam-widths are enhanced to amplify the signal in
the desired band without any increase in the total volume
of the module or made the design bulky. Thus, it is
expected that this methodology can be implemented to
effectively reduce volume and cost of communication
systems. This novel design methodology can easily be
implemented in the communication systems where
manufacturing cost, volume and weight of the module
are at most importance needed for structural constraints.
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Abstract — In this letter, a low-profile miniaturized
broadband bandpass frequency selective surface (FSS) is
proposed. The proposed structure consists of a convoluted
dipole metal layer and its complementary pattern, which
are separated by a dielectric substrate with a thickness of
0.003%0, where AO is the resonant wavelength in free
space. The cell size of the proposed FSS is only 0.03%q X
0.03). Furthermore, 3 dB bandwidth of the proposed
FSS is approximately 50% for the normal incidence.
Low profile and miniaturization of the structure element
contribute to the great stability of frequency response
under the incident waves with different incident angles
and polarizations. To better understand the operational
principle of the proposed FSS, the equivalent circuit
model is presented. The proposed FSS prototype was
fabricated and measured to validate the design.

Index Terms — Angular stability, frequency selective
surface, miniaturization, wideband

I. INTRODUCTION

Frequency selective surfaces (FSSs) as spatial filters
have been extensively studied in the past decades, and
they have been widely used for antennas, radomes,
satellite communications, electromagnetic interference
(EMI) shielding and other microwave and millimeter
wave applications [1-3]. Due to the space constraints in
practical applications, it is necessary to include enough
number of unit cells in a finite space to achieve the
similar performance as in an infinite space. In addition,
reducing cell size cannot only delay the generation of
grating lobes, but also reduce the distortion in conformal
surfaces. Recently, a large number of studies have been
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focusing on miniaturization of the unit cell, and many
techniques are proposed to achieve miniaturization. The
miniaturization of the unit cell can be expressed as
reducing the resonance frequency without changing the
unit size.
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Fig. 1. Geometry of the proposed FSS. (a) Top layer
element. (b) Bottom layer element. (c) Top layer structure
and parameter description.
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It is well known that the resonant frequency
reduction needs to increase the inductance and
capacitance values of the equivalent circuit. In [4], a class
of bandpass FSSs were proposed, which were made up
of metallic patches separated by a thin substrate backed
by a wire mesh with the same periodicity. The unit size
of the structure does not depend on a half resonant
wavelength. By minimizing the line width and gap, the
cell size can be greatly reduced. With the interweaving
technique proposed in [5], the convoluted cross dipole is
modified to interweaved with its neighbors to reduce
resonant frequency. The miniaturized FSS using 2.5D
closed loop connected in series by four vias is provided
in [6]. The miniaturization of the 2.5D structure is
achieved by expanding the 2D structure to 2.5D in space,
increasing inductances in the unit cell and capacitance
between the adjacent cells through vias. Another
alternative method is to add lumped elements directly
between the gaps in the structures [7]. Because the
lumped components require soldering and their own
stability requirements, this method can only be used in
particular environments.

In addition, multilayer [8] and convoluted structures
[9] are also provided for miniaturization. In [10], two
layers on two sides of a substrate are arranged orthogonal
to each other for generating a very strong cross-layer
capacitance to achieve miniaturization that can
miniaturize the element size much further. An ultra-thin
single-layer miniaturized-element FSS based on meander
line approach is shown in [11]. Being asymmetric in
nature, the structure is sensitive to polarization.

In this letter, a new miniaturized low profile
bandpass FSS is proposed. Since the bandpass FSS is
usually modeled as a parallel LC circuit. By using the
meander line to increase the strip length, the equivalent
inductance is greatly increased. The larger inductance
values result in smaller resonant frequencies and wider
bandwidth as resonant frequency f, = 1/2mLC and

bandwidth W « /L/C . Compared to the structures
mentioned above, the proposed FSS has the following
advantages: 1) The unit cell size is compact, which only
has 0.03Ag x 0.03A0; 2) The symmetry and miniaturization
of the cell size as well as the thin dielectric layer together
lead to more stable characteristics.

I1. GEOMETRY AND EQUIVALENT
CIRCUITS MODEL

Figure 1 shows the geometry of the proposed FSS,
which consists of a convoluted line metallic layer etched
on the top of the substrate, while its complementary
pattern is laid on the back of the substrate. The gray area
represents the metal layer and the yellow area represents
the dielectric substrate. The element of the structure
exhibits 90° of rotational symmetry, a quarter of which
is made up of a section of meander line and a metallic

ACES JOURNAL, Vol. 33, No. 9, September 2018

strip connecting adjacent cells. The proposed FSS is
etched on a 0.5mm-thick F4B substrate with a relative
dielectric constant of 2.65 and a loss tangent of 0.0015.
The other design parameters of the proposed structure
are given in Fig. 1.
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Fig. 2. Equivalent circuit model (ECM) of the proposed
FSS.

The equivalent circuit model of the proposed FSS is
demonstrated in Fig. 2. The effects of the top layer on
total inductance and capacitance are described on the left
side of Fig. 2. The equivalent circuit of the bottom layer
resonator can be described as the dual form of the top
layer, which is shown on the right side of Fig. 2. Under
vertical polarization, the direction of the electric field is
in the y-axis. The circuit of the top layer resonator
without patterns on the back side describes as series of
two parallel LC resonators. In the parallel resonator
composed of L; and Ci, L1 corresponds to the strips
paralleling to the y-axis, while Cy is generated by the cell
gap perpendicular to the y-axis. L, and C, respectively
represent the mutual inductance and capacitance
introduced by the metallic strip between adjacent cells,
which work together as a parallel resonator. The
meander line increases inductance of the equivalent
circuit, while the metallic strip connecting adjacent cells
introducing extra inductance and capacitance, which
together contribute to the miniaturized unit cell. The
corresponding structural parts of the circuit parameters
are shown in Fig. 1 (c).

Zg = 377Q is the free space impedance. The
influence of the dielectric layer has been considered for
obtaining the circuit parameters of the equivalent circuit.
We use the curving fitting method proposed in [13] to
get the parameter values of the equivalent circuit model.
The top layer resonator is used as an example to discuss
the curve fitting.

Firstly, the transmission coefficient T(w) of the FSS
is obtained by using the full-wave simulation, where the
impedance Z;¢s is calculated by using the following
formula:

s T(a))zo
=BT @

Then, the impedance of the top layer resonator can

be expressed as:



. _ oL+, -e’LL(C +C)) )
T @’ LC)A- o' LCy) @
Next, we minimizes the Euclidean distance between
Z5ss and Zggg to obtain the parameters of the equivalent
circuit. Finally, the ECM is achieved by using the
equivalent circuit parameters. The ECM results of the
designed FSS are gotten by the same method used for
getting the top layer resonator, where the effects of the
dielectric layer are included in the calculation results.
From the curve fitting, the parameters are gotten
and listed as follows: Ly = 8.65 nH, C; = 0.13 pF,
L,=0.79 nH, and C,=0.20 pF are obtained for the top
layer resonator; while Ly = 9.75 nH, C; = 0.12 pF,
L,=0.90 nH, C,=0.17 pF, L3=2.37 nH, C3=0.62 pF,
L4=3.41 nH, and C,=50.21 fF are achieved for the
designed FSS. From the fitting results in Fig. 3, we can
observe that the equivalent circuit results for two different
cases agree with the full wave simulation results.
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Fig. 3. Simulation and equivalent circuit results of the
proposed FSS. (a) Top layer resonator without patterns
on the back side. (b) Complementary FSS.

According to the description in [14], if the patch-
type and slot-type FSSs (complementary structure of
patch-type FSS) have the same size and are illuminated
by a plane wave, the resonant frequencies of the patch
elements are approximately same. If the complementary
arrays are printed on both sides of a substrate, a passband
with lower resonant frequency will be generated. In

WANG, ZHAO, WANG, LIANG, ZHANG, LI, YU: A LOW-PROFILE MINIATURIZED FREQUENCY SELECTIVE SURFACE

this letter, the proposed CFSS is used to achieve further
miniaturization. Together with the ultra-wide band
characters of the original slot-type resonator (top layer
resonator), the proposed CFSS eventually achieved
miniaturization and wideband characteristics.

11. SIMULATION AND ANALYSIS
RESULTS

Full wave simulation is performed by using HFSS
with the Master/Slave boundary conditions in the x- and
y-directions to achieve periodicity. Floquet modes are
used to excite the proposed FSS. Simulated results
with different dielectric constants are shown in Table 1.
The comparison of the simulation results of FSS and
literature is also presented in Table 1. From Table 1, we
can see that the proposed FSS has smaller unit cell and
larger bandwidth than the previous results. In Table 1,
FBW is 3 dB transmission bandwidth.

Table 1: Compare proposed FSS with Literature

Reference | & Un_it Cell fo FBW at Normal
Size 4o Incidence (%)

[8] 2.65 0.050 2.16 18.75
[9] 3 0.046 25 36

[4] 3.4 0.234 14 30.78
[10] 4.3 0.045 1.35 75
[12] 5 0.055 3.82 10.5
2.65 0.030 1.64 50.6

3 0.028 157 46.5

P“,’:psossed 34| 0027 |15 44.7
4.4 0.024 1.35 40

5 0.023 1.28 34.4

To illustrate the transmission coefficients of the
proposed structure, we only take the relative dielectric
constant to be 2.65 as an example. Figure 6 shows the
frequency response of the proposed FSS. The detailed
TE and TM transmission characteristics under oblique
incidences are shown in Tables 2 and 3, respectively.
From Tables 2 and 3, we can see that the maximum
transmission values both appear at 1.64 GHz for TE and
TM wave under the normal incidence.

Table 2: Detailed transmission characteristics of the
proposed FSS for TE wave

TE

Incident Angle 0 s 0 s "
(degree)
Resonant
Frequency (GHz) | 104 | 1163 | 1.64 | 1.64 | 1.64
-3dB Bandwidth
(MHz) 830 | 790 | 720 | 600 | 430
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Table 3: Detailed transmission characteristics of the
proposed FSS for TM wave

™

Incident Angle 0 15 30 45 60
(degree)
Resonant
Frequency (GHz) 1.64 | 1.64 | 1.64 | 1.65 | 1.66
-3dB Gandwidth
(MHz) 830 | 840 | 950 | 1130 | 1520

Compared with the normal incidence, when the
incidence angle increases to 60°, the maximum shift of
the resonant frequency is 0.6% for the TE wave, while
the bandwidth is reduced from 830 MHz to 430 MHz.
The maximum shift of the resonant frequency is 1.2% for
the TM polarization, while its bandwidth is increased
from 830 MHz to 1520MHz. It is shown that for the TE
wave, the bandwidth decreases as the incident angle
increases; for the TM wave, the bandwidth decreases
as the incident angle increases. This is because that as
the angle of incidence 6 varies, for the TE wave, the
impedance changes as Z,/cos 6, and thus results in a
higher loading quality factor of the resonator. For the TM
wave, the impedance changes as Z, cos 8 , leading to a
lower loader quality factor. Higher loading quality factor
results in a narrower bandwidth, and vice versa [1, 15].

Figure 4 shows the transmission coefficients under
various incident angles and polarization angles. From the
figure we can see that the transmission coefficients are
basically unchanged for specific incidence angle under
different polarizations.

IV. EXPERIMENTAL RESULTS

In order to verify the design, the proposed FSS
prototype was fabricated and measured. The fabricated
FSS was printed on an F4B dielectric substrate with a
relative permittivity of 2.65, which consists of 75 x 75
cells on both sides of the dielectric layer in an area of
405 mm x 405 mm. Figure 5 shows the photograph of
the FSS measurement setup. Measurement is performed
using two horn antennas (1~18 GHz) and a vector
network analyzer. The FSS located between the two horn
antennas that are used as the transmitting and receiving
antennas. The center of the FSS is aligned with the
centerline of the measurement antenna. Two measurement
antennas are aligned to ensure uniform plane wave
illumination on the FSS structure. In order to ensure
measurement accuracy, the measurement setup is
calibrated by measuring data without FSS present.
Measurements with different polarizations and incidence
angles are achieved by rotating the antennas and FSS
structures while keeping the alignment of the central
line. The measured results for oblique incident angles
and different polarizations are shown in Fig. 6. It can
be observed that there are some differences between the
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measurement results and the simulation ones, which
are mainly caused by manufacturing tolerance and
measurement errors, as the measurement conditions are
limited.

Transmission coefficients (dB)

Transmission coefficients (dB)

-15 : -

T T T T T T T "
0.5 1.0 1.5 2.0 25 30
Frequency (GHz)

——6=0"9p=0"° —e—0=0"9=30" ——6=0",9p=60" —¥—6=0°¢=90°
—o—0=30"¢p=0" —e—0=30"p=30" —p—0=30"¢=60" —e— 0=30",=00"
——6=60"p=0" —a—6=60°,¢p=30" —+—6=60",¢p=60° —— 6=60",9p=90"

(@)

B=00

. T . T . T .
05 10 15 20 25 30
Frequency (GHz)
—=—0=0"0=0" —o—0=0"¢=30" —A—0=0"0=60° —v—0=0",0=90"
——0=30"¢=0" —4—06=30°=30" —p—0=30"=60" —e—0=30",¢=00"
—4—0=60"¢=0" ——6=60",¢=30" —o— 6=60",0=60" —— 6=60",p=90°

(b)

Fig. 4. Transmission coefficients under various incident
angles and polarization angles. (2) TE wave incidence,
and (b) TM wave incidence.

Fig. 5. Measurement setup.
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Fig. 6. Simulated and measured transmission coefficients
of the proposed FSS. (a) TE wave and (b) TM wave.

V. CONCLUSION
In this letter, a new low-profile FSS based on
the meander line and its complementary pattern is
proposed to achieve miniaturization, wide bandwidth and
polarizationinsensitive. The unit cell size of the proposed
FSS structure can be reduced to 0.03A¢ x 0.03%0. A simple
equivalent circuit model is demonstrated to illustrate the
working principle of the proposed FSS.
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Abstract — This paper presents the design of a high
gain broadband quadruple-ridged circular horn antenna
for Electromagnetic Compatibility (EMC) testing. The
proposed antenna contains a wideband feed structure
as a transition between coaxial line and quad-ridged
circular waveguide behind the conical horn antenna. The
wideband matching between impedances at the apertures
of the feed and the horn is achieved with a tapering at
the flare section along the horn length, which is obtained
after a detailed investigation of various tapering profiles.
The antenna is designed to operate in horizontal and
vertical  polarizations (dual linear polarization)
simultaneously in EMC tests. This implementation is
found to present a return loss greater than 10 dB,
isolation level higher than 28 dB, high-gain (minimum
13.6 dBi) and low-gain variation of 4.5 dBi within the
frequency range of 1-6.75 GHz (6.75:1 bandwidth) at
both polarizations, which is a desired feature in radiated
emission and immunity tests.

Index Terms — Circular horn antenna, dual polarization,
Electromagnetic Compatibility (EMC), quad-ridged
circular waveguide, wideband antenna.

I. INTRODUCTION

Electromagnetic Compatibility (EMC) can simply
be explained as how well a device or system is able
to operate in an electromagnetic environment without
introducing electromagnetic disturbances, which can
interfere with the operation of the other electrical
products. The EMC standards contain the requirements
for the qualification of a particular electronic product
that depends on application area in which the product is
to be used. EMC studies the unintentional generation,
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propagation, and reception of electromagnetic energy
[1]. EMC issues can be investigated in two main
categories. Radiated emission is related to the unwanted
generation of the electromagnetic signal from the
product which can spoil the proper operation of the other
products. Immunity or susceptibility on the other hand
can be considered to be reverse process of the radiated
emission where the proper operation of the equipment
under test (EUT) exposed to an electromagnetic field is
investigated [2]. Tests of both radiated emission and
immunity are carried out for a wide frequency bandwidth
such as 1-6 GHz with respect to the EMC standards [3];
and hence, wideband antennas should be used for this
purpose.

Horn antennas are commonly used for many
applications such as radar, radio astronomy, electronic
warfare and tests/measurements such as EMC tests.
Broadband horn antennas have received more attention
in EMC test applications in comparison to other wideband
antenna candidates such as biconical and log-period
antennas since the horn antennas can provide higher
gain, better return loss and more compact structures [4].
Besides, as an important issue in the EMC measurement
to save a significant amount of time in the tests, the
horn antennas can be used in dual linear polarization
simultaneously, which is not easily possible with a
single biconical and log-periodic antennas of broadband
applications. The traditional horn antennas (pyramidal or
conical); however, are originally narrow band where the
feed standard rectangular or circular waveguides behind
them limits the operation frequency bandwidth [5,6].

The usage of ridges in the rectangular or circular
waveguide was shown to give a single mode operation
for a substantially wider bandwidth by decreasing the
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cutoff frequency of the dominant mode [7-10]. The ridge
waveguides, which also become the solution of limited
bandwidth problem of the horn antennas, are frequently
used for the excitation of wideband horn antennas. In
order to give proper matching in the broadband, the
ridges should be also used in the flare section of the horn
antennas.

The double ridge horn antennas with the double
ridged waveguides behind can give single linear
polarization [11]. It is shown with the relevant studies
that extremely wideband operation can be satisfied for
the frequency band of 2-18 GHz (9:1 bandwidth) [12], 1-
18 GHz (18:1 bandwidth) [13,14] and even for 2-40 GHz
(20:1 bandwidth) [15] by providing VSWR<2 or Si; <
-9.5 dB (return loss > 9.5 dB). The bands of these single
linear polarized antennas are sufficiently enough for
EMC tests covering radiation emission and immunity
measurements with the frequency bandwidth of 6:1.

In radiated emission and immunity tests, the
measurements are generally acquired for both two
orthogonal linear polarizations (vertical and horizontal).
For this purpose, the EMC tests done with single linear
polarized (double-ridged) antennas should be realigned
for each polarization case (single vertical and single
horizontal), which increases the measurement time
significantly. Therefore, recently, dual linear polarized
antennas, which are able to take the measurements of
both polarizations at once, are becoming more popular.
The dual polarization in the horn antennas can be
realized by using quadruple ridges both in the waveguide
behind horn and in the flare of the horn along axial
direction. However, the usage of quad-ridged structure
reduces the bandwidth significantly due to excitation of
additional higher-order modes as compared to double-
ridged case such that the ultra-wideband operations such
as 9:1, 18:1 or 20:1 bandwidth cannot be obtained easily.
For broadband applications, the square and circular
cross-sections are used. However, when the studies with
square horn in [16] and circular horn in [17], which give
VSWR <2.6 and VSWR <2.2 for 8-18 GHz, respectively;
and the square and circular structures giving 4:1 and 6:1
bandwidth, respectively in [18] are investigated, the
circular (conical) horn antennas can be stated to give
better performance. This has led to the choice of circular
cross-section in the proposed study.

The antennas used in EMC radiated emission and
immunity test are desired to have high gain and low gain
variation (almost constant gain) as well as low VSWR
and dual linear polarization characteristics. When most
of the reported studies with circular or square quad-
ridged horn antennas for wideband applications were
investigated [17,19-21], it was noticed that none could
provide return loss higher than 10 dB (or VSWR<1.925)
for 6:1 frequency bandwidth, which is very much needed
for radiated emission and immunity tests at 1-6 GHz.
Two recent designs [22, 23] among these studies have
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improved results by giving return losses higher than
10 dB at both ports, i.e. Si1 <-10 dB and S;» < -10 dB,
within almost 6:1 bandwidth (1.66-10 GHz in [22]
and 2-12 GHz) in [23]). However, the performances of
minimum gain and gain variation within the frequency
band are not so satisfactory such that the work in [22]
approximately reports minimum 8 dBi gain at the lower
part of the frequency band, and a gain variation of 10 dB
within the band; while the design in [23] has about 10
dBi minimum gain, and 8 dB variation.

In this paper, a circular horn antenna with quadruple
ridges in the flare of the horn and in the circular
waveguide behind the antenna is designed. The proposed
antenna works at the EMI test frequency band of 1-
6.75 GHz (6.75:1 bandwidth) by vyielding a reflection
coefficient below -10 dB (VSWR<1.925), minimum
13.6 dBi gain and about 4.5 dB gain variation within the
band with dual polarization feature. This special antenna,
which is designed to cover the frequency bands of EMC
radiated emission and immunity tests, has also minimum
isolation of 28 dB between ports. The antenna achieves
the mentioned performance metrics with a quad-ridged
circular waveguide including a specially designed back
cavity to make a proper transition from coaxial feed to
the quadruple circular waveguide, and a conical horn
with a xP tapered ridge profile, which is obtained as a
result of a detailed profile and parametric investigations.

The rest of the paper is organized as follows: Section
Il includes the design and results for the transition
from coaxial to quad-ridged circular waveguide, which
consists of a special back cavity to suppress the effects
of undesired higher order modes inside the circular
waveguide. As to the design part of circular horn, the
investigation of possible ridge profiles inside the conical
horn and the parameter study of the ratio of aperture
radius to circular waveguide radius (the radius of the
beginning of the flare) are given in Section Ill. Finally,
CST Microwave Studio simulation results of the overall
antenna are presented in Section 1V, followed by the
conclusion in Section V.

I1. THE DESIGN OF COAXIAL TO QUAD-
RIDGED CIRCULAR WAVEGUIDE AS THE
FEED OF CIRCULAR HORN ANTENNA

As stated in Section I, the ridged waveguides
can supply wider bandwidth in comparison to hollow
waveguides by decreasing the cutoff frequency of the
dominant mode and increasing the frequency bandwidth
between the dominant mode and the second lowest mode
(second higher order mode). However, as described in
[8] and [10], in the case of quadruple ridged waveguide,
although the insertion of ridges decreases the cutoff
frequency of the fundamental mode would also reduce
the cutoff frequency second lowest mode. The cutoff
frequency of second lowest mode becomes very close to
that of the fundamental mode when the ridge is heavily



loaded, i.e., the gap between the ridges are so small.
Therefore, if a single mode operation is desired, the
effect of the second lowest mode should be suppressed.
In the circular quad-ridge waveguide case, the dominant
mode is TE11 mode and the second lowest one is TE2y,
which arises from the splitting of TE2: mode into TE2w.
and TE»1u. Besides, if a wideband operation with about
6:1 bandwidth is desired, other higher modes such as
TE21u, TEo1, TEs: and TMo: modes of circular quad-
ridged waveguide should be also taken into account that
the cutoff frequencies of these modes probably fall into
the frequency region of interest. Therefore, the transition
from coaxial to quad-ridged waveguide should be
carefully designed to annihilate the effects of these higher
order modes. The design of the mentioned transition is
critical in terms of return loss and isolation performances
of the overall antenna structure. The circular horn part
of the overall antenna design does not significantly
deteriorate the reflection and isolation performance of
the overall antenna structure when a smooth tapering is
used for the ridges inside the flared circular horn.
Therefore, the return loss and isolation performances are
mainly determined with the feed waveguide part of the
overall design.

The suppression of these higher order modes and
especially for the most crucial higher order mode of
TE21. cannot be achieved successfully by just arranging
the probe of SMA connector inserted into the standard
circular quad-ridged waveguide whose one side is back
shorted with a metallic plate along the propagation axis
without the addition of any cavity. This is because the
suppression of TEz1. mode also makes a reduction in
the effect of TE11 mode since the cutoff frequencies of
both modes are close to each other. Therefore, in order
to provide a wider bandwidth, a back cavity structure
behind the feeding pins is generally used.

In [17] and [18], the cylindrical and conical back
cavities are implemented; however, the overall most of
these structures were reported to yield no more than 3:1
bandwidth which is not sufficient for EMC emission and
immunity tests. In this study, a transition depicted in
Fig. 1 is designed to acquire satisfactory reflection and
isolation performance. When the structure in Fig. 1 is
investigated, there is a back-shorted part behind feed
probes, which has the cross section of a quadruple
circular waveguide with different ridge dimensions than
feed quadruple circular waveguide. Therefore, hollow
circular waveguide cavity used in [17] is replaced with a
quadruple circular waveguide.

In the design of this study, it is targeted to obtain
reflection coefficient lower than -10 dB for both ports
(S11<-10 dB and Sy, <-10 dB), isolation greater than 30
dB, and the transmission coefficients of all possible and
effective higher order modes such as TEz1u, TEo1, TEs1
and TMo: modes lower than -10 dB for an effective
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suppression of these undesired modes. The dimensions
of the designed transition structure are obtained after
performing an optimization process in CST Microwave
Studio. The corresponding dimensions are given in Fig.
2 along with relevant cut views of the structure where the
optimum radius of circular waveguide is found to be
about ri = 57.12 mm. For the given radius of circular
waveguide, the corresponding cutoff frequencies of TEs,
TMo1, TE21, TEo:r and TEa; modes can be calculated
approximately as 1.54 GHz, 2.01 GHz, 2.56 GHz, 3.21
GHz and 3.52 GHz, respectively, for a standard hollow
circular waveguide [24]. Therefore, this standard hollow
circular waveguide without any ridges inside can only
operate within 1.5-2 GHz for a single mode operation,
and even TMo1 mode is suppressed, its bandwidth is not
more than 1.66:1. If a frequency band of 1-6.75 GHz is
desired, the cutoff frequency of fundamental TE11 mode
should be decreased to below 1 GHz.

Horizontal ridge

Inner conductor

of coax
Connection of the

inner conductor

Shield of coax

Fig. 1. The designed structure for the transition from
coaxial feeds to circular quad-ridged waveguide where
back-short metallic wall is deliberately shown as
transparent.

When the quad-ridged dimensions given in Fig. 2
is used following the optimization process, it is verified
in CST Microwave Studio that the cutoff frequencies of
TE11, TE21, TE2y, TEo1, TE3 and TMo; are 0.346 GHz,
0.352 GHz, 2.767 GHz, 3.472 GHz, 3.634 GHz and
4.766 GHz. So, the cutoff frequency of TEi1 mode is
pushed below 1 GHz, and that of TMg: mode increases
significantly as expected. However, again as expected,
the cutoff frequency of the second lowest mode of TE,;.
becomes quite close to TE;1 mode. Since the desired
frequency band is between 1 GHz and 6.75 GHz, the
higher modes of TE21|_, TE21u, TE01, TEa and TMoz
whose cutoff frequencies are below 6.75 GHz should
be suppressed as much as possible. This suppression
is achieved by using a modified back cavity whose
dimensions are given in Fig. 2 (b).
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Fig. 2. (a) The front view of the designed transition
structure and the relevant dimensions in mm, and (b) the
side view of the designed transition structure and the
relevant dimensions in mm.

The results corresponding to suppression of these
modes are shown in Fig 3 (a) and 3(b) for the excitation
from port 1 and port 2, respectively where the values
below -40 dB are not presented for a better view.
The reflection coefficients (Si1 and Sy2) and isolation
between ports (S12 and Sz1) are also given in addition to
transmission coefficients (Ss; for port 1 and Ss, for port
2) of undesired modes. As it can be observed from the
results in Fig. 3, all of the undesired higher order modes
taken into account are suppressed more than 10 dB
within the frequency band of 1-6.75 GHz for each
port such that most of these modes are reduced by 15 dB
within the given frequency band. Besides, the isolation
is found to be more than 30 dB throughout the given
band as desired. Finally, the reflection is below -10 dB
for 1-6.75 GHz for the excitation of port 1, and 1-6.5 GHz

for the excitation of port 2.
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Fig. 3. (a) The reflection coefficient (S11), isolation and
transmission values (Ss1) of undesired modes for port 1,
and (b) the reflection coefficient (S2), isolation and
transmission values (Ss2) of undesired modes for port 2.

111. QUAD-RIDGED CIRCULAR HORN
ANTENNA STRUCTURE

After the determination of the transition from SMA
feed connectors to quad-ridged circular waveguide, the
design details of a circular horn section having quadruple
ridges at the flare extension are presented. The quad-
ridge circular waveguide structure of the previous
section is arranged to match the mentioned flare
extensions of the horn part. Due to the strict requirements
of the application itself, the final antenna structure is
expected to maintain about 13 dBi gain for 1-6.75 GHz



full-band in order to attain high gain characteristics for
the antenna. In the aperture antennas including horn
antennas, the minimum gain is usually achieved at the
lowest frequency. Therefore, it is aimed to get minimum
13.75 dBi gain at 1 GHz for the design in consideration.
The approximate and classical gain formula for circular
horn antenna is given as [5]:

G(dBi)=10log,, [.gap i—f(nahomz )}, 1)

where ¢4 is the aperture efficiency, A is the wavelength
and anom iS the radius at horn aperture. By taking
maximum wavelength as A =30 cm (wavelength at f =1
GHz) and &4 about 0.51 according to [5], the aperture
radius of horn is approximately calculated to be anom =
32.7 cm for the desired minimum gain of 13 dBi. Then,
the axial length (AL) of the horn is evaluated by using
the curves given in [25], which relates the gain, diameter
of the circular horn and axial length. The axial length of
the designed horn is calculated as approximately AL =
2.1\, which corresponds to about AL = 63 cm. The
patterns of the ridges and sidewall of double or quadruple
ridged circular horn antennas are usually determined
with some special profile functions for a smooth taper
between feed waveguide and horn aperture. All profiles,
which are described as a radius value any z point at axial
direction in [26], contain the parameters of L (length
along axial direction), a; (the radius at the feed point
when z = 0) and a, (the radius at the aperture point when
z = L). For instance, the profile selected in this study,
which is xP profile, has the function of:

a(z)=ai+(ao—ai){(1—A)+ A[E)p} )

where p is exponent parameter, and A is the linearity
parameter. The ridge shape inside the circular horn
can be categorized as un-truncated and truncated where
a sample view of truncated ridge shape is depicted in
Fig. 4. This particular design choice was preferred in
this study. In the un-truncated ridge shape, the length
parameter in (2) is selected as axial length (AL);
consequently, taper length becomes equal to AL in Fig.
4. Besides, the radii at the aperture point parameter a, are
selected anom for both ridge and sidewall tapers, which
gives anom= aside = aridge. CONSequently, the curves for
ridge and sidewall tapers approach to a point at z = AL
to form a tip at the end side of the ridge. In other words,
the part without ridge in Fig. 4 is filled by a ridge
structure giving a ridge shape with one side is a tip point
and another side an edge.

In the truncated ridge shape, the length parameter
in (2) is selected as taper length (TL) in Fig. 4, which
was smaller than AL. Besides, anorn > aside > aridge Should
be satisfied as given in Fig. 4. By satisfying these
conditions, a ridge shape having edges at the both sides
as shown in Fig. 4 was attained. The truncated ridge
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structure has more flexibility and more design parameters
with additional degrees of freedom in comparison to un-
truncated one. Actually, when the studies in [17] and
[18] utilizing from un-truncated ridges and the one in
[23] using truncated ridges are compared, the superiority
of the truncated ridges can be observed since it clearly
yields a wider bandwidth. Therefore, the truncated ridge
profiles rather were considered in the design. A thorough
examination is carried out for several different profile
functions (exponential, polynomial, xP, etc.), taper length
values (L value in profile functions) and radii at the ridge
and sidewall aperture points (a, values in profile
functions). During this optimization process with advanced
EM tools, the radii at the feed waveguide point (a; values
in profile functions) were kept as airigge = 2.4 mm and
Aisidewall = 57.12 mm, which corresponds to half of the
gap width in Fig. 2 (b) and radius of the feed quadruple
circular waveguide, respectively. Besides, the axial length
was fixated at AL = 63 cm. The conditions of L = TL <
AL and anorm > aside > aridge Were found to be appropriate
design parameters. The same profile functions were
applied for both ridge and sidewall tapering during
the design work. The optimization was strictly aimed to
yield the minimum 13 dBi flat gain within 1-6.75 GHz
with minimal fluctuations. As a result of the profile
study, the xP tapering is found to give best results with
the parameters of p = 2.15, A= 1, TL = 56.4 cm and
Aoridge = 26.2 mm for ridge taper and p = 2.4, A = 1,
TL = 60.3 cm and ag ridge = 28.15 mm for sidewall taper
in (2).

Apom
Aside

Aridge

___The part without ridge

Taper Axial
Length  |Length
Ridge taper —— (TL) (AL)

— Sidewall taper

<alj ™~ The part with ridge

Fig. 4. The geometry of a truncated ridge in a circular
horn antenna used in this study.

Among several simulations that were carried out,
one crucial result is the comparison of possible profile
functions. The corresponding results are depicted in Fig.
5 at which the gain values of the antennas’ designs with
different profiles for port 1 are given (where the results
for port 2 are also similar). From the results in Fig. 5, the
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xP function has the gain between 13.7 dBi and 18.1 dBi
in the frequency band of 1-6.75 GHz. The resultant gain
variation is only about 4.4 dBi, which is lowest among
all possible profiles.
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*~ Polynomial Function
| - & - Sinusoid Function
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20+

===xP Function

Gain (dBi)
=

-
=3
T

Il 1
15 2 25 3 35 4 45 5 55 6
Frequency (GHz)

Fig. 5. The gain of the designed antenna for different
profile functions when port 1 is excited.

After the reveal of the necessary parameters for the
design of the ridges and circular horn antenna, an
additional parameter about the feed waveguide dimension
was explored. The aim of this analysis was to observe
whether a modification in the feed waveguide structure
improved the performance of the overall antenna or not.
For this purpose, since aisidewann = 57.12 mm is also equal
to radius of feed quad-ridged circular waveguide behind
the antenna, the value of aisidewann IS Varied by keeping
all the parameters in the horn antenna part constant
including aosidewann = 28.15 cm. Since the radius of the
circular waveguide has changed, all the dimensions of
the transition including back cavity described in Section
Il were rearranged accordingly. The ratio of a./a; is equal
to 281.5 mm/57.12 mm = 4.93 for the sidewall tapering
of the original antenna, and this ratio is varied (increased
and decreased) by keeping a, value constant as 28.15 cm.
The corresponding results for different ao/a; values are
demonstrated in Fig. 6. According to results in Fig. 6,
the original antenna with ao/ai = 4.93 still has minimum
gain variation with 13.7 dBi minimum gain within the
frequency band as compared to other ratio values. The
ratio of ao/ai = 5.22 possesses very close results to those
of a./ai = 4.93; however, the original antenna gives
slightly better results. Thus, this analysis also validates
the transition structure.
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Fig. 6. The gain of the designed antenna for different
ao/a; ratio values when port 1 is excited.

IV. THE RESULTS OF THE OVERALL
ANTENNA

After the reveal of the necessary parameters for
the design of the ridges and circular horn antenna with
xP profile ridges are completed, the final minor
modifications on the overall antenna structure were done
to acquire the concluding results of the antenna. The first
slight modification realized on the resulting antenna is
the addition of traditional curved-surface sections to the
outside of the aperture edges of the circular horn antenna
[5]. This insertion generally reduces the undesired
diffraction from the edge of the aperture of the horn,
which prevents the spoil of this diffraction on the
radiation pattern. It also results in a slight improvement
on the return loss performance of the antenna. The
second modification is the realization of all final
simulations with aluminum material for all parts of the
designed antenna. The simulations realized in Section 111
are carried out with perfect electric conductor (PEC) in
order to obtain the results more quickly. However, after
the final design of the overall antenna was ensured, the
simulations were repeated with aluminum to be more
suitable for the practical low cost implementation. The
simulation view of the final antenna design is depicted in
Fig. 7, and the results are collected by exciting each
horizontal and vertical polarization port one by one.

First, the reflection coefficient (return loss) and
isolation performances of the final structure are examined.
The results are shown in Fig. 8 such that the reflection
coefficients are below -10 dB (VSWR < 1.925) for the
desired frequency band of 1-6.75 GHz. The connection
of the designed circular horn antenna to the output of



the transition described in Section Il and the final
modifications on the antenna do also improve overall
return loss performance of the transition. When the
reflection coefficient results of the transition for port 2
given in Fig. 3 (b) is examined, the values are higher than
-10 dB especially for the problematic frequency region
of 6.5-6.75 GHz. However, the values came out below
-10 dB in the final antenna design as shown in Fig. 8 for
this troubling region of port 2. The isolation performance
of the overall antenna is found to better than 28 dB for
the whole frequency band. In comparison to the isolation
results of the transition, which is higher than 30 dB, the
antenna shows a small drop of about 2 dB in the isolation
performance value; however, the isolation value of
minimum 28 dB over the total frequency band can be still
considered as sufficient for the target EMC application.

SMAPOrt2 g kchort

l / Back cavity

Curved surface\ /

Circular Horn

Fig. 7. The simulation view of the designed quad-ridged
circular horn antenna.

The next performance parameter investigated was
the gain values of the designed antenna at each
polarization and gain variation within the frequency
band of 1-6.75 GHz. The corresponding simulation
results are shown in Fig. 9.

According to the gain results in Fig. 9, the minimum
gain is found to be 13.6 dBi for both polarizations and
almost 4.5 dBi (between 13.6 dBi and 18.1 dBi) gain
variation was observed. This gain variation is lower
than the other similar studies in the literature hence the
antenna in this work can be regarded to have almost
constant gain as well.

As the final analysis in this section, the radiation
patterns of the proposed antenna are investigated. The
radiation patterns are given for only port 1 in Fig. 10
at some sample frequencies (at the center and edge
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frequencies). According to these patterns in Fig. 10, the
antenna is directed towards to broadside direction
without any significant shift in the beam for both E- and
H-planes. Moreover, the cross-polar levels are found to
be low such that the lowest co-polar to cross-polar ratio
(XPD) within 3 dB beamwidth of co-polar patterns is
found to be 22.5 dB and 13 dB for E- and H-planes,
respectively at the frequency band of 1-6.75 GHz.
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Fig. 8. The reflection coefficients of each port and
isolation between ports of the proposed antenna.
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Fig. 9. The gain versus frequency of the proposed
antenna for each port (linear polarization).
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(©)

H-Plane (yz plane in Fig. 7)

Fig. 10. The E-plane and H-plane radiation patterns of
the proposed antenna for port 1 at: (a) 1 GHz, (b) 4 GHz,
and (c) 6.75 GHz.

V. CONCLUSION

In this paper, the quad-ridged horn antenna is
designed based on detailed profile examinations and the
parametric studies. A dual-polarized quad-ridged horn is
presented that achieves 6.75:1 frequency bandwidth for
the both polarization cases. Moreover, the simulation
results of the designed antenna has shown low return loss
(>10 dB), low VSWR (<1.925), high isolation (>28 dB),
high gain (minimum 13.6 dBi) and reasonable radiation
patterns with low cross-polarization level over the
operation frequency range 1-6.75 GHz. The antenna
is designed to operate in the horizontal and vertical
polarizations (dual linear polarization) simultaneously
for EMC testing applications (radiated emission and
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radiated immunity tests). Compared with the conventional
circular quad-ridge horn antennas and other similar
studies, the designed antenna achieves better gain at
lower frequencies, almost constant gain (a variation of
4.5 dBi) and wider frequency bandwidth.
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Abstract — This paper presents the effect of an air gap
introduced between a planar feed and an extended
hemispherical lens on the antenna’s impedance, current
distribution and radiation characteristics. Two selected
planar feeds for study are slitline dipole and stripline
dipole. The results showed that as a small gap is
introduced, the input impedance of the slitline dipole was
almost remained unchanged while that of the stripline
dipole was changed remarkably. More importantly, the
boresight gain and radiation efficiency of the slitline
dipole was improved whereas those of the stripline
dipole were degraded with the presence of this air gap.
An overall performance comparison for these two
designs will be detailed in the paper. This study provides
useful guidelines of choosing the proper feed for THz
integrated lens antenna applications, especially for
indoor THz communication applications such as wireless
local area networks and wireless personal area networks
in the 300 GHz band.

Index Terms — Air gap, extended hemispherical lens,
leaky lens, slitline dipole, stripline dipole.

I. INTRODUCTION

Slot or dipoles feed used in combination with
elliptical dielectric lens have been studied intensely
for decades in harmonic or pulse systems [1-7]. Such
integrated antenna is one of the key parts in high
frequency sensing systems such as terahertz-time
domain spectroscopy (THz-TDS), i.e., sub-mm waves,
that couples the incoming radiation into the receiver [8,
9]. The reason for their important role is that antennas
operating in the presence of dielectric lens have
significantly improved the front to back ratios and
increased the Gaussian coupling efficiency (Gaussicity),
while eliminating substrate modes. In addition, as the
antenna is printed directly on the top of the substrate
lens, its fabrication offers greater dimensional accuracy
and durability, and reduced cost than waveguide or
waffled structures [10, 11]. More importantly, a planar
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integrated lens antenna with an optimum lens substrate
and antenna structure plays a critical role in optimizing
output power design for particular applications [12-16].
In other words, by choosing the proper feed and
optimizing the lens substrate, the impedance and
radiation characteristics of a planar integrated lens
antenna can be significantly improved, which is essential
to the output power of a system.
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Fig. 1. Geometry of the antenna with an introduced air
gap: (a) side view, (b) top view of the slitline dipole, and
(c) top view of the stripline dipole.
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The effect of an air gap between a leaky-wave slit
and a high-permittivity substrate, i.e., semi-infinite or
lens, has been studied theoretically and demonstrated
experimentally [17-22]. It was found that a very small
gap separation distance in terms of wavelength improved
coupling efficiency and changed the propagation
characteristics along the slit while simultaneously
maintaining the directive radiation characteristics.
However, a detailed study about this air gap effect on
the overall performance of the integrated lens antenna
with different planar feeds has received somewhat less
attention, particularly at high frequency.

In this paper, we study in detail about this air gap
effect on the input impedance, current distribution and
radiation characteristics of integrated dielectric lens
antennas with different planar feed, that are slitline
dipole, i.e., slotline with open ends, and stripline dipole.
Numerical results showed that the input impedance of
the slitline dipole remained almost unchanged with the
presence of such air gap while that of the stripline dipole
have changed significantly. The radiation characteristic
of the slitline dipole was improved for introducing such
small air gap whereas that of the stripline dipole was
somehow degraded. These observations provide guidelines
in choosing a proper planar feed and an optimum air gap
in such leaky lens design for particular application
purposes.

I1. ANTENNA GEOMETRIES

Figure 1 (a) shows the prototype of an antenna on
an extended hemispherical lens fully made of silicon
(lossless, & = 11.9). The extension layer and radius of the
lens are denoted by T and R, respectively. The thickness
of the extension layer and the radius of the Si lens are 1.8
mm and 5.0 mm, respectively, which corresponding to a
ratio Tg/R = 0.36 for the best possible gain performance
[12]. An air gap is introduced between the feed and the
leaky lens and is designated as 7. Figures 1 (b) and (c)
shows the geometries of the two selected planar feeds that
are slitline dipole and stripline dipole. The metal layer for
the ground of the slitline dipole and for the stripline dipole
had a conductivity of 1.6 x 107 S/m and a thickness of
0.35 mm. The widths of the slitline dipole and the stripline
dipole are denoted as w; and w,, respectively. Both the
slitline dipole and the stripline dipole have a same total
length of L which equals to the diameter of the leaky lens.
A short dipole was modeled at the slitline center to drive a
current source through the slit. The feeding gap for both
the slitline dipole and the stripline dipole are designated
as g. Design parameters are fixed throughout the study as
follows: wy =w;=wyz=10 pm, g=15 pm, and L = 10 mm.
The full-wave simulator Microwave Studio by CST based
on the finite-integration time-domain (FIT) technique was
used to investigate the antenna characteristics [23]. In the
simulation, the antenna was excited by the discrete port
feeding with an “S-parameter” source, i.e., a current source

with the reference impedance of 50 Q. This model allows
excitation of the entire gap with the S-parameter model
to compute the S- and Z-parameters. For the radiation
characteristics, principally open boundaries, but with
some added space boundaries, were used to accurately
calculate the antenna radiation patterns. Accordingly, all
the gains and radiation efficiencies shown in the following
results are deduced from the radiation patterns of the
antenna at the frequencies of interest.

I11. ANTENNA CHARACTERISTICS

A. Impedance characteristics

We first studied the air gap effect on the impedance
characteristics of the slitline and stripline dipoles. Then,
we studied the behavior of impedance characteristics
with respect to frequency variation. Figure 2 shows the
real and imaginary parts of input impedance with respect
to air gap range of 0~50 pum with an increment of 5 um
at the fixed frequency of 300 GHz. Input resistance of
slitline dipole increased linearly from 48 Q to 50 Q with
an increase in air gap from 0~10 pm. From 10~40 pm, it
showed a smooth increment of 10 Q from 50 Q to 60 Q.
After 40 pm, it became stable and reached a saturation
value of 62.5 Q, as illustrated in Fig. 2 (a). However, the
stripline dipole showed completely different behavior,
input resistance significantly increased from 75 Q to
225 Q with an increase in air gap from 0~20 pm. After
20 pum, input resistance reached the saturation value of
275 Q. The imaginary part of the input impedance of
slitline dipole and stripline dipole showed the inductive
and capacitive behavior, respectively, as illustrated in
Fig. 2 (b). Input reactance of slitline dipole slightly
increased from 12.5 Q to 25 Q with an increase in air gap
from 0~5 um. After 5 um, it reached the saturation value
of 30 Q. Input reactance of stripline dipole decreased
from 120 Q to 100 Q with an increase in air gap from
0~5 pm. From 5~40 pm, input reactance showed an
increment of 70 Q, so the value varied from 100 Q to 170
Q. After 40 pm, it reached the saturation value of 170 Q.
From simulation results, we observed that the input
impedance of the stripline dipole had a higher value as
compared to the slitline dipole. When, we introduced
the air gap between the feed and leaky lens, in case of
stripline dipole effective permittivity seen by dipole
towards the substrate side reduced, as a result,
impedance increased with an increase in the air gap.
However, in case of slitline dipole due to the presence of
long ground plane, the effective permittivity seen by
dipole towards substrate side remained same, as a result,
the impedance characteristics remained stable and
smooth with or without the air gap. This is the reason that
the input impedance of slitline dipole remains the same,
while for stripline dipole it significantly increased with
air gap variation. From these results, it can be concluded
that the slitline dipole supported wideband impedance
bandwidth and its input impedance was very slightly
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affected by the presence of the air gap. In contrast, the
stripline dipole showed a possibility in increasing its
input impedance by introducing the air gap and thus
would be appropriate for a design with a high input
impedance requirement.
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Fig. 2. (a) Input resistance and (b) input reactance (at 300
GHz) as a function of the air gap, Tair, in @ comparison
between slitline and stripline dipoles.

Figure 3 showed the impedance behavior of slitline
and stripline dipoles over a broad frequency range of
100~500 GHz at three selected air gaps of O um, 5 pm,
and 10 um. Generally, the input resistance of the slitline
dipole slightly increased whereas that of the stripline
dipole significantly decreased with the increase in
frequency from 100 GHz to 500 GHz. The input resistance
of the slitline dipole without air gap (Tar = 0 pm)
remained stable around 25 Q and exhibited a slight
average increment of 5Q as we introduced the air gap of
5 um. However, as we further increased the air gap from
5 pum to 10 pm, the input resistance remained the same
as that of the 5 um case. In contrast, the input resistance
of the stripline dipole showed a remarkable variation,
i.e., gradually decreased with an amplitude of about 75
Q, as the frequency increased from 100 GHz to 500 GHz.
It can be seen that the presence of the air gap maintained
the impedance trend but significantly increased the
impedance level of the stripline dipole, observed in Fig.
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3 (@) as Tair varied from 0 um to 5 pm. However, as the
air gap was further increased from 5 pm to 10 pm, the
impedance level only showed a slight increase.

The input impedance behavior of the slitline and
stripline dipoles in a function of frequency is illustrated
in Fig. 3 (b). The input reactance of the slitline dipole was
stable and showed small variation within the frequency
of interest either for introducing a small air gap of 5 pm
or further increasing this air gap from 5 um to 10 pm
which is similar with its input resistance behavior.
However, the input reactance of the stripline dipole
exhibited differently with its input resistance. The input
reactance of the stripline dipole was gradually decreased
with the increase of frequency for the case of without air
gap Tair = 0 um. However, as a small air gap introduced,
its input reactance was gradually increased with the
increase of the frequency, as seen for Tair = 5 pum and Tair
=10 um. From these results, we can conclude that the air
gap has significantly influenced the impedance profile of
the stripline dipole but only has slightly impacted the
impedance profile of the slitline dipole. In addition, the
impact level was remarkable for a state change from
without (Tair = 0 pum) to with (Tar = 5 pm) and was
insignificant for further increasing this air gap.
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Fig. 3. (a) Input resistance and (b) input reactance as
a function of frequency in a comparison between the
slitline and stripline dipoles for different air gaps.
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Fig. 4. Magnetic current distribution along the slitline
dipole at different frequencies: (a) without air gap (Tair =
0 um), and (b) with air gap (Tair = 5um).

B. Current distribution

Figures 4 and 5 show the distributions of surface
current over half of the length of the slitline and stripline
dipoles, respectively. We considered the two cases of the
air gap, i.e., without air gap (Tair = 0 um) and with air
gap (Tair = 5 um), at three different selected frequency
values of 100 GHz, 300 GHz, and 500 GHz. A general
trend was observed in both stripline and slitline dipoles
that the current attenuation increased with increasing the
frequency [17]. At a very low frequency of 100 GHz,
both the stripline and slitline dipoles exhibited a surface
current with standing-wave behavior characterized by
the reflection at their terminations. At higher frequencies
of 300 GHz and 500 GHz, the surface currents were
attenuated more rapidly and consequently left behind no
current to be reflected back. From the magnetic current
of the slitline dipole illustrated in Fig. 4, we observed
that the current attenuated more rapidly for the air gap
case in comparison with the without air gap case. In
addition, the current distribution in the feeding area, i.e.,
near the 0-value of length, of the slitline dipole with the
air gap was higher than that of the slitline dipole without
the air gap. Figure 5 also presented that the current along
the stripline dipole attenuated more rapidly for the air
gap case in comparison with the without air gap case.

However, in contrast with the slitline dipole, the current
distribution in the feeding area of the stripline dipole
with the air gap was lower than that of the stripline dipole
without the air gap. These results indicate that the
presence of the air gap yielded a positive effect of
increasing the current distribution localized at the
feeding area of the slitline dipole whereas exhibiting a
negative effect of decreasing the current distribution
localized at the feeding area of the stripline dipole.
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Fig. 5. Electric current distribution along the stripline
dipole at different frequencies: (a) without air gap (Tair =
0 um), and (b) with air gap (Tair = S5um).

C. Radiation characteristics

To study the radiation characteristics, we first
investigated the boresight gain (at 6 = 180°) and radiation
efficiency of the stripline and slitline dipoles with respect
to air gap at a fixed frequency of 300 GHz, as illustrated
in Figs. 6 (a) and 6 (b), respectively. The boresight gain
of slitline dipole exponentially increased from 21 dBi to
25 dBi as the air gap increased from 0 um to 5 um, then
slightly decreased from 25 dBi to 23 dBi as the air gap
increased from 5 um to 20 pm, and then linearly decreased
from 23 dBi to 19 dBi as the air gap increased from 20
pm to 50 um. The boresight gain of the stripline dipole,
however, gradually decreased with an increase of the
air gap from 0 pm to 50 um. These behaviors can be
explained from the current distributions at the feeding
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area of the slitline and stripline dipoles as observed in
Figs. 4 and 5. The radiation efficiency of the slitline and
stripline dipoles followed the similar trend like that of
boresight gain up to 20 pum, but after 20 pm, they became
stable with an increase in the air gap. The simulation
results indicate that the small air gap has improved the
radiation characteristics in term of boresight gain and
radiation efficiency of the slitline dipole. The gain and
radiation efficiency of the slitline dipole at this optimized
air gap, i.e., 25 dBi and 82%, were slightly improved in
comparison with the stripline dipole without the air gap,
i.e., 24 dBi and 80%. In addition, the slitline dipole with
the air gap (Tair = 5 um) would be appropriate choice to
select because of its large ground plane that allows the
active devices to be easily integrated.
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Fig. 6. (a) Boresight gain and (b) radiation efficiency
at 300 GHz as a function of the air gap, Tar, in a
comparison between slitline and stripline dipoles.

40

Secondly, we investigated the boresight gain (at 6 =
180°) and radiation efficiency of slitline dipole and
stripline dipole as a function of frequency, i.e., from 100
GHz to 500 GHz, with three selected air gap values of
0 pm, 5 um, and 10 pm, as shown in Fig. 7 and Fig. 8,
respectively. Generally, the boresight gain of slitline
dipole and stripline dipole increased with increase in
frequency. The boresight gain of the slitline dipole
without air gap increased from 12.5 dBi to 23 dBi as
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frequency increased from 100 GHz to 500 GHz,
however, it contained two peaks and one dip. The first
and second peaks occurred at frequency values of 200
GHz and 415 GHz with the magnitudes of 22.5 dBi and
27 dBi, respectively. The dip occurred at 300 GHz with
the magnitude of 20 dBi. When we introduced the air gap
of 5 um and 10 um, the boresight gain became smooth
and stable and in addition, linearly increased and reached
a saturation at a frequency around 300 GHz. The
boresight gain versus frequency of the stripline dipole
behaved differently. The boresight gain of the stripline
dipole had peaks and dips for all three cases of the air
gap over the whole frequency range of interest. The
introduced air gap did not modify the boresight gain
profile of the stripline dipole as the slitline dipole did.
The radiation efficiency of the slitline and stripline
dipoles behaved similarly with the gain. The stripline
dipole without air gap even presented its radiation
efficiency with smaller variation than that of the slitline
dipole within the frequency range of interest.

30

]
Wy
T

Boresight gain (dBi)
2
=4

27 e Tair = 0 um
15 "' —— T, =5um -
|+ === T, =10 pm
10 ) 1 .
100 200 300 400 500
Frequency (GHz)

(@)

30

25

Boresight gain (dBi)
2
=4

o Tyr =0 pm
1sf —— Tqy=5um 1
— == T,=10pm
10 . . :
100 200 300 400 500
Frequency (GHz)

(b)

Fig. 7. Boresight gain versus frequency with respect to
the air gap variation: (a) slitline dipole and (b) stripline
dipole.

Lastly, we checked and compared the radiation
patterns of the slitline dipole and stripline dipole at 300
GHz in E-plane and H-plane with two cases of air gap,
i.e., without air gap (Tair = 0 um) and with air gap (Tair=
5 pum), as shown in Fig. 9 and Fig. 10, respectively. From
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Fig. 9, we observed that the radiation pattern of the
slitline dipole with an air gap of 5 um in both E- and H-
planes had higher boresight gain than the case of without
air gap. As introducing an air gap of 5 um, the width
of the main beam in the E-plane remained whereas that
in the H-plane became broader because the side lobes
merged together. From Fig. 10, we observed that the
radiation pattern of stripline dipole without air gap in
both E- and H-planes had higher boresight gain than
the case of with air gap. In addition, the back radiations
of stripline dipole also reduced both in number and
magnitude with increase in the air gap, and beamwidths
remained the same for both cases. These observed gain
behaviors result from the changes of the relative
refractive indices of the lower space, which determines
the distribution of the radiation of the dipole [24]. While
the relative refractive index was reduced by introducing
the small air gap under the stripline dipole, that of the
slitline dipole case was increased thanks to the resonant
cavity effect [17]. It can be seen that the air gap of 10
um, corresponding to 0.01%, at the frequency of 300
GHz, can be used to enhance the antenna gain, which
relatively agrees with the experimental results of others
[20, 25]. However, the air gap should be smaller and
optimized carefully to maximize the gain enhancement
of the antenna at the frequency range of interest.
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Fig. 8. Radiation efficiency versus frequency with
respect to the air gap variation: (a) slitline dipole and (b)
stripline dipole.
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Fig. 9. Radiation patterns at 300 GHz of the slitline
dipole with and without the air gap: (a) E-plane and (b)
H-plane.

V1. CONCLUSION

A leaky-wave slitline dipole antenna and a traveling
wave stripline dipole antenna designed on extended
hemisphere Silicon lens were numerically evaluated by
introducing the air gap between the lens and the antenna.
The influence of the air gap on the antennas’ impedance,
current distribution and radiation characteristics is
studied. The input impedance of stripline dipole showed
a remarkable change with introducing a small air gap
while it remained almost the same in case of the slitline
dipole. The current distribution at the low frequency
of the slitline dipole with the presence of the air gap
was more stable and smooth than that of the stripline
dipole. In the radiation characteristic consideration, the
boresight gain and radiation efficiency of the slitline
dipole with the presence of air gap was more likely
improved while that of stripline it showed degradation.
This study provides useful guidelines of choosing the
proper feed for THz integrated lens antenna applications,
especially for indoor THz communication applications
such as wireless local area networks and wireless
personal area networks in the 300 GHz band.
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Fig. 10. Radiation patterns at 300 GHz of the stripline
dipole with and without the air gap: (a) E-plane and (b)
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Abstract —In magnetic resonance imaging (MRI)
system, the main magnet creates a static magnetic field,
which largely determines the final imaging quality. Pole
pieces of pure-iron are commonly used to improve the
field homogeneity in the imaging region. In this work,
we attempt to design a novel configuration of multi-ring
pole pieces for a small animal MRI system. Based on the
model of a small H-type permanent magnet, the magnetic
field is calculated using the finite element method, which
considers the nonlinearity of the ferromagnetic materials.
The pole piece was designed with the particle swarm
optimization (PSO) algorithm. The results show that, the
optimal multi-ring pole pieces can effectively reduce
the uniformity about 10-20 ppm (10%), with a better
performance compared with the flat and traditional one-
ring pole piece configuration.

Index Terms — Multi-ring pole pieces, nonlinear
optimization, particle swarm optimization, permanent
MRI magnet.

I. INTRODUCTION

Nowadays, magnetic resonance imaging (MRI)
has become one of the most powerful and important
noninvasive diagnostic tools for medical imaging. MRI
requires a strong and uniform magnetic field in the
imaging region [1-2] which is generated by permanent,
resistive or superconducting magnets. Recently, permanent
magnets have gained widespread popularity in both
clinical applications and biomedical research studies,
especially for small animal MRI researches [3-4], due to
the low weight, cost and less consumption of electricity,
coolant water, and no expensive liquid Helium [5-6].

In a permanent MRI system, the static magnetic
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field is generated by permanent ferromagnetic materials,
and the well-known widespread end-effect can cause a
non-uniform magnetic field distribution and therefore
affects the imaging quality [7-8]. Shimming is used
prior to the operation of the magnet to improve the
homogeneity of the magnetic field. The pole piece made
of pure iron can be used to adjust the uniformity of the
magnetization characteristic of the permanent material
blocks, and special design of shapes of the pole piece can
help to improve the field homogeneity in the imaging
volume [9]. Previously, several studies have discussed
the design and optimization of the shape of the pole piece
[10-15] in the standard MRI systems. In these designs,
the final pole piece geometry is usually with one
shimming ring or curved surface. The pole piece with
one shimming ring may offer limited capability in
improving the field homogeneity. And in paper [12],
regular pole pieces with a smoothly-varying radial
profile curved surface offer much better performance in
shimming the magnetic field. However, these types of
configurations with curved surface are usually difficult
to manufacture. In this work, we proposed to design
simple, novel configurations with multi-ring pole pieces
to improve the uniformity of the magnetic field, and
applied in a small-sized permanent MRI system.

The design of pole piece in the MRI magnet
involves a nonlinear optimization procedure due to the
nonlinear characteristic of the ferromagnetic materials,
which is the non-convex problem with multi-pole points.
In previous studies [12-14], conventional optimization
methods such as the steepest descent method were used.
These methods have advantages in efficiency, but it
searches for the optimal solution along the direction of
the gradient and the solution has a great relationship
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with the choice of initial value, that might be just local
minimums and it is suitable for convex problems.
Particle swarm optimization (PSO) [16] algorithm is
one of the latest developed intelligence and global
optimization methods, which is used in this paper. It has
a number of advantages [17-18] including its relatively
simple algorithm structure, easy implementation,
computational efficiency and immediate applicability to
practical problems.

In this work, we take a small H-type permanent
magnet for small animal MRI researches as our model;
during the design of pole pieces, the magnetic field
analysis is performed by the commercial finite element
method (FEM) package ANSYS 14.0. Using the
developed nonlinear optimization schemes, a number of
novel designs of the multi-ring pole pieces have been
proposed and discussed.

Il. MODEL AND METHOD

A. Permanent magnet model

As shown in Fig. 1, a small H-type permanent
magnet with static magnetic flux density of 0.5 T, and
the homogeneous region of a 60 mm diameter sphere
volume (DSV) in the center is considered here, which is
the effective imaging region.

640 mm
_ 350 mm
hY

Magnet
Pole piece
Shimming
ring

" — . Yoke

Fig. 1. Construction of the H-type MRI magnet.

The construction of the permanent magnet consists
of magnets, pole pieces, shimming rings and the yoke.
The single magnet pole made of Nd-Fe-B material (N40)
is with 320 mm diameter and 62 mm height, and the air
gap between two pole pieces is 75 mm for small animal
MRI experiments. The yoke of A3 steel is with 60 mm
thickness, and the dimensions have been shown in Fig.
1. The pole pieces with 27.5 mm height and shimming
rings made of DT4 pure iron on the surface of magnets
are used to improve the uniformity of the magnetic field.

B. The design of multi-ring pole piece

The pole piece is made of pure iron on the surface
of the magnet. When the surface of the pole piece is flat
and the magnetic flux in the air gap is uneven like the
drum; this effect, called the end-effect, is shown in Fig.
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2 (). If the shape of the pole piece is designed properly,
then the flux in the air gap is no longer outside the drum,
accordingly, the central magnetic field becomes uniform,
as shown in Fig. 2 (b). In a small permanent magnet, the
effect is more serious because a relatively larger imaging
area will be formed for such a small sized magnet. The
shape of the pole piece plays an important role in
improving the field homogeneity in the imaging volume,
which is technically more challenging to design.

Z Z
3 A

(@) (b)

Fig. 2. Magnetic flux distribution. (a) The end-effect; (b)
change the shape of pole piece.

— Pole Piece

Pole Piece 1R
Shimming :
Ring

s,
Shimming Ring

Fig. 3. The pole piece model with a shimming ring and
the cross-section.

@ Pole Piece

2R 1 o, Pole Piece  2r 2
Hy _AASAAHZ | o A 7 | %AHz |
s % 5 S
(b)[, PolePiece 3r1| [,  PolePiece 3R 2
Hé%f@m 7227 H'SA%]D%IH 0=
.. PolePiece 3r3| | ., PolePiece 3R 4
H;SﬁD,LS_ngJ | 722 H,Sﬁ%dl‘ng HLAK
(©)[,, PolePiece 4r1| [, . PolePiece 4R 2
g12sty DR » PEr R
o POlePiece  sr 3| [, PolePiece 4R 4
nEEET IO [ S A
W POlePiece 4R 5 . PolePiece 4R 6
Hy Sﬂgmé{;ﬁm IﬂA 1901@}@ |§H.1 T I_:
(d)[,.. PolePiece 5R 1| [..om POlEPIECE  5R
HjéSZS]sésﬁHs ] ,égflél lé:uésHs 22}
o POlEPiece  sp 3| [, PolePiece  sr 4
H,s 245 %3“5 5] Kmﬁé ,gé%] S mRanyeay

Fig. 4. The cross-section of multi-ring. (a) Two rings; (b)
three rings; (c) four rings; (d) five rings.
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A shimming ring of the rectangular cross-section is
commonly used to adjust the field uniformity in the
imaging area, as shown in Fig. 3. A series of rings will
be taken into consideration in our work; here, the
maximum number of rings we considered is five, because
too many rings can make the structure complicated, and
difficult to model and manufacture. The cross-sections
of rings to be designed in this paper are shown in Fig. 3
and Fig. 4, and each structure is named as the figures,
such as 1R, 2R, 3R meaning the number of the rings
used in the design and the suffix ' _1', ' 2'... meaning
the different arrangement of the rings and the gap.
Meanwhile, the flat pole piece without a shimming ring
is named NR.

C. Magnetic field calculation

The finite element method (FEM) is widely used for
the calculation of the magnetic fields. In the analysis of
the static magnetic field, the finite element equation is
described by the vector magnetic potential A as:

B=VxA. Q)

Under the constraint conditions of V-A=0, A satisfies
the boundary value problem, that is:

V?A=—-uJ inthe field of V
A, =C on the boundary of S

where u is the permeability, J is the incentive current
density and C is the boundary condition.

In this paper, the 3D FEM analysis of the permanent
magnet has been carried out by using the commercial
general software ANSY'S (version 14.0, www.ansys.com).
Due to symmetry of the magnet model, a half model
is considered. Because the plane of symmetry is
perpendicular to the magnetic field lines of the model,
the boundary conditions in the plane of symmetry don't
need to be handled in ANSYS. The conditions of air field
boundary in a long distance are set to zero flux, which is
5 times as the height, the length and width of the whole
magnet model respectively. The ferromagnetic material
and the air gap are both calculated in the magnet model,
so we choose solid 117 type element in ANSYS which
adopt the edge-based FEM. The model is divided by free
tetrahedral mesh. According to the practical experience
of meshing, the components we concern about or the
components with the larger changed magnetic fields
need be divided into smaller grids, so a fine mesh is used
in the DSV region, the pole piece and shimming rings. In
addition, the relatively unconcerned components, such
as the magnet, the yoke and the outside air part with the
relatively small changed magnetic fields, are meshed by
a slightly coarse grid.

The model is partitioned into approximately 55000
tetrahedron elements, as shown in Fig. 5 (a), with a
maximum element size of 10 mm specified over a 60 mm
DSV. There are 348 volume elements and 278 nodes
in the DSV as shown in Fig. 5 (b), and the magnetic

)
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flux density of each element is used to calculate the
uniformity of DSV. The magnet pole is partitioned into
459 elements with 347 nodes, and the pole piece has
2501 elements and 1506 nodes. The yoke are meshed by
a slightly coarse grid with 475 elements and 280 nodes.

TAVAVAYAVAVAY,

Fig. 5. 3D meshes of the model. (a) Magnet; (b) 60 mm
DSV.

The FEM calculation takes into account the
nonlinearity of the A3 steel yoke and the DT4 pure iron
pole piece, the nonlinear relationships between B and H
are shown in Fig. 6. Additionally, the relative permeability
of the Nd-Fe-B (N40) permanent magnet is 1.085, and
assumed a linear B vs. H dependence. This nonlinear
electromagnetic problem is solved by the PSO algorithm
(see the next section).

A3 Steel DT4 Pure Iron
2.5 2.5
2 2
™ 1.5 ~— 1.5

o) )

mn g m g
0.5 0.5

0 GO 1 3

1 2 3 4 2 4
H (A/m)  x10° H (A/m)  x10
Fig. 6. Nonlinear magnetization curve of ferromagnetic
materials used in the design: A3 steel and DT4 pure iron.

D. Nonlinear optimization algorithm for the design of
multi-ring pole pieces

The algorithm is programmed through MATLAB
R2009b (Math Works, Natick, MA) and worked with
ANSYS 14.0 for the magnetic field analysis. All the
simulations were performed on a Dell computer with an
Intel Core i7 CPU with 10 GB RAMS.

The flow of the optimization is shown in Fig. 7.
Mathematically, the optimization can be expressed as:

Minimize y-= f(Hi,Si,Dj). ?3)

Subject to Hmin<Hi<<Hmax, Smin<Si= Smax, and Dmin
<Dj<Dnax, fori=1,...,5and j=1,2.

Where ¥ is the objective function; H; is the height
of the ith ring; Si is the cross section width of the ith ring;



D; is the distance between two adjacent rings; Hi, Si and
D; are the design parameters whose elements are subject
to the lower and upper limitations, respectively. The
maximum number of rings we considered in our work is
5, meanwhile only these 16 kinds of multi-ring models
shown in Fig. 4 are taken into consideration, so the value
of i is 1,...,5, and the value of j is 1,2. We choose the
uniformity of DSV as the objective function and the
fitness of PSO defined by the formula:

B (H.,S.,D.)—B . (H.,S.,D.)
max \ i'7i’ mind 75 108 ()

B H.,Si,D.)

o 510,

where Bpmin, Bmax are the maximum and the minimum
nodal value for the magnetic flux density magnitude in
the volume of 60 mm DSV, respectively, and Bayg is the
average magnitude of the magnetic field flux density of
the whole DSV.

Meanwhile, we take the magnitude of the magnetic
field within the DSV into account, and a constraint
should be added, that is, Bayg = 0.5 T must be satisfied.
Because the magnetic flux density of the magnet we
design is 0.5T, which is mainly used for small animal
imaging, meanwhile, the higher the magnetic flux
density, the higher the image quality, and we set 0.5 T as
the minimum requirement of the magnetic flux density.

Initialize Design

!

Magnetic Field
Analysis

!

Calculate the objective
function ¥

Update Design

Satisfy the
convergence criteria

Fig. 7. The flow of the iterative optimization.

The design parameters are updated in the PSO
based optimization procedure. Recent advances in the
development of the PSO algorithm have elevated its
capabilities in handling a wide class of complex
engineering and science optimization problems [19-20].
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Just as other evolutionary algorithms, the PSO algorithm
searches solution using a swarm of particles that are
updated from iteration to iteration. The flow of PSO is
shown in Fig. 8. To find the best solution in the standard
PSO algorithm, each particle changes its searching
direction and position according to two factors, that is,
its own best previous experience (pbest) and the best
experience of all other members (gbest) according to the
following equations which are proposed by Dr. Eberhart
and Dr. Kennedy in 1995 [16]:

vrli;’l = wvrlj1 +c1rand ()( pbestrl; - xrliq)+c2rand()(gbestk - ern) ,(5)
Xk+1:Xk +Vk+1, (6)
m m m

where k is the iteration index; vn* is the velocity of
particle m at iteration k and x»* (x=Hi, Si and Dj) is the
current position of agent m at iteration k; pbesty* is the
best position of the particle m achieved based on its own
experience and ghestk is the best particle position based
on overall swarm’s experience; C1, C2 are two positive
constants, and they are traditionally fixed to be 2; w is
the inertial weight, which is between 0.5 and 1 [21] in
this paper. After iterative updating by Equations (5) and
(6), the global optimum can be found.

Initialize each particle

v

Evaluate the fitness of
each particle

v

Update pbest and gbest

»i

Update the velocities v
and positions x

Satisfy the
convergence criteria

NO

Fig. 8. The flow of PSO.

The iterative optimization process is repeated until
a fixed number of iterations have been executed.

I11. RESULTS
After iterations of the nonlinear algorithm, the
shapes of the pole piece are obtained through the
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optimization of permutation and combination with
several rings. The comparison of the flat pole piece, one
shimming ring pole piece and the multi-ring pole pieces
are tabulated in Table 1.

Table 1: Comparison of the magnetic field properties

ACES JOURNAL, Vol. 33, No. 9, September 2018

From Table 1, we can see that the case of 3R_2 has
the minimum uniformity in a 60 mm DSV; however its
magnetic flux density is the weakest among the best
three cases, meanwhile, and it is also weaker than the
traditional one-ring pole piece 1R, so it is inadvisable.
The case of 4R 5 can be taken into consideration,

Type ID_Name | Magnetic | Uniformity because it has a similar field density and a better field
Flux (ppm) uniformity than the traditional one-ring pole piece 1R.
Density (T) The case 2R_2 with a simple structure is acceptable,
No ring NR 05815 60951 Zle?ncs,eitltZr:Eal?:iigfnfiltdd is quite good in both the field
One ring 1R 05270 51.28 y Y-
Two ring gi—; 825; ;’g;g Table 2: Optimized parameters of the best three cases
= : : ID Name Hi (mm) Si (mm) Dj (mm)
3R 1 0.5195 39.95 H.=14 23 S=5 01
. 3R 2 0.5130 34.82 P T
Three ring 3R_3 05318 530 3R_2 H,=6.74 S$,=5.81 D;=9.53
3R 4 0.5308 2017 1040 | 557567
4R_1 0.5061 48.28 2R_2 3;2332 8512296?3 D1=15.24
W T ous | a2es il I
i _ : : H,=7.94 =5.4
Fourring ™7p 4 0.5139 43.06 4R_5 H§:4_32 2;2,93 D1=6.56
4R 5 0.5242 37.62 H,=8.19 S,=5.78
4R 6 0.5327 48.53
5R 1 0.5059 44,01 | |
Five ring 5R 2 0.5103 49,94 i
5R_3 0.5085 46.72
5R 4 0.5235 42.16

Although the magnets with the optimized pole
pieces, both one ring and multi-ring, weaken the
magnetic flux density compared with the flat pole piece,
they are all stronger than 0.5 T which satisfy the design
requirement. Meanwhile, they all can significantly
improve the magnetic field uniformity. Moreover, all
multi-ring pole pieces we have designed in this paper
produced the magnetic field uniformity better than the
traditional one-ring pole piece named 1R. In all of the
attempts, more rings with a little more complex structure
can't make much better uniform magnetic field such as
all five-ring cases which are inadvisable. But some of
two and three-ring cases, such as 2R_2 and 3R_2, show
an obvious improvement in terms of the uniformity of
the magnetic field.

We chose the best three cases: 3R_2, 2R_2 and
4R_5, which offered better field uniformities. The
optimized parameters of the rings are displayed in Table
2. The cross-section and the 3D models of the three cases
are compared to the traditional one-ring pole piece in
Fig. 9.

The magnets with the optimized pole pieces
maintain better density and uniformity of the magnetic
field in different DSVs (diameters varied from 10mm-
70mm) than the flat pole piece as shown in Fig. 10.
These results can be used to estimate the magnetic flux
density and uniformity inside the DSV.

(@) (b)

© (d)

Fig. 9. The cross-section and 3D visualizations of the
model. (a) 1R; (b) 3R_2; (c) 2R_2; (d) 4R_5.

For the comparison of the traditional one-ring pole
piece 1R and the case 2R_2, the distributions of magnetic
field of DSV are shown in Fig. 11. Figures 11 (a)-(b)
represent the 1R case, and the scale of color bar is
[0.526987 T, 0.527014 T] that the difference of the
maximum and minimum is 2.7%10° T. Figures 11 (c)-(d)
represent the case of 2R_2, and the difference of the
maximum and minimum is 2.0*10° T with the scale of
color bar of [0.531162 T, 0.531182 T], which is smaller
than the 1R case. The case 2R_2 with a simple structure
can provide a more uniform distribution of magnetic



field than the traditional one-ring pole piece.

=
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Fig. 10. Magnetic field with respect to the variation 10-
70 mm of DSV. (a) Magnetic flux density; (b) uniformity.

(© (d)

Fig. 11. Magnetic field distribution of DSV. (a) 1R: half
DSV; (b) 1R: z=0, xy plane; (c) 2R_2: half DSV; (d)
2R_2: z=0, xy plane.

1V. CONCLUSION
In this paper, a nonlinear optimization and design of
multi-ring pole pieces for a small-sized permanent MRI
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magnet have been studied. A number of multi-ring pole
piece configurations have been attempted, and the 3D
FEM based simulation results demonstrate that, the
proposed multi-ring pole piece can effectively improve
the magnetic field uniformity. Compared with the
traditional one-ring pole piece, the cases 2R_2 and 4R_5
both offer much better shimming solutions when there
is no additional passive shim. Although larger number
of rings such as five rings has a slightly better field
uniformity than the one-ring pole piece, they are not
desirable in practice, because it will increase the
complexity of the shimming structure. The proposed
shimming method can be effectively performed for
various permanent MRI magnet systems. The scope
of the theoretical work presented here can provide a
reference to the actual magnet design and manufacture.
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Abstract — A wide bandwidth coplanar-waveguide
(CPW) based RF MEMS capacitive shunt switch with
n-matched & T-matched having high impedance
transmission lines is designed and simulated for
broadband (18-40 GHz) application. The effects of
variation in membrane width (50 & 70 um) of the
switch and high-impedance transmission line length
(300 — 600 pm) between the switch structures on
scattering parameters are studied. The variation in
beam width has very little effect on return loss of the
switch in up-state. The reduction in high-impedance
transmission line length yields marginal improvement
in return loss. In the down-state configuration, the
return loss showed negligible change with the variation
in beam width and high-impedance transmission line
length. The isolation is found improved with the increase
in beam width and high-impedance transmission line
length in whole frequency range. Simulating the technical
performance demonstrates the greater improvement in
RF characteristics of the switch particularly in return
loss in up-state position. In order to validate the
obtained result, Artificial Neural Network (ANN) has
been trained using ADS result. Comparison shows good
agreement between ADS and ANN results.

Index Term- High impedance short transmission line,
matched section, return loss and isolation, RF MEMS,
shunt switch, wideband.

L. INTRODUCTION
Design of RF MEMS switches is one of the
interesting areas that facilitate the researcher with great
potential to improve the performance of communication
circuit and systems. At microwave frequencies, the
rapid development and use of micro electromechanical
systems (MEMS) have proved tremendous advancement
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due to their high linearity and low losses [1] as well
as low power consumption [2]. Among the various
components of MEMS technology, MEMS switches are
the basic building blocks replacing the conventional
p-i-n diode and GaAs FET switches [3] at high frequency
applications. Low cost MEMS switches are considered
as prime category in MEMS technology due to their
extremely low insertion loss (0.1dB) [4] and very high
isolation upto 100 GHz, near zero power consumption
(10-200 nJ/switching cycles) good isolation [5], lower
insertion loss and low power consumption [3] properties.
The analysis of MEMS switches from microwave to
millimeter wave frequencies have revealed superior
performance than the diode based switches which offer
poor performance in terms of losses [6], tuning linearity
and intermodulation distortion. The excellent linearity
[7] due to the mechanical passive nature [8] of the
device and wide bandwidth operation of MEMS switches
makes it ideal for different wireless applications,
reconfigurable antennas, filters and tuners, low loss
phase shifters and high Q passive devices and resonators
[5]. RF MEMS switches that are able to handle up to
20W and operating cycle of 10'? [1] have found
applications in RADAR system, network analyzer,
satellite communication system and in base stations [5].

MEMS switches are the devices which operate
by the use of mechanical movement to achieve short
or open circuit in RF circuits. The required force for
mechanical movement can be obtained by different
actuation mechanisms like electrostatic and magneto
static [5]. MEMS switches can be designed in different
configurations based on signal path (series or shunt),
the actuation mechanism (electrostatic, thermal or
magneto static), the type of contact (ohmic or capacitive)
and the type of structure (cantilever or bridge) [9].
Extensive studies on various kinds of series and shunt
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MEMS switches are available in literature [10, 11]. The
practical first capacitive shunt switch was presented by
Raytheon based on fixed- fixed metal beam structure
[11]. Later on, lot of research works have been carried
out on capacitive shunt RF MEMS (CSRM) switches to
achieve better performance [12].

In a CSRM switch, a thin metal membrane bridge
is suspended over the center conductor [13] and fixed
on the ground conductor of CPW [14]. This switch
performance depends on isolation which in turn depends
on capacitance ratio (Cmax/Cmin). The MEMS switches
performs excellently for 10-100 GHz frequency range
applications with a typical isolation of -17 dB at 10 GHz
and -35 to -40 dB at 30-40 GHz for a capacitance of
4 pF [7]. In these wide frequency range, Ka-band (18 —
40 GHz) can be the band of choice for many radio
communication applications due to its increasing capacity
availability and its applicability for broadband services.
This band can encompass a new type of architecture,
new transmission and bandwidth management to provide
higher quality, better performance and faster speed [15].

The conventional RF  parameters  which
characterizing the MEMS switches are: 1) The insertion
loss in ON-state; 2) The isolation (i.e., 1/|S21|) in OFF-
state; and 3) The return loss (i.e., 1/|S11|) in both
states. Much effort has to be taken to improve these
parameters to achieve higher isolation in OFF-state and
low insertion and return losses in ON-state. Matching is
necessary for the best possible energy transfer from
stage to stage. The impedance of the devices (generally
50 Q internal impedance) connected in system must be
matched in order to reduce the reflection and the related
losses. Interstage matching has to be made between two
complex impedances, which make the design still more
difficult, especially if matching must be accomplished
over a wide frequency band. In RF MEMS switches,
either T-match or m-match configuration is used. In
T-match configuration, the series inductors provide
a good match at the design frequency. Whereas in
n-match configuration, a short section of high impedance
line is used between two shunt switches results in an
impedance match. The m-match provides an excellent
match in the upstate position over a wide bandwidth
and wide isolation bandwidth compared to T-match.
The double shunt capacitance ground the high
frequency signal two times faster as compared to the T-
match and improves the isolation [16-17].

In this paper, we analyze the RF design of coplanar
waveguide based MEMS shunt switch in T and n-match
configuration for Ka band applications. In T-match the
capacitor is eliminated by using a distributed inductance
of two short high impedance transmission lines (HITLS)
and the m-matched consists of two bridges separated
by a high-impedance transmission line. Scattering
parameters of the T and m-matched shunt switch is
studied as a function of:
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1) Width of the switch membranes. 2) High
impedance transmission line length.

The organization of the paper is as follows. Section
two of this paper discusses the theory of capacitive
shunt RF MEMS switch with its selection criteria
and the proposed two types of matching network
parameters. The electromagnetic simulation analysis of
capacitive shunt switch in terms of insertion loss and
isolation performance is discussed in Section 3. Section
4 presents applications of MEMS switch along the
findings of our work.

II. CSRM SWITCH

A. Selection of switch

As mentioned in Section I, there are several types
of MEMS switches based on different design parameters.
The major criteria for switch selection are its application
and frequency of operation. Out of two types of switches
based on contact, the shunt is preferred over series due
to minimal parasitic involved and capable of handling
more RF power. Shunt switches have the benefit of ease
of fabrication and fewer parasitic due to continuous
transmission line [9]. The capacitive MEMS switch has
excellent performance up to 40 GHz [18] and life time
in excess of 1 million cycles [19] under low power
conditions.

B. Theory of capacitive shunt RF MEMS switch

The capacitive shunt RF MEMS (CSRM) switch
taken for analysis is based on a fixed - fixed beam [20]
design and is shown in Fig. 1 (a). The MEMS Bridge with
the gap of ‘g’ from the center conductor is connected to
the CPW ground plane and the bridge is grounded.

Thin Dielectic layer z
L Al Memb rare
Anchor (MEMS Eridge)
d [(——
| ; —
5] W '
Full Doearn
Electrode
(@)
* L2 | z
CPW CPW
E
L
o il

Fig. 1. Capacitive shunt RF MEMS switch: (a) cross
section view, and (b) equivalent circuit.

The center pull down electrode provides both the
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electrostatic actuation [22] and RF capacitance between
the transmission line and ground. When the switch
is down (OFF) state actuated, the capacitance to the
ground provides good results in excellent short circuit
and high isolation at microwave frequencies. The
lumped element equivalent circuit model of CSRM
switch is shown in Fig. 1 (b).

C. RFMEMS shunt switch in 7-match configuration
The model of the single RF MEMS membrane
switch can be used to design the high-isolation, low
insertion-loss m-matched shunt switch [21]. The =n-
matched switch consists of two single MEMS shunt
switches separated by a short length ‘d’ of high-
impedance transmission line as shown in Fig. 2.

l

(@)

Series resistive contact switch
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Shunt capacitive switch
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er—@j* 000T—2=—
Lo Lt

Input Output

RF out
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Fig. 2. (a) Schematic of RFMEMS shunt switch in z-
match and its equivalent circuit in (b) n-match and (c)
T-match.

The RF characteristic parameters of this switch
are analyzed in terms of return loss, insertion loss and
isolation. In our paper for getting broadband RF MEMS
switch, we analyze the frequency response of the switch
at different length of the midsection high impedance
transmission line.

D. RFMEMS shunt switch in T-match configuration

The RF characteristics of a capacitive shunt switch
depend on the capacitor of the switch in its up-state
position. For lowering the actuation voltage, the gap-
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height should be decreased which leads to an increase
in the up-state capacitor [22, 23]. This deteriorates the
RF characteristics of the switch. In this paper, the up-
state position of the switch with two short high-
impedance transmission lines (HITLs) having inductance
‘L. is characterized by the C, L and R components.
The capacitance ‘C’ is the more dominating component
at high frequency in this model which causes the
mismatch between input and output of the switch. We
therefore match the circuit by using two additional short
HITLs incorporating two inductors (Lt.) at the input
and output of the switch which forms the T-matching
circuit as shown in Fig. 2 (c). Though RF MEMS
switches are 3D structures, they can also be seen as
2.5D structure due to their high aspect ratio. RF
performance of the switch in terms of insertion and
return loss is studied using ADS Momentum EM
software. The characteristic impedance of CPW plays a
major role which is determined by ground/substrate/
ground (G/WI/G) [24] dimension. In CPW line, the
signal and two ground lines are on the same plane. In
this proposal, the CPW line with dimensions G/W/G =
60 um/100 um/60 um (50 Q) was designed and two
values (50 pm and 70 um) has been chosen for width of
the membrane bridge.

E. Artificial neural network

ANNSs are biologically inspired computer programs
to simulate the way in which the human brain process
information. Each neuron has weighted inputs,
simulation function, transfer function and output. The
weighted sum of inputs constitutes the activation
function of the neurons. The activation signal is passed
through a transfer function which introduces non-
linearity and produces the output. The neural network
architecture used in this paper called MultiLayer
Perceptron Neural Network has use the back propagation
[24] learning algorithms used in this work are based on
multilayer correction learning algorithm called back
propagation.

III. RESULTS AND DISCUSSION

Simulated scattering parameters of the m-matched
& T-matched with HITLs switch structure are discussed
in this section. Figures 3 (a) & (b) show the return loss
(S11) and isolation (S21) for the up-state position for
the switch for m section and T section with HITL length
from 300 to 600 um for the width of the membrane bridge
of W=50 um and 70 pm. The up-state S11 parameters
of 7 section are found to vary between — 5 dB to — 35 dB
in the 18 — 40 GHz frequency range. The return loss
of T section with HITL varies from -0.7 with highest
minimum loss of -1.4 dB only. But for the same
frequency range from 18 to 40 GHz, the ©t section gives
the minimum return loss in the range from -4 dB to
-32 dB.
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This shows that the m section performs well
compared to T section in terms of their losses. Figures 3
(c) and (d) give the return loss with the width of the
membrane bridge of 70 um. This graph explains that
there is no much difference in the loss performance
with respect to the width of the membrane bridge.

Figure 4 gives the return loss and isolation
performance of switch in m section and T section with
HITL length from 300 to 600 pm and width of the
membrane bridge of W=50 um & 70 pm in down-state
configuration. In Fig. 4 (a), return loss (S11) for W=50
um is found to be varied from -0.5 to -0.3 dB for T
section with HITL and this is reduced from -0.58 to
-0.51 for 7 section. However, the S11 parameters do not
show any noticeable change with the width of the
switch as well as with high-impedance transmission
line lengths. For the isolation performance as in Fig. 4
(b), the better performance of © section (isolation from
-26 dB to -22 dB) can be noticed compare to T section
with HITL (isolation from -54 dB to -44 dB). Though
there is no much variation in isolation for ‘g’ values, we
have achieved nearly 30 dB reduction in isolation for 7-
section. The isolation values seem to be decreasing with
the increase in the high-impedance transmission line
lengths, while it increases with increase in the beam
width. As the beam width increases, the downstate
capacitance increases, which results in better isolation
as shown in Fig. 4 (d). As can be seen from the figures,
the RF losses performance of the down-state position
for the CSRM switch gives better results in the frequency
greater than 25 GHz. Therefore, the switch provides
desirable RF characteristics (S11 and S21) for the Ka
frequency band applications.

-0.95

-0.975

-087

-0.965

S11(dB)

-0.96

—0.955

095

—-0.945
15

Frequency (GHz)

Fig. 5. Comparison of ADS and ANN trained values for
insertion loss of CSRM with & section and T section.

In order to validate the obtained result, the neural
network has been trained with the insertion loss ADS
result obtained for down state insertion loss with W=50
um and d=400 um for = match configuration as shown
in Fig. 5. After many trails, network having two hidden
layers have been selected with dimensions of 4x14x10x2.
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This means that the numbers of neurons were 4 for
input layer, 14 and 12 for first and second hidden layers
respectively and 2 for output layer respectively. The
better agreement between the results from ADS and
ANN shows that the proposed matching networks are
optimized by simulation.

IV. CONCLUSION

This paper presents parametric analyses of
scattering parameters of the w-matched and T-section
with high impedance transmission lines for capacitive
shunt RF MEMS switch for broad band (Ka-band)
application. The variation in beam width has very little
effect on up-state scattering parameters; whereas, the
reduction in high-impedance transmission line length
showed the marginal improvement in return loss. In the
down-state configuration, there is no much change in
return loss for the beam width of the switch and high
impedance transmission line lengths. The isolation is
found to be improved with the increase in beam width
and high-impedance transmission line length. The
achieved scattering parameters shows that the CSRM
switch with proposed matching networks are best suited
for high frequency band (25 - 40 GHz) which support
for Ka band applications like satellites communications
uplink in either the 27.5 GHz and 31 GHz bands, high-
resolution, close-range targeting radars, aboard military
airplanes, vehicle speed detection by law enforcement
and for downlink of scientific data collected by the
space telescope.
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Abstract — Cylindrical vias are commonly used for
interconnection in multilayered Printed Circuit Board
(PCB) design. The RF current through vias causes
radiated interference to adjacent traces. This paper
describes an analytical method of computing the
radiation from cylindrical via using the electromagnetic
theory. Three layer printed circuit board consisting of
three traces on the top of a dielectric substrate, a middle
orthogonal trace and a ground plane at the bottom, is
considered. The RF voltage coupling at the terminations
of the traces due to the near field radiation from the
via is computed. The reactive couplings between the
traces are determined from the parasitic elements using
transmission line equations. The total coupling obtained
from analytical method is compared with those of
modeling and simulation with Ansoft HFSS software
tool. The total crosstalk is also measured using an
available Network Analyzer. A good agreement is found.
The changes of radiated coupling with the change of
position of via, trace separation and trace length are
also investigated. This paper shows that the analytical
method is a useful tool for predicting interference in
PCB without using expensive simulation software.

Index Terms — Crosstalk, electromagnetic compatibility,
PCB, transmission line, via, via inductance.

I. INTRODUCTION

Analysis of reactive cross-talk between the traces
in multilayer printed circuit board is described by Paul
[1] using transmission line theory and results are well
documented. In multilayer PCB, vias are placed to
interconnect signals from one layer to another. Their
locations are optimized for desired circuit operation
with signal integrity and Electromagnetic Compatibility
(EMC). Very costly software tools are utilized for this
purpose. The effects of via interconnects are analyzed
by many authors [2-12]. Pucel [2] developed an empirical
formula for via inductance using image concept.
Goldfarb and Pucel [3] developed empirical formula for
via inductance based on measurements and numerical
simulation. Cui et al. [4] described EMI problem due to
via transitions through the DC power bus. Li et al.
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Accepted On: May 2, 2018

[5] and Suntives et al. [6] have shown shielding of
interference between PCB traces using an array of vias
in a trace. Nam et al. [7] shown EMI mitigation in PCB
using shorting vias around the signal via. Ndip et al. [8]
described techniques to solve electromagnetic reliability
problem due to return current paths through via by
introducing layer stack up scheme. Jiang and Fan [9]
has given an intrinsic via circuit model through rigorous
electromagnetic analysis. Wu and Fan [10] analytically
predicted crosstalk among multiple vias between
infinitely large parallel planes. Pan and Fan [11] given
an equivalent multi-conductor transmission line model
to characterize via structures in multi-layer PCBs for
signal integrity in high speed digital circuits. Isidoro-
Munoz et al. [12] presented closed-form expressions for
the via-pad capacitance and via-traces inductance for
the performance assessment and optimization of signal
integrity. None of the above publications described the
analysis of radiation from via and its effects on the
adjacent lines. Some results of radiation coupling from
via placed in a fixed position are presented by the
authors in international conferences [14,15].

In this paper the effects of via (interconnect) in a
three layer PCB are described along with the reactive
crosstalk between the traces. The three layer board
consists of three parallel traces (Tracel, 2 and 3) on the
top of a FR4 dielectric substrate (copper clad FR4 glass
epoxy, S3110, CEM-1), a second layer trace (Trace 4)
which is orthogonal to the top traces, and a bottom
layer of ground plane as shown in Fig. 1. The single
layer thickness of the substrate is h and having dielectric
constant ¢, . The trace 1 and trace 4 are interconnected

through a thin cylindrical via of diameter d. The RF
current through via radiates electromagnetic signal in
the hybrid medium formed by the solid dielectric
substrate and the air on the top. The radiated magnetic
field produces induced RF current on the adjacent
traces. The net current gives rise to interference voltage
at the ports terminated with matched loads.

Since the via model considered here does not have
pad, and the length is very small due to thin substrate,
the equivalent circuit of the via is an inductance. This
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unknown inductance is computed from the transmission
line model of the traces and using Ansoft HFSS
software tool. For excitation of trace 1, the RF current
through via is found and the radiation from the via is
determined using Helmholtz equation in spherical
domain [16]. The total interference coupling at the ports
of the adjacent traces is the sum of radiated coupling
voltage and the reactive coupling voltage. The reactive
coupling is computed using empirical formulae of
parasitic inductance and capacitance given by Sakurai
[13].

Radiated magnetic field
Port3

T Trace 1 3,

,,,,,,,,,,,,,,,,,,,

2
,,,,,,,,,,,,,,,,,,,,,,,,,,,,,,,,,,,,,,

Port2
2h Dielectric Substrate A8

Ground Plane

(b)

Fig. 1. Multilayer PCB structure: (a) via radiation
coupling, and (b) reactive cross-talk coupling (via and
orthogonal trace 4 are not shown).

The analytical values of the near field radiated
coupling, reactive coupling and the total coupling are
computed using MATLAB. Ansoft HFSS modeling
and simulation of the structure is also done to find the
resultant interference coupling on the traces at different
frequencies for different locations of the via, trace
length and trace spacing. Modeling and simulation
results are compared with those obtained from analytical
method and found good agreement. Experimental
verification is also conducted for via position at the
center of the trace along the length and results are found
agreed well with those of simulation and analytical
methods.

I1. METHODS OF ANALYSIS

A. Analysis of radiation coupling from via RF current
As shown in Fig. 1, trace 1 is excited by RF current
at Port 1. All the traces have width W and are matched

terminated by their characteristic impedances (50 ohm).
A z-directed small via is a small dipole inside the
substrate which radiates spherical waves in the hybrid
medium around the via having non-zero field components
E,, E, and H, correspond to TM  modes. Scalar

magnetic potential A, corresponding to these field

components satisfies Helmholtz equations outside the
via [16]:

r

VZA +k*A =0. 1)
Here k:ko\/? in the hybrid medium consisting

e

of dielectric substrate and air above it,
A = J"' N 5@ (kn)P(cosd) @)

and &, is the effectlve dielectric constant of the hybrid
medium given by [17]:
-1/2
e=g'+1+g’_l(l+12hj | @)
2 2 w
In (2) H@(kr) is spherical Hankle function of 2nd
kind, P,(cosé) is Legendre polynomial of degree 1,
and I, is RF current through via which will be
determined from the via equivalent circuit and
transmission line model of the traces.

Since the via is orthogonal to the traces on the top
layer and on the middle layer, to a first degree of
approximation, the scattering effects of these traces for
the radiation from via is neglected. The magnetic field
component H, induces transverse and longitudinal
components of RF current on the surfaces of these

traces. From (1) and (2), the radiated magnetic near
field component:

10A _ Jkkh 2y

H,=——7F"% H? (kr)sing. 4
Y r o0 Am (kn) @
Since the ground plane is considered as perfectly
conducting, its effect on this emitted field is taken by
replacing the ground plane with the image of the via
(Fig. 2 (a)). The resultant radiated field component can
be obtained from (4) for contributions of via and its

image.
_ Jklgh
7 Az

1~ .
—H;”(kr,)sing, |. (5)
2

We can write [16]:

Hi? (kr) = ,/ T, k),

where H® , (kr) is the cylindrical Hankle function.
From the geometry (Fig. 2 (a)), for field point
P(x,y,2),

H [ H,? (kr)sin 6, +
r‘l

(52)

? +(X_€1)2 '

h=yy (Sb)
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=1’ (5¢)

= ;1) and 6, =7-6,, (5d)
=—"=——- 5

cos¢ , m (5e)

and cos¢9=(3/r2)h. (51)

The induced surface current density on the top
surface of the trace 2:

Jop = 2X¢H, =—H,(RcOsp + Ysing). (6)
On the bottom surface of trace 2:
jbonom = _2X¢?H¢b = H@(k COS¢ + 9Sin ¢) ’ (7)

where suffices ¢t and ¢b represent top and bottom
surfaces, respectively.

Coupled
D Line

Exciter Line

Fig. 2. Isometric view of the analytical model with
via and its image below ground plane (W=6.2mm, /(=

200mm, ¢, 100mm, h=1.6mm, d=1mm).

On the side outermost surface of trace 2:

Jrs=yX(pH,)=12singH,. (8)

On the side innermost surface of trace 2:
J,s:—yx(¢H¢):—zsin¢H¢_ 9
Therefore, it is seen that there is circulatory

transverse current and also longitudinal current induced
on the adjacent traces due to RF current through via
along z. In PCB, the trace thickness is extremely small
compare to width/wavelength. Therefore, in this analysis
we can neglect the current on the side surfaces of the
traces. The net current on top and bottom surfaces of
the traces results in radiated coupling of signal at Ports
3, 4, 5 and 6 which can be obtained from (6) and (7).
The resultant component of current density at P on a
trace is given by:

\]:Jbottorn+\]top:H¢b_Ha. (10)
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Therefore, the net current flow per unit length through
adjacent victim trace can be expressed as:

D+W /2
H,)dy.

= [ (Hy,
D-W/2

The coupled voltages at ports are obtained by

multiplying this current with port impedances zZ, =Z,:

V=2 xI. (11b)

Equations (11a) and (11b) can be solved after

determining the unknown excitation current 1, through
via.

(11a)

B. Transmission line model of trace with equivalent
circuit of via to find lo

In general, the design of PCB is made using pad on
a trace for connection of via with the associated trace.
In this analytical model an assumption is made that the
via with non-zero diameter d << is connected between
Trace 1 and 4 without pad. Therefore, the via offers
an inductive path ( jwL,) as explained in Fig. 3 using

transmission line model of the traces along with
equivalent circuit of via, where L, is the inductance of
via.

X |t /

X=0 x=—f
Trace 4 %20

(a)
Trace 1 Via
/ [
Z,=50 Qi o 3 gz
0
v, Vi L
Z,=50Q 4
x=0 x= {
Z
(b)

Fig. 3. (a) Equivalent circuit of via between traces 1 and
4, and (b) transformed equivalent circuit.

Considering a uniform lossless transmission line
(Trace 1) of characteristic impedance Z,Q2 and length

£ mm, excited at x =0 with a matched voltage source
V, , the equivalent load at the via point X =—/, is (Fig.
3),
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, _ (ol +2,12)7,
© (oL +Z12)+ 2,
Based on formula developed by Pucel [2], the via
inductance is given by:

(12)

2
2h+.[= +(2h)

Hy 4
=={2hInf ———M—— |+
L 4z d/2

[‘;_ d42+(2h)zﬂ.

The line voltage at via point can be expressed by:

(13)

V(=)= (e e ). (14)
Here V, = input signal voltage,
27 A Z, —-Z0
=— Jy=—F= ==L : 15
p A Jeo Z, +Z0 (15)

For excitation at Port 1, the via current can be
calculated using (12) to (15) as:

— V(_(l) )

° jel, +Z,12

This 1, is used in Equation 4 to find the radiated

magnetic field and subsequently radiated coupling
voltage at the trace end from (11a) and (11b).

(16)

C. Reactive and total coupling to the adjacent trace

There are direct crosstalk from the source trace to
the adjacent parallel lines resulting in near end and far
end cross-talk voltages due to reactive coupling. Since
middle layer trace is orthogonal to top layer traces,
there is no direct coupling to middle layer. The
electrical equivalent circuit for inductive and capacitive
coupling is shown in Fig. 1 (b).

At low frequency side of GHz range, crosstalk due
to reactive coupling is well described by Paul [1] for
lossless lines and are expressed by:

jaR,
= ¢ L, +R.R,C,]|, 17
ne (Rne+Rfe)(Rs +R€)[ 12 fe' M 12] ( )
joR
J - [_ L12 + Rne R!"Clz]! (18)

Ve =
(R +R)(R, +R))
where V. and V,, are the reactive coupling due to via
at Ports 3 and 4, respectively, R, =R, =50Q, C,, and
L,, are total mutual capacitance and inductance,

respectively, per unit length. The capacitances and
inductances are computed from the expressions given

by Sakurai [13]. The capacitance matrix can be written
as:

(Cu + 2C12) - C12 - C12
[C] = -Cp (Cn + Clz) —-Cy + (19)
- C12 - Cza (Cn + C12 + Czs)

where C; is the capacitance between the trace i and
trace j, and C; is the capacitance between the trace i
and the ground. Here C,, =0 and C,, = C,, for symmetry.

Since the inductance is not influenced by the
lossless dielectric substrate the line inductance is
derived from [C] using the following relation:

[L] = K& [C]il- (20)

The total coupled voltage at the port is the sum of
the direct crosstalk voltage and the voltage due to
radiation coupling from the via:

Vi =V +V,, and V; =V, +V, (21)
where, vV, and V,, are the radiated coupling due to via
at Ports 3 and 4 respectively.

D. Simulation and Modeling

The PCB of Fig. 1 is simulated using Ansoft HFSS
software with FR4 substrate having er = 4.4, tan 6 =
0.02 and single layer thickness h = 1.6mm. All the
traces have length 200mm, and are designed for 50 ohm
impedance. The lines are matched terminated. A
cylindrical via having diameter of 1mm, located at an

arbitrary distance ¢, from the input port, is used to

connect the top source trace 1 and middle orthogonal
trace 4. Ground plane is at the bottom of the substrate.
The simulation and modeling in HFSS tool gives the
true coupling, i.e., total coupling due to reactive cross
talk and radiation coupling from RF current through via.

I11. RESULTS
Following paragraphs describe the results obtained
from the analytical, simulation and modeling using
HFSS tool and experimental methods. Separate results
are shown for radiation coupling, reactive coupling and
total coupling (combined coupling due to radiation and
reactive coupling).

A. Radiation coupling from via RF current

The radiated coupled voltage vs frequency at a Port
4 for 50 ohm termination is obtained from (11) and (16)
using MATLAB, and the result is shown in Fig. 4,
when via is placed at the middle along the length of
the trace. The radiated couplings at all other ports can
similarly be obtained.
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-20
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0 500 1000 1500 2000 2500 3000 3500 4000 4500 5000
Frequency,MHz

Radiated Voltage Coupling,dB

Fig. 4. Radiated coupled voltage vs. frequency using
analytical method (¢ =200mm, ¢, = 100mm).

B. Reactive and total coupling to the adjacent trace
The reactively coupled cross-talk voltages V,, and

V, are computed from (17) to (20), using MATLAB

and the results are shown in Fig 5. It is seen that both
the couplings increase with frequency.

porpgppeabriEEy
20 feo bt : : : : : : :

: : : : +  Near-end Reactive Xtalk
+  Far-end Reactive Xtalk

-40

Reactive Xtalk, dB

-60

i i i i i
0 500 1000 1500 2000 2500 3000 3500 4000 4500 5000
Frequency, MHz

Fig. 5. Reactively coupled crosstalk voltages vs. frequency
using analytical method (/= 200mm, ¢, = 100mm).

Finally, the total coupled voltage vs. frequency,
expressed by (21), is shown in Fig. 6. It is seen from
Fig. 4, Fig. 5 and Fig. 6, that the reactive coupling
predominates coupling due to via radiation.

-20

Total Coupling, dB

-25

-30

-35

-40

i i i i i i i i i
0 500 1000 1500 2000 2500 3000 3500 4000 4500 5000
Frequency, MHz

Fig. 6. Total coupled voltage vs. frequency using
analytical method (/= 200mm, ¢, = 100mm).

C. Experimental and simulation results of coupling
The coupling parameters S31 (near-end) and S41
(far-end) are measured by using Rohde & Schwarz

ACES JOURNAL, Vol. 33, No. 9, September 2018

ZVH4 Analyzer with the via at the center of the source
trace as shown in Fig. 7.

20 F--

Total Coupling, dB

25| wdemennd feeeanes T I L I I
: : : i [——HFss 531 (dB)

—+— HFSS 541 (dB))
+  Analytical S31(dB)
—&— Analytical S41(dB)
s Experimental 531(dB) [
O  Experimental 341(dB)

sof b

AL S S S

40 i i i | | 1 | 1 1
0 500 1000 1500 2000 2500 3000 3500 4000 4500 5000
Frequency, MHz

Fig. 8. Total coupled voltage vs. frequency (HFSS,
analytical and experimental) when via is at centre of
Trace 1.

The HFSS, analytical and experimental results of
total coupled voltage at near end and far end ports
of the adjacent victim trace versus frequency are
compared and shown in Fig. 8. It is found that there is
some deviation of 2-3 dB between the results which
may be due to some assumptions made in the analytical
method. At lower part of the frequencies, the deviation
is slightly more. This may be due to the line losses
which cannot be neglected at lower frequencies because
propagation constant becomes complex and due to
some experimental error.

D. Results of change in coupling with via position
and line dimensions

The changes of radiated coupling with the other
parameters, such as, (i) change of position of via, (ii)
trace separation and (iii) trace length are investigated by
using analytical method as discussed above. The effect
of change of position of via on radiated coupling is
shown in Fig. 9. It is observed that when the via is at
the center along the length, then the radiated coupling
voltage due to via is minimum and when it approaches
towards the end of the traces, it increases.
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S31,4B

E i i i
40 60 80 100 120 140 160

i i i
40 B0 80 100 120 140 160
Via position, mm

Fig. 9. Radiated coupling voltage vs. via position using
analytical method.

The effect of trace length on radiated coupling is
shown in Fig. 10. It is seen that when the length is
increased the radiated coupling voltage is decreased.

531,48

o0 110 120 130 140 150 160 170 180 190 200

S41.48
*

100 110 120 130 140 150 160 170 180 1390 200
Trace Length, mm

Fig. 10. Radiated coupling voltage vs. trace length
using analytical method.

Figure 11 shows that when the trace separation is
increased, the analytical results of radiated coupling
voltage at different ports of the adjacent trace decrease
with separation as expected.

657
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T 3

=Y ) R N N Ao -

531,48
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T3 SRRt SRR S S R S, -

541 dB

6585 [ he b 3

Trace separation. mm

Fig. 11. Radiated coupling voltage vs. trace separation
using analytical method.

The HFSS simulations are also carried out for (a)
different positions of the via along the trace, (b) different
trace lengths, and (c) different separation distances

between the traces. The simulated and analytical results
of total coupling voltages at different ports of the traces
for these cases are shown in Fig. 12 for two frequencies,
350 and 600 MHz. It is seen that the analytical results
agree well with those of HFSS simulation and modeling
with a maximum deviation of 15%.

2 350 MHz | ' ! ! T
5 i
°
z’ 160
£
s
3
(&) = ]
= -
o
A
100 120 140 160
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o -
-
) :
§_,m i i i | j i 1
@ 100 110 120 130 140 150 160 170 180 190 200
= 10 T T T T T T T
5 SUOMHZ H ' I '
S V=
'_g _30 ........i........E.......E.......E.......?.......E.......:.......‘.......E......_
I2 40 | | 1 1 | | | | 1
100 110 120 130 140 150 160 170 180 190 200
Trace length, mm
3
S
3
5
©
S

Trace separation, mm

(c)
+  Analytical $31(dB)
—&— Analytical S41(dB)

—— HFSS S31 (dB)
—+— HFSS 541 (dB))

Fig. 12. Variation of coupling voltage: (a) with via
position, (b) with trace length, and (c) with trace
separation.

IV. DISCUSSION AND CONCLUSION

This paper describes radiation effect of via
interconnect and reactive crosstalk between adjacent
traces in a three layer PCB. The three layer PCB consists
of three traces on the top, a middle orthogonal trace and
a ground plane at the bottom. Centre trace 1 on the top
layer is the source and interconnected to the orthogonal
trace 4 through the via. The dielectric substrate used
in the PCB is FR4-epoxy (& = 4.4). Each layer has
thickness of 1.6mm. The traces are designed for 50 ohm
impedance and terminated with matched loads. Analysis
of radiation due to RF current through via is carried out
using Helmholtz equation in spherical domain in hybrid
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medium consisting of dielectric substrate and air on the
top. The coupling of near field radiation from the via to
the traces are calculated in terms of voltages due to the
induced current on the traces. The total coupled voltage
at a port is the sum of the radiated coupled voltage due
to via radiation and the reactive crosstalk voltage from
the adjacent traces due to line parasitic. It is seen that
the reactive coupling is predominant over the radiated
coupling voltage due to via.

Paper also describes the Ansoft HFSS analysis of
the structure which takes care of both cross-talk due to
reactive coupling between adjacent traces and radiated
coupling due to via current. HFSS uses the Finite
Element Method (FEM) in which automated adaptive
meshing is generated. At the point of discontinuities
smaller size of meshes and in the region of less
complicated geometries, bigger meshes are generated.
This helps to converge to the desired accuracy of the
solution faster.

In general, total crosstalk increases with frequency.
The via has little effect on the reactive coupling due to
its small size and low values of inductance L, . However,

the effects of the variation in the position of via, change
of trace length and trace separation, on the radiated
coupling are also analytically investigated and verified
with the help of HFSS simulation in this paper. It is
seen that the position of the via alters the radiated
coupling value giving a minimum when the via is at the
center position of the trace length. It is observed that
as the length and trace separation is increased, the
radiation coupling from via is decreased.

The total crosstalk is measured using a network
analyzer when the via is at the center of the length of
the source trace 1. The overall observation shows that
the results obtained with analytical and experimental
methods have good agreement with a maximum
deviation of 2-3 dB from those of HFSS simulation.
The deviation of results may be due to some error in
experimentation and assumptions made in the theory.
The authenticity of the analytical work is verified by
using very accurate modeling and simulation software
tool Ansoft HFSS. However, deviation is maximum
(> 5 dB) at lower parts of the frequency. This may be
due to the line losses which are ignored in the theory.
The analytical method described here shows that without
using expensive software tools, interference coupling
can be estimated applying electromagnetic theory.

REFERENCES
[1] C. R. Paul, Introduction to Electromagnetic
Compatibility. John Wiley & Sons, Inc., 1992.
[2] R. Pucel, Gallium Arsenide Technology. D. Ferry,
Ed., Indianapolis, IN: Howard W. Sams and Co.,
Ch. 6, pp. 216, 1985.
[3] M. E. Goldfarb and R. A. Pucel, “Modeling via

(4]

(5]

(6]

[7]

(8]

[9]

[10]

[11]

[12]

[13]

[14]

ACES JOURNAL, Vol. 33, No. 9, September 2018

hole grounds in microstrip,” IEEE Microwave
Guided Wave Letter, vol. 1, no. 6, pp. 135-137,
June 1991.

W. Cui, X. Ye, B. Archambeault, D. White,
M. Li, and J. L. Drewniak, “EMI resulting from
signal via transitions through the DC power bus,”
2000 IEEE International Symposium on Electro-
magnetic Compatibility, vol. 2, pp. 821-826, Aug.
21-25, 2000.

S. Li, Y. Liu, Z. Song, and H. Hu, “Analysis
of crosstalk of coupled transmission lines by
inserting additional traces grounded with vias on
printed circuit boards,” Asia Pacific Conference
on Environmental Electromagnetics, CEEM'2003,
Hangzhou, China, Nov. 4-7, 2003.

A. Suntives, A. Khajooeizadeh, and R. Abhari,
Using Via Fences for Crosstalk Reduction in PCB
Circuits, 1-4244-0293-X/06/$20.00(c) 2006 IEEE.
S. Nam, Y. Kim, J. H. Hur, S. Song, B. J. Lee,
and J. Jeong, “Performance analysis of signal vias
using virtual islands with shorting vias in multi-
layer PCBs,” IEEE Transactions on Microwave
Theory and Techniques, vol. 54, no. 4, Part
11315-1324, June 2006.

I. Ndip, F. Ohnimus, S. Guttowski, and H. Reichl,
“Modeling and analysis of return-current paths
for microstrip-to-microstrip via transitions,” IEEE
Electronic System-Integration Technology Conf-
erence (ESTC 2008), London, UK, Sep. 1-4, 2008.

Y.-J. Zhang and J. Fan, “An intrinsic circuit
model for multiple vias in an irregular plate pair
through rigorous electromagnetic analysis,” IEEE
Trans. Microwave Theory Tech., vol. 58, no. 8,
pp. 2251-2265, Aug. 2010.

S. Wu and J. Fan, “Analytical prediction of
crosstalk among vias in multilayer printed circuit
boards,” IEEE Transactions on Electromagnetic
Compatibility, vol. 54, no. 2, Apr. 2012.

S. Pan and J. Fan, “Characterization of via
structures in multilayer printed circuit boards with
an equivalent transmission-line model,” IEEE
Transactions on Electromagnetic Compatibility,
vol. 54, no. 5, Oct. 2012.

A. Isidoro-Munoz, R. Torres-Torres, M. A.
Tlaxcalteco-Matus, and G. Hernandez-Sosa, “Sca-
lable models to represent the via-pad capacitance
and via-traces inductance in multilayer PCB high
speed interconnects,” 2017 International Confer-
ence on Devices, Circuits and Systems (ICCDCS),
2017.

T. Sakurai and K. Tamaru, “Simple formulas for
two- and three-dimensional capacitances,” IEEE
Transactions on Electron Devices, vol. ED-30,
no. 2, Feb. 1983.

A. Ghosh, S. K. Das, and A. Das, “Analysis of
radiation coupling from via in multilayer printed



GHOSH, DAS, DAS: INTERFERENCE EFFECTS OF VIA INTERCONNECT

circuit board traces,” 14th International Confer-
ence on Electromagnetic Interference & Compa-
tibility (INCEMIC 2016) and Workshop, Bengaluru,
India, Dec. 8-9, 2016. Electronic ISBN: 978-1-5090-
5840-2. DOI: 10.1109/INCEMIC.2016.7921461
[15] A. Ghosh, S. K. Das, and A. Das, “Analysis of
crosstalk in high frequency printed circuit boards
in presence of via,” International Conference
on Electromagnetics in Advanced Applications
IEEE-APS Topical Conference on Antennas and
Propagation in Wireless Communications 2017,
Verona, Italy, Sep. 11-15, 2017. Electronic ISBN:
978-1-5090-4451-1. DOI: 10.1109/ICEAA.2017.
8065265
R. F. Harrington, Time - Harmonic Electromag-
netic Fields. Donald G. Dudley, Series Editor,
Wiley Publication.
C. A. Balanis, Advanced Engineering Electro-
magnetics. John Wiley & Sons, New York, 1989.

[16]

[17]

Avali Ghosh, obtained B.E degree
from Nagpur University, M.Tech
degree from West Bengal Univer-
sity of Technology (MAKAUT) and
pursuing Ph.D degree in MAKAUT.
Currently she is Assistant Professor
in the Department of ECE, GNIT,

i\ Kolkata. She is Member of IEEE,
Life Member of ISTE and Society of EMC Engineers
(India). Her current interests are microwaves and
EMI/EMC.

Sisir Kumar Das, obtained B.Tech,
M.Tech and Ph.D degrees from
Calcutta University, IIT Kharagpur
and Anna University, respectively,
in India. He was Faculty in Delhi
' University during 1977-1980. Das
ﬁ led EMC evaluation and design of
electronics products for 28 years
under the ministry of communication and IT, Govt. of
India, during 1980-2007. Presently he is Prof. and
Dean — Research & Administration, GNIT, Kolkata. Das
served as Associate Editor for IEEE EMC journal, USA
(1994-2000) and now Chief Editor of EMC Journal of
Society of EMC Engineers (India). He is Senior Member
of IEEE.

degree in Physics from University
of Calcutta, M.Tech degree in
Microwave Electronics and Ph.D
degree in Electrical Engineering
from the University of Delhi. She
worked in the Department of ECE,
Anna University during 1985-2007
as Professor. Presently she is Director of GNIT, Kolkata.
She is the Life Member of Society of EMC Engineers
(India) and ISTE, and Member of IEEE.

1047


https://doi.org/10.1109/INCEMIC.2016.7921461
https://doi.org/10.1109/ICEAA.2017.8065265
https://doi.org/10.1109/ICEAA.2017.8065265

1048

ACES JOURNAL, Vol. 33, No. 9, September 2018

Data-Driven Arbitrary Polynomial Chaos for Uncertainty Quantification
in Filters

Osama J. Alkhateeb and Nathan Ida

Department of Electrical and Computer Engineering
The University of Akron, Akron, Ohio 44325-3904
ida@uakron.edu

Abstract — A non-intrusive arbitrary polynomial chaos
(aPC) method is applied to a problem of a band-stop
filter with geometrical imperfections. The construction
of aPC scheme only requires evaluating a finite number
of moments, and does not involve assigning analytical
probability density functions for the uncertain parameters
of a stochastic model. Therefore, aPC is well suited
for applications where the uncertain parameters are
represented by raw data samples, as with the case of
experimental measurements. The numerical examples
show that the aPC approach is accurate even with a
limited number of input samples.

Index Terms — Data-driven arbitrary polynomial chaos,
generalized polynomial chaos, Monte Carlo sampling,
uncertainty quantification.

I. INTRODUCTION

Methods of uncertainty quantification (UQ) have
been widely used with computational electromagnetics
(CEM) to address real-world problems that have
probabilistic interpretation. Classically, the well-known
Monte Carlo (MC) method is used to estimate the
influence of the uncertain parameters on the output
metrics of a stochastic model [1-3]. However, the MC
method is a sampling method that requires large number
of realizations to obtain accurate results. Therefore, in
many cases applying the MC method is challenging,
especially when incorporated with full-wave solvers.
Alternatively, the generalized polynomial chaos (gPC)
method [4,5] overcomes this drawback for a modest
number of input parameters. In the gPC approach, the
probability density function (PDF) of the output is
interpolated by orthogonal polynomials defined uniquely
for a given probability distribution. In [4], recursive
relations of polynomial bases are provided for various
types of parametric distributions.

Recently, Oladyshkin and Nowak [6] introduced a
moment-based polynomial chaos approach referred to as
arbitrary polynomial chaos (aPC). The construction of
the polynomial bases in aPC does not require an exact
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knowledge of the input distributions and depends solely
on the input moments. This allows aPC to be used with
a broad range of applications, including applications
with known input distributions (as in gPC), and with
data-driven applications where only limited data samples
are available (usually through measurements). Another
advantage of aPC, is that since the input data are
processed directly in the algorithm through the input
moments, undesirable errors related to distribution fitting
are avoided.

The objective of this paper is to introduce the non-
intrusive aPC method [6] in uncertainty analysis of
CEM applications. A band-stop filter based on an
electromagnetic band gap (EBG) cell is considered as a
model problem. The case studies address geometrical
imperfections induced during the manufacturing process.
This includes imperfections in the size and the corners of
the EBG cell. To emphasize the data-driven concept, part
of the work considers the treatment of limited input data
sets.

I1. MODEL PROBLEM

The notch filter considered in this paper consists
of microstrip line suspended over a mushroom-type
electromagnetic band gap (MSEBG) cell. The filter
configuration is shown in Fig. 1. All the metals including
the strip, the EBG cell, and the ground are assumed as
perfect conductors. The filter is assumed to be placed
in freespace. This is modelled by applying radiation
boundary conditions (RBC) on a transparent box that
encapsulates the computational domain. The size of the
box is chosen such that its faces are located no less than
a quarter-wave length from the filter, except at the two
ends of the strip line, where waveports are placed to
excite the structure. The resonance frequency (f;.) and
the bandwidth (BW) are determined by computing the
transmission coefficient (S,,). This is achieved here via
3D full-wave solver HFSS [9]. For a filter operating at
fr = 94GHz and BW = 7.62GHz, the input parameters
(see Fig. 1 (b)) are setas: w = 0.21mm, & = &, =
3.78, hy = h, = 1mm, r = 0.075mm, and t =

1054-4887 © ACES


mailto:ida@uakron.edu

ALKHATEEB, IDA: DATA-DRIVEN ARBITRARY POLYNOMIAL CHAOS FOR UNCERTAINTY QUANTIFICATION

0.05mm. Figure 2 shows the transmission coefficient of
the filter with respect to frequency. BW is defined where
S,, falls below —20dB.

1 Strip
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Ground
(a) Filter configuration

Waveports
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Fig. 1. Notch filter.
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Fig. 2. S;, parameter.

I11. STATISTICAL FRAMEWORK

A. Non-intrusive polynomial chaos
Consider a vector of independent random variables
x = {x;, x5, ..., xy}, defined on a sample space Q, with
a joint probability density function (PDF) fx(x) =
[T, fx,(x;). N is the dimension of x and fy, is the
marginal PDF of x;. The kth moment of x; is defined as:
Hi,i = fni xf fx (x;)0x. 1)
However, in some problems f, is not known and
only M number of x; samples is available. In this case
the moments are given by:
_1ym _k
Hii = 57 Lj=1%i,j- (2)
Let y = g(x) be the model under consideration. x;
represents an input under uncertainty such as the
geometrical sizes and the electrical parameters of the
filter, while y represents an output of interest, i.e.,
the resonance frequency or the bandwidth. y can be
approximated by the expansion:

y(x) = y(xq, %2, 0, Xy) = Zfzo(l)lt a;P; (X9, Xz, 00, Xn),

@)
where «; are unknown coefficients, and P, refers to the
number of terms included in the expansion. ®; forms a
set of multidimensional orthogonal polynomials with
respect to fx(x):

(P, ®)) = fQ D, ()@ (x) fx(x)0x = ||®;%||6;;. (4)
Based on the orthogonality condition in Eq. (4),

the coefficients a; can be determined by the spectral
projection method:

(y,®;)
a; = . 5
E= o ®)

The expression in (5) is usually handled by Gaussian
quadrature. However, with data-driven applications the
locations of the Gaussian weights would vary with
different realizations of input sample sets. This can be
challenging, especially when full-wave solvers are used
to evaluate the system response at these points. In a more
convenient method, «; can be determined from P, + 1
fixed collocation points as:

Do(x9) P1(x0) -+ Pp,, (X0) ] a [ Y(x0) ]
Qo(xy)  Py(xy) - ‘I’Pom(x1) 0{1 =| Y()‘ﬁ) |
d>o(ipm)¢1(>épm)--'~d>pout('me>} @l Ly(xe,)]

(6)

with X = {¥, ;, X5, .., Xy ;}. The mean and the variance
of y satisfy:

P
1y = aoll®oll, o} =X, 5 afllOfl. ()

i=1
B. Construction of orthogonal polynomials for an
arbitrary distribution.

As already mentioned aPC is a moment-based
method. Therefore, the next step is to express the
polynomial basis @; in terms of the statistical moments
of x. To do so we first write ®@; in terms of univariate
orthogonal polynomials using a multi-index ; as:

I
D;(xq, Xz, ey Xy) = Z?’:1 6( ])(xj)- (8)
}}(") refers to the jth univariate polynomial of degree k.

It has the form:

P®(x) = ol (©)
with pl.(_’]‘.) being the polynomial coefficients. In [6], it is
shown that with straight forward algebra Egs. (1), (2),
and (4) can be used to find the coefficients pi(’]](-) in terms

of the input moments. This relation is given by the
matrix:

e
Hoj  H1j = Mg, (;j) 0
M1,j M2, j Hk+1,j || P1j 0
: : : : =|:|. (10)
Mk-1,j Hk,j Mok-1,j pl((k—)l_j 0
o o0 o0 1 w !l
| Pk,j |
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The moment matrix in Eq. (10) may become ill-
conditioned when high order polynomials are required.
One way to reduce the order of the polynomials without
affecting the accuracy of the solutions is by using the
multi-element approach [7,8].

C. Error estimation

In data-driven applications an input variable x; is
given as a set of M samples. The I-th realization of the
input sample set can be represented as:

x; (D) = {x;1 (0, %20, oo, x (D}, 1=12,..., L, (11)
where L is the total number of realizations. Let Z;,o. (1)
be an output measure computed for the [-th realization.
According to the central limit theorem when both M and
L are big Zspprox Can be approximated by a normal
distribution with a mean value Approx and a standard
deviation o, Approx’ Given that, the relative error of the
output satisfy the bound:

max{”“ZApproxi3JZApprox”_ZE’“"“}
P le<

) = 0.9973.
ZExact

(12)
P, and € refer to the probability operator and the relative
error of the output, respectively. Zg, .. IS computed by
the exact distribution. In a simpler form the error in Eq.
(12) can be approximated by the expression:

~ max{ |42 4pprox t39Z approx || ~#Exact}

: (13)

ZExact

IV. NUMERICAL EXAMPLES

A. Uncertainty in width

First we consider variations in the patch size w (see
Fig. 1 (b)). In this case w follows a normal distribution
w~N(u,, 6.2), truncated at 3a,,, i.e., Aw = +30,,. U,
and the other parameters of the filter are fixed at the
values provided in Section Il. Figure 3 shows the
maximum relative error obtained for the expected
value and the standard deviation of the model outputs
vs. number of input samples computed at Py, = 2
and Aw = £0.1t (t is the patch thickness). As the
convergence rate in both cases is of order ~0.5, it is clear
that the error is due to the statistical sampling used to
generate the input sets. However, the results show that
acceptable accuracies are achievable with relatively
small input sets (100 < M < 1000). For this example,
Eqg. (6) shows that only 3 input points are required to
obtain the model coefficients. Thus, it is clear that the
time consumption in aPC is substantially lower when
compared with Monte Carlo simulations.

B. Uncertainty in corners
In this second example we study imperfections
in the corners of the patch. To do so, a corner is
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approximated by a cylinder of radius r;, where i =
1,2, ...,4. The configuration of this problem is shown in
Fig. 4. The radius of the cylinders is assumed to follow
a normal distribution r;,~N(0,w?/16), truncated on
[0,3w/4].

The univariate polynomials used in this example are
of order 2. Since this is 4-th dimensional problem, the
system response in Eq. (6) is computed at 15 points (i.e.,
P,ut = 15). Figure 5 shows the maximum relative error
obtained for the expected value and the standard
deviation of the model outputs vs. the total number of
input samples generated for the 4 corners. As in the
previous example the output error in this case study is
also dominated by the sampling process (i.e., the
convergence rate is of order ~0.5). The results here also
show that good accuracies can be achieved with a
relatively small number of input samples.
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Fig. 3. Convergence rate of expected value and standard
deviation vs. number of w samples, with Aw = 0.1t
and Py, = 2.



Fig. 4. MSEBG patch with imperfections in corners.
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Fig. 5. Convergence rate of expected value and standard
deviation vs. the total number of r; samples, with i = 4
and Py, = 15.

V. CONCLUSION
A procedure based on data-driven arbitrary
polynomial chaos (aPC) is introduced for uncertainty
quantification (UQ) in filters. The filter imperfections
are presented in terms of data samples. The main
advantage of using this procedure is that the construction
of the chaos polynomials is done by evaluating the input
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moments directly from the input samples without
necessarily knowing the input distributions. In this work
the samples are provided by distribution sampling.
However, in real-world problems they are obtained by
measurements. The aPC approach is validated with a
model problem of a band stop filter. Two case studies
addressing geometrical imperfections induced during the
manufacturing process are considered. The results show
that even with low-order polynomials the accuracy of the
approach is dominated by sampling process. Therefore,
the convergence rate of this approach is of order ~0.5.
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