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Multi-level Fast Multipole Algorithm for 3-D Homogeneous Dielectric Objects
Using MPI-CUDA on GPU Cluster

Tuan Phan, Nghia Tran, and Ozlem Kilic

Department of Electrical Engineering and Computer Science
The Catholic University of America, Washington, DC, 20064, USA
30phan@cua.edu, 16tran@cua.edu, kilic@cua.edu

Abstract — The implementation of Multi-level Fast
Multipole Algorithm (MLFMA) on a 13-node Graphical
Processing Unit (GPU) cluster using Message Passing
Interface (MPI) and CUDA programming is presented.
The performance achievements are investigated in terms
of accuracy, speed up, and scalability. The experimental
results demonstrate that our MLFMA implementation on
GPUs is much faster than (up to 66x) that of the CPU
implementation without trading off the accuracy.

Index Terms — Graphics Processing Unit (GPU),
Multilevel Fast Multipole Algorithm (MLFMA).

I. INTRODUCTION

In the last two decades, many authors have been
investigating solving large scale -electromagnetics
problems using numerical techniques such as Method
of Moments (MoM), Fast Multipole Method (FMM)
and Multi-level Fast Multipole Algorithm (MLFMA).
Modeling large-scale objects requires large memory
resources and computational time. Among these methods,
the MLFMA has the least computational complexity
O(NlogN), while MoM and FMM have the complexity
of O (N®) and O(N3?), respectively.

MLFMA has successfully been implemented in
parallel on CPU clusters to solve up to few hundreds
millions of unknowns [1]. The CPU cluster-based
parallel implementation has advantages of large memory
resources, but their speed is relatively slow in comparison
with GPU cluster-based implementations. In the past,
our group has implemented a parallel version of MLFMA
on GPUs clusters to solve for perfect electric conductor
(PEC) objects [2]. This paper continues our efforts to
investigate the implementation of MLFMA on GPU
cluster platform for solving large scale dielectric objects.
The platform we employ is a 13-node GPU cluster, which
utilizes NVidia Tesla M2090 GPU. An MVAPICH2
implementation of Message Passing Interface (MPI) is
used for parallel programming.

In this work, a workload partitioning technique,
namely group-based distribution is investigated among
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the 13 computing nodes. This technique is applied for the
tree structure in MLFMA as will be discussed in details
in the implementation section. The rest of the paper is
organized as follows. An overview of MLFMA for
homogeneous dielectric objects is provided in Section
2. Section 3 presents the parallel implementation of
MLFMA on GPU clusters. Simulation results are
discussed in Section 4, followed by the conclusions in
Section 5.

II. OVERVIEW OF THE MULTILEVEL
FAST MULTIPOLE ALGORITHM ON
DIELECTRIC OBJECTS

In this section, we provide a brief overview to help
our discussion on the parallel implementation of dielectric
MLFMA, which is presented in Section I1l. Numerical
techniques such as MoM, FMM, and MLFMA are
invented to solve for the linear equation system ZI = V,
where | represents the unknown currents, V depends on
the incident field, and Z is the impedance matrix. For an
arbitrary structure meshed with M-edges the conventional
MoM requires the computation of all direct interactions
among the edges (MxM), while FMM accelerates the
matrix-vector product by using an approximate multiple
expansion of the fields to divide structure into near and
far group interaction concept [3]. MLFMA is based on
FMM, but it relies on forming hierarchical groupings to
render reactions with far groups more efficiently. The
main idea of the grouping concept of MLFMA is shown
in Fig. 1, where M edges are categorized into an N-level
tree structure. For the sake of simplicity and convenience,
the oct-tree structure is used for grouping in MLFMA
[4].

The near interactions among edges in spatially
nearby groups are computed and stored using the
conventional MoM [5], while the far interactions are
calculated in a group-by-group manner consisting of
three stages, namely, aggregation, translation, and
disaggregation.

In our previous work on FMM for a homogeneous
dielectric object (permittivity ¢,, permeability u,)

1054-4887 © ACES
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immersed in an infinite homogeneous medium
(permittivity ¢, , permeability ., ), the basic formulas are

given as:
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In the above equations, L denotes for multipole expansion
number, h{® identifies the second kind of Hankel
function, P, stands for Legendre polynomial of degree |
terms. By the changing the sub and superscripts “1” to
“2” in Equations (1) to (7), we can complete the 2N
linear equations. The same idea applies for MLFMA to
solve for dielectric object [6].

do

o

[ == IdBIdZ

Fig. 1. MLFMA general grouping concepts.

III. GPU CLUSTER IMPLEMENTATION OF
MLFMA

In this section, a detailed implementation of MLFMA
is provided. The implementation is divided into three
main blocks, which consist of pre-processing, processing
and post-processing.

While the pre-processing and post processing
processes utilize CPU, the processing are based on GPU
cluster. The main purpose of the pre-processing step is
to read the geometry mesh data, to set up the data
structure, and to construct the oct-tree. Results from this
process are transferred to the GPU memory, and the
entire computation is performed on the GPU clusters.
The user interested quantities such as scattered fields,
radar cross section, are post-processing and handled on
CPU. The processing step is the most time consuming in
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the algorithm. Hence, we focus our parallel programming
of MLFMA on the most computationally intensive step,
i.e., the processing. The details of this process is shown
in Fig. 2.

_____________________________________

1 1
1 1
Level 2| Iterpolation | | Transiation | |Anterpolation | 1f gy o Translation| _y| Anterpolation | !
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Fig. 2. A detail implementation of processing phase.

In the processing phase, the computational tasks are
assigned to all computing nodes in a balanced manner
such that each node holds the same amount of workload,
and the inter-node communication is minimized. This is
achieved by uniformly distributing the total number of
groups of all levels except level 1 and 2, G, among the
n computing nodes. We define this technique of data
distribution among computing nodes as the group-based
distribution. Two levels of parallelization are performed
in this stage: among the n computing nodes using MPI
library, and within the GPU per node using CUDA
programming model. The CUDA thread-block model is
utilized to calculate the assigned workload within a node.
In this paper, only the far interactions is presented, and
the near field and V vector calculation implementations
can be found in [7].

The GPU cluster used for this work has 13
computing nodes. Each node has a dual 6-core 2.66 GHz
Intel Xeon processor, 48 GB RAM along with one
NVidia Tesla M2090 GPU running at 1.3 GHz supported
with 6GB of GPU memory. The nodes are interconnected
through the InfiniBand interconnection. The cluster
populates CUDA v6.0 and MVAPICH2 v1.8.1 (an
implementation of MPI).

A. Far interactions calculations

There are five main steps in this stage: radiation
functions, receive function, interpolation, anterpolation
and translation matrices. The group-based technique is
performed to calculate the radiation functions, receive
functions, and translation matrices.

(i) Radiation and Receive Function Calculations

The calculation of the radiation, TE, and receive, RE,
functions for Z@™ matrix are similar since RE is the
complex conjugate of TE. Following the G group
distribution as mentioned above, each computing node
handles the calculation of K directions for Gnode groups.

(ii) Translation Matrix Calculation
The workload for the T. calculations is also
distributed across the n nodes using the group-based



technique. In order to save memory, each CUDA block
is assigned to compute one sparse row of the T, matrix
for a given direction.

(iii) Interpolation and Anterpolation Matrices

Due to the differences of sampling frequencies
among the levels of the oct-tree structure, the interpolation
and anterpolation are required for the aggregation and
disaggregation stages. In this task, each node will handle
the calculations of Kchiigrenmode rows of the interpolation
matriX Kenitdren * Kparent, Where Kenitgren and Kparent are the
number of directions of finer and coarser level,
respectively. The blocks of a maximum of 1024 threads
are utilized in the CUDA kernel once it is launched. The
anterpolation is simply the transpose of the interpolation.
Thus, their implementations are similar.

B. Matrix-vector multiplication

The matrix-vector multiplication (MVVM) method is
an important technique to accelerate the computational
time, which can be found in detail in [8]. An iterative
method; i.e., the biconjugate gradient stabilized method
(BIiCGSTAB), is used to solve for the linear system. The
computation of Zgl is shown in Fig. 3, where the
unknown current vector 1 is distributed among the 13
nodes using the group-based technique [9].

II-to-All vt Ve
Tj ; Communieation TuMx M) - AI.J_W WA
: . ANEE EE L
- e : ce .
= 1
. 'm EEEE mm W7
rlxroae.z Node 1 Node 1 Node 1 Node T—
O:m L
z 'm EEEN EN N :
= W ® Dot = ..
= W
: - ‘ANEE BN @O
REN | Node n Node n R
Node n Node n

Translation Disaggregation

Aggregation

Fig. 3. The parallelization of matrix-vector multiplication
fOI’ Zfarl.

First, in the aggregation stage, at level max, (N),
each node computes the radiated fields for its assigned
groups by multiplying the current | with the radiation
functions, TE, and accumulating within each group.
Then, all-to-all communication is required to broadcast
the data to all nodes. For the remaining levels (up to level
2), the radiated field is the result of multiplying
interpolation matrices with radiated fields of its direct
children groups.

In the translation stage, at each level (except levels
0 and 1) the radiated fields for each group are calculated
by multiplying the translation matrix with the radiated
fields.

In the disaggregation stage, going down from level
2 to level N, the radiated fields at each group are

PHAN, TRAN, KILIC: MLFMA FOR DIELECTRIC OBJECTS USING MPI-CUDA ON GPU CLUSTER

added with the inherited fields from its parents using
anterpolation. At the maximum level (N), the received
fields are multiplied with their corresponding receive
functions, and integrated over K directions. Then, the
near components and far components of MVM are
incorporated to complete the full matrix. In the end of
this process, the results from all nodes are summed and
updated.

IV. EXPERIMENTAL RESULTS

A. Accuracy

The accuracy of the method is verified by comparing
the Radar Cross Sections (RCSs) of 9\-diameter dielectric
sphere with analytical technique, Mie scattering, and a
10X1-height by 4-radius dielectric cone with commercial
simulation software, FEKO. In two cases, the results
verify our method’s accuracy, as observed in Fig. 4 and
Fig. 5, respectively.

——MLFMA
—Mie Scattering

RCS(dbm?)

300 350

] 50 100 1350 200 250
a

Fig. 4. RCS of a 9\ diameter dielectric sphere
(e = 4 — 0.1i) with 105,000 unknowns.

40,
—MLFMA
—FEKO

30

10

RCS(dbm’)

50 100 150 200 250 300 350

Fig. 5. RCS of 10X height and 4 radius dielectric cone
(e =4 —0.1i) with 109,000 unknowns.

B. Performance on GPU cluster

We conducted two experiments to investigate the
speed-up, scalability using a fixed-workload model
(Amdahl’s Law) and maximum problem size. The speed-
up is defined as the ratio of time required by multi-node
GPU implementation with respect to the 8-node CPU
implementation. The scalability is the normalized speed-
up of multiple nodes in reference to the speed-up of 8
nodes. Finally, we fully utilized the memory available of
13 nodes to investigate the maximum number of
unknowns we can handle.

In the first experiment, a 16.74 A-diameter dielectric
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sphere (320k unknowns) which requires the memory of
at least 8 nodes is used. The results are evaluated in terms
of speed-up and scalability. As shown in Fig. 6, the
speed-up for process of matrix-vector products and
matrix fill increases from 45.6 for 8 nodes to 66.4 for 13
nodes. The GPU execution time decreases as the number
of nodes increases because of less workload per node.

—&-GPU Implementation

66.4

65 628 _--®

-
588 _ -

547 _ -~
S [

456 .~

8 9 10 11 12 13
Number of computing nodes

Fig. 6. Speedup analysis for the fixed-workload model
(vs. 8 nodes CPU implementation, 100 iterations).

For the scalability, we keep the problem size constant
and compare how the speed-up improves with increasing
number of nodes, Fig. 7. It shows a good agreement
between our implementation and the theoretical
expectation.

In the second experiment, we try to solve for the
largest problem size using the maximum memory
available to us in each node. As the number of nodes
increases, we increase the problem size to fully utilize
the available memory. As shown in Fig. 8, we can
process a maximum problem size of 439k unknowns
with a speed-up of 46.

~&- GPU Impl i T
14.000 3
13.000 o 3
12.000 11 ~i1 95 1265
> = "
£ 11.000
] 10 __ =079
3 10000 o
& 9:.000 8 _=®gm
8.000 o
7.000 200
6.000
8 9 10 1 12 13

Number of computing nodes

Fig. 7. Scalability analysis for the fixed-workload model.

—#- GPU Implementation

8 9 10 11 12 13
Number of computing nodes

rodes_____Ja_____Jo__Jwo _[un__[o ||

Size 8.35A/362K  B.SA/37SK  B7A/394K  BOA/I3K  9.05M/427K  9.15K/439K
(Radius/Unknowns)

Fig. 8. Speed-up analysis for increasing number of nodes
along with problem size increases.
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V. CONCLUSION

In this paper, MLFMA for homogeneous dielectric
objects has bee implemented using GPU clusters. Our
13-node GPU cluster is able to solve 426k unknowns
utilizing the available on-board GPU memory. It
demonstrates that the GPU implementation is much
faster than CPU implementation while keeping a same
degree of accuracy.
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Antenna for 60 GHz Wireless Communications
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Abstract — Antipodal linear tapered slot antenna
(ALTSA) for 60 GHz communications is presented in
this paper. To obtain a high gain, dielectric loading in
addition to the corrugation structure is applied to the
ALTSA. The use of substrate integrated waveguide
(SIW) technology allows a highly efficient, compact and
low cost planar design. The antenna is designed and
simulated in an electromagnetic field simulation tool. To
validate the proposed design, a prototype has been
fabricated and measured. The simulated results agree
well with the measured values, which validates the
proposed design. The radiation efficiency is observed to
be 92%. The antenna has a gain of 18.7 + 0.5 dBi. The
return loss is better than 10 dB over the 60 GHz band
(57 GHz - 64 GHz).

Index Terms — Antipodal linear tapered slot antenna,

dielectric loading, high gain, substrate integrated
waveguide, 60 GHz.
L. INTRODUCTION
The ever-growing demand of high speed

communication has made the unlicensed 60 GHz band
(57 GHz-64 GHz) a smart option for wireless
communication allowing transfer of uncompressed data,
voice and video at the speed of multi gigabit per second
(multi-Gbps) [1]. At millimeter wave frequency band,
the losses in the planar microstrip circuit is high.
Therefore, this requires more efficient technology like
the substrate integrated waveguide (SIW) to be used,
which has positive traits of traditional rectangular
waveguide such as low loss, high quality factor,
complete shielding and capability of handling high
power along with the advantage of low cost and planar
circuit design [2]. 60 GHz band also suffers from
attenuation due to atmospheric absorption. This requires
the use of high gain antennas to negate the losses.
Tapered slot antennas (TSA) are famous for their high
gain and wide bandwidth [3]. TSA with corrugation
structure have been used for reducing the width of the
antenna while minimizing any significant degradation in

Submitted On: July 28, 2016
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radiation pattern [3]. In [4], Shrivastava et al. have
designed corrugated antipodal linear tapered slot antenna
(ALTSA) with rectangular corrugation for 60 GHz band
having the gain of 16 dBi at 60 GHz. Corrugation also
increases gain and reduces side lobe level. Further,
dielectric loading is also known for enhancement of
antenna gain. By placing the dielectric slab in front of the
antenna its gain can be increased. The dielectric slab in
this case acts as a guiding structure [5] and enhances the
gain of antenna. In [5], Ghassemi et al. have developed a
high gain ALTSA array with SIW horn structure as the
feed. Rectangular dielectric loading has been used to
increase the gain of a non-corrugated ALTSA. In [5], the
gain of single ALTSA is 14.25 dBi at 84 GHz and 1x4
ALTSA array is 1941 dBi. In [6], Wang et al. have
applied rectangle shaped dielectric loading structure to a
planar SIW horn antenna and achieved a gain of 9.7 dBi
at 27 GHz. In [7], Mohamed et al. have presented an
ALTSA with diamond slot dielectric loading structure.
The antenna has a gain of 16.2 dBi with a wide impedance
bandwidth. In [8], Ramesh et al. have designed an
exponentially tapered slot antenna (ETSA) with elliptical
dielectric loading structure, which has a gain of 11.4 dBi
at 60 GHz.

In this paper, instead of conventional elliptical
shape, a rectangle with semicircular top shaped dielectric
structure is used on a corrugated ALTSA to obtain a high
gain antenna in the 60 GHz band. The antenna is designed
and simulated in Ansys HFSS software.

II. ANTENNA DESIGN
The antenna is designed on Rogers RT/Duroid 5880
substrate which has dielectric constant of 2.2, loss tangent
of 0.0009 and thickness of 0.254 mm. For proper design
of SIW, the diameter of via holes and the space between
the vias should be chosen as per (1) and (2) respectively:

Dvia < %g: (1)
§< ZDm’a’ (2)
where 4, is the guided wavelength, D,;, is the diameter
of the via and Sis the space between the vias. The
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effective width of the waveguide is given by (3) [2]:
2 2

Werp = Wepy — 1.08 225 4 0.1 D—“w ©)
where W is the effective width, Wg;,, is the width of
the SIW. The performance of TSA is sensitive to the
thickness t and the dielectric constant ¢,.. Hence, a factor
fsubstrate 1S defined for efficient performance of TSA as
fouvstrate = t(\&r — 1)/, [3]. For good performance
of tapered slot antenna, the substrate thickness should
satisfy 0.005 < foupstrace < 0.03. In this design we
have chosen the substrate thickness of 0.254 mm such
that foupserace 1S 0.024. ALTSA is generally designed
with trial and error method. The width of the ALTSA is
kept greater than 2A [5]. The length of the flares is
increased gradually until the optimum gain is achieved.
Generally, the length varies from 3 - 8X to achieve the
optimum gain. In this work, the optimum gain is
observed when the length of the flares is 5A. Firstly, the
plain ALTSA is designed. Then corrugation is applied to
the outer edges of the flares. Finally, a dielectric slab is
added on top of the corrugated ALTSA to form the
dielectric loaded ALTSA. The plain ALTSA (ALTSA-P),
corrugated ALTSA (ALTSA-C) and corrugated ALTSA
with dielectric loading (ALTSA-DL) are designed and
simulated. Figure 1 shows the schematic of ALTSA-DL
where L1 = 11.95 mm, L2 = 10.5 mm, L3 = 25 mm,
L4 =15mm, L5=0.4 mm, W1 =159 mm, W2 =2.69 mm,
W3 = 10.1 mm, W4 = W5 = 0.2 mm, r = 5.05 mm,
V =0.78 mm, Dyia= 0.4 mm, S=0.7 mm.

Bottom

" Dielectric
Loading

W3/2 I \

w3 >

r
WS/‘ZI /

L4

S
Microstrip to SIW
transition

Fig. 1. ALTSA-DL schematic.

The structure of the dielectric load used in antenna
has an impact on its gain. In this work, instead of a
conventional elliptical dielectric loading structure, a
rectangle with semi-circular top shaped design for
dielectric loading is proposed. During simulation it is
observed that rectangle with semicircular top shaped
dielectric loading gives higher gain than conventional
elliptical dielectric loading structure. The maximum
difference in gain is observed to be around 0.76 dBi.

III. SIMULATION AND MEASUREMENT
Figure 2 shows the E-field distribution. The
simulated gain and return loss of ALTSA are shown in
Fig. 3. It is observed that return loss for ALTSA-P,
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ALTSA-C and ALTSA-DL are all better than 10 dB in the
60 GHz band (57-64 GHz). Also, it is observed that the
return loss changes as corrugation and dielectric loading
structure is added to the antenna. At 60 GHz, the ALTSA-
DL has return loss better than 23 dB. Similarly, from Fig.
3 it is also observed that the gain of ALTSA-P, ALTSA-
Cand ALTSA-DL is14.4 +0.3dBi, 17.1 + 0.3 dBi and
18.8 + 0.6 dBi respectively. The simulated E-plane
radiation pattern is shown in Fig. 4. In the E-plane the
3-dB beamwidth of ALTSA-P, ALTSA-C and ALTSA-
DL is observed to be 22.6°, 19.5° and 17.5° respectively.
Also, the side lobe level of ALTSA-P, ALTSA-C and
ALTSA-DL in E-plane is observed to be at -13 dB,
-15 dB and -17 dB respectively. Similarly, the cross
polarization level of ALTSA-P, ALTSA-C and ALTSA-
DL is observed to be better than 14 dB, 21 dB and 22 dB
respectively.

Fig. 2. E-field distribution in ALTSA-DL.
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Fig. 3. Simulated return loss and gain.
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Fig. 4. Simulated E-plane radiation pattern at 60 GHz.



The simulated H-plane radiation pattern is shown in
Fig. 5. The 3-dB beamwidth in the H-plane of ATLSA-
P, ALTSA-C and ALTSA-DL is observed to be 29.5°,
33.1° and 25.2° respectively. Further, the side lobe level
of ALTSA-P, ALTSA-C and ALTSA-DL in H-plane is
observed to be -13 dB, -12 dB and -15dB respectively.
Also, the cross polarization level of ALTSA-P, ALTSA-
C and ALTSA-DL is seen to be better than 14 dB, 21 dB
and 22 dB respectively. It is noted that, though with
corrugation the E-plane beamwidth decreases but the
beamwidth increases in H-plane. Overall it is found that
ALTSA-DL has the narrowest beamwidth, lowest side
lobe level and better cross polarization in both E- and H-
planes. Therefore ALTSA-DL is found to have the best
performance. Hence, ALTSA-DL is fabricated and its
performance parameters are measured to validate the
design.

——H-plane (ALTSA-P) - -- H-plane (ALTSA-C) - = H-plane (ALTSA-DL)
——X.Pol. (ALTSA-P) --- X.Pol. (ALTSA-C) - - X.Pol. (ALTSA-DL)

H-Plane

Normalized Pattern (dB)

T T T

90 60 -30 0 30 60 90
Theta (deq)

Fig. 5. Simulated H-plane radiation pattern at 60 GHz.

Figure 6 shows the fabricated ALTSA-DL prototype.
The dimension of ALTSA-DL is 67.5 mm x 10.1 mm. It
is compact in size and light weight. It is fabricated using
the low cost printed circuit board (PCB) technology. The
S11 parameters and gain of ALTSA-DL are measured
utilizing MVVNA-8-350 with probe station. The radiation
pattern measurement has been performed in a far-field
anechoic chamber.

Fig. 6. Fabricated ALTSA-DL.

Figure 7 shows the measured gain and return loss of
the ALTSA-DL. From Fig. 7, it is observed that measured
gain of ALTSA-DL is 18.7+ 0.5 dB over the entire 60 GHz
band (57-64 GHz). The antenna gain is almost flat over
the entire bandwidth. Similarly, measured return loss

TIWARI RAO: A SIW BASED ANTIPODAL LINEAR TAPERED SLOT ANTENNA

is observed to be better than 12 dB over the 60 GHz
band. At 60 GHz, return loss is better than 22 dB. The
discrepancy observed in the measured return loss with
slight frequency shift can be attributed to the fabrication
tolerances. Figure 8 shows the measured E-plane radiation
pattern of ALTSA-DL at 60 GHz. The measured 3-dB
beamwidth of ALTSA-DL in E-plane is 17° and the side
lobe level is at -17 dB, which is similar to the values
obtained from simulation. Similarly, Fig. 9 shows the
measured H-plane radiation pattern of ALTSA-DL at
60 GHz. The measured 3-dB beamwidth of ALTSA-DL
in H-plane is observed to be 22.7° and the side lobe level
is at -15.7 dB. Further, it is seen that the simulated and
measured radiation patterns are in good agreement in
both E-plane and H-plane. Also, the radiation efficiency
is observed to be 92%.

Table 1 lists the comparison with other SIW based
antennas having different dielectric loading structures
such as rectangle in [6], elliptical in [8] etc. It is observed
that though the proposed antenna has less impedance
bandwidth as compared to [7], its gain is better as
compared to other antennas. Further, its impedance
bandwidth covers 57-64 GHz, which is adequate for
multi-Gbps communication at 60 GHz.

—— Simulated —-- Measured
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24254 20 8
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57 58 59 60 61 62 63 64
Freq (GHz)

Fig. 7. Simulated and measured return loss and gain of
ALTSA-DL.
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Fig. 8. Simulated and measured E-plane radiation pattern
of ALTSA-DL at 60 GHz.
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Fig. 9. Simulated and measured H-plane radiation pattern
of ALTSA-DL at 60 GHz.

Table 1: Comparison with other antennas

Parameter [6] [7] [8] | This Work
Antenna Horn| ALTSA |ETSA| ALTSA
Dielectric Diamond . Regt._ with
. Rect. Ellip. |semicircular
loading structure slot top
Gain (dBi) 9.7 16.2 11.4 18.8
Impedance o 0 0 0
bandwidth 5.5%| 33.3% | 5.5% 11.6%
Operation
frequency (GHz) 27 60 60 60
IV. CONCLUSION

A high gain ALTSA with dielectric loading is
presented in this paper. The antenna has high gain,
compact size, light weight, ease of fabrication using
PCB technology and it is also fit for mass production.
Hence, the proposed antenna is suitable for high speed
communication in 60 GHz band.
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Abstract — In this paper, broadband interactions between
an antenna and a radome are modelled using a full wave
numerical solver. By accurately describing both the
antenna and the radome geometry with a single numerical
method, a comprehensive prediction of the performance
of the coupled antenna and radome installation is
provided. The paper compares how different airborne
dielectric radome profiles affect the antenna performance,
predicting effects not seen in uncoupled simulations.

Index Terms — Airborne radome, installed antenna,
unstructured transmission line modelling method.

I. INTRODUCTION

Airborne radomes are weatherproof enclosures that
protect antennas from the physical environment but are
intended to have minimal impact on antenna performance.
In practice, the aerodynamic requirements on a radome’s
profile compromises their benign nature for installed
antenna performance; this typically manifests itself as an
increase in the sidelobe level of the antenna radiation
pattern and as a boresight error [1]. This is particularly
true in cases where the antenna is installed close to the
radome surface. In such scenarios, a better understanding
of antenna-radome interactions is necessary for accurate
predictions of deployed antenna performance.

Over the last decade, rapid progress in computational
power and advances in distributed processing, mean that
a number of numerical techniques are ever more capable
of tackling larger and complex problems. Notwithstanding
the advances in modelling capability, it is notable that
the analysis of the electromagnetic interactions between
antennas and radomes is still performed in a “decoupled”
fashion, even for moderately sized problems, due to
the multiscale nature of the antenna and the radome
geometry [1, 2]. One common approach is to replace
the intricate detail of the antenna geometry by a 3D
surface of equivalent electric and magnetic currents [1].
Alternatively, the radiating fields from the antenna are
computed without the radome and subsequent evaluation
of the effect of the radome on the radiation pattern is
performed using these fields as an excitation [1, 2]. In
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both approaches, decoupling the antenna from the
radome means that their mutual interactions are not fully
taken into account in the design and simulation cycle. It
is immediately obvious that, in order to take full account
of these interactions, a flexible, accurate and efficient
broadband solver that can efficiently deal with the
multiscale features and complex geometries of the
problem is required.

In this paper we report on the application of the
numerical time-domain Transmission Line Modelling
(TLM) method to the fully-coupled modelling of the
moderate size problem posed by radome-antenna
interactions. Both the antenna and the radome are
discretized within a single numerical method based
upon an unstructured tetrahedral mesh, referred to as
the Unstructured TLM (UTLM) method. The TLM
method exploits the analogy between solutions of the 3D
Maxwell’s equations for electromagnetic fields and
voltages and currents on an interconnected network of
transmission lines to identify an explicit time stepping
algorithm for the electromagnetic fields. Development of
the TLM method for use with unstructured tetrahedral
meshes was first reported in [3, 4] and has since been
fully characterized. Unlike the finite difference and finite
element time domain (FDTD, FETD) methods, the
UTLM method is unconditionally stable, with stability
strictly provable a priori on cell by cell basis. Late time
instability is never observed and the explicit nature of the
algorithm is highly efficient, without for example,
introducing approaches such as mass lumping. TLM
time stepping algorithms exhibit a high degree of
concurrency, and hence, parallelize well on many-core
processors systems. Use of tetrahedral meshes eliminates
the numerical noise due to the staircase approximations
to geometry typically found in the simplistic Cartesian
TLM and FDTD methods. Moreover, smoother
representations of curved geometrical boundaries and
the inherent availability of graded meshes that permit
efficient discretization of subwavelength features in
large computational domains are also advantageous.
The latter can be facilitated by either using a purely
tetrahedral mesh, or more practically, by hybridizing
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computationally efficient cubic grids and tetrahedral
meshes, e.g., [5].

In this paper, antenna-radome interactions are
modelled in a fully coupled manner using the UTLM
method. A single broadband Vivaldi antenna enclosed in
a monolithic dielectric radome of moderate size is
selected as the test case. Besides the discretization, the
UTLM method makes no other approximation and as
long as a sufficiently fine mesh is used to discretize
the whole problem, we can be assured that all physical
interactions are accounted for. The open end of the
dielectric radome is mounted on a perfectly conducting
surface consistent with practical airborne installations. In
order to separate the effect of this mounting plate and the
radome’s profile, the effect of the presence of just
this mounting plate on the antenna’s performance is
investigated before the radome itself is added to the
model. Spherical, spherically blunted cone and two types
of superspheroidal radomes are considered, and antenna-
radome interactions are assessed in terms of the return
loss, Si1, and the radiation patterns of the installed
antenna. The paper is structured as follows. In the next
section the antenna geometry mounted on just the
conducting plate is described and modelled. Section 111
then assesses how different radome profiles affect the
antenna’s performance, and Section IV summarizes the
main conclusions of the paper.

II. ANTENNA ON THE RADOME
MOUNTING PLATE
In this section, the performance of the Vivaldi
antenna described in [6] mounted on a moderate size
conducting plate is described. The slot line is printed on
a substrate of dielectric constant gs=3 and is flared to
provide a smooth impedance transition between the
coaxial feed and free space. The half width of the slot

line varies with distance as w(z)=0.25e°"""* reaching

20 mm at the wider end. A balun is realized as a void in
the flared metallic region of radius 2.5 mm. The height,
width and thickness of the dielectric substrate are 55 mm,
40 mm and 1.5 mm respectively. The perfectly conducting
plate is cylindrical with radius 2 m and thickness 7 mm.
The coaxial feed, designed to have a characteristic
impedance of 50 Q, has inner and outer radius of 1 mm
and 3.495 mm, and dielectric constant of g =2.25. The
problem space is surrounded by a fictitious surface of
dimensions 4.8 m x 4.6 m x 6.2 m to both terminate the
space with a free space radiation boundary condition and
on which to capture the radiation fields. The antenna is
excited with the TEM mode of the coaxial feed modulated
by a time envelope to provide a center frequency of
3.2 GHz [6] and a bandwidth spanning 1.5 to 4.5 GHz.
An example of the antenna and radome mounting
plate geometry is shown in Fig. 1 and the complete
geometry with a radome is shown in the inset of the Fig.
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1. The whole problem is meshed with a 5 mm cubic mesh
to sample the free space region [6] in conjunction with a
high quality tetrahedral mesh to capture the detailed
geometry. Specifically, the surfaces of, and the space
around, the antenna and feed cable shown in Fig. 1, are
sampled by triangular and tetrahedral cells characterized
by the figure of merit Q=2. (Cell Q is defined as the ratio
between the circumradius to the minimum edge length of
the cell and generally values less than 5 correspond to
nicely shaped cells yielding good spatial sampling [7]).

Radome

Mounting Plate

Balun
Coaxial Feed

Antenna and Radome

Fig. 1. Antenna on the radome mounting plate and
antenna inside a radome in the inset of the figure.

Figure 2 presents Si; parameter for the antenna
mounted on just the perfectly conducting plate. To assess
the impact of mesh dispersion errors and sensitivity to
the meshing in general, the simulation was also repeated
using the mesh obtained when a ghost spherical half-
wave dielectric radome of thickness of 24.2 mm, but of
relative permittivity set to &=1, is present. Physically,
the radome is not electromagnetically present, but
its geometry is still imprinted on the mesh. Finally, a
spherical half-wave dielectric radome of permittivity
g=4.2 and wall thickness of 24.4 mm, designed to
operate at 3 GHz was introduced. Figure 2 shows that
there is no difference between the performance of the
antenna on the just mounting plate, and with the ghost
radome in place over the operating range, indicating no
discernable sensitivity to the meshing. Moreover, this
result agrees very well with that already reported in [6].
However, when for the first time, a fully coupled
simulation is performed in the presence of the dielectric
radome, it can be seen that Si; deteriorates over the
operating range due to reflections form the radome. For
reference, the computations simulated a total of 0.02 ps
using a time step of At=0.01ps on 25 processor cores of
a commodity cluster and required ~5.5 h to complete.

Figures 3 (a, b) compares the radiation patterns in
the H- and E-plane for all three cases. Figure 3 (a) also
shows the coordinate planes and the azimuthal H-plane
denoted by angle ¢ and the elevation E-plane denoted by
angle 6. Figure 3 shows that the radiation patterns for the
antenna just on the mounting plate and with the ghost
radome are identical, whereas the presence of the
dielectric spherical radome causes stronger rippling in



the main beam of the H-plane pattern ($=270 deg)
and increased radiation in the sidelobe (6=90 deg), as
shown in Fig. 3 (a). The E-plane radiation pattern of
the dielectric spherical radome shows slightly lower
directivity compared to the antenna just on the mounting
plate.

Frequency [GHz]
2 3 4

2 cm—
-16

— = — ghost spherical radome

S11 [dB]

antenna and radome base

dielectric spherical radome

Fig. 2. S1; for the antenna on the mounting plate, with
the ghost spherical radome and the dielectric spherical
radome with g=4.2.
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Fig. 3. (@) H-plane pattern and (b) E-plane radiation
pattern for antenna on the radome base, with ghost
spherical radome and the dielectric spherical radome.
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III. IMPACT OF DIFFERENT RADOME

PROFILES ON ANTENNA PERFORMANCE

In this section, the performance of the Vivaldi
antenna installed in several different radomes is analyzed
and compared with the case of antenna mounted on
the radome base, i.e., without a radome. Illustrative
aerodynamic radome profiles are chosen, namely, a
spherically blunted cone and two superspheroidal
profiles. In all cases, the radome’s base radius and length
are fixed to be R=2 m and L=2.2 m respectively. In all
cases, the half-wave monolithic radome is made of a
glass composite of thickness 24.4 mm and dielectric
constant =4.2, which is designed to operate at 3 GHz.
Radome losses are neglected. The cone profile radome is
blunted by a sphere of radius 0.1 m. The superspheroidal
radomes are described by the equation x%+y? =

2
(?) (LP — zP)?/P, where the coordinate z is defined

along the axis of the radome, and parameter p defines the
particular profile; p=1.449 and p=1.161 give the ogive
and superspheroidal profiles of [2] respectively. All
simulations were performed with the same meshing and
run time parameters given in Section I1.

Figure 4 assesses Si1 in the operating range for the
antenna installed in three different airborne radomes.
The radome profiles are also given in Fig. 4. Figure 4
shows that reflections from the superspheroidal radomes
tend to shift the operating frequency of the antenna and
to narrow the antenna’s passband. The spherically
blunted cone has the least impact on Si: in the passband
and gives the most similar behavior to the antenna
performance without a radome.

Figures 5 (a, b) compares the antenna radiation
patterns for the H-plane and E-plane for each radome.
Figure 5 (a) shows that the superspheroid with p=1.161
causes the highest deterioration in the main lobe of the
H-plane radiation pattern (¢p=270 deg). The ogive
radome (p=1.449) has reduced the directivity of the main
beam of antenna (¢=270 deg). The spherically blunted
radome has the radiation pattern most similar to the
antenna with no radome. All radomes cause the slight
increase in the side lobe (¢=90 deg). Figure 5 (b) shows
that in the E-plane, the superspheroid with p=1.161 has
significantly increased the directivity of antenna whilst
the ogive radome (p=1.449) has decreased the directivity
in the E-plane. Again, the spherically blunted radome has
the E-plane pattern most similar to the antenna with no
radome.

Our analysis of the effect that different
superspheroidal radome profiles have on the radiation
pattern of the antenna are very different from those in [2]
that reported only very minor differences in sidelobes of
the antenna radiation. This is, we believe, due to the
“decoupled” approach employed in [2].
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Fig. 5. Comparison of the antenna radiation pattern in the
presence of different radomes for: (a) H-plane and (b) E-
plane.

IV. CONCLUSION

The paper analyses broadband interactions between
antennas installed in airborne radomes in a fully coupled
manner by directly sampling both the antenna and the
radome geometry using a single numerical method. In
order to isolate the effect of the radome, the antenna’s
performance is first modelled in the presence of just the
radome base. Two different superspheroidal radomes
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and the spherically blunted cone are then introduced
and their impact on the antenna’s performance assessed.
The paper shows that a spherically blunted cone has
the least influence on antenna’s performance and that
superspheroids can significantly change the antennas
performance and need to be designed with care.
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Abstract — A compact fractal monopole antenna with
defected ground structure has been investigated in this
paper. A wide bandwidth of 3.13 GHz (3.42 GHz to
6.55 GHz) has been obtained, which covers the IEEE
802.11 WLAN bands (5.2 GHz and 5.8 GHz) and WiMAX
bands (3.5 GHz and 5.5 GHz). The dimension of the
structure is 14.50 X 27.25 mm? covering an area of only
395.125 mm?. The realized antenna gain is > 2 dBi at the
frequencies of interest. The compactness of the proposed
structure and the simplicity of design makes it easy to be
fabricated and incorporated in devices suited for wireless
communication purpose.

Index Terms — Defected ground structure, fractal
geometry, monopole antenna, wideband communication

I. INTRODUCTION

With the advent of portable mobile devices, there is
a huge need for compact, low-profile patch antennas for
space conservation and also for wideband communication
purpose. From literature survey, it has been found that
though several wideband antennas have been proposed
for wideband applications particularly for WLAN and
WiIMAX microwave frequency bands; there still exists
an issue regarding compactness in shape and size and
also in realized gain of the antennas. A dual band antenna
with fractal based ground plane has been proposed in
[1]. The dimension of the structure is almost equal to
104 X 30 mm?. A perturbed Sierpinski carpet antenna
with CPW feed for IEEE 802.11 a/b WLAN application
has been presented in [2]. The dimension of the antenna
is 45 X 67.8 mm2. A microstrip line fed printed wide
slot antenna has been investigated in [3]. The antenna
dimension is 70 X 70 mm? A broadband circularly
polarized Spidron fractal slot antenna has been presented
in [4]. The dimension of the proposed structure is 40 X
40 mm?. A wideband fractal antenna with combination
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of fractal geometries has been presented in [5] for
WLAN and WiMAX applications. The dimension of the
structure is 25 X 66 mm?. Similar types of investigations
have been studied in [6] and [7], but in each case there
arises an issue regarding the compactness of the
proposed antenna structure. In this article, a compact
fractal monopole antenna with defected ground structure
has been investigated. A wide bandwidth of 3.13 GHz
(3.42 GHz to 6.55 GHz) has been obtained, which covers
the IEEE 802.11 WLAN bands (5.2 GHz and 5.8 GHz)
and WIiMAX bands (3.5 GHz and 5.5 GHz). The
dimension of the structure is 14.50 X 27.25 mm? covering
an area of only 395.125 mm?. The realized antenna gain
at the frequencies of interest are 2.5 dBi, 3.5 dBi, 3.5 dBi
and 3.6 dBi at 3.5 GHz, 5.2 GHz, 5.5 GHz and 5.8 GHz
respectively.

I1. ANTENNA DESIGN

The objective of this work is to design a low-profile
antenna, compact is shape and size with standard gain
limits for wideband operations. The dimension of the
proposed structure is 14.50 X 27.25 mm? covering an
area of only 395.125 mm?. Repeated square fractal
geometry has been applied in design of the patch
structure. The width of the feed line has been chosen to
match 50 Q impedance using (1) and (2).

For the proposed design, substrate dielectric constant,
g = 4.3, substrate height, h = 1.5 mm and width of feed
line, Fw = 3.0 mm:

_ er+1 er-1 1 (1)
Eeff = 2 JOA+12n/Fw)’
120
= Fw (2)

 Jeerr [FTW +1.393 +0.6670n( S + 1444 )|

where Zo is the characteristic impedance and ees is the
effective dielectric constant of Substrate.

FR-4 substrate, which is commonly available in the

market is used as the substrate for the proposed design.
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The thickness of the substrate is kept equal to 1.5 mm.
The patch and the ground plane are built of 0.5 mm thick
copper plates. The patch and the ground plane is
composed of Copper (annealed). The ground plane is not
continuous throughout the design. A portion of the
ground plane has been etched from the top. Two L-
shaped slots have been introduced in the ground plane
along with an I-shaped slot in the middle. The dimension
of these slots have been chosen after parametric
optimization. This type of etched ground structure is
known as Defected Ground Structure (DGS) in antenna
engineering and research. Incorporation of DGS in
antenna design has an effect on frequency response of
the antenna, which has been discussed later. Repeated
square structures have been used in design of the patch
as shown in Fig. 1.

The proposed repeated square fractal carpet
geometry used to design the patch structure (Fig. 1.). The
proposed antenna has been shown in Fig. 2.

Fig. 1. Proposed fractal carpet geometry: (a) basic
geometry, (b) 1% iteration, (c) 2™ iteration, and (d) 3™
iteration.

51

Fig. 2. Proposed fractal antenna with side view.

Genetic Algorithm (GA) has been applied for
parametric optimization. The detailed parameter
dimensions are provided in Table 1. It may be noted

ACES JOURNAL, Vol. 33, No. 3, March 2018

that, the overall area of proposed structure is only
W X L =14.50 X 27.25 = 395.125 mm?,

Table 1: Parameter dimensions (in mm)

Parameter | Dimension | Parameter | Dimension
w 14.50 Fw 03.00
L 27.25 FI 13.00
S1 14.00 Gw 14.00
S2 14.00 Gl 10.00
S3 03.00 Sw 03.50
S4 03.75 Sl 07.00
S5 01.00 w 02.50

I1l. RESULTS AND DISCUSSION
The proposed antenna structure with different patch
shapes in successive iterative stages has been simulated
and the results have been displayed in Fig. 3.

-8 “t\:’

)
=
- 4
w
25
—#— 1" Saze
LB —»— 17 Smoa
—a— 3" Sap
&
—r— 4 Sam
5 —

T T T T T T T 771 T T
B 1] 15 440 43 50 535 1] ES 0

Frequency (GHz)

Fig. 3. Return loss of antenna at various iterative stages.

From Fig. 3, it has been observed that the resonant
frequency near 5.6 GHz in the 1% stage gradually shifts
towards the left near 4.0 GHz in the 2" iterative stage
with gradual interment in bandwidth in the successive
stages. A maximum bandwidth of 3.13 GHz (3.42 GHz
to 6.55 GHz) has been obtained, which covers the IEEE
802.11 WLAN bands (5.2 GHz and 5.8 GHz) and
WiMAX bands (3.5 GHz and 5.5 GHz) in the 4" or final
iterative stage.

Defected Ground Structures (DGS) are used now-a-
days by antenna researchers to improve the frequency
response characteristics of the antenna. A fraction of the
propagating energy is stored by the ground plane, which
has an effect on overall frequency response of the
antenna structure. Figure 4 shows the Si1 vs. frequency
plot for the antenna with and without the presence of
DGS.

The proposed structure has been fabricated as shown
in Fig. 5. The front view (Fig. 5 (a)) shows the fractal
square patch and the 50 Q feed line. The rear view (Fig.



5 (b)) shows the DGS ground plane. The dimension of
the structure is comparable to a “1 Rupee Indian Coin”.
The dimension of the structure is 14.50 X 27.25 mm?
covering an area of only 395.125 mm?2. Due to its low-
profile structure, the proposed antenna has a very small
coverage area and can easily be integrated in compact
and low-profile devices supporting wideband operations.

= ¥
= ¥
m— 20
25
33
—y— WihDGS
—= WitoutDGS
35

T T T T T T T
B 35 a0 45 a0 a5 1] ES 70

Frequency (GHz)

Fig. 4. Return loss of antenna with and without DGS.

Fig. 5. Fabricated prototype: (a) front view and (b) rear
view.

Simulated and measured return losses have been
shown in Fig. 6. The results bear a good agreement.
Slight discrepancy in result may be due to the effect
of soldering. 2D polar plot of the antenna has been
shown in Fig. 7. Isolation level between co and cross-
polarizations greater than 100 dB has been maintained
with almost omni-directional H-plane patterns (Fig. 7.).
The simulated and measured antenna gains are plotted in
Fig. 8. The realized antenna gain (measured) at the

BHATTACHARYA, ROY, CHOWDHURY, BHATTACHARJEE: MONOPOLE ANTENNA WITH DEFECTED GROUND STRUCTURE

frequencies of interest are 2.5 dBi, 3.5 dBi, 3.5 dBi and
3.6 dBi at 3.5 GHz, 5.2 GHz, 5.5 GHz and 5.8 GHz
respectively; which is quite decent for wideband
operation. Figure 9 shows the antenna surface current
distribution pattern. It can be observed from that, the
current originates from the feed and distributes itself
uniformly at the edges of the patch. The resonant modes
thereby generated, come closer resulting in a wider
bandwidth.

3.42-6.55 GHz

Simulated

------ Co-polanzation
Cross-polarization

Fig. 7. 2D polar plot of E-plane (left) and H-plane (right)
at: (a) 3.5 GHz, (b) 5.2 GHz, (c) 5.5 GHz, and (d) 5.8 GHz.
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Fig. 8. Realized gain of proposed antenna.
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Fig. 9. Antenna surface current distribution pattern.

1V. CONCLUSION

A compact fractal monopole antenna with defected
ground structure has been investigated in this paper. A
wide bandwidth of 3.13 GHz (3.42 GHz to 6.55 GHz)
has been obtained, which covers the IEEE 802.11
WLAN bands (5.2 GHz and 5.8 GHz) and WiMAX
bands (3.5 GHz and 5.5 GHz). The dimension of the
structure is 14.50 X 27.25 mm? covering an area of

ACES JOURNAL, Vol. 33, No. 3, March 2018

only 395.125 mm?, which is smaller compared to other
compact wideband antennas available in existing
literatures. The compactness of the proposed structure
with standard gain levels makes the antenna a suitable
candidate for wideband communication purpose.
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Abstract — In this paper, a novel method using conformal
technique of finite-difference method (FDM) is proposed
to capacitance extraction of microstrip lines. Instead of
deriving the average dielectric constant ¢, this method
uses electric field numerical weights to process the
inhomogeneous cells, and takes the discontinuous effects
of both inhomogeneous Ampere cell and Faraday cell
into account. Besides, a new boundary condition is
proposed, where the cells obeying exponential distribution
are added at boundary. The new method shows good
agreement with the measurement and traditional methods.

Index Terms — Capacitance extraction, conformal
technique, finite-difference method (FDM).

I. INTRODUCTION

Finte-difference method (FDM) has been widely
used to solve variable electromagnetic problems,
especially the extraction of distributed parameters [1-3].
When solving the capacitance parameter of microstrip
lines, the cells divided from the electromagnetic space
can be inhomogeneous, and the dielectric constants in
one cell are not unique. Thus, the difference equations
cannot be used directly. The general methods solving this
problem are equivalent dielectric constant techniques
[4-5]. They derive the average dielectric constants
according to the relationships of cell loop’s volume, area
and length, but have neglected the inhomogeneous
Faraday and Ampere cells. So a new conformal technique
is proposed in this paper, which uses the electric field
numerical weights to process inhomogeneous cells, and
takes discontinuous effects of Ampere and Faraday cells
into account.

Besides, when FDM is used to solve the open
structures, boundary conditions are required to terminate
the calculation space. Generally, there are two kinds
of boundary conditions. One is absorbing boundary
condition (ABC) according to the traveling wave
equation [6], [7]. The other is perfectly matched layer
(PML) based on the absorbing media [8]. ABC requires
much less computation and memory than PML, but it
may cause higher reflection and larger error. Hence,
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a new boundary condition is proposed, which cells
obeying exponential distribution are added at the
boundary. Finally, the proposed conformal technique
and new boundary condition are verified by calculation.

1. FORMULATION

A. The iteration equation of FDM
The Gauss law can be represented as:

q=§D-ds, (€
where q is the total electric charge on the surface of the
conductor, and D is the electric displacement vector
which can be represented as D=¢E . Electric field
intensity E can be represented by potential ® as
E =-VO . The capacitance solving model is a dual
regional structure whose dielectric constants are & and
&2 . So the spatial difference equations of E=-V® in
these two regions can be described:

E[(i +%)Ax, jay] = - A +DAX, J'AZ)](— A JAY) oy
e i (5] = - LD REID)

where i and j are any positive integers, Ax and Ay are
the step size in x and y direction. So the divergence of
electric displacement vector can be derived as:
V- D(iAX, jAy)
D[(i +1)AX, jAy]+ O[(i —1)AX, jAy]—2D(iAX, jAy)
—& :
(Axy

D[iAX, (j —D)AY]-2D[iAX, jAy]+ D[iAX, (j +1D)Ay]
—&2

(Ayf

(4)

If e1=¢&2and Ax = Ay, according to Laplace equation:

V-D=0, (4) can be simplified as follows:
DX, JAy) = H{OTiA%,(1+DAY] + Bliax (j-Day]

(%)
+®[(i +D)AX, JAY]+D[(i —1)AX, jAy]}
Equation (1) can be finally updated as:
q=-£3 SO®AX, jAY). (6)

i=1j=1
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Equation (6) is the finite difference iteration
equation to solve the capacitance, and the value of per
unit length capacitance can be obtained from C =q/V .

B. The conformal technology based on FDM

Figure 1 shows the microstrip line model we
analysis in this paper. Figure 1 (a) is the discrete grid
model. Figure 1 (b) show the structure of microstrip line
in Fig. 1 (a). All the simulation calculations in this paper
are conducted on the basis of the model of Fig. 1 (b). As
shown in Fig. 1 (a), each grid represents a cell. We can
see that the dielectric constants of cells at the boundary
between two regions cannot be unique. When using the
new conformal technology to solve the inhomogeneous
cells here, the process is divided into two parts: Faraday
cell and Ampere cell.

s w
H &
E1fFEn

Oelectfic 2 =&

(@) (b)

Fig. 1. (a) The discrete grid model of microstrip line, and
(b) structure of microstrip line with W/H=3, ¢, =4.4.

As shown in Fig. 2, Faraday cell is divided into two
regions with different dielectric constants ¢ and ¢, .
Ax is divided into two parts: Ax, and Ax, . The electric
field strengths of x and y direction are also divided into
two parts: E, and E,, E, and E,. & is the angle
between x direction and interface.

The spatial derivative of Faraday's law can be
written as:

1. 1. 1 1
EQ(H?J)AX—EQ(H?J+1)AX+E9(LJ+E)AY—E§(I+1,J+E)AY

1 1.1 1.1 .1
=u—[H72>0+=, j+)-H2 (1 +=, j+=)]AxA
pog 2+ 2, 4D = (42, J+ 2)1Axay

()
According to electric field boundary conditions in
perfect dielectric, the weights of dielectric 1 and
dielectric 2 are defined as 1 and ¢,/¢, respectively. As
shown in Fig. 3, E and E_, are discontinuous. Then
electric field components can be weighted and the
relationship after removing weights are:

Ex2=E2nent Ezré:

E'zN’Zez Eon/e ®)
E'or = Eor

E'vo=E'anent E'are

where E'.. E’.. and E'.. are the weighted components.

en and e; are unit vectors.
To ensure the integration value unchanged, the
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weights of electric field components are taken into
integral paths and the final update relationships are:

AT, =Ax,c0s0

-1

ANz _ @) &

AN, E2n &2 9)
AT _ (E'zry”
AT, Eor

Ax';=AT3+AN"

where AN, and AT, are the normal component and
tangential component after orthogonal decomposition of
Ax, , AN’, and AT’, are the component values of
AN, and AT, after expanding or reducing. A x’, is
the total length after adjusting the path of field
component. So the modified total length of the integral
path can be obtained from (9):

2

AX =Ax+Ax,= Ax1+sz\/c0526’+sin2(98—12) - (10)
&2

So we use Ax' instead of Ax to calculate (7).

Axe

g Ee

Interface

&

Fig. 2. The inhomogeneous Faraday cell model.

| Normal direction

Fig. 3. The conformal process for Faraday loop path.

The conformal process of Ampere cell is same to the
Faraday cell, and the Ampere cell model is shown in Fig.
4. The spatial derivative of Ampere’s law can be written
as:

n

1.
=, (11
2 . )(i+1/2rj) ( )
Ay is the total length of Ampere loop integral path.

According to electric displacement vectors boundary
conditions in perfect dielectric, the weights of two kinds
of media can be defined as 1 and &,/&,. The positional
relationships are shown in Fig. 5. So the relationship
between the components after removing the weights can
be written as:

1, 1.1 1 1
To(l+=,J+=)—H;2(1+ -=)=A
HEZ (42, J+2) —Hi( 5) =AY
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{ D'on = Dan (12)

D’or = Dot &1/ &2

where D'ov and D'r are the weighted components.
Then taking the weights into the integral path:

AT,=AY,C08¢
AN, =Ay,sing
AN _ (%)_1 £
ANz Dor &1 (13)
AT'2 _ (D'wy
AT> Dan
Ay, =AN'3+ AT

where AN, and AT, are the initial length of normal
and tangential component, which are obtained from
orthogonal decomposition Ay,, Ay%. AN% and AT % are
the length after adjusting the path of field component. So
the modified total length of the integral path is:

2
AY' = Ay, + Ay', = Ay, + Ay21/0032¢+sin2¢8—; . (14)
&2

So we use Ay’ instead of Ay to calculate (11).

Ey Ey

Eq Eo

Interface

Ey a B

Fig. 4. The inhomogeneous Ampere cell model.

Interface

Fig. 5. The conformal process for Ampere loop path.

After above process, &, and & has been converted
as g . So the relationship between electric field strength
and electric displacement can be expressed by D= E.

C. A new boundary condition

A new boundary condition is proposed in the paper,
which cells obeying exponential distribution are added at
the boundary. Taking x direction for example, the
electric field distribution obeys e™**, where k is a positive
number. The outermost cells are considered infinitely
long. When x tends to infinity, e** is close to zero. So the
outermost cells are described and the potentials are zero
at infinity points.

I11. NUMERICAL RESULTS

To verify the validity of new boundary condition,
we use the mesh Ax=Ay=10°m to calculate the region
where the coordinate is xe[-39Ax, 39Ay] and ye[-39AXx,
39Ay]. The potential at infinity is set at 0. We add the
conductors with +10V at (-20Ax, -20Ay) and -10V at
(20Ax, 20Ay) respectively.

Now the electric field distributions using different
boundary conditions are shown in Fig. 6 and Fig. 7. One
is the traditional boundary condition which is similar to
a rectangle shield and the potential is @ =0. The other
is the new boundary condition in this paper. The electric
field strength shown in Fig. 6 attenuates slowly in the
diagonal direction. Whereas the electric field strength
shown in Fig. 7 is closer to the potential distribution
model with the same amount unlike charges. So the new
boundary condition proposed in this paper is more
applicable to solve the capacitance.

Fig. 6. The electric field distribution under traditional
boundary condition.

Fig. 7. The electric field distribution under new boundary
condition.

Now the new method using conformal technique
and new boundary condition has been applied to
calculate the capacitance of microstrip line in Fig. 1.
There are 79X 79 grids in simulation area, and we use
the mesh Ax=Ay=10"3m to calculate the region where the
coordinate is xe [-39Ax, 39Ay] and ye[-39Ax, 39Ay]. The
potential at infinity is set at 0. The potential of microstrip
line at [-39AX<x<39Ax, -39Ay<y<-38Ay] is +10V, and
the potential of microstrip line at [-BAX<X<BAX,
-35Ay<y<-34Ay] is -10V. The dielectric constant is
&r=4.4, which is distributed in the area of [-39AX<x<39AX,
-38Ay<y<-35Ay].

Figure 8 and Fig. 9 show the potential distributions
of Fig. 1 under the new boundary. Whereas the Fig. 9 has
used the conformal technique and Fig. 8 has not. The
scattered field at the cross media shown in Fig. 9 is more
obvious than in Fig. 8. Moreover, the per unit length
capacitance obtained from Fig. 8 is 101.47pF/m, and the
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value obtained from Fig. 9 is 97.759pF/m. Furthermore,
the per unit length capacitance has been measured by the
static field capacitance measurement method. It uses
galvanometer measured the charge of microstrip line in
case of a given voltage. Then the per unit length

capacitance can be obtained and the value is 97.761pF/m.

So the value of capacitance is closer to the measurement
when using new conformal technology.

Fig. 8. The potential distribution without using conformal
technique.

Fig. 9. The potential distribution using conformal
technology.

Besides, to verify the accuracy of new method
further, the average dielectric constant method has been
used to calculate the capacitance of the microstip line
model in Fig. 1 (b), and the discrete grid model is shown
in Fig. 10. The potential distribution using the average
dielectric constant method is shown in Fig. 11, and
the per unit length capacitance is 96.87pF/m. The
comparative result shows that the capacitance calculated
by the new method is more approximated to the
measurement than the average dielectric constant
method. It shows that the new method has higher
precision than the average dielectric constant method.

Fig. 10. The microstrip line model using average
dielectric constant method.

o
[ ]

Fig. 11. The potential distribution of Fig. 10 model.
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IV. CONCLUSION

A new method based on FDM has been proposed for
capacitance extraction of microstrip line using conformal
technique. The results show that the capacitance solved
by the proposed method is close to the measurement and
more accurate than traditional one. Besides, the new
method can be applied to various positional relationships
between dielectric interface and electric field directions.
It also has a significance to the analysis and design of
high speed PCB.
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Abstract — A novel low profile reconfigurable wide band
microstrip antenna for impulse radio ultra-wideband (IR-
UWB) WBANS and targeted for on-body sensor node
has been introduced. The printed monopole antenna
consists of a heart shaped radiating patch and an elliptical
ground plane. This antenna has a frequency bandwidth
of 130% with a VSWR of 1.5 and average gain is about
3.6 dBi. There is a slot on the patch which is loaded by
two varactor diodes to form a tunable notch band. The
antenna operates from 2.4 GHz to 12 GHz. The proposed
antenna is a good candidate for medical purpose since it
has a sufficient amount of gain and bandwidth. We used
active circuit to increase the flexibility of setting rejection
band to prevent having interference from other sources
such as Wi-Fi. The antenna is fabricated and there is a
good agreement between the simulation and measurement
results.

Index Terms — Body-centric wireless communication,
miniaturized microstrip antenna, wireless body networks.

I. INTRODUCTION

Antenna designing for WBAN system is challenging
due to the human body effect. Especially, providing the
sufficient gain and efficiency of an antenna is the
main issue of on-body to on-body communication. To
overcome this problem, an on-body antenna should have
vertical polarization relative to the human body surface.
In addition, to satisfy the propagation along the body
surface for on-body to on-body communication, the
antenna is required to have omnidirectional radiation
characteristic [1]. Also, a number of techniques aimed at
minimizing the cost of such antenna without significantly
sacrificing performance have been considered. One of
the most important techniques is using slots on the patch
surface. Slots perturb antenna current on the antenna
surface and increase antenna bandwidth [2]. Another
advantage of using slots is changing antenna polarization
or using as a Frequency Selective Surface (FSS) to filter
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unwanted frequencies [3]. In some paper, small slots are
imbedded on ground plane or feeding point to have better
matching response. These techniques are well-known
as Defected Ground Structure (DGS) and Defected
Microstrip Structure (DMS) [4]. PIN diodes have been
also used to change the antenna dimensions electrically
and increase the frequency bandwidth [5]. In this paper,
we use varactor diodes to increase the frequency
bandwidth. The varactor diode is a variable capacitor
which can be modelled as a series capacitor and a resistor
to model the ohmic losses [6, 7]. To improve frequency
and pattern bandwidth, heart-shaped printed monopole
antenna is proposed in [8]. In this paper, a low profile
ultra-wideband on-body antenna is presented. The
proposed antenna has a low profile, omnidirectional
radiation patterns in the whole UWB band, and maximum
radiation along the near body surface. We also use
antenna with slot and taper heart-shaped to increase
frequency bandwidth. In some purposes we need filter to
cut the frequency bandwidth, two varactor diodes are
used to change the notch in frequency bandwidth. When
we change the DC bias of the diodes, their capacitance
values change. So this antenna is combination of filter
and antenna. The proposed low profile UWB antenna
is suitable for on-body communications since the field
is vertically polarized and propagated along the body
surface for IEEE 802.11b/g and IEEE 802.11a. The
antenna is considered to operate as a relay between
sensors located on the body and non-local station so it is
an advantage for the antenna to be able to have tangential
radiation over the body surface in the on-body mode and
a bore sight pattern in the off-body mode at the frequency
bands of 802.11a and 802.11b/g, respectively [9, 10].
This antenna has a frequency bandwidth of 130% with a
VSWR of 1.5, average gain is about 3.6 dBi.

I1. DESIGN OF A SLOTTED MICROSTRIP
ANTENNA
As it is shown in Fig. 1, the proposed slot antenna
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with line feed has been designed on Rogers RO4003
with permittivity of ¢=3.2 and substrate thickness of
h=0.813 mm and substrate size of 42x30 mm. The
dimensions of slots and antenna are mentioned in
Table 1.

(b)

Fig. 1. Proposed slotted microstrip antenna: (a) side
view, and (b) top view.

Table 1: Physical dimension of loaded-monopole

Parameter Ly Lo Ls Ly Ls
Dimension (mm) 18| 22 | 20 | 10 | 05
Parameter Le Ly Ls h
Dimension (mm) 47 | 30 | 2.3 0.813

Two varactor diodes are used to change the
capacitance value of the circular slots and these slots
create notch in the frequency band. The notch band avoid
interference with other frequency bands. Circular slots
create notch in the frequency band. Line feed should be
adjusted for 50Q transmission line [11].

To increase the frequency bandwidth, two crossed
slots are designed on the surface of the microstrip patch.
These slots decrease antenna patch area and based on
the following formula, quality factor of the microstrip
antenna decreases. S is the area of the patch and f; is the
resonant frequency of the microstrip antenna. Frequency
shift for patch is given as [12]:

sl 1
S| Q' @
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I11. RESULTS AND DISCUSSION

With the dimensions given in Table 1, the proposed
antenna was simulated in close proximity of the human
body. To obtain the human effect on the antenna behavior,
VOXEL model of body with CST software is simulated.
The human body model was developed in the CST
microwave studio. It is an adult male of mass 100 kg,
height 180 cm and chest circumference of 115 cm,
including muscle, skeleton and brain with human tissue.
The electrical properties were defined at the frequency
band of 2.5-12 GHz with resolution of 100 MHz. Figure
2 shows the placement of the antennas on the model. The
antenna is placed 2 mm apart from the chest of the
model. The on body simulated and measured Si1 of the
proposed antenna are illustrated in Fig. 3 and Fig. 5. As
shown in Fig. 3, the bandwidth of the antenna can be
changed from 2.5 GHz to 12 GHz in transmitting purposes
and 2 GHz to 12 GHz in receiving purposes. As it is
shown in Fig. 6, the human body behaves like a reflector
and improves gain of the antenna because the permittivity
of the body is about 42. The backlobe part of the antenna
pattern is removed. In these types of antennas each part
of the antenna has different resonant frequency, therefore
the impedance bandwidth is wider than typical microstrip
antenna. To obtain better results all dimensions are
optimized. We have used Particle Swarm Algorithm
with CST software. It is observed that the variation in the
diameter of the metallic arcs has major effect on the
lower frequency bandwidth. In case of impedance
bandwidth, it improves return loss at higher frequency
region and does not affect the lower cut-off frequency.
The simulated antenna VSWR referenced to 50Q is
shown in Fig. 4. The improvement in the input impedance
bandwidth using slots and curved ground plane is clear.
It is interesting to mention that at low frequencies, the
input impedance of the antenna is depended on the patch
dimensions not the substrate dimensions.

At high frequencies the input impedance is
intensively affected by the substrate thickness. We can
improve matching parameter using elliptical ground
plane. It is obvious that the radiation patterns changes
slightly at higher frequency because of variation antenna
dimensions at different frequencies. It means that
radiation pattern bandwidth is smaller than impedance
bandwidth. In portable system, this is negligible since we
do not have constant and stable direction for transmitter.
This antenna is so small and can be used in medical
purposes. For example, in some frequencies such as Wi-
Fi, interference is inevitable and we need an antenna that
can filter unwanted frequencies. These diodes are used
for creating notch to reject these frequencies. In this
paper we used tapered elliptical form for the structure
to get better impedance matching. The radiation patterns
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of the antenna when the antenna is attached to the body 0
are changed. The body behaves like a reflector because P
the body permittivity =42 is so high. To verify the
simulation result, the antenna has been fabricated and -10¢ ~—Diades off

tested (see Fig. 7).

S11(dB)

=200

=25

-30¢

-35 i
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Frequency (GHz)

Fig. 5. Measured Si; in two states: 1-Diodes ON,
2-Diodes OFF.

(a) Remote view

f| 55 5 |
f=2 GHz, Gain=8.26 dB

(b) Close view

Fig. 2. The proposed antenna placed on the chest human
body model. i i

=6 GHz, Gain=8.98 dB

S11 (dB)

» ":v 14
=12 GHz,Gain=4.58 dB f=12 GHz, Gain=9.3 dB

ot Sl 0" Fig. 6. Comparision of the antenna radiation patterns
at different frequencies with human body and without
Fig. 3. Simulated S;; with CST software for different human body.

capacitance values on body.
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Fig. 4. VSWR of the slotted microstrip antenna. Fig. 7. Photo of fabrication.
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V1. CONCLUSION

An efficient wide band and dual pattern heart-patch
antenna with two varactor diodes and strip line feed
is proposed for on-body and off-body communication
modes is proposed and analysed with respect to the
bandwidth, average gain, radiation pattern. The
impedance bandwidth of proposed antenna achieved
130% from frequency range 2.8 to 12 GHz. The average
gain of the antenna is about 3.5 dBi. The radiation pattern
of E- plane & also studied. It has Bi-directional E-plane
& Omni-directional H-plane. This antenna is simple in
structure and easy to fabricate with MIC/MMIC systems.
This antenna can be used for wireless communication
systems, especially for medical purposes. We can adjust
notch frequency band of the antenna easily by changing
DC bias of the varactor diodes. The proposed antenna
presents much improved gain with one tapered shape
radiating element than the previous works of the compact
dual band and dual mode antennas. The results show that
this antenna does not experience significant frequency
detuning from the free space resonance at whole
frequency bands when simulated on the human body.
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Abstract — We present a simple analytical method to
compute attenuation in bent dielectric rectangular
waveguides. An approximate formulation for the
attenuation constant is first derived by determining the
ratio of average power loss per unit length to the average
power propagating along the waveguide. Since the
waveguide has been simplified into a slab in the process
of derivation, losses at the four edges of the structure
have been neglected. To account for these losses, the
perturbation theory has been employed. The total loss is
found to agree closely with that obtained via the Finite
Element Method (FEM). Unlike the FEM which requires
considerable computational time and power to solve, we
demonstrate that the analytical method proposed here
can easily be applied and it gives sufficiently accurate
result.

Index Terms — Analytical method, attenuation constant,
bending loss, perturbation theory, propagation constant,
rectangular waveguides.

L. INTRODUCTION

Dielectric waveguides, such as optical fibers, have
been widely used in the fields of telecommunication and
integrated optics to channel signal from one end to
another. In a dielectric waveguide, the core dielectric rod
is immersed in one or more layers of dielectric materials
which are of lower index of refraction n; than the core
material itself n1. This allows wave to propagate in the
waveguide based on the principle of total internal
reflection, described by Snell’s law [1, 2]. In order to
ensure that the information carried by the modulating
signal is preserved, it is important to minimize losses in
the waveguide during wave propagation. The losses in a
dielectric waveguide can generally be classified into
dielectric loss and radiation loss. In a uniformly straight
waveguide, the fields are mostly confined within the core
of the waveguide. Hence, radiation loss is practically
negligible in the waveguide. When certain curvatures
occur in the waveguide, however, wave with angles of
incident exceeding the critical angle tend to radiate out
from the guiding structure [3]. Because of this reason,
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radiation loss or more commonly known as bending loss,
in this case, can no longer be ignored. Since bent
structures are inevitable when channeling the signal,
both dielectric and bending losses are equally important
when estimating the total loss in the waveguide.
Developing mathematical expression to describe the
presence of curvatures in a rectangular waveguide is
inherently difficult. This is because a combination of
Cartesian and cylindrical coordinates is required so as to
define the cross section and the bending radius of the
waveguide. Hence, analytical methods, found in most
literatures [4-7], focus only on the analyses of uniformly
straight waveguides. As can be seen from some of the
recent literatures [8-11], computational methods such as
Finite Domain Time Difference (FDTD) or Finite
Element Method (FEM) are preferred when bending loss
is to be accounted for in the calculation of loss. The
algorithms used in computational methods discretize the
solution space into meshes. The electric field in each
mesh is then numerically calculated. Hence, although
they produce accurate results, these methods typically
consume substantial computational time and power. This
is particularly true when fields are to be solved for
signals with very small wavelength (such as THz or
optical signal) propagating in a three dimensional
structure where the number of meshes is exceptionally
huge. Analytical methods, on the other hand, are simpler
and require relatively less time and power to solve.
Marcatili [3] and Marcuse [12] were among some of
the early researchers who had developed analytical
solutions for bent rectangular waveguides. In the process
of derivation, however, both of them had assumed the
fields’ radiation at the four corner regions of the
waveguide to be negligible. Due to this reason, the loss
found using their methods has been underestimated. It is
worthwhile noting that, Marcatili’s method is only valid
when the wave is weakly guided (i.e., the difference
between n; and ny is small), while Marcuse’s method is
not bounded by this limitation. Hence, Marcuse’s
method has the advantage of being applied in structures
with arbitrary ratio of indices of refraction. In this paper,
we present an improvement on the accuracy of
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Marcuse’s method. We consider a dielectric rectangular
waveguide surrounded by homogeneous dielectric
material in our study. In order to account for the loss at
the corner regions, we incorporate into the formulation
the correction factor developed by Deck et al. [13].
This paper shall be presented in such a way that, casual
readers could appreciate the final mathematical
expressions, without the need of going through the
underlying mathematics.

II. FORMULATION

Figure 1 depicts the structure of a bent rectangular
waveguide with width a and height b. When deriving the
attenuation constant of the waveguide, Marcuse has first
assumed the fields at the vicinity of a bent waveguide to
be similar to that of a straight guide. The assumption
should hold valid as long as the radius of curvature R is
sufficiently large. When deriving the fields’ expressions,
he has also assumed that there is no field variation in the
y direction. This allows the propagating waves to be
described as simple TE and TM waves [12]. According
to the law of conservation of energy, the rate of decrease
of power is to be equivalent to the power loss. Hence,
power loss A can be expressed as the ratio of average
power loss per unit length Ap to the average power

propagating along the waveguide p, i.e., [1, 12]:
A= ﬂ. (1)

p

.

0 R a

Fig. 1. A bent rectangular waveguide.

By substituting the fields’ expression into (1), the
loss equation A can be obtained as follows [12]:

2/k,F 0,37 0k, k)

kzzkz (nlz - nzz)

2 2, 2\L5 ,
EXp[am_z(kz -, kz )l (R+0.5a)]

A=1Im

X

3k 2

z

1 1
a+ +
[ \/kz2 _n22k22 \/kz2 _nlzkzz ]
)

where k; is the wavenumber of the dielectric cladding
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material and k; is the propagation constant, which can be
adopted from that of a straight waveguide. It is to be
noted that k; is a complex variable which comprises
a phase constant $; and an attenuation constant o, i.e.,
k; = B, — ja.. Here, we have applied the closed-form
expression for k;, modified from [14] as shown below:

e
a b
s 2 2 05, (3)
2(1- j)ﬂllImﬁj +[””) +k12}}
au, |\ a b

where k; is the wavenumber of the core material, p; and
L2 are respectively the permeability of the core and
cladding materials; whereas m and n are respectively the
number of half cycle variations in the x and y directions.
The skin depth 6 in (3) is given by [15]:
PR @
A+ Nawy,
where w is the angular frequency. The surface impedance
of the dielectric layer Zscan be expressed in terms of the
electrical properties of the two mediums as [7, 16]:
- ©)
Jjab(er —&r2)
where &rg and ero are respectively the relative permittivity
of the core and the cladding materials. To account for
the loss at the four corner regions, we employ the
formulation developed by Deck et al. [13] by means of
the perturbation theory. When deriving the correction to
the mode propagation and profile function, correction to
the dielectric function in the four corner regions is
assumed to produce changes in the squared propagation
constant and fields profile function [13]. The corner field
correction factor A4 can be expressed as [13]:

(2]
1+[cos(kyb)+(:J[kyy}m@yb)r .

. (6

Zs

AA=1Im

(2b+1)

1+{cos(kyb)+(2][lj/yJsin(kyb)}z '

where &1 and ¢; are respectively the permittivity of the

2
core and its cladding material, y:(gj (,-82)-k,?
c

and ky is the transverse wavenumber in the y direction.
For simplicity, we apply the closed-form expression of
ky in [6] as shown in (7) below:
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The total bending loss A7 can therefore be

determined by including the additional loss found in (6)
with the loss in (2), i.e., A1 =4+ AA.

III. RESULTS AND DISCUSSION

We compute the loss in a 2.4 x 1.3 mm? silicon
rectangular waveguide, with bending radius R = 1 mm.
The conductivities of silicon and the surrounding
medium are given as 4.33 x 10 S/mand 8.0 x 107! S/m,
respectively. To validate the closed-form formulations
presented here, we compare the computed results with
the S21 parameters found from the Finite Element
Method (FEM). The results from FEM are simulated
from Ansoft’s High Frequency Structure Simulator
HFSS. Since S21 accounts for the total loss in the
waveguide, we have incorporated the total dielectric loss
a0z, 1.e., the imaginary component of (3) together with the
bending loss in (2) during comparison. When calculating
the loss, we have set m = 1 and n = 0 for the dominant
TE mode. It is worthwhile noting that, the loss in a
practical waveguide may also be contributed from the
imperfection of the waveguide structure. Since the work
presented here is a theoretical exercise, such loss has
therefore been neglected.

Figure 2 depicts the comparison of loss between our
computed result and that obtained from HFSS. It can be
seen from the figure that although the curves agree
somewhat with each other, the loss from the computed
result has clearly been underestimated. The average error
with reference to the FEM result ae = 60.17%. Since
Marcuse has neglected the presence of the electric field
in the x direction E, the loss of the E* mode has not
been taken into account. As shown in [6], the modes
propagating in a dielectric waveguide are degenerate —
both EY and E* modes exist concurrently and that the
propagation constants of both modes are similar to each
other. Figure 3 shows the total loss (i.e., the addition of
dielectric and bending losses) when both E* and EY
modes are taken into account. It can be observed from
Fig. 4 that the electric fields of the E* and EY modes are
orthogonal to each other. Despite their direction of
polarizations, however, the profiles exhibited by both
modes are qualitatively similar to each other [3]. Here,
we have taken the bending loss exhibited by the E* mode
to be identical with that by EY. The result turns out to be
in closer agreement with that obtained from the FEM
method, although discrepancy between the results is still
apparent (save = 44.53%). Figure 5 shows the final result
when the corner field correction factor A4 has been
included into our calculation. By considering the loss at
the four edges of the waveguide, it can be observed from
the figure that the result improves significantly, with
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the computed result approaches that of the simulation
(Sa\/e = 2127%)

0.30

20 21 22 23
Frequency (GHz)

Fig. 2. Loss of a bent rectangular silicon waveguide,
obtained from the analytical method proposed here (solid
line) and the FEM (dashed line). The analytical method
has only considered the dielectric loss and the bending
loss from the EY mode (loss at the corner regions has been
neglected).

0.30

20 21 22 23
Frequency (GHz)

Fig. 3. Loss of a bent rectangular silicon waveguide,
obtained from the analytical method proposed here (solid
line) and the FEM (dashed line). The analytical method
has only considered the dielectric loss and the bending
loss from the EY and E* modes (loss at the corner regions
has been neglected).

@ o)

Fig. 4. Electric field lines of: (a) E* and (b) EY modes at
the cross section of the rectangular waveguide.
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20 21 22 23
Frequency (GHz)

Fig. 5. Loss of a bent rectangular silicon waveguide,
obtained from the analytical method proposed here (solid
line) and the FEM (dashed line). The analytical method
has taken into account the dielectric loss, as well as, the
bending loss from the EY and E* modes (loss at the corner
regions has been included).

IV. CONCLUSION

We have presented a closed-form analytical method
to predict the attenuation in a bent dielectric rectangular
waveguide. The dielectric loss in the waveguide can be
extracted from the propagation constant obtained from a
straight waveguide; whereas, the bending loss in the
waveguide is determined from Marcuse’ approximate
method [12]. To enhance the accuracy of Marcuse’
method, the correction factor in [13] has been applied to
account for the loss at the corner regions. By including
the bending loss exhibited by both EY and E* modes and
the dielectric loss, the result is found to agree closely
with that computed using the rigorous computational
method. Since the formulations presented here are all in
closed-form, it is not necessary to rely on computational
intensive machines, such as a computer to calculate
them. Besides being straight forward, the method also
produces results which can be easily found; while at the
same time, sufficiently accurate.
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Abstract — The Theory of Characteristic Modes (TCM)
is proposed as a systematic approach to antenna design
to achieve the goal of finding the antenna structure with
optimum broadband behavior. This theory provides a
physical insight to the radiating nature of microstrip
patch antennas and reduces the design optimization
time. In this work, the resonant behavior of the highly
radiating structure of the single U-slot rectangular patch
on a single-layer & = 4.4 substrate is analyzed using
TCM. Modal analysis of this single-layer structure
with different single feed excitations concludes that
VSWR < 2 impedance bandwidth in the order of 96%
can be achieved with a single T-probe feed. Experimental
results, included here, show VSWR < 2 impedance
bandwidth in the order of 71%.

Index Terms — Bandwidth broadening, characteristic
mode analysis, L-probe, microstrip patch antennas, T-
probe, theory of characteristic modes, U-slot, UWB.

I. INTRODUCTION

The need for antennas with high bandwidth is
continuing to fuel a lot of research especially in the
fields of radar, wireless communication and medical
imaging. Microstrip patch antennas are a class of
antennas that exhibit low-profile, compact, conformal,
cost-effective, and easy-to-fabricate designs. Despite
these advantages, microstrip patch antennas suffer
from a major drawback, which is narrow bandwidth.
For the past couple of decades, extensive research has
been dedicated to the area of bandwidth broadening
techniques of microstrip patch antennas. Some of these
techniques are by means of introduction of parasitic
elements and patch slots, which introduce additional
resonances in addition to the main patch resonance.
Another technique is by means of thick substrates of
low permittivity, which will have the side effect of
introducing higher inductive reactance due to the longer
coaxial feed probe. Some of the patch slot geometries
found in the literature are: square, rectangular, triangular,
circular, elliptical, E-slot, U-slot, V-slot, and more [1,
2]. Although it is generally understood that patch slots
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introduce new resonances that contribute to broadening
the bandwidth, it is not well understood why some
patch slots present better bandwidth than others. A
valuable tool that is helping antenna designer’s gain
better understanding and physical insight of the radiating
nature and resonant behavior of the microstrip patch
antenna is the TCM [3, 4]. By understanding the resonant
behavior of the different patch slot geometries and other
antenna elements, novel antenna designs with the most
resonant structures can be proposed to achieve the most
radiation and impedance bandwidth.

In recent studies [5-7], we utilized TCM to
characterize the resonant behavior of different patch
slot geometries, substrate permittivities and ground
sizes independent of the feeding element to identify
the structures which are more resonant, and hence,
contribute significantly to the radiated fields. It was
concluded that a single U-slot rectangular patch on a
single-layer substrate with relative permittivity of 4.4
and loss tangent of 0.02 will result in a highly radiating
structure.

It is the aim of this paper to expand on these recent
studies [5-8] and to find the ideal excitation feed to
excite the highly radiating structure of the U-slot
rectangular patch on & = 4.4 substrate to achieve the
most radiation and impedance bandwidth. TCM will be
utilized once more to analyze some of the different
excitation feeds found in the literature [9] to determine
the least reactive excitation feed structure, which will
excite the modes contributing to the optimum resonant
behavior of the U-slot patch antenna.

I1. MODAL ANALYSIS OF EXCITATION

FEEDS FOR U-SLOT PATCH ANTENNA
Modal significance is defined as the normalized
amplitude of the characteristic modes. Modes where
the modal significance is close to 1 indicate that they
contribute significantly to radiation, whereas modes
with modal significance close to 0 indicate they do not
[4]. Therefore, modal significance gives the antenna
designer physical insight on the resonant behavior of an

antenna structure independent of the source excitation.
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Before we model the highly radiating structure of
U-slot patch and & = 4.4 substrate with an excitation
feed, we need to first investigate which eigenmodes
are resonating on this structure. In Fig. 1, the modal
significance of the top 6 significant eigenmodes is
shown. It is shown that modes 1, 3, and 4 contribute
the most to radiation since their modal significance is
close to 1 over the frequency range 2.5-8.5 GHz. Higher
order modes 5 and 6 contribute minimally in the higher
frequencies. So, prospective excitation sources will aim
to excite all or some of the resonating eigenmodes (1, 3,
and 4) in the antenna structure.

Figure 2 shows the characteristic currents for modes
1, 3, and 4 at 5.0 GHz. The location of maximum current
distribution, where it is desirable to excite the patch, is
denoted by the concentrated red color in Fig. 2. The
common location for maximum current distribution
between all three modes is marked by the dotted black
circles in Fig. 2 and is found to be at the base of the U-
slot and the inner edge of the U-slot arm.
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0.8
0.7
0.6
0.5
0.4
0.3
02
0.1
0.0

Modal Significance

Frequency (GHz)

Fig. 1. Modal significance for U-slot patch antenna with
& = 4.4 substrate.

Fig. 2. Characteristic currents of U-slot rectangular patch
antenna on & = 4.4 substrate at 5.0 GHz for: (a) mode 1,
(b) mode 3, and (c) mode 4.

To find an ideal source feed which will excite the
most modes, modal analysis of the U-slot rectangular
patch antenna on the & = 4.4 substrate with tan(d) = 0.02
is performed with 3 different probe feeds, namely the
conventional vertical probe, the L-probe, and the T-
probe, shown in Fig. 3. The U-slot patch antenna
and probe dimensions, designed using the method
of dimensional invariance [1] for a 3.9 GHz design
frequency, are shown in the first three columns in Table
1 for each of the probes. The probe radius is defined as
rp. The x- and y-axis positions of the probe are defined

ACES JOURNAL, Vol. 33, No. 3, March 2018

as Xp and vy, respectively. The probes are placed at the
location of maximum current distribution marked in
Fig. 2. The horizontal and vertical arms of the L-probe
and T-probe are defined as Lx and L., respectively. The
horizontal arm of the T-probe is symmetric, i.e., its
length on the left side of vertical arm is equal to its
length on the right side of vertical arm, which is equal

to 3.84 mm.
|
. ®)

W,

‘]
‘PU

e

@

coaxial feed PEC ground

Fig. 3. (a) Geometry of rectangular patch antenna with
U-slot, (b) vertical probe, (c) L-probe, and (d) T-probe.

Table 1: U-slot patch antenna dimensions in mm for
different feed probe designs

Vertical Probe | L-Probe | T-Probe | T-Probe
(Sim.) (Sim.) (Sim.) | (Fabricated)

a 2.25 2.25 2.25 4.38

b 2.25 2.25 2.25 4.38
W 20.25 20.25 20.25 39.48

L 14.62 14.62 14.62 28.51
L 10.14 10.14 10.14 19.78

t 1.13 1.13 1.13 2.21
W, 7.87 7.87 7.87 15.35
W 140.17 140.17 | 140.17 139.41
Lg 134.54 13454 | 134.54 128.44
h 7.62 7.62 7.62 15.35
I 1 1 1 0.65

Xp 6 481 4 10.95
Yo 5 1 1 0

Ln 3.84 3.84 2.99x2.28
Ly 7.62 6.53 6.15 12.80
d 1.31 2.5 3.31 3.31

In [8], we performed a modal excitation analysis
over the selected frequency range 2.5-8.5 GHz on the
U-slot rectangular patch slot and & = 4.4 substrate with
vertical probe, L-probe, and T-probe to determine
which source feed excites the modes 1, 3, and 4, which
contribute to the optimum resonant behavior. It was
found that mode 3 is the main mode excited by the
conventional vertical probe in the frequency range 2.5-
5.7 GHz. Mode 3 is the main mode excited by the



L-probe in the frequency range 2.5-6.1 GHz. Modes 3,
4, and 6 are the main modes excited by the T-probe
in the frequency range 2.5-7.0 GHz. Consequently, the
T-probe excites the most number of modes over the
largest frequency range, and hence, is expected to
achieve the highest impedance bandwidth.

In Fig. 4, the modal significance of each of the
three probes is shown. The non-excited probe structures
are modeled independent of the other antenna elements,
i.e.,, the U-slot patch, substrate, and ground plane.
For the vertical probe, in Fig. 4 (a), mode 1 is the
contributing mode maxing out at modal significance
equal to 0.08. For the L-probe, in Fig. 4 (b), mode 1 is
the contributing mode maxing out at modal significance
close to 0.16. For the T-probe, in Fig. 4 (c), modes 1
and 2 are the contributing modes maxing out at modal
significance close to 0.20. Compared to the other two
probes, the T-probe has more modes with higher modal
significance which indicates that it is the least reactive
feeding structure. This is a desirable feeding structure
feature and also explains why the T-probe is expected
to achieve the highest impedance bandwidth. The fact
that the modal significance of all the probes is relatively
low at less than 0.20 indicates that they will not
contribute much to the radiation of the entire antenna,
which is another desirable feature in feeding structures.
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Fig. 4. Modal significance of different excitation feeds:
(a) vertical probe, (b) L-probe, and (c) T-probe.
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I11. OPTIMIZED IMPEDANCE
BANDWIDTH OF U-SLOT PATCH
ANTENNA

Figure 5 shows the VSWR < 2 bandwidth for the
3.9 GHz U-slot patch design with 3 different probes
(dimensions shown in the first three columns of Table 1).
Results from two electromagnetic solvers, namely FEKO
FEM and HFSS FEM, are shown for validation purposes.
The vertical probe in Fig. 5 (a) shows VSWR < 2
bandwidth of 21% between 3.55 GHz and 4.38 GHz.
The L-probe feed in Fig. 5 (b) shows VSWR < 2
bandwidth of 82% between 2.74 GHz and 6.58 GHz,
and the T-probe feed in Fig. 5 (c) shows VSWR < 2
bandwidth of 96% between 2.86 GHz and 8.16 GHz.
The simulation results of the two solvers are in good
agreement.
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Fig. 5. Simulated VSWR for U-slot patch antenna with
different excitation feeds: (a) vertical probe, (b) L-probe,
and (c) T-probe.

The small substrate thickness of 7.62 mm used in
the T-probe fed antenna design simulation of Fig. 5 (c)
was not available for fabrication. Also, the horizontal
probe arm of the T-probe was modeled as a rectangular
PEC sheet sandwiched between two substrate layers due
to lack of proper instrumentation to fabricate a T-shaped
probe. Therefore, a bigger patch antenna with thicker
multilayered substrate was fabricated for a 2.0 GHz
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design frequency, instead. The dimensions of the
fabricated T-probe fed U-slot patch antenna are shown
in the rightmost fourth column of Table 1. Figure
6 shows the measured and simulated VSWR < 2
bandwidth of the fabricated antenna. As seen in Fig. 6,
measured VSWR < 2 bandwidth of over 71% between
1.8 GHz and 3.8 GHz is realized, though bandwidth can
be improved between 2.2 and 2.4 GHz. Also, a higher
VSWR < 2 bandwidth between 1.8 and 4.8 GHz could
be realized if it was not for the oscillations around 2.3,
3.9, and 4.5 GHz. These oscillations are mainly due to
the thicker substrate used in fabrication which introduces
more surface waves that scatter at substrate edges. The
slight discrepancy between the measured and simulated
results in Fig. 6 can be attributed to fabrication
inaccuracies and manufacturing tolerances, otherwise
the pattern demonstrated by the two curves mostly
agree.

6.0

—A— HFSSFEM
=3- Measured

3.0 35 40
Freq [GHZ]

Fig. 6. Measured vs simulated VSWR of fabricated T-
probe fed, U-slot microstrip patch antenna with g = 4.4
substrate. Inset: image of fabricated antenna.

1V. CONCLUSION

In this paper, the Theory of Characteristic Modes
has been used to find the ideal excitation feed to excite
the highly radiating structure of the U-slot rectangular
patch on g = 4.4 substrate to achieve the most radiation
and impedance bandwidth. Different excitation feeds,
namely the vertical probe, L-probe, and T-probe were
analyzed to determine the least reactive excitation feed
structure, which will excite the modes contributing to
the optimum resonant behavior of the U-slot patch
antenna. Simulated and experimental results show that a
single T-probe feed excites the most number of modes
and achieves impedance bandwidth in excess of 70%.
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