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Advanced Statistical 3D Models of Composite Materials
for Microwave Electromagnetic Compatibility Applications

Sébastien Lalléchére

Université Clermont Auvergne, CNRS, SIGMA Clermont, Institut Pascal, 4 av Blaise Pascal, F-63178 Aubiére
sebastien.lallechere@uca.fr

Abstract — This article describes advanced tridimensional
time domain tools for characterizing composite structures
in EMC context. Because of current high interests from
industrial areas (e.g., automotive, and/or aerospace),
many domains are demanding for reliable and accurate
numerical tools to characterize such materials. In this
framework, a particular care is granted to mixing theories.
This article will demonstrate the interest of trustworthy
statistical tools to check at the same time the validity of
electromagnetic mixing rules and to realistically calibrate
these models.

Index Terms — Composite material, computational
electromagnetics, electromagnetic compatibility, shielding
effectiveness, time domain modeling.

L. INTRODUCTION

Composite materials are being extensively used for
almost fifteen years in various areas such as transport
(for instance automotive, aerospace, railway) [1, 2],
communication [3], and energy [2]. Due to increasing
environmental constraints (e.g., regarding sources of
perturbations: crosstalk, grounding [1], lightning [2],
wireless  communication  [3]), ElectroMagnetic
Compatibility (EMC) requirements are more and more
demanding for accurate and efficient characterization
(with experimental and/or numerical tools) of these
mixed materials. In this framework, many studies were
proposed to model shielding performances of reinforced
materials including enclosures with composite thin sheet:
for instance based upon Finite Element Method (FEM)
technique [4], Discontinuous Galerkin Method (DGM)
[5], or experimental device with carbon-nanostructured
composites in [6]. It is to be noted that relevant modeling
processes are needed in that context, especially relying
on time domain methods [7]. Indeed, on the one hand,
since composites made of resin matrix and high strength
fibers (e.g., carbon, graphite, glass) are widely spread in
different industrial domains such as automotive [1], and
aerospace and wind energy [2], they require particular
care for electrical safety and functioning reasons. On the
other hand, assuming the conductivity and sizes of
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inclusions leads to competitive numerical issues. Indeed,
a priori weakly conducting particles are considered in
comparison to purely metallic shields, and high scaling
factors are observed since the sizes of inclusions are in
between 10° and 107 times smaller than EMC systems.
That is why mixing rules (part of Electromagnetic
Mixing Theory, EMT) have been recently widely used
for statistical developments [8] and numerical works [9-
12] to characterize the effective permittivity of composite
mixtures for different applications from scattering [8] to
EMC [5-7, 9, 10] throughout metrology [11, 12]. They
are mainly based upon classical unified mixing rule [8-
10] with different variations as developed in Section II.
The first aim of this contribution is to demonstrate the
interest of a tridimensional (3D) time domain automated
(with Matlab®) tool based upon Finite Integration
Technigue (FIT, CST®) for the assessment of the
electromagnetic attenuation (by computing Shielding
Effectiveness, SE) of biphasic mixed materials. It is to
be noted at that stage, that SE data will be computed from
T-solver (time domain FIT) simulations; although final
data are depicted in frequency domain (from Fast Fourier
Transformation, FFT). The second objective is to provide
first-orders statistical moments (i.e., mean and standard
deviation, std) of SE to face equivalent homogeneous
approaches (e.g., from Maxwell-Garnett, MG [8] or
Dynamic Homogenization Method, DHM [9]) with
proposed numerical modeling. This proposal is divided
into four sections following introductory part I: Section
Il details theoretical foundations from mixing rules,
whereas Section Il provides information regarding the
automated numerical procedure relying on time domain
FIT method. Finally, numerical results are given in
Section 1V, both validating our methodology and
successfully comparing it with advanced EMTs (e.g.,
DHM). Some concluding remarks are provided in last
Section V.

II. THEORETICAL BASIS
Mixing equations such as Maxwell-Garnet (MG),
Bruggeman-Rule (BR), or coherent potential rule [8, 9]
are wide spread and useful formalisms to avoid costly 3D

1054-4887 © ACES



numerical models. In this article, we will focus on
particular case of biphasic composite materials (two
phases i=1 or 2, respectively for matrix and conducting
inclusions; volumetric fractions are respectively given in
the following by n=1-vand v). For spherical inclusions,
the classical formulation involves a depolarization 3x3
tensor N, such as N is a diagonal matrix holding the
Cartesian terms (N,)T, where Ny=1/3 (u=x, y, or z) as
discussed in [13]. Relying on terms in relation (1),
the effective homogenized complex permittivity €, in
Cartesian direction u (x, y, or z) is given in [9] by:
1-v 14

g, = Elsw+N7i¢£sV1—sw)fszswﬂ\‘l/u(sz—sw)' (1)

£o0+Ny(£1—£00) ' €c0+Nu(€2—€c0)
where &, represents the complex permittivity of the
infinite medium. It is to be noted that according to
numerical test case proposed in [9, 13], the material
will be assumed to be low-loss (i.e., depending on real
permittivity and conductivity of the material). Without
any loss of generality, any kind of material may be taken
into account through &, parameter (e.g., Debye frequency
dispersive material as in [7]). The assumption &, = &, in
relation (2) leads to the classical MG formulation,
whereas DHM [9] offers to take into account the effect
of the size of inclusions by defining €, = &; + &,(d/ )%,
with A standing for the wavelength in the effective
medium, and d is the characteristic dimension of the
inclusions (diameter here). Previous works in [9, 13]
have demonstrated that for cylindrical fibers, a = 2
offers very accurate performances to predict effective
properties (2D Finite Element Method, FEM, was
considered as reference tool). Previous results were
confirmed in [10], where the authors used 3D frequency
solver FEKO®© to model semi-infinite structure. In
this context, few studies were proposed to model 3D
configurations involving micro- or nano-inclusions; an
interesting piece of work was given in [11] including
Monte Carlo (MC) generation of fibers and simulation
with FEM (COMSOL®) for extracting the medium
conductivity.

III. NUMERICAL METHODOLOGY

As aforementioned, few works may be found
regarding use of 3D electromagnetic tools to simulate
random heterogeneous media. Due to the large frequency
bandwidth required in this study (from 0.1 to 60 GHz),
it is proposed to use time (T-) solver from CST®
Microwave Studio. Baer et al. have proposed this solution
for metrological work in [11] from 18 to 26 GHz, with
periodical inclusions and waveguide.

The characteristics of time simulations (CST®) are
summarized in Fig. 1. The details are given as follows:
transient FIT solver (total duration is 400 ps); plane wave
source from 100 MHz to 60 GHz, size of the composite
(including spherical conducting inclusions as given
in Fig. 2 (a)) parallelepiped is 1x1x6 mm3; minimum

LALLECHERE: ADVANCED STATISTICAL 3D MODELS OF COMPOSITE MATERIALS

elementary meshes are 13 nm while the convergence
of 3-D meshing was ensured (data not shown here);
computing time for Intel Xeon 4 cores processor is less
than 3 hours (including generation of random inclusions,
launching simulations, and final extraction of SE results
via FFT of E-field simulation, see Fig. 2 (b): 600
frequencies equally distributed from 0.1 to 60 GHz) per
test case. From [8], SE is defined as the ratio between
electric (E-) field at a given location z (see Fig. 1, E-field
probe) and frequency f in absence (E®) and presence (E®)
of composite structure. In this framework, the SE (i.e.,
attenuation here) of the modelled medium is defined as:

s£G. ) =E ED e, oy @

Source plane wave
[100 MHz; 60 GHz]
i

« Composite » slab

matrix & inclusions |

CSTE periodical
boundary conditions

Fig. 1. Numerical setup of the 3D time domain model
including source, boundary conditions, and composite
sample (size, lossless epoxy resin, & = 5¢,; hidden

spherical inclusions inside withe, = gyand o, = 1000SM).

|

‘ Dielectric |

resin

o
w

matrix

wn

Electric field [V/m]

Conducting [-Normalized E-field at sensor’s location

inclusions [ (p) b o 6z 03 0.4
ime [ns

(@)

Fig. 2. (a) Sectional view (xo=0.1 mm) of one random
mixed structure; the volumetric fraction of inclusions is
v = 0.10 with constant radius of spheres (r=0.05 mm).
(b) Normalized E-field at sensor’s position (see Fig. 1)
computed in time domain with CST®.

IV. STATISTICAL ASSESSMENT OF
SHIELDING EFFECTIVENESS

This section is devoted to the presentation of
numerical results obtained. In a first subsection, the
relevance of the model will be checked in comparison
to MG and DHM formalisms for various volumetric
fractions of inclusions (here v = 0.01, 0.05, 0.10). In a
second step, SE statistics computed from the proposed
technique will provide information about the impact of
assuming random sizes of inclusions.
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A. Relevance of the model from MG and DHM

Ten CST® models according to Figs. 1-2 were
generated in this section, and SE mean and std were
extracted for three volumetric fractions: v1=0.01, v,=0.05,
and v3=0.10.

Figures 3-4 show the results obtained considering v
and vs (see Fig. 5 for volumetric rate vy in Subsection
IV.B). By assessing a limit of validity, the results
validate MG formalism (bold crosses) in frequency.
Thus, a good accordance is observed between SE
statistics (plain curve and error bars) from numerical FIT
modeling and MG mixing rule (transmitted E-field and
SE are analytically computed from [14]). Results agree
well respectively up to 25 and 15 GHz for cases 1» and
v (case w1 provides good agreement with MG almost
over the entire frequency bandwidth, data not shown
here). Based upon DHM [9] principles, an optimized
value y=1.92 was extracted (close to y=2 proposed in [9,
10] for cylindrical infinite straight fibers). As depicted in
Figs. 3-4, an excellent agreement is observed between
homogenized SE from DHM and 3D time domain FIT
models.

1
# MG homogeneous material; v, = 0.05 !
i
1.7] CST with inclusions; v, = 0.05 HHT-
+ DHM homogeneous material; v, = 0,05[ -l“'

=16 2 FYIL .
o | : i ot
2 15 H ".. 3 _ 4 + ':

Ry 1 it ] T+ T
.E - h :*: %4 L 3
& 1.4f-- ---—----#--- ----- e .i'\-----*ﬁ bt TN T
i 4k RN #d o ATty N
2 1af-y-it R SR L. 3N Jal_ %3 [
h=l ® » s
o L] * + + L] .4 3 - ﬂ".
F L \ & » 5 b
® 1.2 e [ »» +5 F

¥ bl . L o
11 i : i = v
e "
tir *
+ ; t L <
10 15 20 25 30 35 40 45 50 55 60

Frequency [GHz]

Fig. 3. SE of composite structure (1.=5%) respectively
from MG (bold dark green crosses), DHM (thin black
crosses), and statistical FIT modeling (plain green line).

29

# MG homogeneous material; v, = 0.1
— CST with inclusions; vy = 0.1

» DHM homogeneous material; vy = 01

)

o
v

Shielding Effectiveness [-]

o
loe— 2

P A :
R voiv T

LA
10 15 20 25 30 35 40 45 50 55 60
Frequency [GHz]

Fig. 4. SE of composite material (15=10%) respectively
from MG (bold dark pink crosses), DHM (thin black
crosses), and statistical FIT modeling (plain pink line).
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B. Influence of random sizes and locations of spherical
inclusions

This subsection is devoted to the presentation of
results obtained when assuming both random locations
and sizes of inclusions inside resin matrix. To this end,
the automated procedure between Matlab® interface
(randomly generating both sizes and locations of
spherical radii with MC) and CST® was enriched: the
complete automation of the procedure avoided any
trouble when defining 3D models, launching time
domain simulations, post treatments of data). Without
any loss of generality, radii of spheres were assumed to
be uniformly distributed (r = 0.050 + 0.010 mm, see
caption in Fig. 5). Figure 5 shows the influence of
randomizing sizes of inclusions (dashed blue line) in
comparison to solely taking into account random
location of inclusion inside resin matrix (plain red line).
It is to be noted that the analytical results from DHM
agree very well with time domain 3-D simulations.

1.

—— CST with inclusiens (random locat.; constant r=0.05mm; v, = 0.01)
---- CST with inclusions (random locat.; r follows U[0.04mm;0.08mm]; v, = 0.01)
O Analytical DHM (v, = 0.01)

3]

e
e

Shielding Effectiveness [-
O R
3"-9-.-9_6__‘
.e—ﬂ"'e
:-e-,e_

v g
‘i R ALY
¥ ¥

5 10 1 20 25 30 35 40 45 50 55 60
Frequency [GHz]

Fig. 5. Impact of assuming random law (uniform
distribution between 0.040 and 0.060 mm) for the size of
spherical inclusions (volume fraction 11=1%): constant
radius r=0.050 mm (bold red line), random distribution
of sizes (thin blue line), and analytical homogenized
DHM data (black circles).

Figure 6 provides qualitative and quantitative results
by assessing the effect of random generation of
inclusions for volumetric rate 11=0.01. As it is the case
in Fig. 5, SE std offers an overview of the statistical
dispersion of results from 0.1 to 60 GHz. This is higher
for test case including random dimensions of spherical
inclusions (thin blue line) than where spheres’ radii are
assumed constant (r=0.050 mm). Despite all, the
reproducibility (and the relatively low coupling effect of
inclusion due to their vicinity) leads to weak levels of SE
std. Indeed, the averages over the whole frequency band
of SE std are respectively 0.0047 and 0.0081 (far weaker
than mean levels of SE around 1.2, see Fig. 5). Finally,
Fig. 6 confirms the very good agreement between SE
statistics from FIT modeling (CST®) and DHM (taken



from same optimization than in Section IV.A) mixing
formalism.

0.0:

==r=0.05 mm; v, =0.01
—runiformly distributed [0.04 mm; 0.06 mm]; v, =0.01

- I
Tl
A
MV BVER

 —
5 10 15 20 25 30 35 40 45 50 55 60
Frequency [GHz]

Shielding Effectiveness Standard Deviation [-]

Fig. 6. SE standard deviation (10 CST® simulations, see
Fig. 4) with random locations of inclusions and: (red)
constant spherical radius (bold line); (blue) random radii
of spheres (thin line).

V. CONCLUSION

This article proposes an automated procedure
relying on time domain modeling of composite biphasic
mixture. It has been validated with regard to classical
mixing rules (here Maxwell-Garnett) and offers a statistical
overview of the SE of micro-structured composites. The
automation of the entire procedure provides useful
information about the statistical dispersion of results,
jointly with numerical trustworthy data to calibrate
advanced homogenization model, such as DHM. Some
additional works are nowadays in progress to extend
current study to: alternative shapes of inclusions, different
electrical characteristics (e.g., conductivity, complex
permittivity modelling) of particles and multi-physics
issues (thermal and mechanical ones for instance), and
modeling of realistic EMC issues including frequency
dispersive materials as it is the case in [7]. The proposed
methodology could be useful in different domains
including antennas and propagation, plasma, metrology,
and remote sensing.
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Abstract — In this paper, a new configuration of broad
band circularly polarized (CP) array antenna is presented
by a modified feeding network The proposed feed
network includes two hybrid 90-degree branch line
coupler and a 180-degree rat-race coupler. The feed
network of array provides sequential rotation condition
for consisting of four L-shaped microstrip lines which
coupling through four ring-shaped slots. Each element of
array is printed on two layer of substrate which connected
together with a ring aperture. Employing wideband CP
elements and feeding network structure causes the
creation of innovation at CP array. The 3dB axial-ratio
bandwidth of the array extends to approximately 650 MHz
with impedance bandwidths of 24.7% for C-band
applications and a relative high gain of about 10.2 dBic.
The performance of the antenna has been approved by
comparing between measurement and simulation results.

Index Terms — Aperture-coupled microstrip-line fed,
array antenna, circularly polarized.

L. INTRODUCTION

Recently, the use of circularly polarized (CP)
antennas have advantages such as: very effective in
combating multipath interferences or fading, able to
reduce the “Faraday rotation” effect due to the ionosphere
and no strict orientation between transmitting and
receiving antennas are required [1-15]. Therefore,
circularly polarized antennas play a key role in many
wireless applications, such as RFID systems, satellite
communication and navigation systems. These antennas
have more popularity because of their better mobility and
weather penetration [1-7]. Microstrip technology with
light weight and easy fabrication as a choice is
constructed. But, the inherent narrow axial-ratio (AR)
bandwidth and low gain of the microstrip antenna leads
to limit their applications. The printed CP slot antennas
attract much attention due to their capabilities of
providing wide impedance and AR bandwidths while
maintaining the low profile [1-15].

Hitherto, many attempts to improve them have been
reported [2-7]. A feeding mechanism for patch antenna

Submitted On: March 2, 2017
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with circular polarization is proposed that has a feeding
geometry, which is an integration of a hook shape feed
line and four I'-slots, a 2x2 sequentially rotated CP slot
patch antenna array using a microstrip-line-to-asymmetric-
CPW feeding network has been presented in [2]. In [5],
a design of a circularly polarized array using a two
section cascaded coupler feeding system for creating
broadband circular polarization performance has been
presented, which feeding network of the array is
composed of a 180° ring hybrid coupler connected to the
two branch-line couplers generating circular polarization.
Despite the reported works can improve 3-dB AR
bandwidth, they often suffer from large size and low
gain.

25

@)

Parasitic Patch

Top Substrate
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| > Y &« Conductor
[ <SNE

-

/ -
Ring-shaped Slot ———
/<\

Bottom Substrate

CP L-Shaped Patch

Impedance Transformer

(b)

Fig. 1. Configuration of the proposed CP array antenna
elements: (a) top view and (b) perspective view.

To addressed mentioned problems, in this paper a
novel CP array antenna is presented. The proposed
antenna consists of four single elements which each of
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elements includes two layers of substrate which by aring
slot feed and radiation patch isolated from together. A
cascade feed network includes two branch line and a rat-
race coupler provide sequentially rotated conditions.
Results and details of proposed antenna are discussed in
following sections.

Table 1: Comparison of the proposed antenna size
and measured characteristics with other references; the
impedance bandwidth is for a frequency range where
the VSWR < 2, and ARBW is the 3-dB axial-ratio
bandwidth

Ref Size BW 3dB ARBW cP;Z?E

1 (mmd) (GHz) GHD) | i
[8] | 70x70x1.60 [0.85 (1.75-2.6) | 0.4 (L.7-2.1) | 3.7
[9] |70x70x1.60| 0.20(1.5-17) | 0.3(15-1.8) | 35
[10] | 70x70x1.60 | 0.80 (1.6-2.4) | 0.2 (1.8-2.0) | 35
[11] | 60x60x0.76 | 0.80 (1.7-25) | 0.7 (1.8-25) | 35
[12] | 60x60x0.74 | 1.40 (1.6-3.0) | 0.7 (2.3-3.0) | 4.0
[15] | 30x30x0.80 | 1.2 (4.9-6.1) |0.5 (5.25-5.75)| 3.7
VTVQ'ri 25x25x1.4 |1.11(4.87-5.98)| 0.63 (5.17-5.8) | 5.8

II. ANTENNA ELEMENTS

Construction of CP array elements is displayed in
Fig. 1. The proposed elements are consisted of two layers
of FR4 substrate with relative permittivity of (=) 4.4
and loss tangent of (tand=) 0.02. In order to reduce
radiation loss and improvement of radiation characteristics
of the patch, the thicknesses of bottom and top substrates
are chosen to be 0.8 mm and 1.6 mm, respectively (Figs.
1 (a), (b)). At the bottom side of the array elements, a
thin microstrip line with a length of 4.25 mm and width
of 0.2 mm acts as an impedance transformer between the
CP L-shaped antenna and the 50 Q microstrip line along
the y-axis. Between the two substrates, a metallic layer
including a ring-shaped slot which performs as an
aperture slot is created. The bottom layer of single
element consists of a L shape feed line which among a
ring aperture slot between two substrates couples to
upper patch. The size of ring aperture is regulated so that
provides a 90-degree phase difference in two point of
excitation by L-shape feed toward top patch. At top
layer, in order to improve CP features two opposite
corner of rectangular patch is chamfered. The results of
single element are illustrated in Fig. 2. As it is shown,
the impedance bandwidth is 4.87 t0 5.98 GHz (Fig. 1 (a))
with 630 MHz 3-dB AR bandwidth (Fig. 1 (b)). The
proposed antenna with an almost constant gain in all
of IBW generates a broadside pattern (Fig. 1 (c)), as
expected. The proposed single element has an area of
625 mm? (25 mm x 25 mm), which is significantly less
than the previously published slot antennas as summarized
in Table 1. Compared to other types of CP slot antennas

RAFIEL SAYGIN, KARAMZADEH: CIRCULARLY POLARIZED APERTURE-COUPLED MICROSTRIP-LINE FED ARRAY ANTENNA

fabricated on the same substrate the proposed antenna
exhibits an impedance bandwidth which is significantly
larger and with no reduction in the gain performance, as
well as having a larger circular polarization bandwidth.
The gain is comparable to previous designs.

4.5 5 5.5 6 6.5
Frequency (GHz)

)
=
.8
<
O
3
.2
5]
o~
=
=
<
0 [ [ I
4.5 5 5.5 6 6.5
Frequency (GHz)
(b)
,-. -

-180

©

Fig. 2. Results of the proposed CP array antenna
elements (solid lines are CP right hand, dash lines are
CP left hand, blue lines are at ¢=0° and red lines are at
©=90°). (a) The simulated S;1, (b) the simulated gain and
axial ratio, and (c) a normalized simulated radiation
pattern at 5.5 GHz.

III. ARRAY ANTENNA DISCUSSION

The feed network and array antenna designed and
optimized by using Agilent Advanced Design system
(ver.2012) and Ansys HFSS (ver. 13), respectively. In
order to enhance the 3-dB axial ratio bandwidth and
pattern balance, elements rotations must be changed as
much as 90° between the adjacent elements and 180°
between the opposite ones, and phase delay of the feed
line has to be changed according to the elements rotations,

1118



1119

respectively. The details of the configuration and feed
network of the proposed CP array antenna are displayed
in Fig. 3. As shown in Fig. 3 (a), the feed network uses a
180° ring hybrid coupler to realize a 3 dB power split,
equal in magnitude, but 180° out of phase. Two branch-
line hybrid couplers then divide the signal energy into
two paths and give the signal to each of the output
branches with the same amplitude, but phase-shifted by
90°, wherein the relative phases at four feed points are
0°, 90°, 180° and 270°.

branch-line
hybrid coupler

rate-race hybrid
muplelg
) o 0
input 0 90

0 o0

branch-line
hybrid coupler

parasitic patches

-

Ring-shaped Slots
= '
Middle
Conductor

Top Substrate

Bottom

~Substrate

Feed
Network

112

Fig. 3. A configuration and feed network of the proposed
CP array antenna: (a) top view of feed network, (b)
perspective view of the proposed CP array antenna, and
(c) top view of the proposed CP array antenna.

A perspective and top view of the proposed CP array
antenna are shown in Fig. 3 (b) and Fig. 3 (c) respectively.
The scattering parameter of the proposed array antenna
is measured by the Agilent™ 8722ES vector network
analyzer. The CP array antenna achieves measured
impedance bandwidths from 4470 to 6670 MHz for
C-band applications with S1;<-10 dB, as demonstrated

ACES JOURNAL, Vol. 32, No. 12, December 2017

in Fig. 4 (a). The comparison between simulated and
measured AR and gain of the proposed array antenna are
shown in Fig. 4 (b). The measured AR bandwidth of the
array is 650 MHz between 4870 MHz to 5520 MHz.
Minimum point of the axial-ratio curve is at 5000 MHz
with a magnitude of 1.67 dB. The proposed array has a
peak gain of 9.85 dBic at 6.24 GHz. A standard linearly
polarized waveguide BJ320 was used to measure the
total gain characteristics. The measured results of the
normalized radiation patterns of the array at 5 GHz are
presented in Fig. 4 (¢). The RHCP and LHCP radiation
patterns of the array are obtained at ¢=0° and =90°. The
array antenna size is 97 mm x 112 mm. Also a photograph
of the fabricated antenna is shown in Fig. 5.
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Fig. 4. Results of the proposed CP array antenna (solid
lines are CP right hand, dash lines are CP left hand, blue
lines are at ¢=0° and red lines are at =90°). (a)
Comparison between the simulated and measured S,
(b) comparison between the simulated and measured gain
and axial ratio, and (c) normalized measured radiation
pattern at 5.5GHz.



Fig. 5. Photograph of the fabricated antenna.

The design when compared with the previous
CP array structures with sequential feed network and
arc feed-line presented in Table 2 show significantly
increased impedance bandwidth and axial-ratio bandwidth,
i.e., the impedance and AR bandwidth are, respectively,
more than three and two fold wider than the previous
designs.

Table 2: Comparison of the proposed feed network
structure and measured characteristics with other array
antennas

Feed Impedance PG
Ref. Network BW ARBW (dBic) Substrate
Asymmetric|  0.80 0.80 N
811" “cpw | (11-19) | (u1-19) | 70| FRA
[14] Aperture 0.80 0.60 15 Rogers
Coupled | (1.6-2.4) | (1.7-2.3) 5880
Symmetric 1.7 147
[15] Microstrip | (4.5-6.2) |(4.75-6.22) 7.2 FR4
This 2.2 0.65
work| C%C%€ |4 4706 67)| (4.87-552)| 102 | FR4

IV. CONCLUSION

In this paper, a two layers CP array antenna using
the cascade feed network for C-band application is
presented. The feed network by special structure which
consists of two 90-degree couplers and a 180 degree
couplers can be realized a broadband sequentially rotated
condition. The single elements of antenna have been
designed on two layer which isolated feed network and
radiating patch by a ring slot. The patch of antenna to
provide better CP feature was chamfered in two opposite
corner. Proposed antenna compared with other works
and indicated that proposed antenna is better than they
from most aspects.
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Abstract — A broadband dual-polarized antenna is
proposed for TD-SCDMA system. The dual-polarized
antenna is combined with two perpendicularly crossed
dipoles. Crossed dipoles can reduce the same frequency
interference and improve the signal reception effect. The
isolation of this dual-polarized antenna is greater than
25 dB for co-polarization and 28 dB for cross-polarization.
The measured results demonstrate that voltage standing
wave ratio (VSWR) is no more than 1.3 at the operating
frequency and the antenna has an average gain of 8.3 dBi
for slant polarizations. That is, our proposed antenna
meets the requirements for stringent design. We use array
antenna technology based on the requirements of gain
and beam tilt. A 5-element dual polarized antenna array
is realized by 5-way unequal power divider at 1880 -
2635 MHz. The antenna gain of the array is about 12.5 dBi
for different polarization. In numerical and measured
results, the specific design methods and ideas of antenna
and power divider are presented. As we can see from the
test results, the antenna presented in this paper is far
better than the industry standard.

Index Terms — Array, base-station antenna, dual-
polarized antenna, TD-SCDMA system.

I. INTRODUCTION

In the past 30 years, it has been witnessed a
tremendous success of wireless communication in the
global market. Even after decades of fast growth, the
number of cellular devices is still steadily increasing,
surpassing the population in some countries due to
consumers’ need to stay connected wirelessly. For
instance, since China Mobile commercially launched
TD-SCDMA 3G in 2009, statistics data reveals that there
have been more than 2.3 hundred million TD-SCDMA
subscribers until April 2014 [1].

One of the key components in wireless mobile
communication systems is the base station antenna, which
plays a critical role in converting the electromagnetic
waves that propagate in free space to electric current in
the base station’s circuitry [2- 4]. With the development
of various generations of wireless mobile communication
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systems [5], researchers have achieved numerous
milestones for different standards of base station antennas
used in many wireless communication systems including
advanced mobile phone service (AMPS) system, GSM,
CDMA, TD-SCDMA,WCDMA, CDMA2000, and Wimax
[6-10], as well as 4G (LTE / LTE Advanced) base station
antenna [11, 12]. In addition, most of related work on
base station antenna design focuses on the miniaturization,
broadband, dual frequency band [13, 14, 15], and smart
antenna characteristics. The smart antenna technology is
used to replace the conventional antenna to improve the
spectrum efficiency. It has spatial filtering to the beam
from all directions, which improves the reliability of the
system. According to the specifications of Table 1.

Table 1: TD-SCDMA antenna specifications
Frequency 1880 - 2635 MHz
VSWR <15
> 28 dB (cross polarization);
> 25 dB (co polarization)

Ports isolation

Front-to-back ratio > 25 dB
Cross polarization ratio | > 15 dB (0 deg)
Gain > 12.5 dBi
Angle of inclination | 6 deg

II. DUAL-POLARIZED ANTENNA DESIGN

A. Antenna element design

The configurations of the proposed antenna element
operating at 1880 - 2635 MHz are illustrated in Fig. 1.
For a better description of the antenna element, the x-y
plane is defined as the horizontal plane (H-plane) and x-
z plane as the vertical plane (V-plane). Radiator arm is
a square ring type structure, which is not only expand
the radiation unit band width, but also greatly reduce
the weight, material and cost. The brace is a quarter-
wavelength Balun structure placed to make the current
on two dipoles balanced and to achieve the impedance
matching. Radiation arm is = 45° dual-polarization
integration, using traditional half-wave dipole form. L;
is calculated according to the half wavelength of the
center frequency point 2.2 GHz. The length of the Hs is
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slightly smaller than a quarter wavelength of the center
frequency. The rest of the size is optimized by HFSS
software simulation. The specific size of the antenna can
be seen in Table 2. Finally, the far-field of the antenna is
measured by an outdoor test system. The system is able
to measure the margin of the far field antenna pattern,
phase center, gain, beam-width and so on. It also can
automatically generate the test report. This system
consists of a holder, an antenna rotating pedestal system,
a vector network analyzer, a data-processing system,
and some computers. The model of the vector network
analyzer is Agilent E5017C, which is used to measure
the radiation pattern of the antenna.

Feeding
copper.

Radiator

Balun

Feeding copper

Balun _—3 D )

Hs Balun /
— == L.

Fig. 1. Structure of the element: plan, top and side view.

Table 2: Key size of the proposed antenna (unit: mm)
L1 Lz L3 L4 L5 Hl H2 H3 Wl WZ
49 | 20| 135|55(39|26| 8 |31| 2 |15

The simulated VSWR and gain of one unit is given
in Fig. 2. VSWR of two ports are less than 1.3 within the
working frequency band and the peak gain of the antenna
element is about 8.3 dBi.

B. 5-way power divider

5-element linear array is applied to enhancing the
gain of the antenna to meet the requirements. Antenna
has four rows of linear array since eight channels are
required by TD-SCDMA. Thus, 5-way power divider is
needed to meet the requirement. According to beam-
forming theory, the power ratio of each element is 0.6:
0.8: 1: 0.8: 0.6. Figure 3 (a) describes the impedance

calculation principle of 5-way power divider. The width
of each micro-strip line can be evaluated from impedance.
In the light of the required inclination angle, we can
calculate the phase of each port. In Fig. 3 (b), it is shown
that the specific phase calculation process.

VSWR
S

1.8 2.0 22 2.4 26 238 3.0
Freq(GHz)

Port1
[—— Port2|

8.4
8.3

18 2:0 2:2 2:4 2:6 2.8
Freq [GHz]

Gain (dBi)

Fig. 2. Simulated results of VSWR and gain for proposed
antenna element.

47.5Q 81.4Q

29.2Q
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300Q
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+Z _Z
@I—,—T@ |—_® - X +y |-y
@ ®

Fig. 3. Calculation principle of 5-way power divider:
impedance (upper) and phase (lower).

Spacing between each unit is approximately 110 mm
according to the 0.9 wavelength of center frequency. The
ADS software is used to obtain the simulation results of
the power divider. Figure 4 has shown the layout of ADS
design 5-way power divider. In Fig. 5 (a), both simulation
and measured data of VSWR are less than 1.12 and 1.25,
respectively. The simulated and measured phase curves
are shown in Fig. 5 (b), from which it can be seen that
two results have good agreement. From Fig. 5 (c), we can
see that the ratio of amplitude approximately as follows:
0.6:0.8:1:0.8: 0.6 (812: 313: Si1a: 815: 816)-

Fig. 4. Structure of power divider.
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Fig. 5. Simulated and measured results of power divider:
(@) VSWR; (b) simulated results of phase; (c) measured
results of phase; (d) simulated results of amplitude; (e)
measured results of amplitude.

C. Antenna array design
A dual-polarized antenna array with 4 x 5 elements
is developed for TD-SCDMA applications which is

ACES JOURNAL, Vol. 32, No. 12, December 2017

depicted in Fig. 6. The element spacing was optimized
for a maximum gain but without the appearance of
grating lobes. A 5-way power divider is employed to
feed the antenna array for each polarization. Flexible
coaxial line is used to connect each element for each
polarization to the power divider. The measured VSWR
of the dual-polarized antenna array are shown in Fig. 7.
The measured isolation is higher than 25 dB. The lowered
isolation for the antenna array compared to the antenna
element is mainly due to the coupling between two
adjacent antenna elements for different polarizations.
From the measurement in Fig. 8, the front-to-back ratio
and axial cross polarization ratio are 28 dB and 17 dB at
1.88 GHz, 27 dB and 20 dB at 2.025 GHz, 30 dB and
22 dB at 2.635 GHz, respectively. The measured gain of
antenna array are plotted in Fig. 9. The measured gain is
about 13 dBi, slightly lower than the simulated result due
to the losses from the power dividers and coaxial lines
which were not taken into account in simulation.

Fig. 6. Prototype of array antenna.

port1=1.31 port2=1.34
port3=1.36 portd=1.33
port5=1.29 port6=1.35
port7=1.4  port8=1.38

Fig. 7. Measurement of VSWR for different port.
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Fig. 8. Measurement for horizontal plane.
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Fig. 9. Measurement of gain for different ports.

III. CONCLUSION

A broadband dual-polarized antenna is proposed
for TD-SCDMA system. The dual-polarized antenna is
composed of two perpendicularly crossed dipoles. The
dual-polarized antenna has isolation of same polarization
greater than 25 dB and isolation of different polarization
greater than 28 dB. Measurements verify that this proposed
antenna can meet the stringent design requirements
including VSWR less than 1.3 at the operating frequency
and average gain of 8.3 dBi for slant polarizations. A
5-element dual-polarized antenna array is realized by 5-
way unequal power divider and the gain is about 12.5 dBi
for each polarization.
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Abstract — An ultra wideband (UWB) printed monopole
antenna with dual band stop characteristics is proposed
in this article. Distinctive feature of this antenna is the
notched band control ability with improved operating
bandwidth. By employing modified A/2 vertically
combined T and U-shaped conductor backed plane, a
sharp band notch is achieved with notched band of 3.3—
3.7 GHz. In order to obtain another notched frequency
band of 5.1-6 GHz, a rectangular spiral shaped /4 open
stub has been incorporated to the microstrip feed line.
Frequency rejection performance can be controlled
flexibly by varying various parameters and positions of
the corresponding band notched elements. Furthermore,
additional resonance at higher frequencies has been
generated by introducing a metal loaded complimentary
split ring resonator (MLCSRR) to the ground plane, so
that it provides enhanced usable fractional bandwidth
(2.6-13.9 GHz) more than 136%. The performance of the
proposed antenna is analyzed both in frequency and time
domain to assess its suitability in UWB communication.

Index Terms — Conductor backed plane, frequency band
notch performance, Metal Loaded Complimentary Split
Ring Resonator (MLCSRR), ultra wideband.

L. INTRODUCTION

Federal Communication Commission (FCC) has
assigned the frequency range from 3.1 GHz to 10.6 GHz
for ultra wideband (UWB) communication systems [1].
However, various band notched elements are applied to
overcome the electromagnetic interference of WIMAX
(3.3-3.7 GHz) and WLAN (5.15-5.825 GHz) in UWB
system. Conductor backed plane (CBP) is one of the
band notched elements. In previous literatures, different
geometries of CBP have been discussed so far such as I-

Submitted On: September 16, 2016
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shaped [2], H-shaped [3], W-shaped [4] CBP structures.
Introduction of split ring resonator (SRR) at the rear side
of patch is the similar approach for band rejection [5].
Another common way of band notch technique is the
application of open stub at the edge of the microstrip feed
line; ground plane or patch has been discussed in recent
investigation [6]. In this paper two different band notch
elements are employed for dual band rejection purpose.
First one is a vertically combined half wavelength T- and
U-shaped conductor backed plane. The main advantage
of the new modified CBP geometry is that it can
efficiently control the rejection bandwidth of WIMAX
frequency band (3.3-3.7 GHz) for deep and sharp
rejection. Another stop band element for WLAN
frequency band (5.1-6 GHz) is a quarter wave length
rectangular spiral shaped open stub in the microstrip feed
line. Bandwidth of the WLAN rejection band can be
controlled by varying the open stub distance from patch.
Moreover, a metal loaded CSRR is introduced to achieve
much wider impedance bandwidth, especially at higher
band. Metal loading technique with CSRR in ground
plane generates additional resonant mode which ensures
good impedance matching over the wide range of
frequency 2.6-13.9 GHz (VSWR < 2).

II. ANTENNA DESIGN AND
CONFIGURATION

The geometry of the proposed design with WIMAX
band-notched ability is illustrated in Fig. 1. Antenna is
printed on FR4 substrate with € = 4.4 and thickness of
1.6 mm, which consists of a simple rectangular radiating
patch, which is excited by a 50Q microstrip feed line.
To generate notch band around 3.5 GHz, a thin half
wavelength on the rear side of the patch is electrically
separated from the ground plane and patch. The conductor
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backed plane geometry is a vertical combination of
T- and U-shaped parasitic elements. The desired
centered rejection frequency frorch-wimax at 3.5 GHz can be

approximated as:
c

ZLCBP\/éTEff, (1)
where errt = (€+1)/2, ¢ = speed of light in free space,
e = relative permittivity of the substrate and Lcsp =
(Li+L3)/2+L>+2L4. Similarly, to reduce the interference
from the WLAN system, a rectangular spiral shaped
quarter wavelength open thin stub is inserted to the
microstrip feed line corresponding to the rejection
frequency at 5.5 GHz. The total length of spiral stub
(Lstus) can be calculated by the empirically approximated
formula as:

frotch-wimax =

c

4LgrypVereff’
where Lstug = X1+ Xo+Xa+ X4+ X5+ Xg+X7-Tt.

This work mainly focuses on the following two
issues:

i)  Proper control of filter bandwidth of rejection bands;
ii) Enhancement of impedance bandwidth using metal
loaded CSRR type defective ground structure.

Sharpness of the rejection mechanism completely
depends on the quality factor (Q-factor). Coupling gap
(dc) between horizontal arm of CBP and ground plane
acts as resonator and introduces capacitive effect which
offers series resonance band notch function around
3.5 GHz. Inductive reactance is offered by narrow metallic
strip of CBP and the capacitive effect of coupling gap
(dc) is termed of equivalent series RLC resonance circuit.
Strong coupling effect due to closer separation between
the horizontal arm of CBP and the ground plane produces
high capacitance value that conversely degrades that
Q-factor and enhances the rejection bandwidth around
3.5 GHz. On the other hand, closer gap between the
vertical arms of CBP significantly improves the
capacitance value which leads to high Q-factor and
sharp rejection around 3.5 GHz. At rejection frequency
(5.5 GHz), the open circuited stub draws more current by
presenting low impedance at its anchor. In case of
increasing separation, both equivalent capacitance and
Q-factor decrease which leads to the rejection bandwidth
enhancement around 5.5 GHz. Regarding the defective
ground structure (DGS), a rectangular complimentary
split ring resonator has been loaded to the inner periphery
of the ground plane with metal loading. In previous
literature, several DGS geometries have been presented.
In this work, an asymmetrical modified DGS is depicted
by using a thin metal shorting strategy on single
rectangular CSRR type DGS configuration. Additional
current path in ground plane due to the metal loaded
CSRR type DGS creates a resonance circuit. The
combination of current path due to metal shorting
effect and the presence of defect in the region of
high electromagnetic fields lead to smaller equivalent

)

frotch-wiLan =
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inductance and capacitance; hence, higher resonance
frequency can be obtained. This effect in turn leads to the
enhancement of the impedance bandwidth.
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Fig. 1. Configuration of the proposed antenna.

III. FREQUENCY DOMAIN RESULTS

A parametric study of the frequency domain
characteristics has been done by using Ansys HFSS
simulator.

A. Effect of dc & ds in rejection band controlling

Figure 2 shows the effect of dc and ds in controlling
of the bandwidth of individual rejection band around
3.5 GHz and 5.5 GHz.

——d.=2.0mm

=+=d.=1.5mm

=---d.;= 1.0 mm

VSWR

~ = d.=0.5mm

L

T T T T T
(a) 4 6 8 10 12 14
Frequency[GHz]
= = dg=2.0mm
[=-=dg=2.5 mm|

——d¢=3.0mm

VSWR

Frequency[GHz]

Fig. 2. Simulated VSWR for different value of: (a) d.
for controlling WIMAX rejection band, and (b) ds for
controlling of WLAN rejection band.

B. Enhancement of the impedance bandwidth

Figure 3 indicates the effect of CSRR with and
without metal loading. It is observed that when a narrow
metal strip is appropriately loaded with CSRR at optimum
position, additional resonance at 11.7 GHz along with
10.6 GHz produces much enhanced bandwidth extended
by approximately 3 GHz.
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Fig. 3. Simulated VSWR characteristics for the antenna
with and without metal loaded CSRR.

C. Variation of conductor backed plane parameter
and stub length

The WIMAX band rejection can be tuned by
changing the dimension of Ly, L,, Lzand L4independently
as shown in Fig. 4. Similarly, WLAN rejection band can
be controlled by varying the effective stub length Lsuwp,
as shown in Fig. 5. It is worthwhile to mention that there
is a low mutual coupling at two rejected frequencies
indicating that each rejection frequency can be controlled
independently.
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Fig. 4. Simulated VSWR with varying parameters: (a)
L1, (b) Lo, (c) Ls, and (d) La, (Lswp=10.4 mm).
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Fig. 5. Simulated VSWR for different value of Lsup
(L1=13 mm, Lo=7 mm, L3=7.6 mm, Ls=4.2 mm).

D. Experimental result for VSWR
Figure 6 illustrates the prototype of proposed UWB
band notched antenna with optimized dimension given
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|n mm;: Lsub:ZO, Wsub:20, Lf=7.5, Wf:2, LP=12, WP=10,
Lg=4, Li1=13, L,=7, Ls=7.6, Ls=4.2, g=3.5, d.=0.5,
dg=2.5, X1=2, X2=2.5, X3=1.7, X4=1.7, X5=1.2, X5=1.2,
X7:6, t=3.

Fig. 6. Prototype of proposed antenna.

The measured and simulated VSWR of the proposed
antenna with dual band notch characteristics are shown
in Fig. 7. The measured frequency range covers the
UWB range from 2.6 GHz-13.9 GHz with stop bands
3.3-3.7 GHz and 5.1-6 GHz, which cover the entire
WIMAX and WLAN frequency band.

H ===« Measured

Simulated

2 4 6 8 10 12 14
Frequency|GHz]

Fig. 7. Measured and simulated VSWR for the proposed
antenna.

E. Measured radiation pattern and peak gain

The normalized measured far field radiation patterns
are shown in Fig. 8. It is observed that H-plane patterns
are fairly omni-directional over the entire frequency
band and E-plane patterns are monopole like.
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Fig. 8. Simulated and measured radiation pattern for
the proposed antenna at: (a) E-plane 7 GHz, (b) E-plane
11 GHz, (c) H-plane at 7 GHz, and (d) H-plane at 11 GHz.



The measured peak gain of the proposed band
notched antenna is shown in Fig. 9. It is noted that the
proposed antenna exhibits gain variation from 0.2 dBi to
3.3 dBi, except two sharp dips at 3.5 GHz and 5.5 GHz.

/J//

Peak Gain[dBi]

Frequency [GHz]
Fig. 9. Measured peak gain for the proposed antenna.

IV. TIME DOMAIN STUDY

Figure 10 illustrates the magnitude of transfer
function and group delay characteristics between two
identical antennas placed 30 cm apart in face to face and
side by side orientation. In pass band, the group delay
variation is less than 1 ns and the magnitude of transfer
function is almost flat, which indicates the phase linearity
between two antennas. However, large variation of group
delay can be observed in stop bands with the sharp
decrease in transfer function magnitude |Szi1|, which is
due to the band rejection characteristics.
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Fig. 10. Measured magnitude of the transfer function and
group delay: (a) face-face and (b) side by side mode.
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V. CONCLUSION

A monopole UWB antenna with enhanced
impedance band width has been investigated and realized
with controllable frequency rejection band centered at
3.5 GHz and 5.5 GHz. Metal loaded complimentary split
ring resonator (MLCSRR) to the ground plane provides
much wider impedance band width (2.6-13.9 GHz). The
proposed antenna demonstrates superior performance in
terms of frequency and time domain and therefore, it can
be applicable in near future UWB wireless applications.
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Abstract — Planar antenna designs have many advantages
such as low-profile, light-weight, and ease of fabrication
and integration. Here, a planar slot antenna implemented
on ceramic substrate with coplanar waveguide feed is
considered. With absorber loading the design provides
50 Q input impedance over the frequency range 0.3-3 GHz
so it is considered ultra-wideband. This paper summarizes
a numerical investigation using both frequency and time-
domain solvers. The results serve to guide the future
analysis of broadband antennas with lossy dielectric
loading for ground penetrating radars. The evaluation of
radar performance requires further simulation and model
validation based on antenna measurements.

Index Terms — Ground Penetrating Radar, Method of
Moments, microwave absorber, planar slot antenna,
Time-Domain Finite-Difference.

I. INTRODUCTION

This paper investigates the numerical analysis of a
planar slot antenna in the time- and frequency-domains
using commercial solvers. FEKO (www.feko.info) is
used for the frequency-domain solver while the GEMS
Simulator (www.2comu.com) is used for the transient
response. In free space the time-domain solver can be
more efficient, but when calculating field penetration
into the soil the problem space increases substantially. In
addition, the time domain solver can have limitations or
reduced accuracy when loading the antenna with high
loss materials.

Planar slot antennas can have input impedance near
50 Q over a broad bandwidth (BW) without additional
impedance matching [1]. A metal reflector can also be
used to increase directivity, but introduces gain variations
as a function of frequency. For handheld ground penetrating
radar (GPR) applications, the embodiment considered
here is restricted in size to a 3-inch (76.2 mm) cube. A
model was constructed using FEKO to modify the baseline
shape resulting in an antenna size 75 mm (W) x 72 mm (L)
with SMA edge connector.

I1. ANTENNA DESIGN
The antenna is a coplanar waveguide (CPW) fed
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patch radiator exciting a rectangular slot. A broad
frequency BW slot can be obtained by careful design of
the structure exciting the slot and tapering the slot
corners. A common implementation was presented in [2]
shown in Fig. 1 (a), but the provided model parameters
were not consistent with the fabricated antenna. Some
parameters were modified resulting in the antenna model
in Fig. 1 (b). The CPW line appears to be designed for a
larger permittivity than described in [2]. The revised
antenna size was increased by a factor of three and
modified to improve the low frequency bandwidth as
shown in Fig. 1 (c) with the prototype shown in Fig. 1 (d).
The planar slot antenna with coaxial end-launch connector
is modeled with a thin wire or an edge port. The CPW
feed was adjusted to be on TMM10 having & = 9.2 and
tand = 0.0022 [3] with thickness 0.787 mm (31-mils). An
edge port was used with FEKO as can be seen in Fig. 1,
while GEMS used the same feed structure with a wire
port to represent the SMA connector. Multiple CPUs
were used with the required CPU times and RAM
adjusted to be for a single processor and for symmetry
when used. With this linear scaling GEMS required 1.53
CPU hours (0.22 GB RAM), while FEKO took 10.6 CPU
hours (0.52 GB RAM) for 151 frequencies. The GEMS
runtime was much shorter but only 27 far field patterns
were calculated (requiring 7.7 min). In general, the time
domain solver is more efficient for UWB antennas and
the impedance transformed to the frequency domain can
be done for an arbitrary number of frequencies.

This planar slot was simulated with FEKO and
GEMS over the frequency range 0.3—-3 GHz with the Si;
comparison shown in Fig. 2 (a). The FEKO and GEMS
results have similar frequency dependence and fair
agreement in amplitude, but neither fully captures the
measured impedance variations. GEMS obtains the
measured low-frequency behavior but without absorber
loading the antenna is not well matched. Adaptive or fine
meshing was used in both codes and the GEMS residual
signal converges to a level 54 dB below peak. Compared
to the measured data, GEMS obtains an artificial result
near 2.5 GHz, which is the largest error in return loss
obtained with the time-domain solver (15 dB), while
FEKO has a 3 dB discrepancy near 2.7 GHz.
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Over the required BW the radiation pattern is stable
becoming multi-lobed above about 3 GHz. However, the
E-plane pattern tilts forward near 3 GHz as can be seen
in Fig. 2 (b) where the realized gain at zenith is reduced
at high frequency owing to a tilted main lobe. The
measured boresight gain indicates a more tilted pattern
shape. The oscillations observed in the measured gain
are artifacts of the anechoic chamber being noise limited
at certain frequencies.

@ (b)

© (d)

Fig. 1. Planar slot antennas: (a) original design [2], (b)
modified version, (c) proposed design, and (d) fabricated
antenna.
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Fig. 2. Planar slot antenna on TMM10 substrate: (a)
return loss and (b) realized gain vs. frequency.

I11. ABSORBER LOADING

This structure has a larger impedance BW and
higher gain compared to the radiator only as a planar
monopole antenna. At low frequencies the antenna has
the radiation pattern of a dipole with the electric (E-)
field being parallel to the CPW feed. This antenna is
loaded with a lossy dielectric 2.5-inch thick to extend the
impedance BW to lower frequencies at the expense of
antenna efficiency. A 3-layer graded microwave absorber,
such as AN74 [4] is used with or without metal backing.
The high loss layer (e = 3 and tand = 2) is next to the
antenna with the middle and last layers having less loss
at & = 1.5 and tand = 0.5 and & = 1.4 and tand = 0.45,
respectively. This 3-layer absorber is simulated in
GEMS using &r = 3 with conductivity o = 0.24 S/m with
the same parameters used in FEKO for comparison. At
low frequency both representations are similar and
consistent with measured data. But as can be seen in
Fig. 3, the graded absorber better represents the
measured return loss above 1.5 GHz. The results indicate
that for GPR applications the antenna is poorly matched
at low frequency. The antenna transient excitation and
radiated field indicate some late time ringing which can
be mitigated by absorber loading. This loading requires
a tradeoff between impedance matching at low
frequencies and antenna efficiency and should be
measured to determine adequate radar performance.
Ground penetrating radars typically operate over a
decade impedance BW with antennas in close proximity
to the soil. Thus, the absorber loading and slightly tilted
main beam may not hinder performance for this
application.
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Fig. 3. Planar slot antenna on TMM10 substrate return
loss with microwave absorber.

The gain at zenith vs. frequency is shown in Fig. 4
without metal backing for constant conductivity,
o = 0.24 S/m. The results indicate that the absorber
parameters vs. frequency are not known exactly and
should be measured. The simulation results are in good
agreement but the measured gain is less than predicted
indicating higher loss than assumed. The results with
absorber and metal backing are shown in Fig. 5 where
the metal backing introduces gain variations with
frequency. The design requires a tradeoff between
impedance matching at low frequencies and antenna
efficiency. A customized absorber with known frequency
dependence may be required to optimize performance
with this antenna.

FEKO 0=0.24 S/m -------- GEMS

Measured

Realised gain (dBi)

o5 10 15 20 25 30
Frequency [GHz]

Fig. 4. Absorber loaded planar slot antenna realized gain
on boresight vs. frequency.
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Fig. 5. Absorber loaded slot antenna with metal backing
realized gain on boresight vs. frequency.

V. CONCLUSION

The UWB antenna is a critical component for GPR
systems and should radiate a sharp pulse with low
reverberation (ring down) from multiple reflections over
the antenna structure [5]. The design objective is
complicated by physically (and electrically) small
antenna requirements for hand-held systems. Both time
and frequency domain codes produce similar results
indicating that this antenna would require lossy dielectric
loading to avoid ringing from the edges. This is common
practice to sacrifice antenna efficiency for broad
impedance BW and flat gain response over the required
frequency band. Although some of the measured gain
variations are artificial, a frequency dependent absorber
will be used in future simulations to better capture the
measured frequency dependence.
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Abstract — In this paper, a compact microstrip low-pass
filter with elliptic-function response is presented. A half-
ring along with two half-elliptic patch resonators is
cascaded to design a compact low-pass filter with very
wide stop band and high selectivity in a small circuit
area. This filter has the stop band from 3.3 up to 27.57 GHz
with attenuation level better than -20 dB. The proposed
filter has low insertion loss in the pass band and stop
band, high return loss (RL), and very wide rejection in
the stop band, along with compact size and simple
configuration .The filter is designed, fabricated and
measured. Simulation and measurement results are
presented and compared to previous researches. The
results of simulations and measurements are in agreement.

Index Terms — Low-pass filter, microstrip components,
semi-elliptic resonator, semi-ring resonator, stop band
range.

I. INTRODUCTION

In new days microwave communication systems,
microstrip low-pass filter (LFP) has a vital importance
improving the performance of such systems. Compact
size low-pass filters with high rejection and low insertion
loss are important in developing the modern microwave
communication systems.

Recently, studies on low-pass filter have been
reported with different configurations in microwave
applications. To achieve sharp response, we use multiple
cells; these increments enlarge the size of the circuit and
insertion loss in the pass band region of the proposed
filter in [1]. In [2], the traditional low-pass filters produce
slow roll-off and narrow stop band. In [3], a microstrip
low-pass filter with a small size and mostly wide stop
band using cell resonator has been introduced. The main
disadvantage of this filter is the low rejection and the
existence of harmonic in the stop band. The presented
low-pass filter in [4] which uses the half-elliptic patch
resonator, in spite of having an appropriate sharp roll-off

Submitted On: March 1, 2015
Accepted On: December 13, 2015

and mostly wide stop bandwidth has a large size of the
circuit and an unsuitable return loss. The low-pass filter
in [5] which has been designed by the means of the
hairpin resonator contains a harmonic and improper level
suppression in the stop band having a high insertion loss.
Also, in this filter, the defected ground structure cannot
be etched on the metal surfaces. Compact quasi-elliptic
microstrip LPF in [6] does not have sharp response, and
has inadequate attenuation level in the stop band. The
presented LPF in [7] which has been designed by the aid
of half-circular and half-elliptic patch resonator is
proposed to achieve wide stop band and sharp response.
Despite the above mentioned advantages, the return loss
in the pass band and the size of the filter is not suitable.
The presented filter by the use of tub in hairpin resonator
with radial stubs in [8], despite its small size, contains a
low return loss in the pass band, and stop bandwidth with
-20 dB suppression level is unsatisfactory. In [9], there
is not sharp response and low insertion loss. In [10],
measured result show that the design filter has a better
than -10 dB stop band rejection but the new filters design
with -20 dB attenuation level. The results in [11] are
acceptable but quantity of cut-off frequency is about
4.24 GHz that is high value for design filter.

In this work, we have attempted to improve the
major filter parameters by decreasing the filter size,
simple configuration, decreasing the insertion loss,
increasing the return loss and rising the stop bandwidth
with a high rejection. The mentioned filter has been
designed and manufactured using a semi-ring resonator
and two semi-elliptic resonators with different size. The
stop bandwidth is from 3.3 GHz to 27.57 GHz with under
-20 dB suppression level. This filter was manufactured
after designing and the experimental results have been
measured. Measured and simulated S-parameters are in
agreement.

1. DESIGN OF PROPOSED FILTER
The designed filter is shown in Fig. 1 (a) and designed
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filter’s dimensions are as follows: R1=1.75mm, R,=4.25 mm,
L1=0.2 mm, Wo=g=0.1 mm. Figures 1 (b) and 1 (c)
illustrate the simulation results of Sy of the designed
resonator against Woand R.

Figure 1 (b) shows that by changing the value of Wy,
the location of cut-off frequency and transmission pole
can be controlled, with increasing of Wofrom 0.1t0 0.3 mm
with steps of 0.1 mm, transmission zero in 3.6 GHz will
approach the upper frequency. The effect of Rs on the
frequency response of resonator is shown in Fig. 1 (c).

It can be observed that the cut-off frequency is
affected by the R;. In fact, the existence of Ry is the basis
of the designed resonator. The performance of the
resonator is affected by the narrow line located along
with the radius of the semi-ring patch. The narrow line is
used to create equivalent inductance. Compared to the
microstrip resonator in [4] & [7] the proposed resonator
is more compact in size.

==}
ach
a8
w -40 ; —Wp =0.2mm
Wo =0.3mm
L 2 4 6 8 10
frequency[GHz]

O

=}
=, \ Y,
wg‘, -40 s

50 | with R; —0omm ‘\) [

%o —withRi-175mmp

0 : 4 6 g 1o
frequency[GHZ]
(©

Fig. 1. (a) Schematic diagram of the designed filter, (b)
simulation results for Sy1 with variation of Wy, and (c)
simulation results for Sy; with variation of Ry.

Compact size, simple configuration, high return loss
and low insertion loss in the pass band are the advantages
of the designed resonator. The designed semi-ring

ACES JOURNAL, Vol. 32, No. 12, December 2017

resonator has a low stop bandwidth which reaches to
high rejection level and ultra wide stop band with the
addition of two semi-elliptic resonators with different
size in series.

1. SIMULATION AND MEASUREMENT

Figures 2 (a) and 2 (b) show the designed filter and
fabricated filter respectively. Two other patches dimensions
are as follows: R3=3.49 mm, R,=3.73 mm, Rs=2.19 mm,
Re=2.03 mm, W1 =1 mm, W,>=0.45 mm, W;=1.65 mm,
L¢=0.7 mm, L,=0.4 mm, Ls=L4=0.2 mm, Ls=Ls=0.2 mm.
Simulated and measured results of designed filter are
illustrated in Fig. 2 (c).

In order to impedance match, a pair of open microstrip
stubs are fabricated at both sides of the LPF, so that the
50 Q impedance at the input and output ports of the
designed filter achieved, with the width W;=1.65 mm
and length Lf=0.7 mm.

For fabricating of the deigned filter, a substrate with
arelative dielectric constant &=2.2, thickness h=0.508 mm,
and loss tangent tand = 0.0009 is used. ADS used to
simulate the results of designed filter. Agilent network
analyzer N5230A is used to measure the S-parameters.
Figure 2 (c) illustrating the simulated and measured
results of the designed filter. It can be seen from figures
that the designed filter has -3 dB cut-off frequency equal
to 2.71 GHz, insertion loss less than approximate 0.3 dB
in the pass band from DC to 1.81 GHz, by return loss
about 16.55 dB and suppression level more than -20 dB
from 3.3 GHz to 27.57 GHz that shows we achieve a
ultra wide stop band and a proper suppression harmonic
in the designed filter. The transition band is 0.59 GHz,
from 2.71 to 3.3 GHz with -3 dB and -20 dB, respectively,
which shows that the designed filter reaches a proper
performance. The designed filter has a transmission zero
at 3.48 GHz with attenuation level of -57.66 dB. Compared
to the LPF in [7], our designed low-pass filter has 56%
size reduction (considering input and output ports),
along with 58% increase in stop bandwidth with -20 dB
suppression level, 43% improved in return loss and also
the configuration of the proposed filter is simpler than
those of in [7]. The designed filter size is 21.11x4.55 mm?.

(b)
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Fig. 2. (a) Schematic of the designed filter, (b) photograph
of fabricated filter, and (c) simulation and measuring
results.

Table 1 shows the performance comparison between

the proposed filter and other reported LPFs. In Table 1,
{ RSB, NCS, SF, AF, FOM and RL correspond to the
roll-off rate, stop band bandwidth, normalized circuit
size, suppression factor, architecture factor, figure of
merit and respectively [11]. The roll-off rate is given by:
Z — am?:_ ’;‘Cmml (1)

where o max is the 20 dB and o min is the 3 dB. F and f;
are the -3 dB cut-off frequency and -20 dB stop band
frequency. The relative stop band bandwidth (RSB) is

defined as:
stop band bandwidth

RSB = . 2)
stop band centre frequency
The suppression factor (SF) shows the stop band
suppression level divided by 10:

SF = rejectif(;l level (3)
The normalized circuit size (NCS) is defined as:
NCS = physical size (length ><w1dth)’ (4)

224
where Ay is the guided wavelength at -3 dB cut-off
frequency. The architecture factor (AF) is the complexity
factor of the circuit, which is defined as 1 when the
design is 2D and as 2 when the design is 3D. Finally, the
figure of merit (FOM) is the overall index of the
proposed filter, which is defined as:

RSBX { XSF
FOM = RSBX¢xSF
AF XNCS

()

Table 1: Performance comparisons between published
works and proposed filter

Ref. | Fc | C |RSB| NCS |SF| FOM |RL

(GHz) (dB)
7 |3.12 |30.35| 1.35 | 0.059 | 2 | 1388.9 |115
8 |1.67 |21.21| 142 | 0.010 | 1 | 3011.82 | 12
9 | 2 | 14 | 13500093 | 1 | 2032.25 | 11
10 | 2 | 439 |1.636] 00151 | 1 | 4788 | 13
This |5 71 |28.81] 157 | 0.0174 | 2 | 5199 | 16
Work

This filter can be used in applications in which a
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wide stop band is necessary. Experimental and simulated
results are in agreement.

IV. CONCLUSION

In this new designed filter, we have used a half-ring
resonator and two half-elliptic resonators in series. This
LPF is designed and fabricated in a way that is in a good
consistent with the simulation results and the experimental
sample. In the designed filter, parameters such as size,
stop bandwidth, configuration, return loss and insertion
loss have been improved. Return loss in the pass band is
about 16.55 and stop bandwidth with -20 dB suppression
level is satisfactory. Experimental and simulated results
are in agreement. The compact size and ultra wide stop
band of the proposed filter make it a good choice for
microwave communication systems.
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Abstract — Optical couplers, which are passive devices,
couple optic waves through optical waveguides and can
be employed in many applications, including power
splitters, optical switches, wavelength filters, polarization
selectors, etc. In this work, a simple, fast and instant
optimization design is presented for an optical
directional coupler based on Genetic Algorithms (GA).
This optimization design is preferred due to its
favourable usage and fast convergence capability.
Finally, the designed methodology has been analytically
and experimentally evaluated and the results show that
the GA is an advantageous method for designing an
optical element where the measurable data is obtainable
instead of complex formulas.

Index Terms — Genetic Algorithm, optical directional
coupler.

I. INTRODUCTION

An optical directional coupler, which consists of
two parallel optical fibers or two bent or one straight and
one bent optical fibers, is a four-port circuit element and
is fed by a laser or a light emitting diode at one of the
ports. However the data transmission is provided through
the other three ports. Due to interaction within the optical
fibers, there is a periodic exchange of power between the
two waveguides [1-6].

The IN 1 is the input port, OUT 1 is the output port,
OUT 2 is the coupled port and IN 2 is the isolated port,
as seen in Fig. 1.

OUT1

IN2

OUT2

coupling

length

Fig. 1. The general model for directional couplers.

The concept of coupled modes at electromagnetic
problems have emerged in the 1950°’s. The application of
the coupled mode theory to optical waveguides had
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started by Vanclooster and Phariseau [4]. Marcuse, who
worked on the interaction mechanism of parallel optical
waveguides, contributed to the literature on coupled
power equations [5]. The implementation of coupled
mode theory to the optical waveguides can be found
within Snyder and his working group studies. By
increment the importance of directional couplers,
especially after 1970, there are many studies in the
literature on this subject [6].

A simple, fast and evolutionary structural
optimization, which is based on Genetic Algorithms
(GA), is described for optimization part. This optimization
design is preferred due to its favourable usage and fast
convergence capability [7]. The GA method can be
applied by using a fitness function (FF). If the
optimization is a minimization problem, the FF can be
renamed as cost function (CF).

The remainder of this paper is organized as follows:
In Section 2, the coupling mechanism between two
optical directional coupler is analysed by using the
coupled mode theory and perturbation theory. The
interaction between the couplers, which consists of
identical, slab, parallel, weakly guiding, lossless and
uncladded optical waveguides, is analysed for a time
dependent term of exp(jwt). TE even and odd, TM even
and odd modes are determined in the slab and identical
optic guides [1-6]. The propagation constant change
is analysed to be used in the optimization as CF. In
Section 3, the applicability of GA optimization in the
optical directional coupler is investigated and concluded
successfully. The comments on the results are explained
in Section 4 and determined that the GA optimization
results are compatible with the modal analysis results.

II. COUPLING ANALYSIS IN OPTICAL
DIRECTIONAL COUPLER
In this study, the coupling is analyzed by using the
coupled mode theory and perturbation theory.
Perturbation theory is a mathematical method often used
to obtain approximate solutions to equations for which
no exact solution is possible, feasible or known. Detailed
information about perturbation theory for solutions in
optic can be found in [8]. Coupled mode theory is the
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perturbational approached analyses for the coupling of
the systems [1-6, 9].

The parameters for the proposed optical directional
coupler are seen in Fig. 2. The weakly guiding optical
waveguides are also thought to be weakly coupled to
each other and the approximate field expressions in wave
guides are adopted independent of polarization. In the
weak coupling analysis, process is facilitated through
ignoring the modes in the opposite direction. The
coupling will be investigated in space domain.

r Y core Iy
e I
yO—y
1'33
‘;X ‘;X
1 y
1
! fl
2d 2d
* "

1. Optical waveguide 2. Optical waveguide

Fig. 2. The coupling between two parallel, identical,
slab, weakly guiding, lossless and uncladded optical
waveguides. The power reflection coefficient versus
groove size.

The amplitude functions of the modes in the first and
second optical waveguides are given with the propagation
constants g for a time dependent term of exp(jwt) as
follows:

a(2)=a,ep(-jfz) =12 (1)

In lossless optic waveguides g values are real values

[9] and the analyses are in space domain as follows:

daj/z =-jpa;, )

where the coupling equations are:
da,/z =—jfay +Cpa,, ®3)
da,/z =—jpra, +Cyay. (4)

Here c12 and c1 are the coupling coefficients. cyz is
the effect of Il optical waveguide to | optical waveguide
per unit length, and c21 is the effect of | optical waveguide
to 11 optical waveguide per unit length.

TE and TM modes are examined as a result of
solving the Maxwell equations, Helmholtz equations and
boundary conditions through optical waveguides [1-6].

TE even and odd guided field definitions in the
waveguides in the core and the surrounding area
respectively are as follows:

ACES JOURNAL, Vol. 32, No. 12, December 2017

cos(xx) 0o<x<d,
A

E, = {sm(hx) , (5)
Bexp (- 7(x-d)) d<x<ow,

where « is the is the eigenvalue of core region and vy is
the eigenvalue of the region surrounding the cores.

TM even and odd guided field definitions in the
waveguides in the core and the surrounding area
respectively are as follows:

cos(kx) 0<x<d,
Aq

H, = {sm(xx) : ®)
Bop(-r(X-d) g<x<oo

The propagation constant change of identical modes
through identical waveguides in accordance with
Maxwell’s equations when the quadratic small terms are
neglected:

sp=22 [ - EEoay ()

P is the modes’ power, n; is the refractive index of the
first waveguide, nyis the refractive index of the second
waveguide, ns is the refractive index of the region
surrounding the cores. nyand ny are the equal values for
providing the identicalness. The propagation constant
change for TE even and odd modes is given below:

) 5 1/2 2
_Lo 2 2 y cos”(xd)
Aﬂ‘47("1 ”3{/32(1%)2} {sinz(zcd)} ®)

exp * (1) ep(— V),
and the propagation constant change for TM even and
odd is given below:

Af = a)zggnf(nf - n32) 1

4 [{d +

cos?(xd)
sin?(xd)
The modes corresponding to azimuthal mode number

v=1 are investigated for this study. Iz is the normalized
frequency and the relation is given as follows:

(xd), =V, = U% v=0123.

nZn2 k% +y?
y o ngel+niy? ) (g)

}emZ(yd)exp(—yU)-

(10)

III. GA OPTIMIZATION OF THE OPTICAL
DIRECTIONAL COUPLER
GA is an evolutionary algorithm that mimics the
natural evolution such as inheritance, mutation, selection
and crossover. The algorithm steps are simplified as:
e Randomly initialize the population and determine
the fitness.
e Repeat the following steps until best individual is
good enough:
o  Select the parents from the population,
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o Perform the crossover on the parents creating

the population,

o Perform the mutation of the population,

o Determine the fitness of the population.

GA has become a very popular optimization as it can
be employed to various areas and provide global research
in the solution spaces. The basic principles and
applications in computer systems were presented by
Holland [10] and de Jong [11] in 1975 and described in
detail by Goldberg [12]. GA solver from Matlab toolbox
is used in this study where we can also find multi
objective GA which is concerned with the minimization
of multiple objective functions.

GA solver finds the optimum results that gives the
optimum propagation constant change with the relevant
parameters. The CF is formulated by:

Cost Function=min|AZ. (11)

Design parameter values in this coupling study are
given as follows:

«10'® GA optimization for TE even modes

modal analysis, U=135 pm

modal analysis, U=135.3 pm

o 15 . 3
g) modal analysis, U=135.8 pm A
% GA optimization, U=135 pm
= * GA optimization, U=135.3 pm
*g 1 %  GA optimization, U=135.8 pm
o
Q
o
c
ie]
g
® 0.5
Q
o
=
%

0 o :

2.5 2.6 2.7 2.8 29 3

radius of the fiber %107

Fig. 3. GA optimization results catch the modal analysis
results with high accuracy for TE even modes.

6 10%® GA optimization for TM even modes

modal analysis, U=135 micrometer

modal analysis, U=135.3 micrometer
modal analysis, U=135.8 micrometer
GA optimization, U=135 micrometer 3
%  GA optimization, U=135.3 micrometer
%  GA optimization, U=135.8 micrometer -

(&)

N

propagation cocstant change
N w

2.5 2.6 2.7 2.8 29 3
radius of the fiber %x107°

Fig. 5. GA optimization results catch the modal analysis
results with high accuracy for TM even modes.

Operation frequency = 200 THz
n =n;,; =15, n; =1.49,
U, =135.m, U, =1353;m, U, =135.8um.
The rest parameters are equal in all simulations for
good comparison.
TE and TM modes are analyzed and optimized via
GA Matlab Solver in Figs. 3-6, where the compatible
results of propagation constant change are figured due to
the optical waveguide radius. Moreover Table 1 gives
the accuracy percentage of GA results in comparison
with the analytical results of each modes.

Table 1: Accuracy of GA

Even Odd
Accuracy of GA (% Accuracy) | (% Accuracy)
TE modes 99.56 99.65
TM modes 99.57 99.65

Average accuracy: % 99.60

+«102 GA optimization for TE odd modes

modal analysis, U=135 ym
modal analysis, U=135.3 ym
modal analysis, U=135.8 pm i
GA optimization, U=135 pm
*  GA optimization, U=135.3 pm
0.8 *  GA optimization, U=135.8 ym q

0.6

propagation cocstant change

25 2.6 2.7 2.8 2.9 3
radius of the fiber %107°

Fig. 4. GA optimization results catch the modal analysis
results with high accuracy for TE odd modes.

«10* GA optimization for TM odd modes

modal analysis, U=135 micrometer
modal analysis, U=135.3 micrometer
modal analysis, U=135.8 micrometer
GA optimization, U=135 micrometer
%  GA optimization, U=135.3 micrometer
3 *  GA optimization, U=135.8 micrometer H

propagation cocstant change

2.5 2.6 2.7 2.8 29 3
radius of the fiber %107

Fig. 6. GA optimization results catch the modal analysis
results with high accuracy for TM odd modes.
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IV. CONCLUSION

As a reminder, identical guides and equal
parameters are employed to see comparative results. It is
known via the modal analysis, the coupling between TE
modes is more efficient than the coupling between TM
modes. Moreover the coupling between even modes is
more efficient than the coupling between odd modes. In
addition, the propagation constant change increases with
the radius of the fiber. As it is observed from the figures
that GA results are in agreement with the analytical
results. Thus, GA is a fast, simple, helpful and alternative
method for designing a complex optical directional
coupler. Consequently, GA can be enhanced in optical
systems for the independent and automated processes.
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Abstract — The commands to control the phases shifters
in a phased array can be sent through a parallel or serial
channel. Parallel commands simultaneously change
the phase shifters, allowing the beam to nearly
instantaneously hop from one direction to another. If a
serial channel is used, then the commands are
sequentially sent to the phase shifters. The sequential
approach causes the beam to gradually move from one
position to another, rather than the quick hop
encountered with a parallel channel. This paper shows
simulated results of the behavior of the array factor due
to serial phase shifting and effects the element sequence
has on that behavior and a method to optimize the
command sequence.

Index Terms— Antennas, beamforming, genetic algorithm,
linear array, phase steering, phased array, planar array.

I. INTRODUCTION

Phased arrays steer the main beam of the antenna
by placing a linear phase shift across the elements.
When the signals from all the elements add in phase,
then this coherent addition results in a main beam peak.
Phase steering began in the early 1930°s when, the nulls
of a two element array were steered by using a
calibrated variable phase changer in order to determine
the direction of arrival of a signal [1]. Today’s digitally
controlled phased arrays use state-of-the-art MIMC
technology with phase shifters, amplifiers, and
attenuators in the same module [2].

Commanding the phase shifters, especially for a
large array, is a very complex engineering design. The
commands may be sent to the element phase shifters
over a parallel or serial control channel [3]. If the
commands are sent in parallel, then all the phase
shifters change at once. Serial phase shifting switches
one phase shifter at a time in the array. Parallel phase
shifter control is generally much faster than serial
control, because a serial link transmits less data in one
clock cycle than a parallel link. Unlike parallel control,
serial control requires less hardware, is cheaper,
occupies less space, has less crosstalk, and being
asynchronous, clock skew is not an issue. Implementing
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serial phase shifting in place of parallel phase shifting
may save cost and complexity for an array.

This paper explains the implications of serial phase
shifting upon the array pattern during beam steering by
a phased array. Mutual coupling, element patterns,
phase shifter quantization, and bandwidth are ignored in
order to isolate the effects on the array factor due to
strobing one phase shifter at a time. The next section
describes the effects on the array pattern of serial phase
shifting in linear and planar arrays. Section Ill has an
example that demonstrates how to reduce the main
beam wandering due to serial phase shifting by sending
nonsequential commands to the phase shifters. The
order of the commands can be further optimized to
reduce main beam wandering.

I1. SERIAL PHASE SHIFTER CONTROL IN
LINEAR ARRAYS
The effects of serial and parallel phase shifting can
be demonstrated using the array factor formulation. An
N element uniform linear array factor is given by:

AF = i:ej(n—l)kdsinﬁe—j(n—l)kdsinngS ’ (1)
n=1
where d=element spacing, 6, =steering angle,

k =27 / wavelength, and @ = angle off boresight.

If all phase shifters receive their steering phase
simultaneously, then the beam jumps from one steering
angle, 6/, to another, 67 . If the phase shifters receive
commands from a serial data connection, then the
antenna elements receive their phase shifts one at a
time. Consequently, the main beam does not jump from
one direction to another, but morphs from a main beam
pointing at 6 to a main beam pointing at 67 .

Serial phase shift commands go first to element 1,
then element 2, then ..., finally to element N. Serial
commands split the array factor into two contiguous
parts with the left n elements receiving a linear phase

shift that steers the beam to 8., and the right part of
N-n elements having a main beam that points to 6°.
The array factor for a uniform array becomes a
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superposition of the two parts of the linear array:
A

——
AF =1+...edD0+va) | ginlvvs) o @I(N-Dp+ve) )
B
When all the phase shifters receive commands to

point at 6/, then only term A in (2) exists. Steering the

beam to 6° causes term B to emerge in (2). If the phase

shifts are delivered to the elements starting with element
1 and going in sequence to element N, then the array
factor is a superposition of an n element uniform array

factor pointing at 6/, and an N—n uniform array factor
pointing at #° the new steering direction. The examples
that follow demonstrate the beam transition from 6/ to
QB

Assume a linear array has 20 isotropic point
sources spaced A/2 apart, and the elements receive
phase shift commands sequentially from element 1 to
element 20. The commands are separated by a time
At, . Figure 1 shows a plot of the array factor starting at
broadside (62 =0° and t=0) and ending when the
beam reaches the desired steering angle at 6° =0.5°,
(t=20At,). The main beam at broadside slowly steers
to 6° =0.5°, so serial beam steering seems to work

well for small beam steering increments (about a
quarter of a 3 dB beamwidth or less).
Figure 2 shows a plot of the array factor starting at

broadside (62 =0° and t=0) and ending when the
beam reaches the desired steering angle at 6° =45°,
(t=20At,). The main beam at broadside gradually
degrades, while the main beam at 6° =45° gradually

emerges. Beam steering with parallel commands skips
the distorted array factors for At <t <19At,.

-90°

Fig. 1. Array factors as a function of time when steering
a 20 element uniform linear array from boresight to

0.5°.
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Fig. 2. Array factors as a function of time when steering
a 20 element uniform linear array from boresight to

45°.

The effects of serial steering on the array factor
depend upon how far the beam is steered. The 20

element uniform array has a 3 dB beamwidth of 5.1°
and a null-to-null beamwidth of 11.4°. Steering from
02 =0 to 6° =3° keeps the peak of the main beam near
the 3 dB beamwidth of the broadside beam. Figure 3 (a)
is a plot of the array factor after each phase shifter
receives its steering command. At first, the broadside
beam starts moving in the negative @ direction, while
the new main beam begins to emerge at about t = 8At; .
The broadside main beam and the emerging main beam
steered at 6° =3° eventually merge into one beam at
t =20At,. Figure 3 (b) is a plot of the maximum
directivity, and its location in @ as the beam steers
from broadside to 8° =3°. This plot confirms that the
main beam starts moving in the negative @ direction
before moving to &° =3°. Along the way, the peak
directivity decreases by 3 dB.

Increasing the beam steering to 6° =5.7° puts the

steered beam at the peak of the first sidelobe of the
broadside pattern. Figure 4 (a) is a plot of the array
factor after each phase shifter receives its steering
command. The directivity of the broadside main beam
decreases until it becomes the first sidelobe of the main

beam steered at 6° =5.7°, while the first sidelobe of
the broadside beam becomes the main beam at
0° =5.7°. Figure 4 (b) is a plot of the maximum
directivity and its location in & as the beam steers from
broadside to 6° =5.7° . The maximum directivity shifts
from 6=0° to 6=-12° at the same time the
directivity decreases over 3 dB. At the half way point,
the peak gain dramatically shifts from 8=-1.2° to
6 =7.3". It then slowly gains directivity as it moves to



the desired steering angle at 8° =5.7°.
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Fig. 3. Array factor as a function of time for a 20
element uniform linear array when serially steering

from 6% =0° to §° =2.5°. (a) Circles indicate the main
beam peak. (b) Location of maximum directivity.
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Fig. 4. Array factor as a function of time for a 20
element uniform linear array when serially steering

from 6% =0° to §° =5.7°. (a) Circles indicate the main
beam peak. (b) Location of maximum directivity.

HAUPT: PHASED ARRAY BEAM STEERING THROUGH SERIAL CONTROL OF THE PHASE SHIFTERS

As with the linear array, the main beam directivity
of a 16x16 uniform planar array decreases while the
main beam peak wanders in space when steering from
one location to another. Figure 5 (a) shows the location
of the main beam peak as it is serially scanned from

(00.40)=(0°,0°) to (67,¢%)=(5",45") . As with the
linear array, the peak does not travel in a straight
line from the initial angle to the desired steering
angle. Instead, it wiggles about ¢=45° as it goes
from (67,¢0)=(0°,0°) to (&°,¢4%)=(5"45). The
corresponding change in the peak directivity is shown

in Fig. 5 (b). The main beam loses over 1 dB along its
steering path.

50
10°
15°
(@)
29
5
m
=
z
s s
51
£
o
27.5¢
2-J'O 50 100 150 200 250
Phase Shift Command
(b)

Fig. 5. Array factor as a function of time for a 16x16
element uniform planar array when serially steering

from (00,¢0)=(0°,0°) to (6/,¢})=(5"45"). (a)
Circles indicate the main beam peak. (b) Location of
maximum directivity.

I11. NONSEQUENTIAL SERIAL PHASE
SHIFTING

Sending the commands one phase shifter at a time
in sequence from element 1 to element N has some
undesirable consequences, such as the main beam peak
moving to angles other than the starting and ending
pointing directions. This section explores sending the
phase shift commands to elements nonsequentially in
order to prevent main beam wandering.
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It is possible to reduce the main beam wandering
due to serial phase shifting by not sending the phase
shift commands to the elements in a random order. A
random order for sending the phase shift commands
was found by minimizing the maximum main beam

deviation using a genetic algorithm from either 6 or
62 over 5° increments of the scan range: 16, 19, 4, 14,

8, 11, 5, 17, 9, 3, 12, 6, 18, 15, 1, 2, 13, 10, 7, 20.
Figure 6 compares sequential and nonsequential beam

steering for 02 =0° to 6° =2.5°. The nonsequential

path for the main beam does not go below 0° or above
2.5° at any time. Sequential steering, on the other hand,

steers the peak of the main beam below —0.5°. The
tradeoff with nonsequential steering is that the maximum
decrease in the directivity is an additional 1 dB.

/ not sequential

sequential

Directivity (dB)

g %

0 '
l-l 0 1 2

0 (degrees)

[#%]

Fig. 6. Location of main beam peak vs. angle as a
function of time as the main beam scans from 6" =0°

to 6° =25,
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IV. CONCLUSIONS

The main beam of a phased array can be scanned
by sending the phase shifts to all the phase shifters, then
changing their phase simultaneously, or by sending the
phase shifts one at a time and changing the phase
whenever the phase shifter receives the command. The
simultaneous phase shift quickly moves a beam from
one location to another. A serial phase shift, however,
results in the main beam traveling a path from its
present position to its desired new position with
accompanying sidelobe level distortions. Serial
commands can be sent to phase shifters and buffered (if
there is available memory) until a strobe signals causes
all the phase shifters to change at once, much like
parallel phase shifting but slower. The beam wandering
resulting from sequential serial phase shifting for beam
steering greater than a fraction of a beamwidth can be
limited by sending the phase steering commands in a
random or optimal nonsequential order. There is a
greater loss in directivity, though.
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Abstract — This work demonstrates how the graphical
user interface of VSim (electromagnetic simulation
software package) is modified and utilized to run a
custom finite difference time domain algorithm.
Commercial programs typically offer conventional
FDTD functionality. More often than not, researchers
may want to use their own code versions with proprietary
modelling tools and extensions; for example, high-order
differencing or specialized absorbing boundary
conditions. VSim offers the flexibility of integrating an
independent FDTD solver-engine that is tailored for the
end user’s needs. A detailed example is presented here
of the replacement of VSim’s own FDTD engine with a
high-order FDTD code written with CUDA Fortran.
Other custom FDTD codes could be integrated using the
presented procedure.

Index Terms — CUDA Fortran, FDTD, High Order
FDTD methods, VSim.

I. INTRODUCTION

The objective of this paper is to serve as a tutorial
for using the graphical user interface (GUI) of VSim
[1,2] as input/output interface, initially to define problem
parameters and later to visualize the simulation results,
while utilizing a custom-made FDTD algorithm. The
custom FDTD algorithm used here is the high order
FV24 algorithm [3,4], which has an extended unit cell
reach that requires modifying some of the standard
FDTD simulation parameters. The main constituents of
V/Sim are the VSimComposer and VSim Engine (Vorpal).
VSimComposer is the GUI that allows users, via its Setup
page, to define inputs and parameters such as problem
space size, material properties and sources.

The VSimComposer or VorpalComposer also
provides Run, Analyze and Visualize functionality. The
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available options on VSimComposer are shown in Fig. 1.
Once the structure and behaviour of a simulation model
is set using the Setup page, we start the simulation using
the Run page. This starts the VSim’s own EM
computation engine, Vorpal, which is based on
conventional FDTD. After the simulation is complete,
the results, designated electric and magnetic fields, are
placed in HDF5 (.h5) file format [5] that can be readily
visualized using the Visualize page [6]. The main
objectives of this work are to show how the same
available interface of VSimComposer is used to initially
set the problem space, import a CAD .stl file [6,7], then
simulate the problem space by hooking a custom FDTD
code to Vorpal, so that this custom scheme is run instead
of VSim’s FDTD engine, and finally to convert the
output files to the appropriate (HDF5) format to enable
VSim to understand the data to enable visualization.
VSim offers the flexibility of integrating an independent
FDTD solver-engine that is tailored for the end user’s
needs by using Python [1,2,8] scripts.

VSimComposer

Setup Run Analyze Visualize

Fig. 1. Available page options on VSimComposer.

I1. THE SIMLATION INPUT FILE
The input file to any VSim simulation is created
with the .pre extension [6,9]. An already existing pre file
can be customized according to the problem. We modify
the simulation input parameters such as problem size,
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material properties, scatterers, source location and
frequency, etc. These appear in the form of table on
Setup page and are collectively called exposed variables.
We can also view the entire pre file and edit from the
Setup page as text (using the View Input File button) or
it can be modified in any text editor. Scatterers in the
form of primitive shapes (rectangular prism, sphere, box,
...etc.) or additional wave sources can be included in the
problem space by defining their location, sizes, material
and frequency (for sources). Scatterers of complex
shapes are either formed by combining the primitive
shapes or can be imported from a CAD file in binary .stl
(STL: Stereo Lithography) format [6,9]. Some key
variables that are defined in the pre file are described in
Table 1.

Table 1: Description of key variables defined in pre file
Variable Name Description

The frequency of the

source. Any harmonics

are defined with respect

to this frequency.

No. of cells in each

direction define the size

of the problem.

This gives the resolution

of the grid: no. of cells

that fit in one wavelength

that is calculated from

primary frequency.

How long the simulation

Primary_Frequency

X_cells, Y_cells, Z _cells

Cells_ Per_ Wavelength

Timesteps will run, which also
determines how far the
wave will propagate.

How often intermediate

Dump_Period re_sults of the simulation

- will  be saved for
visualization.

CAD FILE NAME Name of the CAD file
- - example.stl)

Permittivity of material
of scatterers in CAD file
(0 for metal, >1 for
dielectrics)

Location in the grid
where the scatterer in
CAD file needs to be
placed.

CAD_MATERIAL

STRUCTURE_X\Y,Z

A. Calculations of simulation parameters

Once the pre file is constructed as desired, it is
validated (button in the upper right hand corner on Setup
page) to check the pre file for errors. The output window
at the bottom gives information about any syntax errors
the verifier finds. While the pre file is being validated
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and saved, VSim performs some calculations so that the
.h5 files, placeholders for simulation data, are properly
set up to hold all the required EM data.

A few key calculations are given below. The length
of a cell is given by:

h=A4x =Ay = Az = A/R, (D)
where R is cells per wavelength and,
A=c/f, )

where f is the frequency of the source and c is the speed
of light in free space. The extent in a direction is thus,
Lyyz =hNyy,z, 3)
where Nyy, is the no. of cells in the x, y or z direction.
And the time step is given by:
dt = (TIMESTEP_FACTOR) h/( cV3), (4)
where TIMESTEP_FACTOR is the Courant number.
Various steps involved in the implementation and
the VSimComposer page they are started from and are
given in the form of a flow diagram in Fig. 2.

Customize .pre File
and Setup Simulation
(Setup and Run page)

A4 ~

Run Python Script
(Analyze page)

A

Visualization
(Visualize page)

Create CAD .stl
File and Resize

Fig. 2. Various steps involved in the implementation.

I11. IMPORTING A CAD FILE

A CAD file is imported by initializing a variable in
pre file with its name. As of VorpalComposer 6.0
version, the only types of CAD files available to be
imported are .stl files [7]. These files are a common
format that many CAD programs can export to. If the file
is not in this format, currently they are being converted
by importing them into a CAD program and then
exporting them as a binary .stl file. Generally, the .stl file
has no representation of unit of measure, so the exporting
units are arbitrary and need not be changed.

Since .stl file does not specify what units its
distances are in, it needs to be resized according to the
size of the problem space defined in the pre file, so that
it fits inside the problem space. This task is accomplished
by a separate C program (will be posted on ACES
website). Currently this program simply scales the files
to make each dimension less than a desired size and
places the resized file in the working directory.

It is then possible to use the following macro in pre
file to import shapes from a resized .stl file directly:



fillGeoCad(objectName,

example_resized.stl, SHAPE_ COMPLEMENT,SHAP

E_SCALE,SHAPE_TRANSLATION)
By setting SHAPE_COMPLEMENT to zero the
complement of the shape will not be taken. The
SHAPE_SCALE is used to scale the resized CAD file
shape into meters, the default units for length in
VorpalComposer [6] for visualization purposes. The
SHAPE_TRANSLATION can then be used to translate
the .stl file relative to the location of the origin.

IV.SETTING UP THE SIMULATION

Once the pre file is customized as desired, the vorpal
engine can be run using Run page on VSimComposer.
This accomplishes two tasks: First, it creates empty .h5
files. The pre file is modified such that no actual
computations occur here; rather the empty .h5 files are
created to serve as placeholders for EM data (to be
computed by the custom FV24 engine in the next step).
This implies that the EM value for each cell at each dump
time is temporarily 0. This is accomplished by using
dummyUpdater in the FieldUpdater block in the pre file
[9].

Second, it converts the resized .stl file to .h5 file.
The pre file is also modified to capture any resized .stl
file placed in the working directory. It gets converted to
.h5 file that contains tables of information about the
scatterer used for VSim’s visualization. One of the tables
contains the coordinates of the locations the scatterer
occupies in the grid. This table is later picked and
converted to .txt file to be used by the custom FDTD
engine.

V. RUNNING THE SIMULATION

Now that the simulation has been set up, the custom
FDTD engine, is called next. This is done using the
Analyze page and selecting the Python script copied
earlier to the working directory. This script can also be
run from the command prompt after navigating to the
working directory. The following subsections give a
description of what this script does.

A. Parse the pre file

This is a string search that finds the names of
variables and grabs their values. They are saved as
python variables.

B. Convert scatterer .h5 file into text file

Converts one of the tables in the scatterer .h5 file
generated earlier into a .txt file. This text file contains the
coordinates of the scatterer elements in the grid. Material
properties of the scatterer specified in the pre file are also
added to the text file in the conversion process. This text
file is later used by the custom FDTD engine.

SMITH, WEISS, BOLLIMUNTHA, DMELLO, ET AL.: MERGING VSIM’S MODEL BUILDING AND VISUALIZATION TOOLS

C. Construct object arrays

An array of integers is constructed for each
primitive object and additional source defined in pre file.
This array identifies whether the object is sphere, box,
etc. or a source and contains information on location and
size.

D. Make a call to the custom FDTD engine

The compiled and ready-to-run custom FDTD
engine is called and also, the parameters grabbed from
the pre file and object arrays are passed to the custom
FDTD engine. This engine should also pick the text file
containing scatterer and material data. For our example,
the results of the execution are saved in .csv (comma
separated values) files as Dump_1E.csv (for electric
field), Dump_2E.csv, etc. based on the dump period
specified in pre file. There will be one electric field file
and one magnetic field file for each data dump.

E. Conversion from .csv to .h5 data format

Another python script is called that takes the data in
the .csv files generated by custom code, and populates
the .h5 placeholders that were created by Vorpal engine
earlier in the working directory.

VI. DATA VISUALIZATION

The EM data calculated by the custom FDTD engine
are now present in the .h5 files in the working directory,
and can be viewed using the Visualize page of
VSimComposer. VSim automatically detects the .h5
files. Here is a list of important features in the 3D
visualizer: “Display Contours” box in the lower left
corner needs to be checked to see the wave nature of
fields. On the left side, there are drop-down menus for
Scalar and Vector data, as well as geometric objects. In
the Scalar tab, the X, y, z component or the magnitude of
either the electric or magnetic field can be selected. In
the vector field tab, the electric or magnetic vector field
can be selected. In the Geometries section, the user can
check the primitive objects and imported CAD model to
view them.

Once the data loads, the 3D visualizer can be used
to pan and zoom around the waves. The time step bar at
the bottom of the window is used to move in time. The
number of contours shown can be changed between 2
and 20; this can be used to display every variation in the
field, or only the major ones. Using the Colors button,
the color scale of the visualizer can be changed. By
default, the scale will update for each time step. If one
wishes to keep the scale set for all time steps, the
minimum and maximum values in the color options
dialog may be fixed. This is useful for observing how the
field strength decreases over time. A 3D view of electric
field magnitude and the scatterer is shown in Fig. 3. In
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addition to 3D visualization, 2D cuts can be made to
observe waves in 2D space using the Data View menu.
A 2D view of electric field and the scatterer is shown in
Fig. 4.
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Fig. 3. A 3D view of electric field magnitude and shuttle
scatterer at t = 180 time steps.
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Fig. 4. A 2D slice in XY plane showing magnetic field
magnitude at t = 180 time steps.

VIlI. SUMMARY AND CONCLUSION

A step-by-step implementation of a custom FDTD
engine using the GUI data input and data visualization
modules of a commercial EM simulation package is

ACES JOURNAL, Vol. 32, No. 12, December 2017

presented. Problem space defining parameters are set
using the data input tool. Embedded scatterer definitions,
if simple enough, could be defined by the same tool, or
imported as a CAD file. The CAD file is then reshaped
and combined with the user provided custom FDTD
engine using a Python script. The visualization tool of
the software package is finally used to observe and
analyze collected simulation data. Although a custom
high order FDTD engine was used as an example here,
readers are at liberty to use their own FDTD engines
written in their programming language of choice. A key
data reshaping software tool will be posted to ACES
website to facilitate this process.
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Abstract — A novel planar ultra-wideband (UWB)
bandpass filter (BPF) using radial-stub-loaded resonator
is proposed, where the resonator consists of three radial
stubs, one located in the middle and two symmetrically
at both sides. This radial-stub-loaded structure situates
the first four resonant modes in the UWB passband
(3.1~10.6 GHz) and makes the fifth resonant mode far
away from this passband. To enhance the coupling
degree, two interdigital coupled feed lines are utilized
in this UWB filter. Finally, a UWB BPF with wide
upper-stopband and sharp upper rejection skirt has been
realized and its design steps have been also presented.
The measured and full-wave simulated results of the
proposed filter are in good agreement.

Index Terms — Bandpass filter, microstrip, radial-stub-
loaded, ultra-wideband.

I. INTRODUCTION

UWB devices and systems have received great
attention from both the academic and industrial fields
since the U.S. Federal Communications Committee
(FCC) fixed the UWB frequency spectrum range of 3.1
to 10.6 GHz for commercial use in 2002 [1]. As one of
the key devices in a UWB system, UWB BPFs with
low loss, compact size, and good selectivity attract the
interest of the scholars and the industry. Many efforts
have been carried out to make UWB BPFs better
performance, e.g., the multiple-mode resonator (MMR)
filters. A MMR with step-impedance structure was first
presented to construct a UWB filter in [2]. However,
this filter has a large size and its selectivity is also not
very good. Then, three open-circuited stubs and three
pairs of ones were employed to design MMR BPFs in
[3] and [4], respectively, which produce four resonant
modes in the passband. To improve the response and
the rejection skirt of high frequency stopband, a novel
UWB filter with three pairs of the rectangle stubs was
introduced in [5]. Moreover, two types of quint-mode
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UWB filters were proposed to improve the in-band
performance in [6] and [7]. The former one is using
short-circuited shunt stub-embedded multiple-mode
resonators, while the latter is based on dual stepped-
impedance stub-loaded resonators without metalized
via holes in the ground plane. In [8], the proposed
multiple mode filter with a novel modified trisection
stepped impedance resonator (SIR) is constructed to
improve both in-band and out-band performance.

In this paper, a new UWB bandpass filter using
triple-radial-stub loaded structure with interdigital
coupling lines has been proposed. These triple radial
stubs can not only situate the first four resonant modes
in the passband but also move the fifth resonant mode
up to the high frequency. To control the resonant modes
of this structure within the FCC-regulated UWB
passband, only a few variables need to be adjusted.
Moreover, the proposed filter possesses an improved
rejection skirt with a wider upper stopband compared
with the References [2-8].

1. UWB BPF DESIGN

The structure of the proposed radial-stub-loaded
UWB BPF on the printed circuit board (PCB) is shown
in Fig. 1 (a). Figure 1 (b) is the equivalent network
diagram of Fig. 1 (a). Three radial stubs are loaded in
the middle of the resonator and the characteristic
impedances of the filter input and output ports are both
taken as 50 Ohm. The interdigital coupling lines can be
seen as J-inverters, and their lengths are all around
Ag /4, where Ag is the guided wavelength at the center
frequency of the UWB filter.

The parameters I, wy and s; in Fig. 1 (a) can affect
the coupling strength between the resonator and feed
lines, while the variation of the resonant modes can be
observed and analyzed easily in the case of weak
coupling. The simulated S,;-Magnitude results of the
proposed radial-stub-loaded UWB filter under weak
(=05 mm, wy =0.1 mm, s; =0.1 mm) and strong
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(=7 mm, w; = 0.1 mm, s; =0.1 mm) coupling are
illustrated in Fig. 2 (a) and Fig. 2 (b), respectively,
where Taconic RF-35 is used as the substrate of this
filter with the relative dielectric constant of &r= 3.5
and thickness of 0.508 mm. As depicted in Fig. 2 (a),
the in-band resonant modes of UWB (3.1-10.6 GHz)
filter increase from two to four modes as the number of
the radial stubs goes up; meanwhile, the harmonic
responses are moved to higher frequency to make upper
stopband wider. Furthermore, the rejection skirt of the
filter is sharpened as the number of radial-stubs rises as
shown in Fig. 2 (b). We can also see that the Sx-
Magnitude curve in the UWB passband gradually rises
towards the 0 dB line as the coupling strength increases.
In the strong coupling case with I, =7 mm, a desired
UWB passhand is realized. Compared with the filter
using three rectangle stubs in [3], this structure using
triple radial stubs achieves better performance.
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Fig. 1. (a) Schematic diagram of the proposed radial-
stub-loaded UWB BPF (the structure is symmetrical
with the red dash lines), and (b) its equivalent network
diagram.
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Fig. 2. Simulated Szi-magnitude comparisons of the
filter: (a) when using single, dual and triple radial-stubs
under weak coupling with I, =0.5 mm, w; = 0.1 mm,
s1=0.1 mm, and (b) when using single, dual and triple
radial-stubs under strong coupling with I, = 7 mm,
wi = 0.1 mm, s;=0.1 mm, where the other dimensions
are fixed as I, =95 mm, I3 =22 mm, w=11 mm,
re=24mm, rs=2.1mm, ¢_=55 and ¢, =65".

Figure 3 illuminates the simulated frequency
characteristics of the radial-stub-loaded resonator under
weak coupling case of Fig. 1 (a) with varied rs, o, and r,

o, respectively. We can see that the first four resonant

frequencies, namely, fmi, fmz, fms and fma are located in the
passband from 3.1 to 10.6 GHz, which can determine the
passband frequency. Figure 3 (a) shows the relationship
between parameters of two side radial stubs and the
resonant frequencies. As rs varied from 1.9 to 3.2 mm, fs
and fms shift downwards but fn: and fme almost remain

unchanged although the angle of ¢ changes from 50 to

80 degree, while fs stays around 18 GHz all the time. In
Fig. 3 (b), fm1 and fmzalmost remain the same when r. and
a, vary but fms decreases with the increase of rc, while

fmz and fms increase with the decrease of ¢, .

The aforementioned relationships assist us easily
control the dimensions of the radial stub-loaded
resonator to achieve the expected Spy-magnitude
responses. Based on the above analysis, the design steps
of the proposed filter are listed as follows. Firstly, we
let I equal to Ag/4. Secondly, Is will be chosen to
meet the requirement of the lower cut-off frequency,
and then make I, equal to around Io+ls. Thirdly, re, o,

rs, and ¢, need to be adjusted to fit in the right side of

the passband or the upper cut-off frequency. Finally,
adjust wi and s; slightly to achieve the required
coupling coefficient and meet the desired frequency
selectivity.
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Fig. 3. Simulated characteristics of the proposed radial-
stub loaded structure under weak coupling case with
varied: (a) a, and rs, (b) «, and r;, where the other

dimensions are fixed as Iy = 9.5 mm, I, = 0.5 mm,
I3=2.2mm, s;=0.1 mm,w=w;=1.1 mm.

I11. FABRICATION AND MEASUREMENTS

Based on the above analysis, a novel adjustable
UWB BPF using radial-stub-loaded structure is designed
and fabricated on a Taconic RF-35 substrate with a
relative permittivity of 3.5 and a thickness of 0.508 mm.
The variables shown in Fig. 1 are chosen as follows:
I1=95 mm, L =7 mm, I3 =22 mm, s; = 0.1 mm,
wp =01 mm, w=11mm, rc=24 mm, ¢ =55,

rs=2.1 mm, a, =65". The overall size of the filter still

only amounts to 19.2 mm x 4.5 mm, though a low
dielectric constant of this substrate has been used. The
photograph of the fabricated microstrip radial-stub-
loaded UWB BPF is shown in Fig. 4.

DENG, XU, WANG, YAN: NOVEL MICROSTRIP ULTRA-WIDEBAND BANDPASS FILTER

Fig. 4. Photograph of the fabricated microstrip UWB
BPF.

The simulated and measured results are
accomplished by using software HFSS [9] and vector
network analyzer, respectively. As the SMA connectors
in Fig. 4 is rated to 26.5 GHz, the frequency range of
measurement is set from 1 to 26.5 GHz. Figure 5 show
S-parameter and group delay results of the proposed
filter, where the simulations and measurements are in
good agreement. Slight deviation is observed between
simulated and measured results, which could be
attributed to unexpected tolerances in fabrication,
material parameters and soldering. In the measurement,
the 3-dB bandwidth is from 3.4 to 10.5 GHz. As shown
in Figs. 5 (a) and (b), the insertion loss, including the
losses from two SMA connectors, is less than 1.8 dB
while the return loss is greater than 11.5 dB from
3.4 GHz to 10.5 GHz, which achieves a fractional
bandwidth of 102%. The upper out-of-band rejection
is greater than 23 dB from 11 to 26.5 GHz, which
realizes a significant improvement compared with the
References [2-8]. Moreover, the measured group delay
is less than 0.8 ns in the UWB passband as depicted in
Fig. 5 (c).
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Fig. 5. Simulated and measured results of: (a) Sz, (b)
S11, and (c) group delay of the proposed UWB BPF.

1V. CONCLUSION
In this paper, a UWB BPF based on radial-stub-
loaded resonator has been presented. Following the
design procedure, we successfully allocate the first four
resonant modes of the proposed BPF within the FCC-
regulated UWB passband. Compared with UWB BPFs
in [2-8], the proposed structure has better skirt
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selectivity and out-of-band rejection demonstrated both
in simulation and measurement. The measured results
validate the proposed design.
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Abstract — A new compact slotted triangular monopole
antenna for ultra-high frequency (UHF) radio frequency
identification (RFID) applications is presented. The
antenna exhibits an omnidirectional radiation pattern
and has a bandwidth (BW) of more than 13%. It covers
the global UHF RFID band and has a maximum gain of
around 2.6 dBi. An overview of the antenna design
along with the full wave simulation is provided. A
prototype of the antenna is fabricated and tested. Good
agreement is obtained between simulated and measured
results. Moreover, the antenna is used with a UHF
RFID reader in real use cases where read range and
read rate with different commercial tags are used to
evaluate the antenna performance.

Index Terms — Monopole antenna, Radio Frequency
Identification (RFID), read range, read rate.

I. INTRODUCTION

These days' radio frequency identification (RFID)
use cases have increased considerably. RFID is a
technology which uses RF signals for automatic
identification of objects. It is utilized for several
applications as a part of different territories, for
example, electronic toll gathering, retail administration,
access frameworks and numerous others [1]. In spite of
the fact that these applications are important around the
world, diverse districts have distinctive administrative
standards for ultra-high frequency (UHF) RFID
frameworks. In China the UHF RFID bands are
840-845 MHz and 920-925 MHz, while for North
America, Europe 902-928 MHz band, 865-868 MHz
band are used respectively, while for Japan up till 2018
two bands can be used 916-924 MHz and 950-956 MHz.
So for an UHF RFID item to work all inclusive it
should be reconfigurable or has enough band to cover
the whole UHF RFID band (840-960 MHz). This adds a
challenge in designing a global UHF RFID antenna.
Many broadband UHF RFID reader antennas have been
proposed in literature [2]-[5].

In this paper, a new compact omnidirectional

Submitted On: August 23, 2015
Accepted On: December 13, 2015

broadband antenna for UHF RFID is proposed. The
antenna is based on a triangular monopole antenna
structure with triangular slot [6]. It has an impedance
matching (<10 dB) BW over 13% and covers the global
UHF RFID band (840-860 MHz). The antenna has a
maximum gain of 2.6 dBi, and a gain around 2.5 dBi
over the entire band. The antenna is small (dimensions
<N3 x N3 at the center frequency of the band f =900 MHz)
and is suitable for small or handheld UHF RFID
readers. The antenna was fabricated and different
properties were measured, simulation and measured
results showed good agreement. Moreover, the antenna
was used with a commercial reader and real uses cases
were tested.

The paper is organized as follows: In Section I,
the antenna design is described, a parametric study is
conducted to examine the effect of the slot dimensions
and the final dimensions of the antenna are stated. In
Section |11, the antenna simulation and measurements
results are provided. Conclusions are provided in
Section IV.

I1. ANTENNA DESIGN AND PARAMETRIC
STUDY

In this section, the design process of the antenna is
described. The final design is shown in Fig. 1 and the
final dimensions are stated. First step of the design
process is using an equilateral triangular monopole
antenna for wide band operation [7]; the antenna
perimeter is chosen to be equal A/2 where A is the
wavelength at 900 MHz. A microstrip line is used for
feeding, and the antenna is mounted over a Roger
RT/droid 6006 substrate with & = 6.15, tand = 0.0019,
and thickness of 1.9 mm. Second step is adding a
triangular slot to enhance the matching, and to study the
effect of such slot a parametric study was conducted on
the dimensions of the slot using high frequency
structural simulator (HFSS) [8]. Two parameters are
studied, first the slot gap size g, which is changed while
other dimensions are kept fixed. As shown in Fig. 2 (a),
it is clear that the gap size can be used to shift the
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matching BW toward the required center frequency.
Based on the parametric study g = 4.215 mm was chosen
for this design. The second parameter is the slot width
Ss, the slot width is changed while other dimensions are
kept fixed. It could be noticed from Fig. 2 (b) that the
slot width also causes a shift in the center frequency,
Sz = 60.415 mm was chosen. Moreover, genetic algorithm
optimization was used to finalize the rest of the
dimensions. The default parameters of HFSS genetic
algorithm were used as follows: maximum number of
generations is 1000, and number of individuals for
parents, mating pool, children, next generation is set to
30, the number of survivors is set to 10, the goal was set
that |S11|(dB) at 900 MHz is < -25 dB.

I1. SIMULATION AND MEASUREMENTS
RESULTS
In this section, the full wave simulations are carried
out using HFSS. Moreover, measurement results are
provided for the fabricated antenna shown in Fig. 1 (b).
There is good agreement between the simulation and
the measurement results.
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Fig. 1. (a) Antenna design, and (b) fabricated antenna
(all dimensions in mm) [L = W = Wy =105, S; = 77.275,
S, = 77.553, S3 = 60.415, S4 = 56.55, Lt = 22.914,
Wi =g =4.215].
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Fig. 2. Parametric study (units in mm): (a) g and (b) Ss.

A. Return loss

First the return loss is simulated and measured, and
the results are shown in Fig. 3. As shown in the figure,
the antenna is matched (|S11| < -10 dB) for the entire
UHF RFID band (840 MHz to 960 MHz) with BW of
more than 13%. Good agreement between simulated
and measured results can be noticed.

= Simulation | |
=== Measurement
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Fig. 3. Simulated and measured |S14| in dB.

B. Maximum gain

The maximum gain (at ¢ = 6 = 0) of the antenna is
simulated and measured for different frequencies, the
measurement setup is shown in Fig. 4 (a). The antenna
has a gain around 2.5 dBi for the entire RFID UHF
global band as shown in Fig. 5.

C. Radiation pattern

The radiation patterns of the antenna are simulated
and measured at 915 MHz (center frequency for North
America band). Measurement setup is shown in Fig.
4 (b), the radiation pattern are measured using what is
defined in this paper as active measurement technique
(measurement is done while reading a real tag). In this
measurement technique the antenna is connected to
M6e-M reader [9] (commercial UHF RFID) and the
reader is set to the required frequency, the reader
software is used to read a real tag (Alien Higgs 3 ALN-
9640-Squiggle [10]) and report the tag received power.



The antenna is set at a fixed distance from the tag (1
meter) and the antenna is rotated using the 2 stepper
motors as shown in the Fig. 4 (b). The received power
at different angles is used to plot the measured radiation
pattern (normalized to maximum received power).
Figure 6 shows the different plane cuts for the radiation
pattern, as shown the antenna exhibits an omnidirectional
radiation pattern. Moreover, there is good agreement
between the simulated and measurement results.

D. Read range
The Friis equation is used to calculate the
theoretical maximum read range of an Alien Higgs 3
ALN-9640-Squiggle tag as follows:
r= i RG1 (97 ¢)Gr (67 (D) p Tamenna Tlag , (1)
4z P

th

2 2

where, r is the read range in meters, A is the wavelength
in meters, P; is the transmitted power by the reader in
watts, G; the gain of the transmitting antenna, G, the
gain of the receiving tag antenna, p the polarization
efficiency, Tantenna IS the power transmission coefficient
of the antenna (account for mismatch), Tig iS the power
transmission coefficient of the tag and Pw is the
minimum received power necessary to turn on the chip
in watts. For maximum theoretical read range the
following parameters are used: Py is used as 1 W, which
is the maximum allowed transmitted power in USA, p
is used as 1 for polarization matching, P is used as
-14 dBm (39.8107 pW) as provided by the chip vendor
[11] for the measured equivalent circuit, A is set for
each frequency from 800 MHz to 1 GHz. As for the
return loss and the transmitting maximum gain they are
calculated from the HFSS simulation, the maximum
gain (at ¢ = @ = 0) is used for maximum read range.
While the receiving gain is used as 2 dBi for small
dipole and Tig is assumed as 1 for matching case. The
read range is around 7.5 meter on average, and it has a
maximum value of 8 meter in the 840 MHz China band.
Moreover, the read range was measured using the M6ée-
M reader and two commercial tags Alien Higgs 3 ALN-
9640-Squiggle, and Monza 4 Frog 3D tag [12]. The
measurement setup is shown in Fig. 4 (c), the reader is
set to 5 different frequencies (866.3, 915.25, 918.5,
919.2 and 922.625 MHz) to cover most of the UHF
RFID global band, and the reader power was set to 30
dBm. The theoretical result is compared with the
measurement results in Fig. 7. As shown in Fig. 7, the
measured read range for the ALN-9640-Squiggle tag is
6 meter for EU band and around 6.5 meter for USA
band, which is less than the maximum theoretical read
range, and this is due many factors such as the return
loss of the tag in real case can't be neglected, also
polarization mismatch factor should be added due to
misalignment, in addition the tag antenna gain might be
less the 2 dBi used in the theoretical read range
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calculation. Moreover, the read range of the Frog
3D tag is less than the ALN-9640-Squiggle due to
polarization mismatch, the Frog 3D tag is dual
polarized while the other tag is linear polarized which is
in alignment with the proposed antenna polarization.

E. Read rate

The read rate is measured using two fabricated
prototypes of the proposed antenna connected to the
M6e-M reader as shown in Figs. 4 (d) and 4 (e). The
universal reader assistant (URA) software [13] is used
to read a large tag population of 230 GEN2 Tags with
several chips and antennas. The default profile is used
with the following configuration: region is set to USA
with band 902 to 928 MHz with 50 hopping frequency,
transmitted power of 30 dBm, two antenna ports 1 and
2, Miller 4 encoding, backscattered Link Frequency
(BLF) of 250 kHz. As shown in Fig. 8, the reader reads
221 unique tags per second (tags/sec), while the reader
reads 220 tags/sec when using two 6 dBi commercial
antennas set underneath the table as shown in Fig. 4 (e).
The result proves that the proposed antenna can be used
in real life use cases.

Fig. 4. Measurement setup: (a) antenna gain, (b) radiation
pattern, (c) read range, (d) commercial reader, and (e)
read rate.
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Fig. 5. Simulated and measured maximum gain versus
frequency.
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Fig. 6. Simulated and measured radiation patterns
normalized Eta at 915 MHz: (a) x-z, (b) y-z, and (c) x-y
planes.
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Fig. 8. Read rate measurements.

1V. CONCLUSION

A compact slotted triangular monopole antenna for
universal UHF RFID applications is presented. The
antenna exhibits an omnidirectional radiation pattern
and has a bandwidth (BW) of more than 13%, and a
maximum gain of around 2.6 dBi. The antenna design
process was introduced and a prototype of the antenna
was fabricated and measured. Good agreement is
observed between the full wave simulation and
measured results. Moreover, the antenna performance
was evaluated with a UHF RFID reader in real use
cases where read range and read rate with different
commercial tags were measured. The antenna is
suitable for small or handheld global UHF RFID
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readers.
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Abstract — This letter presents a microstrip-to-microstrip
vertical via interconnect in microwave low temperature
co-fired ceramic (LTCC) technology. According to the
simulation results, the insertion loss is less than 0.33 dB
and the return loss is greater than 29.9 dB from 0.3 GHz
to 18 GHz. An equivalent lumped model is developed
for analyzing the microstrip-to-microstrip vertical
interconnection. The structure has been manufactured
and measured.

Index Terms — Equivalent model, low temperature co-
fired ceramic, microstrip-to-microstrip and vertical via
interconnect, microwave.

L. INTRODUCTION

Low temperature co-fired ceramic (LTCC) is in the
core place of multi-chip module (MCM) technology.
With the excellent RF performance, the recent research
shows that LTCC technology is more for use in
microwave and millimeter-wave applications, the high-
speed high-density, three-dimensional integration
technology and so on, by its advantages, such as low
thermal conductivity, high packaging flexibility, high
integration density, high stability, and low cost [1-3]. It
is widely applied in wireless communication systems
[4]. Microwave components like stripline, cavity,
substrate integrated waveguide (SIW) can be easily
implemented on account of its three dimensional (3D)
multi-layer structure [5]. LTCC multilayer circuit
strctures require the interconnection of signals between
different layers which will restrict the overall
performance of the circuit systems. This is of key
importance in the design of LTCC circuit systems. The
high quality LTCC vertical interconnection plays an
important role in system-in-package (SiP) module
packaging applications. Since the geometry of vertical
interconnections have significant effect in the
electromagnetic behaviors of the LTCC multi-layer
system [6], it becomes necessary to investigate the
characteristics of these vertical interconnections.

The detailed design and implementation of the
microstrip-to-microstrip vertical interconnection with
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better performance at microwave frequencies are
considered in LTCC technology.

II. DESIGN DESCRIPTION

The configuration of microstrip-to-microstrip single
vertical via interconnect is shown in Fig. 1 (a). The
bottom microstrip line is vertically connected by coaxial-
like signal via hole to microstrip line on top of the
substrates. The inner ground planes on three different
substrate layers are connected by the staggered via holes.

The proposed structure consists of eight layers of
Ferro-A6M substrates with via holes formed by Ferro
CN33-407 silver paste, internal conductors formed by
Ferro CN33-398 silver paste, and external conductors
formed by Ferro CN33-391 silver paste. Each substrate
has a thickness of 94 um with a relative permittivity of
5.9. So the total thickness of the design structure is
752 um, and the thickness of the external conductors is
10 pm. According to the LTCC process specifications,
two ceramic substrate layers are chosen for each
microstrip line, which provides reasonable size for 50 Q)
transmission lines. Both of the top and bottom microstrip
lines are 310 um conductor in width. The circular pad,
connecting the microstrip line and transmission via hole,
has a diameter of 320 um. The height of signal via hole
corresponds to the 8-layer LTCC substrate thickness. All
via holes in the design are of 130 um diameter.

In addition, the dominant mode of the microstrip
line is quasi-TEM mode. This mode, relative to symmetry
plane of the central microstrip line, is an even mode.
Besides, the dominant mode of the coaxial-like line,
formed by the vertical signal via and the surrounding
shielded holes, is TEM mode. And this mode is also an
even mode relative to symmetry plane of the central
microstrip line. Therefore, it can realize a transition from
the quasi-TEM wave of the microstrip line to TEM wave
of the coaxial-like line among the interconnection
structure. Figure 1 (b) illustrates 3D view of the coaxial-
like via structure. As is known to all, the discontinuity
effect of the vertical via hole can result in non-negligible
signal reflection, which may seriously degrade the
performance. Therefore, the effect of characteristic
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impedance on transmission performance is mainly  suggested that this interconnect structure is more suitable

discussed below. for vertical interconnection applications of microwave
The original characteristic impedance of microstrip LTCC integrated circuit and SiP module packages.
line is:
Z,= L . (1)

In order to improve the signal transmission
performance, several ground-shielded via holes are
employed around to enhance impedance matching.
Meanwhile, the signal via hole produces the parasitic
inductance AL . The characteristic impedance of vertical
signal via hole becomes:

Therefore, in order to achieve impedance matching, we
connect microstrip line to signal via hole through a pad,
which introduces the compensation capacitor AC .

The characteristic impedance then becomes:

z- /LALZFZZO_ 3
C,+AC C,

hi | |
The compensation capacitor AC can be directly " | | .
derivable from the Equation (3): M o
2 c
AC:LO+ALZZO CO. @
Z, Fig. 1. The overall structure of microstrip-to-microstrip

Figure 1 (c) gives the cross sectional view. The  vertical via interconnects: (a) 3D view (single vertical
parameters of this structure are shown in Table 1. The interconnection), (b) coaxial-like via structure, and (c)
proposed structures (single and back-to-back) are  cross sectional view for via interconnect.
simulated and carefully tuned in HFSS from 0.3 GHz to
18 GHz. The simulated results of S,,and S,, are shown

in Fig. 2. It can be noticed from Fig. 2 (a) that the
insertion loss (|S,,|) of single vertical interconnection is

less than 0.202 dB up to 18 GHz, and the return loss (|S,,|)

is better than 33.79 dB up to 18 GHz. From Fig. 2 (b), it
can be observed that |S,, | of back-to-back structure is

less than 0.33 dB up to 18 GHz, and |S,,| is better than R

29.9 dB up to 18 GHz. Fr“”eggfm’

The improved structure in this letter can achieve ———
better impedance matching and better signal integrity of 20f
TEM by the added middle ground plane with the aperture
of the anti-pad. In practical manufacturing of LTCC,
multi-layer vertical vias are easy to cause dislocation,
which can affect signal connectivity. In particular, a
disconnected signal via leads to microwave performance

-32 0.00

4-0.05

34}

36

Return loss(dB)

(ap)sso| uopasu

38

30}

a0 b

Return loss(dB)

50 F

S
2
(gp)sso| uontesu)

deterioration. Therefore, in order to prevent the impact s0 020
of wvertical via dislocation on performance, the R TR VI TR TR A
surrounding shielded holes and the added middle ground Frequency (GHz)

plane with the aperture of the anti-pad are added to (b)

ensure better signal integrity of TEM in the event of ) ) ] )
slight dislocation. Therefore, it is observed that the  Fig. 2. Simulated S, and Sy, responses of microstrip-to-
proposed interconnect structure has better transmission microstrip vertical interconnect: (a) single vertical
performance. From the result of this work, it can be  transition, and (b) back-to-back structure.



Table 1: The parameters of this structure

Structure Quantity Data

Parameters (mm)

W Microstrip width 0.31

r_pad Radlus _of pad connecting 0.16

microstrip line to signal via

r_signal pad | Radius of pad for signal via | 0.11

r_signal Radius of signal via 0.065

r_shield Radius of shield via 0.065

r_ground Radlus_of opening in 0.34

microstrip ground plane

r_loop Radius of opening in middle 0575
ground plane

via off Distance betyveen s_hleld via | 6q
- and signal via

Substrate thickness
h (ha, ha, h, he) 0188

III. EQUIVALENT TRANSITION MODEL

An improved equivalent circuit, which is deduced
theoretically from reference [7], is used for analyzing
vertical via in Fig. 3. The impedance, inductance and
capacitance effects of vertical via holes are considered.
Hence, it consists of a seven lumped elements pi-
equivalent circuit model for the single vertical via
interconnect. L,, C, and R, denote parasitic inductance,

capacitance and resistance of vertical via respectively.
R, and C, represent the parasitic resistance and

capacitance between pads of vertical via holes and
adjacent ground planes [8-10].

The equivalent model has been optimized and tuned
in Agilent ADS on the parameters of the simulation
result. The model parameters are extracted and listed in
Table 2. The EM-simulated and circuit modeled S-
parameter results of the single via interconnection are
shown in Fig. 4. As vertical interconnecting via is not an
ideal coaxial line, the dispersion increase with the
frequency increasing, which leads to non-linear distortion
of transmission structure. Therefore, this non-linear
distortion increases with frequency and length. From the
corresponding results, it can be suggested that the
developed circuit model and EM-simulation match
almost well.

L1 R1

§ R> Rz

:{;
0
—H\W\—

Fig. 3. Equivalent circuit for the proposed single vertical
interconnection.
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Fig. 4. EM-simulated and equivalent circuit modeled
results of the proposed single vertical interconnection.

Table 2: Extracted model parameters

Lumped Quantity Data
Parameters
Cy(fF) Parasitic capacitance 85.86
Co(fF) Parasitic capacitance 22.38
Li(pH) Parasitic inductance 84.36
Ri(Q) Resistance 1.12
Ro(Q) Resistance 13.63
IV. MEASUREMENT

A back-to-back structure is manufactured for
experimental validation as shown in Fig. 5. In Fig. 6, the
measurement environment is displayed with a test fixture
from Anritsu Model 3680V Universal. After firing, the
average thickness of the LTCC substrate and the external
conductor are 729 um and 7 um separately. The comparison
of simulated and measured results has been shown in
Fig. 7. For measurement results, the return loss is better
than 10 dB, while the insertion loss is less than 1.59 dB
in the frequency range of 0.3 GHz to 11.95 GHz. The
simulation and measured results shows a discrepancy
above 10 GHz. In practical manufacturing, due to
fabrication tolerances, such as layer-to-layer alignment
tolerance and dignment error of vertical via holes, the
measured return loss (S11) of the fabricated model is
less than the simulated result. In addition, due to
mismachining tolerance of multi-metallized strips and
the accuracy error of the shrinkage during the firing
process, the measured insertion loss (S21) is larger than
the simulated result. However, these factors are difficult
to be considered in the simulation.

Fig. 5. Photographs of fabricated back-to-back
interconnection modules (x4).
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Fig. 6. Photograph of the testing environment.
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Fig. 7. Comparison of proposed study by simulated and
measured results.

V. CONCLUSION

In this letter, a microwave microstrip-to-microstrip
vertical via interconnect has been proposed and
experimentally validated in LTCC technology. By using
the coaxial-like signal via hole and the pad between
microstrip and signal via hole, a better impedance
matching and less discontinuity are achieved. Also, an
improved equivalent circuit is developed for analyzing
scattering characteristic of vertical via interconnects.
The fabricated back-to-back structure shows an insertion
loss of less than 1.59 dB and a return loss of better than
10dB over 0.3 GHz to 11.95 GHz. This transition structure
can be widely used in LTCC SiP module packaging
applications.
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Abstract — This paper describes the design of a compact
dual band monopole antenna using a metamaterial
inspired split ring structure for WLAN (2.4/5.2/5.5 GHz)
applications. The antenna is printed on a 20x20x0.8 mm?®
FR-4 substrate. It consists of two concentric square rings
with a partial ground plane and is fed by a microstrip
line. A split in the outer ring is introduced to induce
magnetic resonance which in turn yields a narrow lower
band resonance at 2.4 GHz. The position of the split in
the ring plays a vital role in inducing the magnetic
resonance. The extraction of negative permeability of the
ring structure with and without the split is discussed to
verify the metamaterial property existence. A prototype
of the proposed structure is fabricated and the measured
results comply greatly with the simulated results. The
antenna has consistent radiation pattern over all the
working region.

Index Terms — Metamaterial,
permeability, split ring, WLAN.

monopole, negative

I. INTRODUCTION

Wireless Local Area Network (WLAN), based on
IEEE 802.11 standard operates in the 2.45 (2.4-2.48) GHz,
5.2(5.15-5.35) GHz and 5.8 (5.75 - 5.825) GHz frequencies.
Several design of antennas capable of covering both
these frequency bands are discussed in the recent past.
Among the variety of antennas proposed, printed
monopoles serve as a good choice because of their
compactness, efficiency and easy integration with other
microwave integrated circuits. Multi branched radiators
[1, 2], slotted monopoles [3 - 5], meander monopoles [6],
fractal shapes [7] are few among them to obtain
dual band operation in the WLAN 2.5/5.2/5.8 GHz
range. Recently, electromagnetic metamaterial inspired
structures like split ring resonators and complementary
split ring resonators are used in the design of antennas.
Split ring monopole antenna proposed in [8] has
impedance matching problem in the lower WLAN band,
whereas the dual band antennas with CSRRs [9] and
triangular split ring resonators (SRRs) [10] has larger
dimensions. Recently, in [11], multiband metamaterial
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loaded monopole antenna is reported for WLAN/
WiMAX applications. But, yet the overall dimension of
these antennas are large compared with the proposed one
as shown in Table 1 below. Also, unlike these antenna
analysis, this paper emphasizes on the role of
metamaterial property (negative permeability) in antenna
design.

Table 1: Dimensions of multiband antennas

Ref. Dimensions, L x W (mm?)
[8] 20 x 32
[9] 34 x 30
[10] 40 x 35
[11] 45 x 40
Proposed antenna | 20 x 20

In this paper, a compact dual band monopole
utilizing metamaterial inspired split ring structure is
discussed. The magnetic resonance of the split ring
structure offers a narrow lower band resonance at
2.4 GHz. The proposed geometry is very simple with
good resonant and radiation characteristics, making it a
good choice for commercial use.

II. PROPOSED ANTENNA DESIGN

The evolution of the proposed split ring radiating
antenna is shown in Fig. 1. Here, configuration A shows
a square ring monopole of side length 10 mm. It is fed
by a 5x0.8 mm?, microstrip line. In configuration B, a
concentric inner ring is introduced to achieve resonance
at the higher frequency band (5.5 GHz).

Finally, as shown in configuration C, a split is
introduced along the horizontal arm of the outer ring to
induce magnetic resonance and in turn yield a second
lower band resonance. The antenna is printed on a
20x20x0.8 mm? FR-4 substrate with a relative dielectric
constant of 4.4 and loss tangent of 0.002. A detailed
layout of the proposed antenna is shown in Fig. 2 along
with its side view and its dimensions are listed in Table
2. Photograph of the proposed structure is shown in
Fig. 3.
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Fig. 1. Evolution of the proposed antenna.

,_
1$ >

Ground plane
Radiating Element

(a) (b)

Fig. 2. Geometry of the proposed antenna: (a) top view
and (b) side view.

Table 2: Dimensions of the proposed antenna
Parameter | Dimension | Parameter | Dimension
(mm) (mm)
L 20 L1 10
L, 4.8 Ls 5
Wt 0.8 Ly 4
g 0.2 1
d 3 S 0.6
h 0.8

Fig. 3. Photograph of the proposed dual band antenna:
(a) top view and (b) bottom view.

HI. SIMULATION RESULTS
Simulations are performed using the Ansoft
High Frequency Structure Simulator (HFSS) V.15.0
commercial software package. Figure 4 shows the

ACES JOURNAL, Vol. 32, No. 12, December 2017

simulated reflection coefficient characteristics of the
three configurations shown in Fig. 1. Configuration A
shows resonance around 6 GHz for Wr = 0.8 mm. When
the inner concentric ring is introduced as shown in
configuration B, the impedance matching at 6 GHz is
improved, since the inner ring by itself exhibits a quarter
wavelength resonance for the radii of 6.8 mm. Now,
when the split is introduced along the outer ring
(configuration C), the current along this path gets
perturbed, and leads to a lower band resonance around
2.4 GHz. Figure 5 shows the parametric study on Wjs for
configuration B. It is inferred that when Ws is 1.6 mm,
resonance around 4 GHz is observed and when W is
0.8 mm, resonance around 6 GHz is observed. Hence,
for fabrication, W= 0.8 mm is chosen. The proposed
structure shows a dual band resonance centred at 2.4 GHz,
and 5.5 GHz, with -10 dB impedance bandwidth of
150 MHz (2.35—-2.5 GHz) and 1230 MHz (4.9-6.13 GHz).
Here, the position of the split from its centre (d) plays an
important role in determining the lower resonant band.
This is validated by performing a parametric study.
Figure 6 shows the parametric study on the position ‘d’
of the split ring from the centre. It is noted that, when the
split is present at the centre, there is no lower band
resonance and when the split is moved on either side at a
distance of 1 mm, 2 mm, etc. from the centre, a narrow
lower band resonance around 2.4 GHz is inferred. This
is due to the induced charge concentration around the
split gap. Simulated surface current distribution of the
proposed antenna at 2.4 GHz and 5.5 GHz are shown in
Figs. 7 (a) and (b). It is inferred that, for 2.4 GHz band,
the current is dense along the longest arm of the outer
ring and for 5.5 GHz, the current is distributed along the
outer ring. The coupling of current to the inner ring can
also be noticed. Figure 7 (c) shows the simulated electric
field distribution at 2.4 GHz. A dense charge distribution
around the split gap is inferred.

0
-5
10 =M
o -15
k=)
» -20
R Config A
25 - Config B
30 ==  Config C )
Ll
-35 T T T T T
2 3 4 5 6 7 8
Frequency (GHz)

Fig. 4. Simulated input reflection coefficient characteristics
of configuration A, B and C.
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Fig. 5. Simulated input reflection coefficient characteristics
of configuration B for various feed width Wf.
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Fig. 6. Simulated input reflection coefficient characteristics
of configuration C for various distance of the split, d,
from the center.

]

Fig. 7. Simulated surface current distribution of the
proposed antenna at: (a) 2.4 GHz, (b) 5.5 GHz, and (c)
simulated electric field distribution at 2.4 GHz.

IV. MEASUREMENT RESULTS

The return loss characteristics are measured using a
vector network analyser. Figure 8 shows the simulated
and measured reflection coefficient characteristics of the
proposed antenna. The measured data exhibits a dual
band resonance at 2.4 GHz, and 5.5 GHz, with -10 dB
impedance bandwidth of 150 MHz (2.35 — 2.5 GHz) and
1600 MHz (4.9 — 6.5 GHz). The measured results greatly
comply with the simulated results in the 2.4 GHz band;
however, a discrepancy in the higher operational band at
5,5 GHz is observed. This may be attributed to
fabrication tolerance and thick soldering of SMA
connector. Figure 9 shows the measured radiation pattern
of the proposed antenna at 2.4 GHz, 5.2 GHz and 5.8 GHz.
A consistent omnidirectional pattern is observed in the
H plane and a bidirectional pattern is observed in the
E plane over all the operating region. A peak gain of
1.6 dBi and 2.8 dBi are inferred around 2.4 GHz and
5.5 GHz during measurement. Thus, the radiation and
resonant behaviour of the antenna are found satisfactory
making the antenna suitable for wireless communication
devices.

S,; (dB)

251 — Simulated
30 === Measured
-35
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Fig. 8. Simulated and measured input reflection
coefficient characteristics of the proposed antenna.

300

270

H plane - 2.4 GHz
Eplane - 2.4 GHz
H plane - 5.2 GHz
E plane - 5.2 GHz
E plane - 5.8 GHz
H plane - 5.8 GHz

240

Fig. 9. Measured H plane and E plane pattern of the
proposed antenna at 2.4 GHz, 5.2 GHz and5.8 GHz.
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V. SPLIT RING ANALYSIS

The radiating element by itself is a split ring
structure. The structure is analysed using the classic
waveguide theory approach in which the structure is
placed inside a waveguide and an EM wave is passed
through one of its ports and measured through the other
port. The transmission and reflection coefficients are
noted and from which the effective material parameters
(permeability and permittivity) are extracted [12]. Figure
10 shows the real parts of extracted effective permeability
values for the two split ring structure with and without
the split gap. It is inferred that the permeability is
negative around 2.4 GHz for the structure with split and
a constant permeability for the structure without the split,
which confirms the metamaterial property existence.

4
2 m— \\/ithout split
T 21 = \Vith split
[
3
£
@
20
S
&
o
5 2]
0
4 : : : ‘
2.0 22 2.4 2.6 2.8 3.0

Frequency (GHz)

Fig. 10. Real part of extracted effective permeability of
the two split ring structures.

VI. CONCLUSION

A dual band monopole antenna suitable for WLAN
2.4/5.5 GHz applications is presented in this paper. The
antenna makes use of a metamaterial inspired split ring
structure for achieving the dual band resonance. The
antenna geometry is very simple and also compact
making mass production easy. The radiation pattern and
gain are consistent over all the operating bands making
the proposed antenna a good choice for wireless
applications.
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Abstract — Ultra-wideband (UWB) phased arrays are
increasingly used in radar and medical applications.
Mutual coupling reduction between the phased array
elements is critical in achieving good scan bandwidth.
This study investigates the mutual coupling of a UWB
U-slot microstrip patch 2-element array to find the
patch orientation and U-slot topology with the least
mutual coupling. Electromagnetic (EM) simulation
results indicate that, for & = 2.2 substrate, diamond
patch orientation with opposite U-slot topology has the
least coupling between the array elements. Results also
indicate that the current density distribution on the
microstrip patch has an effect on mutual coupling
between the array elements. Results show good
agreement between MoM and FEM EM solvers.

Index Terms — Arrays, FEM, L-probe, microstrip,
MoM, mutual coupling, U-slot, UWB.

I. INTRODUCTION

UWB scanning phased arrays are finding
increasing use in wireless communication and medical
applications [1, 2]. Scan blindness due to surface wave
excitations could reduce the scan bandwidth range [3].
By reducing the mutual coupling between array
elements, the scan blindness effects will be reduced [3].
In this study, the mutual coupling of a UWB U-slot
microstrip patch 2-element array is investigated to find
the patch orientation and U-slot topology with the least
mutual coupling.

U-slot patch antennas are a class of UWB
microstrip patch antennas. Several feeding structure
designs for the U-slot patch antenna are proposed in the
literature [4, 5]. The L-shaped probe feeding structure
has led to further improved impedance bandwidth for
the U-slot patch antenna [5]. Moreover, its simple
structure and low material and production cost [5] make
it an attractive feeding method for the U-slot microstrip
patch antenna.

Previous work [6, 7] analyzed the mutual coupling
between the U-slot microstrip array elements using the
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vertical probe feeding structure. The study in [8] aimed
to characterize the mutual coupling of a U-slot
microstrip 2-element array for the L-probe feeding
structure compared to the vertical probe feeding
structure using different U-slot topologies for & = 2.2
substrate. This paper aims to extend this study by
characterizing the mutual coupling of an L-probe-fed
U-slot microstrip 2-element array using different patch
orientations and U-slot topologies for g = 2.2 substrate.

I1. DESCRIPTION OF MODEL

The U-slot microstrip patch antenna array is
simulated and analyzed using the Method of Moments
(MoM) solver in the commercially available EM
simulation package, FEKO. The FEKO MoM results
are validated by another EM simulation package,
HFSS, which is based on the Finite Element Method
(FEM).

The simulated U-slot microstrip patch antenna
geometry is shown in Fig. 1. The RT/Duroid 5880
substrate material with & = 2.2 and tan(d) = 0.0009 is
used. The method of dimensional invariance described
in [9] is used to realize the U-slot antenna patch
dimensions, shown in Table 1, for a 2.4 GHz design
frequency. Experimental validation of the method of
dimensional invariance is reported in earlier work [7].

Several simulation optimization runs were
performed to arrive at the substrate height and probe
position which yield best bandwidth. In FEKO, infinite
substrate and ground is assumed. In HFSS, the substrate
and ground (Wy and Lg) dimensions are extended by
M2, where A corresponds to lower bandwidth frequency,
from the edge of the patch to simulate an infinite
substrate and ground. In HFSS, a radiation air box
boundary which is A/2, where A corresponds to the
lower bandwidth frequency, above the patch is used. A
50-ohm coaxial feed line is used to feed the L-probe.
The different 2-element patch orientations and U-slot
topologies simulated are shown in Fig. 2. The inter-
element spacing between the patch edges is taken to be
approximately A/4. For the diamond patch orientations,
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the patches are rotated by 45°.
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Fig. 1. Geometry of L-shaped, probe-fed, rectangular,
U-slot, patch microstrip antenna.

Table 1: U-slot microstrip patch antenna dimensions

a |517mm |W; |18.09mm |d |[3mm
b |517mm | 1mm h | 14 mm
W | 46.53mm | X, | 13.8 mm Ly | 10 mm
L | 33.6mm Vo | -1 mm Ln | 12mm
t 2.6 mm
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L

I

(k)

Fig. 2. Variations of U-slot topologies and patch
orientations in a 2-element array: (a-c) E-plane patch
orientation, (d-e) H-plane patch orientation, (f-h)
diamond patch orientation, and (i-k) Diagonal patch
orientation.

I1l. RESULTS AND DISCUSSION

In [10], the bandwidth for a single-element L-
probe-fed U-slot microstrip patch antenna with g = 2.2
substrate was found to be between 1.8 GHz and 3 GHz.
Figure 3 shows the E-plane coupling between two L-
probe-fed U-slot patch elements for 3 different U-slot
topologies over the 2-3 GHz bandwidth. HFSS and
FEKO simulation results indicate that topology (a) has
the lowest mutual coupling in the 20-27 dB range, and
topology (c) has the highest mutual coupling. Figure 4
shows the H-plane coupling between two L-probe-fed
U-slot patch elements for 2 different U-slot topologies.
Results indicate that topology (e) has the lowest mutual
coupling in the 20-25 dB range. Figure 5 shows the
diamond patch orientation coupling between two L-
probe-fed U-slot patch elements for 3 different U-slot
topologies. Results indicate that the opposite U-slot
topology (h) has the lowest mutual coupling in the 25-
45 dB range, and topology (g) has the highest mutual
coupling. Figure 6 shows the diagonal patch orientation
coupling between two L-probe-fed U-slot patch elements
for 3 different U-slot topologies. Results indicate that
no particular topology has the highest or lowest mutual
coupling throughout the entire bandwidth; however,
topology (j) has the lowest mutual coupling in half of
the bandwidth in the 20-40 dB range. In Figs. 3-6,
HFSS and FEKO results show good agreement.

=

20

512 [dE]
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o5 | =—f— Topology (c} - HFSS
1-&~ Topology (a) - FEKO
1]-&~ Topology (b) - FEKO
1=~ Topology (c) - FEKO
20 25

-27

24 2% 233 30
Frequency [GHZ

Fig. 3. E-plane patch orientation coupling for different
U-slot topologies.
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Fig. 4. H-plane patch orientation coupling for different
U-slot topologies.
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Fig. 5. Diamond patch orientation coupling for different
U-slot topologies.
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Fig. 6. Diagonal patch orientation coupling for different
U-slot topologies.

Figures 7 and 8 show the current density distribution
at 2.4 GHz for the U-slot topology, (h) with the least
mutual coupling and the U-slot topology (c) with the
highest mutual coupling, respectively. As seen in both
figures more current density is concentrated around the
base side of the U-slot, underneath which the L-probe

feed is located. In Fig. 7, the two U-slot bases are
farther apart from each other than in Fig. 8. This
explains the lower mutual coupling in U-slot topology
(h). Similarly, it is observed in the H-plane patch
orientation that the U-slot topology (e) has less mutual
coupling than U-slot topology (d) mainly because the
U-slot base sides, where more current density is
present, are farther apart in the case of U-slot topology
(e). Also, in the diamond patch orientation, the U-slot
topology (g) has the highest mutual coupling because
the two U-slot base sides are closest to each other.
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Fig. 7. Current density distribution in Diamond patch
orientation for U-slot topology (h) at 2.4 GHz.
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Fig. 8. Current density distribution in E-plane patch
orientation for U-slot topology (c) at 2.4 GHz.

V. CONCLUSION

In this paper, the evaluation of the mutual coupling
of an L-probe-fed U-slot microstrip patch 2-element
array using different patch orientations and U-slot
topologies for & = 2.2 substrate is presented. HFSS and
FEKO simulation results show good agreement and
indicate that the current density distribution on the
microstrip patch has an effect on mutual coupling
between the array elements. Results also indicate that
the diamond patch orientation with opposite U-slot
topology has the least coupling between the array
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elements. Future work will examine the scan bandwidth
of such patch orientation and U-slot topology in a
planar array. Also, the same study will be performed for
higher substrate permittivities.
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